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A_7 — Qutput=
B \ Output=ABC B A+B+C
e/ c |~

Fig. 29.4. NAND gate. Fig. 29.5. NOR gate.

NOT (inverter) circuits, respectively. These three logic circuits are the basic build-
ing blocks from which control and arithmetic operations are synthesized. When
the symbolic diagrams of Figs. 29.1 and 29.3 are combined as shown in Fig. 29.4,
the relationship between inputs and outputs is

Output = ABC 4

9 99

and is read “Output equals not the expression ‘4 and B and C’.
When the symbolic diagrams of Figs. 29.2 and 29.3 are combined as shown in
Fig. 29.5, the relation between inputs and outputs is

Output =4 + B+ C &)

and is read “Output equals not the expression ‘4 or B or C’.” If De Morgan’s
theorem is applied to expression (4), the result is

Output =4 + B+ C 6)
When both sides of expression (5) are negated, the result is
Output =4 +B + C ™

If the reference is inverted in either expression (6) or (7) (4 substituted for 4, B

X

Y x|v|s|c
i 0|0|0]O0
NOR NOR NOR 1lol1lo
— — oj1(11(o0
X Y
1 l 11101
NOR X =Input number one
Y=Input number two
S=Sum
T.v C=Carry
C -« X+ Y=Xy X+Y 1 =Signal present
l ¢ 0=Signal not present
NOR

lXY+X+Y=XY+YY
Fig. 29.6. Half-adder.
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A ——] P
B > -
NOR Output=A+B+C+D
C — l———
D — | I,
4 — . A+B
nor 2B oL nor NOR —::
B ——>]

Output=A+B+C+D

C —>

NOR > NOR NOR —{
D —>

C+D
Fig. 29.7. Four-input, four-output NOR logic.

Q
+
o

substituted for B, etc), the expressions are identical. Therefore, a circuit which
will perform either the NAND (negative AND) or the NOR (negative OR) func-
tion can be made to perform the other by reversing the reference levels of the sig-
nal voltages; hence these circuits are interchangeable. A NOR or a NAND cir-
cuit can serve to formulate any and all combinational logic functions. As an
example, Fig. 29.6 shows how five NOR functions are combined to form a half-adder.

It would be ideal if logic circuits were not limited in their number of inputs and
outputs. The importance of maximizing the number of inputs and outputs is il-
lustrated in Fig. 29.7. Suppose that at some point in the system it is desired to
take four separate inputs, perform a NOR function with them, and feed the output
to four separate identical stages. The logic function is performed with one logic
block, and hence one transistor which has a fan-in of four and a fan-out of four.
In order to perform the same operation with a fan-in and fan-out of two, however,
six logic blocks or six transistors are needed.

The discussion now proceeds to transistor logic circuits showing how the AND,
OR, NOT, NOR, and NAND functions can be accomplished with the transistor
switch.

Series and Parallel Transistor Logic. Figure 29.8 shows how logic functions
may be realized using transistors in series. Figure 29.9 shows how the same logic
functions can be accomplished using transistors in parallel. These methods of ob-
taining logic functions require one transistor for each input. Logic circuits
accepting more than one input and supplying more than one output are often
preferable.

Transistor-Resistor Logic NOR Circuit. Figure 29.10 shows a TRL circuit with
M inputs and N outputs. A negative signal to any of the input resistors will cause
the transistor to be in saturation, and the collector voltage will be near ground
potential (binary 0). The collector voltage will be negative (binary 1) only when
neither input 4 nor B nor C is negative. Because the OR and NOT functions are
performed by the input resistor network and the transistor, respectively, the overall
circuit is considered to be a NOR circuit. A logic expression for this circuit is
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T+10v T-IOV

Qutput Output

2N1302 —0 2N1303

2N1302 LO

2N1303

(b) +2v

Gates using NPN and PNP transistors
and gate for normally open switches
or gate for normally closed switches
Note: Phase inversion of input

Fig. 29.8. Basic logic circuits using series transistors.

Output=4 + B+ C ®)
The above equation can be rearranged to the form
Output = ABC ©)

This latter expression for the TRL output shows that the circuit performs the AND
operation on the inverse of each of the inputs.

T+10v

2N1302 2N1303

47K

+2v

(®)

Gates using NPN and PNP transistors
or gate for normally open switches
and gate for normaily closed switches
Note: Phase inversion of input

Fig. 29.9. Basic logic circuits using parallel transistors.




Logic Circuits 389

@1 Bx

5

Inputs 2y Bx

Outputs

Ay
Ry

Note: -

For PNP transistors For NPN transistors M =Number of inputs
Vgpg is positive and Vg, is negative and ~ N=Number of outputs
Ve is negative Ve is positive

Fig. 29.10. Basic NOR TRL circuit.

A TRL logic block is assumed to be driven by other identical TRL elements, and
its outputs are to be used to drive additional TRL circuits having the same values
of M, N, resistors, and voltages. Figure 29.11 shows a connection of TRL circuits.

Arbitrary selection of all voltage and resistance values for a TRL circuit will
usually not give satisfactory operation. The worst-case method of designing a
reliable circuit is described here. Figure 29.12 shows the conditions for minimum
base drive to a TRL transistor. All input transistors but one are in saturation, and
all resistances, voltages, and transistor parameters have simultaneously gone to their
extreme values in the direction which would tend to prevent Q; from saturating.
The equation shown with this figure is an expression for a minimum value of Rg
in terms of all other circuit variables. A line over a variable indicates a maximum
value and a line under a variable indicates a minimum value. M = inputs, and
N = outputs. Any value of Rp greater than the value calculated from this equation
will allow Q4 to be in saturation when at least one input transistor is at cutoff.

R\ Fan OUT

Vee Ry
R
R, X
R
/ AN
Ry

Fan OUT

Q@ /

O—AAMN—
Input

VBB

Fig. 29.11. Connection of TRL circvits.
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Figure 29.13 shows a worst-case condition for maintaining Q; at cutoff. The
equation presented with this figure determines the maximum value which Rp can
have for reliable operation of the circuit.

All values on the right sides of the two worst-case equations (except for Rx and
Ry) are selected from collector current requirements, the expected range of satura-
tion voltages, the resistance and voltage tolerances, the desired values of M and N,
the maximum leakage currents, the reverse base-emitter voltage, and the anticipated
minimum value of current gain. The minimum value of Rp is calculated for various
nominal values of Rk by using the ON equation of Fig. 29.12. The maximum
value of Rg is calculated in a similar manner by using the OFF equation shown
with Fig. 29.13. Nominal values of Rz may be plotted for both cases by using the
following relationships:

Rp = Rpmominay (1 + AR) (10)

and BB - RB(naminal) (1 - AR) (1 1)

where A equals the tolerance expressed as a decimal fraction.

Vee
R,
- R
Tono L DY VIO o,

(OFF) | om =L

|
1
—AAN
1=
]
[
N .
E
<
g
|

[N] EK —YBE(on)
A'A '

TRL ON equation (use magnitudes only):

R 753 + VBE(M)
Rp= — - — _
(M — )Y(Xcrsan — Vaeon) + (Hee — ICBORL_— VBE(@)B_K + (N — DRYV Brion) — Varien) _ L(V cc — Versan + Vegon — L/cmau)
Ry RiRk + RgRL(N — 1) + RiRx hre Ry Ry/N

Fig. 29.12. TRL NOR circuit, ON condition.
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R v
CE(sat) =K (1) cc
A'A'AY
Ry
_ R Vewm 0
Vepeay  BK - (2) — 1
AYAYAY, Iy
[} r—
1
— l —
= : § 7,
VCE(sat) By (M)
NN |
° -Y BB

TRL OFF equation (use magnitudes only):

B — Ve — Vo
B —_— —
Vagomn + Vewsa
Ry/M

Fig. 29.13. TRL NOR circuit, OFF condition.

+ Ipyx

There are general rules of thumb to be applied when choosing which valid solution
to use. The theory behind this design procedure will permit the choice of any
point lying on or between the two curves. However, by moving away from the
boundaries, a safety factor is incorporated in the design; hence, reliability increases
as the point chosen moves farther away from the boundaries of the area of solution.
If speed is a prime consideration, it is best to choose a point where the values of
the resistors are the smallest possible; the speed of the circuit increases as the point
chosen moves toward the origin of the graph. If power dissipation is of prime
importance, then a point is chosen where the values of the resistors are the largest
possible; power dissipation decreases as the point chosen moves away from the
origin of the graph. ’

All circuit parameters, in addition to transistor parameters, affect the area of
solution. In general, large values of Vg and V¢ increase the area of solution, but
this means using high-impedance circuits (large values of Ry, Rp, and Rg). Thus,
the operating speed may be reduced appreciably as supply voltages are increased.
The area of solution becomes smaller as supply voltages decrease, and as N, M, or
VBEosm increases. In certain cases, the ON and OFF curves may not intersect.
This means that no combination of Rg and Rk will allow the circuit to operate
reliably under adverse conditions.

Transistor-Diode Logic NOR Circuit. Diodes may be used in conjunction with
transistors, as in Fig. 29.14, to perform the NOR function. This type of logic block
is usually referred to as a TDL (transistor-diode logic) NOR circuit. Figures 29.15
and 29.16 show worst-case circuit conditions and equations for the ON and OFF
states, respectively, of this type of logic block.



392 Switching-mode Designs

[V]
(M) Vee [ | ¢ 0
| ¢ | 1
i
]

|
|
!
Inputs (2)

o ¢

M=Number of inputs
N=Number of outputs

Fig. 29.14. Basic NOR TDL circuit.

Transistor-Diode Logic NAND Circuit. A second type of transistor-diode logic
block, the TDL NAND circuit, is shown in Fig. 29.17. Resistor Ry, is a load
resistor for the input transistors and, in conjunction with the input diodes, performs
the AND operation on input signals. The transistor inverts the output of the AND

1
|
2 Rx Voren
_ “[] | AANDE_~BEGn) LoFp)

]
]
[N ] l WBK L/BE(on)

NOR TDL ON equation (use magnitudes only):

Vs + Varon
A= = = — — — —
(N — DR(Vp + Ve — Vanon — Vb) + Bx{Vec — [Tco + N(M — DIpolRr) — (Vson + VD)BK_ 1 (Vcc — Veran + NTno)
RLRx + RkRL(N — 1) + RyRx hep Ry,

Fig. 29.15. TDL NOR circvit, ON condition.
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NOR TDL OFF equation (use magnitudes only):

= VBB — VBrofp

Rp = =
(Ve + Vopsay — Vb)) | 7
R + Ipx
Rg

Venrery is assumed to reverse-bias the transistor.

Fig. 29.16. TDL NOR circuit, OFF condition.

circuit and the complete circuit performs the NOT-AND (NAND) operation. A
logical expression for the output of this circuit is

Output = ABC (12)

where 4, B, and C are input levels to the diodes. Figures 29.18 and 29.19 show
worst-case circuit conditions and equations for the ON and OFF states respectively,
of this type of logic block.

Table 29.1 shows design parameters and circuit values for TRL NOR logic, TDL
NOR logic, and TDL NAND logic. The circuits using silicon transistors were
designed to operate over the range —55 to 125°C. The circuits using germanium
transistors were designed to operate over the range — 10 to +55°C. For additional
circuits see the “Texas Instruments Incorporated Computer Manual.”

Speedup Capacitors. In saturated transistor logic circuits, storage time is
generally the most significant component of propagation time (see Propagation

M

(M) OVCC '_Hm_]o
I | [}
[}

i §RL | - | [2] Outputs

Ry

c(l)’= '\N\,@ H[1]°

M =Number of inp‘uts Ry
N =Number of outputs

Vs
Fig. 29.17. Basic NAND TDL circuit.
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50, —p — - 'VV\/"‘—@(ON) i
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Icpo 3 OV p = !
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TDL ON equation (use magnitudes only):
RB = s — @B + VBE(on)
Yoo — RiM[lopo + (N — Dlpol — Vesem _ N [VCC — (Yepisan + Vb) + (M = DIpo — (Yorsan + Vo + VBE'(off))]
Ry + Rx hre- Ry, Rk

Fig. 29.18. TDL NAND circuit, ON condition.
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Table 29.1

Logic constants Transistor constants Diode constants Circuit designs
Transistor Logi Rx for | Rg for
type e v Io,| Ry, hrp Vemen Versan | Tomo i Ibo | Max | max m:x M| Tp*
oe | VBB | 1 | kitlohms| 7 ¥ | % R| Veron Tg;fé . . mz;x . max | &t Tmes and N, | and N, | msec
min | max | min | max | # min | 5t _55°C pa M | N | kilohms| kilohms
2N744 TRL
NOR | 10| 10| 10 1 215 0 20 |0.87( 1.1 | 0.15( 0.33| 10 2 13| 27 30 33
TDL
NOR ([ 10|10 | 10 1 21 5 0 20 (087|111 |0.15(033] 10 |0.15 0.9 10 106 1.2 47 23
TDL ‘
NAND| 10§ 10 | 10 1 21 5 0 20 |087¢ 1.1 |0.15]033( 10 {0.15 0.9 10 |4 |5 30 27 14¢
2N2412 | TRL .
NOR ([ 10|10 |10 1 2| 5 0 20 |0.85]1.1 |0.08(026] 5 2 14| 27 33 71
TDL
NOR | 10|10 |10 1 215 0 20 |085| 11 [0.08]|026(. 5 |0.15 0.9 10 10 6| 18 6.8 75
TDL
NAND| 10| 10 | 10 1 215 0 20 (085|111 |0.08{026( 5 |0.15 0.9 10 1016 3.0 30 21%
2N964 TRL
NOR |5 |5 |10 OS5 215 0.1 27 (036 0.56( 0.08] 02 | 15 213} 20 15 37
TDL
NOR |5 |5 |10] 05 2415 0.1 27 (036 056(0.08] 02 | 15 |0.28 0.8 1 1008 12 47 26
TDL
NAND| 5 |5 |10{ 05 2] 5 0.1 .| 27 |036|056|008|02 15 |028 0.8 1 513 20 7.5 11§
2N797 TRL
NOR |5 |5 [10] OS5 215 0.1 32 | 036 0.51]0.070.15( 10 2 14| 20 16 43
TDL .
NOR |5 [5-|10) 05 2| 5 0.1 32 036051007015 10 |0.28 0.8 1 101 9| 10 43 35
TDL
NAND| 5 |5 10 0.5 2 5 0.1 32 |036|051]|007|0.15| 10 {0.28 0.8 1 10 5 2.7 12 15

* Measured for M = N = 3 if obtainable.
+33-pf speedup capacitor used.
$47-pf speedup capacitor used.
§ 20-pf speedup capacitor used.

Germanium transistor temperature design range: —10 to +55°C.
Silicon transistor temperature design range: —55 to +125°C.
Silicon TRL temperature design range: 0 to +125°C.
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TDL OFF equation (use magnitudes only):

Ry = Ve — Varom
(Vb + Vom;m + VBrom) 4 Tax
FAY.

VBE©f is assumed to reverse-bias the transistor.

Fig. 29.19. TDL NAND circuit, OFF condition.

Time, Sec. 5.5). In the NAND circuit, speed can be greatly improved by shunting
resistor R with a capacitor as shown in Fig. 29.20. The circuit applies constant-
current drive to the transistor during the steady-state operation, but during the
switching transient, the capacitor is essentially a low impedance and the drive
approaches a voltage drive. The stored charge on the capacitor during saturation
of the transistor should be only large enough to equal Qgg, the stored base charge
of the transistor. The capacitor should have a time constant which will permit it
to recover sufficiently between incoming pulses. Making Cx too large defeats its
purpose since this adds a time constant that may limit the maximum clock rate.
The equivalent circuit and circuit time constant obtained the instant after the drive

: >l ?Vee r—ﬂ—°

Vs
Fig. 29.20. NAND logic with speedup capacitor.
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Cx Cx
M A
/l i
NN AN
Ry Ry
Bes+Rp Ep R,
VBE—_-F
= Veeeay + Vo Ves T' '_-l-—_' Vee
e CgRg(Rcs +Rp+ Rp) B o CxRkRL
(@) "' RcstRp+Rp+Rg () 27 "Ry+Rp

Fig. 29.21. Time constants added.

transistor is switched ON are shown in Fig. 29.214, OFF in Fig. 29.215. Again,
care should be taken in selecting Cx to assure that both time constants are small
enough to allow the capacitor to recover sufficiently during the ON and OFF
intervals of the clock pulse.

Comparison of Logic Types. The designer of computer logic circuitry continu-
ally strives to handle more bits of information per second per dollar. The emphasis
in a particular system will be on either or both of the above requirements. Com-
ponent count in a circuit, component reliability, ease of manufacture, power
dissipation, and maximum fan-in and/or fan-out are other factors affecting the
choice of design.

Although each system must be evaluated after the basic objectives have been
decided, some general statements can be made. These general comparisons apply
to the circuits without speedup capacitors. When capacitors are used the speed is
increased significantly, but in the TRL circuit severe cross talk or noise problems
arise that present significant disadvantages outweighing the speed advantage.

TRL vs. TDL. When speed and maximum fan-in and fan-out are not of prime
importance, TRL circuitry is commonly used in place of TDL circuitry because of
its simplicity, low cost, and component reliability. The speed of TRL logic circuits
is device-dependent up to the point where time constants of load resistors and
capacitors limit the speed. Generally, a faster transistor gives faster logic circuits.

TDL NOR vs. TDL NAND. The main differences between TDL NOR and TDL
NAND circuitry are in speed and maximum fan-in and fan-out capabilities.
NAND circuitry is faster, whereas NOR circuitry is capable of higher fan-in and
fan-out. Both these differences can be attributed to the way in which the diodes
are used in the circuits. TDL NAND circuitry may be a bit more difficult to design,
but its excellent speed performance outweighs this disadvantage. In some systems,
the higher fan-in and/or fan-out of TDL NOR circuitry may be used to decrease
the number of logic stages required. Therefore, if speed is not the primary concern,
TDL NOR is more economical.

Circuitry Speed. The speed of logic circuits in general depends a great deal on
the external circuitry. As with high-frequency techniques, low impedance (low
resistance as well as low stray capacitance) is important. Thus, high-speed operation
involves lower resistance, lower capacitance, and higher currents.
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A significant advantage of the mesa transistor in logic circuits is that the impor-
tant design-limiting parameter (transistor current gain) increases as current in-
creases. Therefore, much faster propagation times can be obtained by operating
at an increased current level. Although this carries a penalty of increased power
dissipation, epitaxial devices with their lower internal voltage drops help reduce
this problem. The epitaxial technique also provides higher current-carrying capa-
bility and lower device capacitance with the same mesa geometry.

29.2. COMPLEMENTARY LOGIC CIRCUITS

A PNP current mode switch is shown in Fig. 29.22a. Current generators at the
emitter and collector supply constant currents of I, and Iy as shown. With the
base of Q; grounded, the current I divides between Q1 and Qs. The base-to-
emitter voltage drop of Q; and also Q- is approximately 0.2 volt. This causes the
common-emitter point to be 0.2 volt positive with respect to ground. If a positive
voltage greater than 0.2 volt is applied to the base of Q1, the base-to-emitter diode
of this transistor becomes reverse-biased, and the collector current drops to the
value of the collector reverse current. I, then flows almost entirely through Q,.

T Vee

I
+Vy =
VCZ
—_—
Vv, —————0
(@) A PNP current Vo Vee
mode switch I,
_ Ve Vee
=
Ry, (b) Relative polarities of
I input, collector and
Vee + Vy emitter voltages
Vee
Vee =V
(¢) An NPN current
mode switch. I,

Fig. 29.22. Current mode switches.
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When a negative voltage greater than 0.2 volt is applied to the base of Q;, this
transistor conducts, and consequently Q, will turn OFF. I, then flows into the
emitter of Q;.

When O, is OFF, the voltage at the collector is

Ver= —Vee — IRy, 13)

When conducting, the collector current of Q, is al, where a = I¢/Ig. A portion
of I, supplies Iy, and what is left of I flows through R;. The collector voltage of
(1 then becomes

Vor = =Vee + (ale — )Ry, (14)

If I, is chosen to be I»/2, then Eqgs. (13) and (14) can be written as
Vor= —Voe — 1Ry, (15
and Vor= —Vec + LRy (16)

The total voltage change at the collector of Q1 is
Vo = 2(I1Ry) a7

The quantity /> may be relatively large. Itis for this reason that the circuit of Fig.
29.22a is considered to be a current switch. Relative polarities of input voltage,
emitter voltage, and collector voltages are shown in Fig. 29.22b.

Since nonsaturated switches operate at higher speeds than saturated switches, it
is necessary to keep the current mode switch out of saturation. The emitters of
Q1 and Q- are near ground potential while the collector potentials vary by about
(—Vee = I1Ry). By choosing — Ve sufficiently large, saturation may be avoided.

It should be noted that two outputs are available, one at each collector; the com-
puter designer derives added flexibility from this complementary output. The
input signal at the base of 0 is given as plus and minus with respect to ground,
whereas the output varies plus and minus about Ve (see Fig. 29.22b).

A second current mode switch using NPN transistors is shown in Fig. 29.22¢.
This circuit requires an input signal which goes plus and minus with respect to Ve,
and gives an output which varies plus and minus with respect to ground, i.e., the
exact complement of the circuit of Fig. 29.22a. Thus, a logic chain would use
alternating types of current mode switches. It should be noted that current mode
switching can be accomplished using only one polarity of transistor if some means
is available to reestablish the proper d-c level between each successive stage of logic.

In general, nonsaturating switches operate at a higher dissipation level than
saturating switches because of the higher collector-to-emitter voltage when the
switch is in the ON condition; thus, when choosing a transistor for a current-mode
switch, the maximum power dissipation becomes an important factor.

D-C Analysis. Figure 29.22q indicates that three constant-current generators
are required. To obtain such a generator, a large resistance can be placed in series
with a d-c voltage as shown in Fig. 29.23. If the external resistance Ry connected
between points 4 and B of Fig. 29.23 is much smaller than the resistor, Rg, the
current from V will be essentially independent of the value of Ry. The circuit of
Fig. 29.22 can be closely approximated by the circuit shown in Fig. 29.24. From
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Es
NN A

V=
By Fig. 29.23. Constant current is achieved

by use of relatively large Rg compared
B to load Ry.

Fig. 29.24, with the transistor removed, the collector circuit current generators are

—Voc + V1
Ry

Also, since either Q4 or Qs is conducting, R, is connected at point C to provide
a low-impedance path to ground. Thus,

_F
=
Overall system design considerations usually determine the voltage swing required
and the impedance level; hence, I; and R; will probably be predetermined. If
arbitrary supply voltages are used, /5 is determined by the values of a and Iy, while
resistors Ry and R, can be obtained from Egs. (18) and (19).

Consider the following design example for a current mode switch. The circuit
will be identical with that of Fig. 29.24. The collector voltage of Q7 is to be —5.5
volts when the input is negative and —6.5 volts when the input is positive, i.e., a
voltage swing of 1.0 volt. Since the collector voltage is 6.0 == 0.5 volts, — Vg is
chosen to be —6 volts. Values of —V; and V, are chosen to be —45 and +45
volts, respectively. If Ry, is 50 ohms, then /4 is 10 ma. Assuming a = 0.98, I, must
then be approximately 2 X I; = 20 ma. R; is calculated from Eq. (18) and is
3,900 ohms. R, is calculated from Eq. (19) and is 2,200 ohms.

To show that the currents are substantially at their design values, the magnitude
of all currents will be calculated for the condition in which Q; is conducting and
Q2 is cut off. The circuits in Fig. 29.25a and b are simplified equivalents of the

I = if Ry > Ry, (18)

I if Vo > Vg (19)

T Vee

R,

Fig. 29.24. Circuit approximating Fig. 29.22.
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Vee T -6v Ve
3 1l
|
R
I 2
3'; N 22K
R, I R, v I,
50 2 50 2 (in) v
I 45
R, ~— R, j’ v
Va AN~ AN Ve
/ 39K 1 3.9K _l_
l, Vi0-45vy =
0.98 (a) Equivalent of Fig. 29.24 (b) Equivalent of Fig. 29.24
active section passive section
Figure 29.25

circuit of Fig. 29.22 under these operating conditions. Vpg and « are assumed to
be 0.2 volt and 0.98, respectively. From Fig. 29.25b,
_ Vo — Ve + Vin

L= 2 (20)

If I/(m) =05 VOlt,
4502405

I = Pyt o2 =205 ma Q1)

The reverse current of the emitter-base junction of Qo has been neglected since it
is much smaller than I,. The collector current of Q, is approximately a/g. Using
Fig. 29.25a and neglecting the reverse currents, the collector voltage of Oy is

RlR L V1RL VCCRI

Ver = al. 22
TR R TRt R R+ R @
Since Ry, < Rl,
ViR
Vor = alpRy, + ——2 + Ve (23)
1
Using the values given in Fig. 29.25a,
Vor = —5.58 I = —10.1 ma I3 =83 ma
The voltage at the collector of Q- is
V1i— Ve
Voo = ————— 4
2 ="RTR, Ry, + Voo (24)
and since Ry, € Ry, then
ViR
Vee = ;{ L+ Vee (25)
1

Using the values given in Fig. 29.25b,
Vo2 = —6.58 volts and I; =99 ma
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These calculations show that the output voltage swing is 1.0 volt, which is suffi-
cient to drive an NPN current mode switch.

Transient Analysis. The analysis of switching times proceeds in the following
manner: the transistors together with the external elements are replaced by an
equivalent network, which is an approximate high-frequency equivalent circuit,
representing the current mode switch when the output current is a function of the
input current. This network is then modified to represent the transistor circuit
during the interval when an input signal has been applied, but before the output
current has begun to change.

Figure 29.26 shows typical input- and output-current waveforms for a transistor
switch. The delay, rise, storage, and fall times are shown.

The output-current rise time is calculated. Figure 29.27 shows the current mode
switch of Fig. 29.24 with the resistors and voltage sources in the collector circuit
replaced by their Thévenin equivalents, and the constant-current generator in the
emitter circuit neglected because of its large internal resistance. In the following
analysis, it is assumed that the internal impedance of both transistors is identical.

Looking to the right of 4 in Fig. 29.27, the input impedance of the grounded-
base transistor can be shown to be

Z(i”) = Ze + rb(l — (X) (26)
where Z, is the emitter impedance, r; is the base resistance, and « is short-circuit

current gain in the grounded-base configuration. The input impedance of Q; is

+ Z(ez't) (27)
1l —-a l—a

Ziny =1 +

where Z g,y is the impedance in the emitter circuit of @y, and is equal to Zn of
Eq. (26). Substitution of Eq. (26) into Eq. (27) for Z: gives

Z
Ziny = 2 (r,, 1 _ea) 28)
Y N Input
90% : waveform
|
10% !
|' |
! I
| !
{ |
90% 1+ - ~ Output
: I | : waveform
! : i I
10% : 1 1 I' N

l.btdI:L‘m“l Ftdz*"*”Z“l

Fig. 29.26. Typical input and output waveforms for a transistor switch.
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l-a
A = 2Z, R;
B
Fig. 29.27. Current mode switch of Fig. 29.24 o ©
using Thévenin equivalents. Fig. 29.28. Composite equivalent circuit.

A composite equivalent circuit can be drawn as in Fig. 29.28. The base current is
iy = Lom _ Einy

Zimy  2Are + Ze/(1 — a)]
That portion of the circuit to the right of BB’ can be presented as shown in Fig.

29.29. Because Ry, is small compared to the reactance of C./(1 — a), even at high
frequencies the current through Ry is

29)

b X

ip = (30)
l—«a
where i, is the base current. Substitution of Eq. (29) into Eq. (30) yields
: E(m)a
lp = 31
T A+ Z/0 — ol — Gh
The parameter a is frequency-dependent and can be approximated by
(41
= 32

where a, = low-frequency small-signal current gain
Jf = frequency at which « is to be calculated
fo = alpha cutoff frequency

The impedance Z, is also a function of frequency and is, to a close approximation,

1y

Z, = TI?/}: 33)

—ipa ()
Fig. 29.29. Portion of TC) :

l-a l-a R,
Fig. 29.28 equivalent cir-
cuit to right of BB’ can

be represented thus.
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A loglio|

]
|
|
! Fig. 29.30. Load current vs. frequency,
for equivalent circuit of Fig. 29.29.

fe flfq

where r, is the emitter junction resistance. Substitution of Eqgs. (32) and (33) into
Eq. (31) gives, after rearrangement of terms,

o &oEiny 34
to ‘2rb(1 — 0(0) + 2r, +j2rbf/ﬁ¥ ( )

Figure 29.30 shows a plot of i, vs. frequency. The current gain of the circuit is
down 3 db at the frequency f.. This frequency can be determined by equating the
real and imaginary terms of the denominator of Eq. (34) and solving for frequency.
Thus,

f=1 =ﬁ.[(1 — @) +j—:] (35)

The following measurements were made on a Texas Instruments 2N 1305 transis-
tor: f, = 6.6 mc, a, = 0.994, and r, = 105 ohms. From the relation

— kT

Fo == ——
e q IE
where k = Boltzmann’s constant
T = absolute temperature
g = electronic charge
Iy = emitter current

reis calculated to be 2.6 ohms, using an average Iy of 10 ma. Substitution of these
values into Eq. (35) gives f. = 0.204 mc.

From Eq. (34), the d-c or maximum value of i, is calculated to be 77 ma
for Euy = 0.5 volt. The RL circuit of Fig. 29.31 can be selected so that its fre-
quency response is the same as that shown in Fig. 29.30. If the maximum value
of input current to this circuit is adjusted to be 77 ma, an expression for current
through the RL circuit may be written:

i = 71(1 — et/7) 36)

g
Fig. 29.31. RL circuit to give curve
o shown in Fig. 29.30.
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io, ma o —————

20|---

Fig. 29.32. Curve resulting from Eq. (36). t ¢ T

where 7 = L/R and is the circuit time constant. The impedance of this circuit is
Z =R+ joL 37

and to have a frequency cutoff at f; = 0.204 mc, the real and imaginary terms of
Eq. (37) must be equal at this frequency. Solving for L/R under this condition
yields

Lo 1781 %1077 sec
R W

The output-current rise time of the current mode switch may now be calculated.
Although the collector current rises toward 77 ma, it is limited to a maximum value
of 20 ma because of the constant-current generator in the emitter circuit. Equa-
tion (36) gives the magnitude of i, after the output current has begun to flow. This
equation is used to calculate #; and ¢, (Fig. 29.32), which correspond to collector
currents of 2 and 18 ma, respectively. These times are found to be # = 20.8
mysec and ¢, = 208 musec. Thus, ¢, = f2 — #; = 187 mpysec.

The current mode switch of Fig. 29.24 was breadboarded, using the resistor and
voltage values selected in the example. A square-wave voltage, with a rise time
of 20 mpsec, varying above and below zero volts by 0.5 volt, was applied to the
input of Q1. With Q; and Q; having the parameters given for the 2N1305 tran-
sistor, the rise time of the output current was measured to be 180 musec.

Delay time is divided into two parts. Figure 29.33 shows the input circuit of a
transistor when it is biased in the reverse direction. Crg is a depletion-layer capaci-
tance between the emitter and base. When the transistor is reverse-biased, this
capacitor is charged to a reverse polarity. Sufficient charge must be supplied by
the input current to discharge the capacitor. The time required to discharge this
capacitor, after the input has risen to its 10% value, is the first portion of the delay
time.

o— NVV
Ty

Cre= T Csg

Ll
N
)

Fig. 29.33. Input circuit
of transistor when biased
in reverse direction. O—
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Vi

H Fig. 29.34. Complemen-
tary emitter-follower cir-
cuit.

The remaining portion of the delay time is the time required for the output cur-
rent to change from its initial value to 10% of its final value. This time has
previously been calculated at #; and is 20.8 mpsec. The measured delay time of
the circuit of Fig. 29.24 was 40 mpsec.

The second delay time 24, and fall time #,» are calculated, using the same equiva-
lent circuit of Fig. 29.28. For this reason, #42 and ¢,» have the same values as #4;
and 7,4, respectively.

Complementary Emitter-Follower. A complementary emitter-follower is
shown in Fig. 29.34. Q; and Q» are PNP and NPN transistors, respectively, and
have nearly identical electrical characteristics. The advantage of a complementary
emitter-follower over the conventional type can be seen with the aid of Fig. 29.35.
This shows an emitter-follower driving a capacitive load.

A negative input to the base of Q; causes conduction, and C is charged with the
polarity as shown. The charging path of C is through the forward resistance of
the base-emitter diode of Q. This resistance is of the order of only a few ohms,
and C will charge rapidly. Removal of the negative drive at the base causes Oy
to stop conducting, and C must then discharge through R. If R is larger than the
resistance in the charging path, the output-voltage waveform of Q. will have a
longer fall time than rise time.

Figure 29.36 shows how the output waveform is distorted. To reduce the fall
time of the output waveform, a circuit is required which will present a low-
impedance path for the discharge of C. The complementary emitter-follower of
Fig. 29.34 provides this low-impedance path. Q1 of Fig. 29.34 is the same as in
Fig. 29.35. ‘

Fig. 29.35. Emitter-follower driving

a capacitive load.
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L R W

Input Output

Fig. 29.36. Waveforms for circuit of Fig. 29.35. Note distortion in output waveform.

A negative input at the base connection causes O, to conduct, and C is charged
to a voltage which is almost equal to the input voltage. When the input goes
positive, the emitter of O is negative with respect to its base. @, conducts, and
C discharges through the base-emitter diode of Q,. This reduces the fall time of
the output waveform and gives a symmetrical waveshape.

The biasing arrangement for the complementary emitter-follower of Fig. 29.34
is easily determined. For the output-voltage swing to have approximately the
same magnitude as the input-voltage swing, the collector voltages for the PNP and
NPN transistors will be chosen as —3 and +3 volts, respectively.

Transient Analysis. The complementary emitter-follower shown in Fig. 29.34
can be analyzed to ascertain the transient response in the following manner. If it
is assumed that both NPN and PNP units have identical characteristics, then only
one of the two transistors need be considered. When an ordinary emitter-follower
is changed from the ON to the OFF condition, any capacitive load must discharge
through the resistance of the biasing network, and hence produce a relatively long
transition time. As an example, the circuit of Fig. 29.34 has a rise time of 80
mysec and a fall time of 2.5 psec when the NPN transistor is removed. If the NPN
unit is included, the fall time is the same as the rise time.

It is obvious that one of the transistors is responsible for the rise and the other
for the fall; hence, the transient analysis will consider a single transistor driving
the load as shown in Fig. 29.35. If the equivalent circuit of Fig. 29.37 is used, cur-
rent i» can be written as
- eunZe (38)

Ze(Ze + Z1) + 1olZe + Zp + Zc(1 — a)]

and the voltage gain is

ia

e _ ZL (39)
€(in) Ze + ZL + (rb/Zc) [ZL + Ze + Zc(l - Ol)]

Since Z. = 1/jwC, at high frequencies and in the frequency range of interest,

wryCe € 1
jl Z, Iﬁ o]
+
7. ry=base resistance
QLcly Z,=emitter junction
iy €(out) impedance
I:ZL ‘ Z = collector junction
impedance
Z;=load impedance
-

Fig. 29.37. Equivalent circuit for transient analysis.
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where  is radian frequency. Equation (39) may now be written as

€o Zy

= 40
einy Ze+n(l —a) +Zg “9)
The terms of Eq. (40) as a function of frequency are as follows:
. R v
ZomoTe gz R % 41
T+ pla, P + RiCrp =7 + p/w, “h
where r.= kT/qlg
P = complex frequency
w, = alpha cutoff frequency expressed in radians
Ry, = load resistance
Cy, = load capacitance
a, = low-frequency value of «
Substituting Eq. (41) into Eq. (40) yields
€ Ry
ey Ru+re+ n(l — a)
v (1 + p/wa)
L+ {RuCulre + i1 — @)l + (R + no)/adp | nRyCrp?
Ry +re + (1 — o) Wo[ Ry + 1e + 1p(1 — ao)]
42)
If R, > re + ro(1 —ao), Eq. (42) can be written
e (L + p/ws) 43)

einy 14 {[re + (1 — @))ICL + (Re + rv)/Rpwa} p + rCrp?/w,

Complementary transistors having the following characteristics were used in the
circuit of Fig. 29.34: w, =2 X 6 x 106 radians/sec; a, = 0.99; r, = 60 ohms;
r, = 10 ohms.

These transistor parameters were measured at an average bias condition of
Ry, = 1,000 ohms, Cy, = 0.001 pf.

By using the measured parameters given above, the rise time can be calculated
as 75 mpsec. The value determined experimentally was 80 mpsec, which shows
good agreement with the calculated value.
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Transistorized Timers

Timing can be accomplished by a variety of methods—mechanical, thermal,
chemical, electronic, or a combination of these. Regardless of the method, a timer
depends upon a time base either generated internally or applied from an external
source. The spring-driven clock, for example, generates its own time base, whereas
the ordinary electric clock uses an external time base—the period of the a-c line
voltage. The first consideration in the design of transistorized timers is the gen-
eration of a suitable time base.

30.1. RC TIME-BASE GENERATORS

Analysis of a Theoretical Circuit. The time base for a simple low-cost circuit
may be established by the use of a resistor, a capacitor, and a sensing network as
shown in Fig. 30.1. Ignoring the loading of the sensing network, the time, ¢, for
capacitor C to charge to voltage V¢ in the simple timing circuit is

_Vs
Ve — Ve

The accuracy of a time base derived from the circuit is dependent on the sta-
bility of the RC product, of Vg, and of the sensing network. The change in the
time base produced by an incremental change in the RC product with all other
variables held constant is

t=RCIn (1)

_ Vs
Ve — Vo

——/ ———O0 O~————q
R 1
Voltage

C Ve sensing
,]\ network

T

—0 O—————-

Fig. 30.1. Theoretical RC timing circuit.

At = ARCIn (2)

>
-

409
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where At = incremental change in ¢, and ARC = incremental change in the RC
product.

The equation shows that a percentage change in the RC product will produce an
equal percentage change in the time base.

The error in the time base produced by an incremental change in the source
voltage Vp while all other parameters are held constant is

VeRC
Ve(Ve — Vo)

where AVg = incremental change in V5. The error in the time base produced by'
an incremental change in V¢ with all other parameters held constant is

RC
— 4

where AV = incremental change in capacitor voltage. Mathematically, the per-
centage error resulting from an incremental change in V¢ is a minimum when
Ve = 63% of V.

The accuracy of a practical RC timing circuit will depend on well-regulated
source voltages, small tolerances on resistors and capacitors or proper compensa-
tion for changes in these components, and a stable sensing circuit.

Analysis of a Transistorized Circuit. A practical timing circuit is shown in
Fig. 30.2. The sensing circuit is designed to supply current to R, when

Ve = Vz + Varon o)

where V¢ = voltage across the capacitor
Vy = zener voltage of D,
VBEon = base-emitter ON voltage of transistor 0y

At = —AVp )

At = AV

The time # for the RC circuit to charge to the voltage which operates 0Oy is

Vi — IcgoR’
! =R'Cln 6
Vi — IggoR' — Vz — Viaon ©
RR R
h ks Vi = Vp——
where R+ Rs B B R + R,

and I¢po = collector-base reverse current of Q; with the emitter open-circuited,
and Vpgen = base-emitter ON voltage of Q. All variables in Eq. (6) are depend-
ent on temperature; therefore, an exact equation for ¢’ is not practical because of
its complexity. A better approach to the problem is to design the circuit to be as
stable as possible with existing components, then compensate for variations in
specific parameters over the operating temperature range.

In this circuit, as in all circuits where a transistor is to be operated as a saturated
switch, two cases must be considered: the ON case and the OFF case. The circuit
should be so designed that the transistor will saturate at the lowest operating tem-
perature, and to ensure that the transistor will be held OFF at the highest
temperature.
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il
1

Sensing circuit

Fig. 30.2. Transistorized RC timing circuit.

A technique which will meet these requirements requires a d-c analysis of the
equivalent circuit for both the ON and the OFF states of the transistor. The fol-
lowing considerations should be made in the design of the sensing network.

For the ON case, the collector current of Q4 is

IO — VB - VC;’jat) - VZ (7)

where Vepisary = collector-emitter saturation voltage. The maximum base current
required to saturate the device is

Ioc  Ve— Vegsay — V2
hpEmin) hrpminRL

®

1 B(maz) =

where hpgminy = minimum current gain of the device. The available base current is

Iy = VeRs — (Vz + Veron) (R + Ry)

B )
Thus, Apgeniny must be chosen so that
I = Ipmaz (10)
Collector power dissipation during the ON time is
PC(on) = IC'VCE(sat) (11)
This equation may be used to determine the collector dissipation rating when
Ton > 05.¢Crc > Tsw (12)

where Ty = ON time
Tsw = time to switch the transistor from OFF to ON states
0,.¢Cy.c = junction thermal time constant

For large values of R and C, the time required to switch the transistor may be long
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compared to the thermal time constant of the transistor. Thus, the collector dissi-
pation rating for this case should be determined from the equation

_ (VB —Vp)?
Pe = T — (13)

During the OFF time, the collector-emitter and emitter-base voltage-breakdown
ratings must not be exceeded. The collector reverse current I¢go should be small
compared to the capacitor-charging current.

The zener diode D, should be selected with the following characteristics:

1. Voltage rating large compared to ¥ggion).

2. Low dynamic impedance.

3. Adequate power rating when Qs is saturated.

4. Temperature coefficient which cancels that of the base-emitter junction
(approximately 2 mv/C®).

If the timer circuit is to be operated over a wide temperature range, the tem-
perature coefficients of all components should be considered. As noted in Eq. (6),
components in the RC network will affect the stability of the time base. Resistor
R has a temperature coefficient which causes the time base to vary with tempera-
ture. Fixed-composition resistors change with voltage as well as with temperature;
the total change can be as much as #=35% from 25 to 105°C. Some 1% carbon
resistors change 5% for a 100 C° temperature change.

Both capacitance and shunt resistance of capacitor C must be considered. For
temperatures approaching 200°C, Teflon* capacitors at present are the most suita-
ble. Since the shunt resistance is very high (1 X 10° megohm-uf product), these
capacitors allow a wider range of charging currents for varying time delays. The
Teflon temperature curve shows a negative coefficient of 100 ppm/C°. A typical
Mylar* capacitor has a high shunt resistance (6 X 10* megohm-uf product), and
is operational up to 125°C. The capacitance-vs.-temperature curve flattens near
25°C, then increases rapidly with temperature above 65°C.

Very often in analyzing a transistorized timer, the sensing network is automat-
ically considered to be the major cause of instability. The above considerations,
however, indicate that the major source of error may often be attributed to other
factors; however, parameter variations of the transistor in the sensing network
should not be ignored when considering the factors which might affect the stability
of the time base.

The circuit of Fig. 30.2 may be temperature-compensated if desired. To obtain
the required accuracy, it may be necessary to compensate for both the change in
the RC product and the change in I¢go. As a rule, the capacitor-charging current
is made much larger than the leakage current I¢po, making the effect of Iggo
negligible. Opposite temperature coefficients of ¥z and Vggn may eliminate the
need for compensation in the emitter of Q;. However, if the turn-on voltage
Vz + Veren varies with temperature, compensation may be effected by using a
thermistor or sensistor} resistor.

* Trademark of Du Pont.
1 Trademark of Texas Instruments.
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The temperature coefficient of each component in the timing circuit has a defi-
nite thermal time constant. Even though the circuit may be perfectly compen-
sated for gradual temperature changes, the time base may vary with fast changes
in temperature. Good heat-sinking techniques will minimize this problem.

30.2. DESIGN EXAMPLES

One-shot Multivibrator Timer. Considering economy, simplicity, and ease of
assembly, a simple two-transistor monostable multivibrator makes a very good
timer. For example, the timer circuit in Fig. 30.3, having an accuracy of =10%
from —20 to +60°C, is designed to switch a 4-ma load with a 12-volt supply.

The output is — 12 volts for periods of 1 to 5 sec, and is adjustable between these
values. The circuit operates as follows: When power is applied, Q; is normally
OFF and Q> normally ON. C; will charge with polarity as shown. Operating
PB, causes Q4 to conduct. Q turns off since Dy is reverse-biased, owing to the
charge on C;. Base drive for Q; now flows through R4 from the collector of Q,
which is at approximately — 12 volts. The output voltage appearing at the col-
lector of Q2 remains until the charge on C; reverses, owing to the charging path
through R, and R3. Q. will turn ON, removing the base drive from Q4, and the
circuit will remain in this state until PBy is operated again.

Free-running, Dual-output Timer. The circuit of Fig. 30.4 has dual outputs,
each of which may be controlled separately. The operation may be described as

1
R, I I
82K | 10K
| j Starting circuit
Ry { 2.2 0.01} R,
27K {Meg B 2.7K
! { '
C : ,
189|pf ] l Output
| —0
—I [ r
v,
<<|\ ¢ ) Ver
o 2 L. _LQ
5 2
2N1305 12K 2N1305

R,
2709

Note: All resistors are £5%, Y2 watt

Fig. 30.3. One-shot multivibrator timer.
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\\\ 10K ®_4 _® »
N
Q Q Q §10K Qs @

3 N § 1
@ 2N1303 2N1304 2N1304 ® 2N1303
N\
! \\(\J )
10K§ /swl 10K
Qy Qs
2N1302 2N1302
T 6 3300 ' 3302 ¢, ==
T20uw 5% 5% 20 uf

Note: (1) All resistors are +10%, Y2 watt =
unless otherwise specified
(2) SW, is shown in OFF position
(3) Ry, or Ry, can be replaced with a 500
relay coil and 1N2069 diode in parallel

Fig. 30.4. Free-running, dual-output timer.

follows: When Vi is applied with SW; (emitter leg) open, C; will charge, raising
the potential at 4 above the potential at B, causing conduction in Q3 and Qs.
This will turn Q; ON when SW; is closed. Closing SW; opens the direct V¢ sup-
ply to C3. Q1 now conducts, dropping the potential at point C to nearly ground
level, and removes the charging source from C;. When Q; turns ON, Q, turns
OFF, raising the potential of point D from nearly ground to approximately V¢c.
Hence C, commences to charge, and when point E rises to a greater potential than
point F, transistors Qs and Qg conduct. This turns Q; ON and @y OFF, and
commences the charging cycle on Cy. If SW; is opened (emitter leg opened and
Ve supply to Cq closed), Cy will charge almost instantaneously, enabling the circuit
to start a new cycle. The OFF time of Qy and Q; may be varied by adjusting Ry and
R, respectively.

A temperature check of this circuit showed an error of 3% over a range of 25 to
55°C, and a 10% error from —20 to +25°C. Most of this error was due to the
difference in the firing point of the PNP-NPN “hook” combination. This type of
repeating timer will give excellent results with a stable power-supply voltage and a
constant ambient temperature. A typical accuracy of 0.1% may be expected with
these conditions.

Bootstrap Timer. A bootstrap timer is shown in Fig. 30.5. Transistors Q; and
Q2 comprise a one-shot multivibrator with Q1 normally ON and Q> normally OFF.
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C: will charge through R; and D, toward 24 volts. The voltage on C; will be
“followed” by the Darlington circuit, composed of O3 and Q4. The voltage across
the 4.7-kilohm resistor in the emitter of Q4 will approximate that of C; and change
at the same rate. This change will be coupled to the junction of R; and D; through
a 10-uf capacitor. This type of feedback allows Ry and C; to see almost the same
charging voltage during the timing cycle. The result is a nearly linear output-
voltage rise across the emitter resistor of Q4. The length of the time cycle is set
by controlling the emitter voltage of Qs. This voltage must always be some value
less than V¢e. When the sawtooth voltage applied to the base of Qs exceeds the
emitter voltage, Os will saturate. A negative pulse will be generated by the network
connected to the collector of QOs, and will be applied to the base of Q;. When Oy
turns OFF, O, will turn ON and discharge C;. When the one-shot multivibrator
returns to its original stage, the timing cycle will begin again.

Overall accuracy of this circuit, from —50 to +50°C, is 3%. Counter circuits to
give longer time cycles can easily be utilized for production-line control, acid-bath
timers, photographic timers, and many other monotonous jobs which are repeated
sequentially day after day.

27K 100K
4.7 K§ Q
TI495
2.2K
L Sensistor® resistor
TI495 680 Q
—0
Qutput
47KS L 20v----, 1
— 0
21
100K
30-5

Note: (1) All resistors are £5%, ¥2 watt unless otherwise specified
(2) Ciisa Teflon® dielectric capacitor
(3) The temperature coefficient of Ry is £2 ppm/°C
(4) R, sets the value of ¢
(5) All diodes 1N2069

Fig. 30.5. Bootstrap timer.
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Sawtooth 3

Bootstrap | . £ .- Z

timer

Note: Blocks 1, 2, 3, and 4
are voltage sensing
amplifiers that control
loads or other timers

Fig. 30.6. Sequential bootstrap timer.

Sequential Timer. The block diagram of a sequential bootstrap timer is shown
in Fig. 30.6. Four sequential events can be set to occur in order until all four are
completed. All four will turn OFF together, and the cycle will be repeated. The
order in which each event will occur is determined by the voltage level of the saw-
tooth waveform. Blocks 1, 2, 3, and 4 may also represent timers whose outputs
will perform functions of different time lengths, a feature often required for repeat-
job operations.

Decade Timer. Figure 30.7 shows a timer using digital methods, with a selection
capability of 0.1 to 99.9 sec in 0.1-sec increments. This timer makes use of the 60-cps
line frequency for a time base. The three decade counters, 4, B, and C, have selec-
tive outputs which provide for operation of a relay or other devices when the three
decades reach the time preset by the three switches, SW,, SW3, and SW,. The
principal advantage of this timer over other types is that the accuracy depends on
the stability of the 60-cps line frequency instead of on the circuit parameters.

An oven-controlled tuning-fork oscillator, running at 60 cps, could supply the
input to this type of counter and afford the same accuracy. Addition of more decade
counters will provide extended time ranges with the same accuracy throughout the
entire range.
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Fig. 30.7. Decade timer.



31

High-level Switching

Because of their efficiency and reliability, transistor switches are ideally suited
to the manipulation and control of large amounts of power.

31.1. POWER DISSIPATION

In a practical switching circuit, the average power dissipated in the transistor is
much less than the peak dissipation. Consequently, relatively large currents and
voltages can be handled without exceeding the rated dissipation of the transistor.
However, the voltages should be limited to a safe value below the breakdown
voltage, and the current should stay within the maximum current specified for the
transistor. At all times, the average power dissipation must be below the rated
dissipation at the maximum ambient temperature.

An expression for the average power dissipated in a transistor switch can be
derived from the idealized current and voltage waveforms of Fig. 31.1. The
assumptions made are:

1. Power dissipated in the base is negligible.

2. Rise time and fall time are equal.

3. Storage time and delay times are negligible; i.e., the ON and OFF times
are equal.

Even using these simplifying assumptions, the resulting equation is helpful in
illustrating which of the transistor electrical quantities are most important for
power-dissipation considerations.

P (average dissipation) =—71_— / Tor Versayly dt + [ Tont T (I,, ~ It > (V L)dt
0

Tow Tsw P Tew
T — Taw T [ t
+ Vplcodt + ( ~ VNV (I,— dt) (1
/ TortTow @ -LTSW P P Tsw)\" Tsw )
P (average dissipation) = VonsarlpTon + VolooTorr + L V‘éTSW [0))
\ T ) . T T
ON OFF Switching

418
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This equation illustrates the importance of fast switching and low saturation
voltage for efficient switching.

31.2. LOAD-LINE ANALYSIS

An important consideration in achieving maximum reliability in a high-level
switch is the transistor’s load line. The load line, or VI curve as it is sometimes
called, is the locus of the transistor’s operating points. A simple method of
observing a load line is shown in Fig. 31.2. The vertical plates of an oscilloscope
are connected across a small resistor inserted in the collector circuit. It should be
noninductive, and its resistance should be much smaller than any other impedance
in series with the transistor. The horizontal plates are connected to the collector
and emitter terminals. The resulting trace shows the current and voltage that the
transistor is handling as it functions in the circuit. The peak power dissipated by
the transistor during switching can be determined by taking the peak product of
the currents and voltages which occur simultaneously. If a determination of the
average power dissipated is desired, the necessary time relationship can be obtained
by modulating the trace with a time-mark generator.

In many high-level switching applications the load is inductive or transformer-
coupled, and, consequently, problems inherent in inductive switching are en-
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+Vee

Current sensing
resistor

To vertical plates
of oscilloscope

To horizontal plates
of oscilloscope

Fig. 31.2. Measurement
of load line.

countered. A load line for a single-ended switch with an inductive load is shown
in Fig. 31.3. The voltage induced in the inductance at turn-off adds to the supply
voltage to form a collector-to-emitter voltage spike. This voltage could exceed the
applicable collector-to-emitter voltage breakdown of the transistor, BV gx.
Another equally important possibility is that the transistor would experience a
secondary voltage breakdown, because of the large current and voltage appearing
simultaneously during turn-off. That is, the maximum allowable collector-to-
emitter voltage is determined by the load line as well as by the rated BV¢gy. From
voltage considerations alone, the maximum collector-emitter voltage could safely
approach BV¢gx. But consideration of the load line (i.e., simultaneous current and
voltage variations) often reveals that the maximum voltage must be restricted to
something less than BV gy, especially if the load is inductive. Limiting the maxi-
mum collector-to-emitter voltage to the BV g rating (rather than to BVegy) often
affords a safety factor for resistive and slightly inductive loads. However, even
this may not be conservative enough for a high-level switching circuit with an
inductive load line similar to that shown in Fig. 31.3. In every instance, it is

4
Load line Switch
—
/
3 Turn OFF
g\ \ =
©
© Turn ON
-
0 VCC

Collector to emitter voltage

Fig. 31.3. Switch with inductive load.
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Load line Switch
—

Collector current

I
0 Veo
Collector to emitter voltage

Fig. 31.4. Switch with inductive load shunted by a diode.

advisable to switch the transistor operating point through the region of high dissi-
pation as rapidly as possible.

The most common method of protecting the transistor from the energy stored in
the inductance of an inductively loaded single-ended switch is shown in Fig. 31.4.
The diode limits the voltage across the transistor during turn-off to the supply
voltage.

Further improvement in shaping of the load line can be achieved in many
instances by shunting the diode with a small capacitor, as shown in Fig. 31.5. The
capacitor voltage opposes the supply voltage during turn-off, thus allowing the
current through the transistor to drop without a sudden voltage rise across the
transistor. For some designs, the diode may become unnecessary.

Double-ended (push-pull) switches with inductive loads can also have their load
lines shaped. A small capacitor connected from collector to collector, as shown in
Fig. 31.6, is usually very effective in suppressing collector-to-emitter voltage spikes.

Switch
Load line

N\

Turn OFF

Collector current

Collector to emitter voltage

Fig. 31.5. Switch with inductive load shunted by a diode and capacitor.
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N9 @

o—
- Vee = Vee
Fig. 31.6. Capacitor spike suppression. Fig. 31.7. Breakdown-diode spike sup-
pression.

If the voltage spikes are exceptionally severe or fast switching time is of prime
importance, it is best to replace the capacitor with a double-anode breakdown diode
as shown in Fig. 31.7.

The sections following are representative of high-level switching applications.
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Light Flashers

Transistor-operated flashers are now replacing flare pots and mechanically
operated flashers for reasons of reliability, safety, compactness, and efficiency.

Figure 32.1 shows a multivibrator flasher which drives two lamps alternately.
Such a flasher has been used in aircraft applications. The design of the astable
multivibrator is discussed in Sec. 28.2.

The construction barricade flasher is the most common flasher application at
present. Some transistorized flashers run as long as 60 days on a single battery,
whereas a flare pot must be refilled every few days. The barricade flasher must be
inexpensive and efficient, usually driving a single lamp at 1 cps at a 15% duty cycle.
A typical design of this type is shown in Fig. 32.2. To explain its operation, assume
that the switch S; has just closed. Base current then flows through R, into Q;.
The collector current of Q; is the base current of Q.. The resulting collector
current in Q3 divides between the lamp and the feedback path (R1Cy). The feed-
back current adds to the base current of Oy, and the resulting regeneration saturates
02, causing the lamp to burn at full brilliance. The feedback current decays
exponentially, owing to the R, C; time constant. The flasher begins to turn off when
this current decays to a value that will not sustain saturation of Q.. As Q comes
out of saturation, the voltage change is fed back to the base of O, through the (R1,C1)
path. Regeneration occurs again, causing both transistors to turn off rapidly.

T+VCC

L,

Q1

Fig. 32.1. Astable multivibrator
light flasher.

IH
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Fig. 32.2. Low-current flasher.

The charge on Cj is such that the base of O, is made negative. C; begins to charge
toward Ve through Ry and R,. When the base voltage of Q1 reaches Vigony, Q1
begins to turn ON, starting a new cycle.

The base current /p; in Q; comprises two components: a static component, I,
and a dynamic component, iz, as shown in Fig. 32.3. Iy and i; are given by

[0 = Vee — Vam

== 1] 1
o 7 + i¢Bo )]
and ig = KQQ e t/R1C1 2)
Ry
Therefore,
ipr = Io + ig )

The operation of this flasher is very dependent upon the Apg of both Oy and Q.
To ensure starting and to prevent lockup in the ON state, both transistors should
be in the active region when the feedback path (Ry,C;) is open, and the closed-loop
gain must be greater than unity. An open-loop lamp current between 20 and 80%
of the full-load lamp current, I, has been found to be satisfactory for a typical 5-volt
90-ma flasher lamp such as the GE 1850. Then the static base current in Oy must be

0.21;,

Ip=-——22 4
0= hreihres @
and I, < 0.81;, 5
0= hpmhrgs ©)

The loop gain is

hFEthEZRL

Ap=—"""""2_>1] 6
L hiel+R1+RL> ©

where Ry, = lamp resistance measured at 0.2/, and h;.; = input resistance of O
measured with ig; = Ig. The flasher turns OFF when ig; decays to a value ()
which will not sustain saturation of Qs, that is, when
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Fig. 32.3. Base current in Q1.

1,
Topy = —2— 7
(offH hFEthEZ ( )
Since Topn = %e—towmxm + 1o ®
1
then tov= R1C1 In -————I/CC— (9)
Ri(Zotn — Lo)
Assuming Ry > Ry, the OFF time is
torr = 0.7R>Cy (10)

This condition is illustrated in Fig. 32.3. When ¢ = foy, ip; has decayed to Ijp.
Tofy varies with hpgy and hpge. Ip: should decay to I,z within two time constants
for reasonable ON time stability.

R3 is chosen small enough to allow Q- to saturate when O, is saturated,

Voo — Veronz — Vepsay)h
R ( on, (sat) fe 11
3 < 1, (11)
’—/G
S
82K @, 330 Q, i
AYAYAY, Note: (1) @; — 2N1302 inverted
+ configuration; @, —2N1374
=gy (2) hrg1 X hrgs selected to be

|
I
ki

—_ + between 500 and 1,000
i (3) Typical ON time 0.2 sec
33K 15 uf (4) Typical OFF time 0.8 sec

GE1850

Fig. 32.4. Low-current flasher.
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and Rs; must be large enough to prevent excessive collector currents in Oy and Qs.

Figure 32.4 illustrates a typical flasher design. Q; is operated in the inverted
configuration for lower hpg and lower leakage current. Inverted Apg of the 2N1302
can be expected to be between 5 and 20. Normal Apg of the 2N1374 is specified
to be between 50 and 150. Q; and Q» must be selected such that the hrgihipg:
product satisfies Egs. (4) to (6). An hpg1hpge product between 500 and 1,000 works
well in this flasher.

The switch S; can be replaced with a solar-cell switch to turn off the flasher
automatically in daytime; such an arrangement will roughly double battery life in
unattended locations.
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Blocking Oscillators

The blocking oscillator is a common type of relaxation oscillator. There are two
major modes of operation: the astable or free-running mode, and the monostable
or triggered mode. In computer circuitry, the blocking oscillator is often used as
a pulse generator.

33.1. COMMON EMITTER

The circuit shown in Fig. 33.1 is a basic blocking oscillator in the common-
emitter configuration. Upon application of a negative trigger pulse to the base,
the collector current will start to rise. The collector voltage will rise toward
Versan, and a pulse will be coupled to the feedback winding. Since the feedback
voltage is 180° out of phase with the primary voltage, a negative-going pulse will
be coupled to the base, thereby turning the transistor ON and driving it into
saturation. When the current in the transformer builds up to the point where the
transistor cannot remain saturated, the feedback voltage will decrease, and the
transistor will turn OFF. The back voltage that will be present at the collector when
the field of the primary winding starts to collapse may exceed the BVgo rating of
the transistor; consequently, a diode is connected across the primary winding to
prevent voltage breakdown of the transistor.

° Output

by

Fig. 33.1. Common-emitter triggered blocking oscillator.
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Ignoring the load current and the current through Ry, the collector and base
currents as a function of time are given by the following equations:

. ch [ r
=—1 — —_ — ) Ut/Ly)
o=Vt (1 n%)e it M
and ip= _—VCC ra [] — (] + _L) e—(rt/Lm)] (2)
Iyt nro

where r=1ry + ro
r1 = d-c resistance of the transformer primary plus R¢g (collector saturation
resistance)
ry = re (saturated emitter resistance) plus Ry (external emitter resistance)
rpy = base resistance
n = Ni/N», = turns ratio
L,, = magnetizing inductance

When the collector current is approximately hpgip, the transistor will turn OFF.
Using Eqs. (1) and (2), the pulse width, #,, is

Ly 1 —r/n2ry + (hpera/r) (1 + r/nrs)
o 1 + hrgra/ry )

b =

If hpp(re + Rg) > ry, then

= Lm 1 <1+_’_> @
r nro

Thus, the effect of circuit parameters on pulse width can easily be determined from

Eq. (4). Conversely, the magnetizing inductance necessary for a given pulse width

can easily be computed. For example, assume

ty = 1 psec
r1 = 2 ohms
re = 2.7 ohms
n="%
Therefore,

. (1x109@7)
In =1 1 +47/527] 15.7 ph

The maximum collector current can be determined by substituting Eq. (3) into
Eq. (1), thus:
Voo(1 + r/nro)hpe(re/m) )
nroll — r/n?ry + hpp(ra/re) (1 4 r/nrs)]

iggman) =
Assuming hpg is large,

. Vi
lo(maz) = nra (f ; (6)
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33.2. COMMON BASE

The saturated common-base-type blocking oscillator is similar in operation to
the saturated common-emitter type; therefore, the following discussion covers the
common-base nonsaturating-type blocking oscillator. This is often used when fast
response is desired.

Figure 33.2 illustrates the common-base nonsaturating blocking oscillator.
When the transistor is triggered by a negative pulse, current will start to rise in
the collector. The pulse coupled to the emitter will be in phase with the pulse at
the collector. The negative pulse fed back to the emitter will aid the turn-on cur-
rent, causing the transistor to be driven toward Vegsay. However, the collector
voltage will not reach Vegsary but will be clamped to a voltage level, ¥, which is
above Veggan, thereby achieving nonsaturated operation of the blocking oscillator.
There will be a constant voltage, V2, across the magnetizing inductance, L.
Since the current through the inductance builds up linearly, the current through
D, will decrease at a linear rate. When the current through the diode ceases, the
voltage V, will start to decrease, owing to the rising current required by L,. D;
will become reverse-biased, and the collector voltage will start to rise, causing the
transistor to start turning OFF.

The magnetizing inductance L,, will discharge through D;. The capacitor, be-
ing charged during the pulse, will cause the emitter-base junction to be reverse-
biased. The transistor will not conduct until a new triggering pulse is applied.

Immediately after the transistor has turned ON, V5 is present across the primary
of the transformer, and very little current flows through the magnetizing induct-
ance. The emitter current is

—Vs

A+ i — a0l @

The current through the primary of the transformer is

— i Ve L L
Iy = ale + ip1 = n2 [re + rb(l - ao) + RL] (8)

From Egs. (7) and (8),

. _ —-Vz 1 — ool 1
b1 = n2 [re + ry(1 — ) + RL] ©)

Al
. . 651
le Q@ Qple I,
o > N = e
T8 -
Ry,
Input y ¥ D,
TVr v Vs,
o- $ :ll 4|l !

Fig. 33.2. Common-base nonsaturating triggered blocking oscillator.
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Fig. 33.3. Common-base blocking oscillator.
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Fig. 33.5. Blocking-oscillator waveforms with 100-ohm load.

When the current in the magnetizing inductance builds up to ip; in Eq. (9), the
diode current will be zero, and the transistor will begin to turn OFF. Since the
current in the magnetizing inductance increases linearly with time, the pulse width is

Lmipl Lm Ol — 1 1 ]
_ Lot _Ln[ en—1 __ 1 10
fo Vy n2 [re +nrn(l—a) R (19)

The value of L,, necessary for a 1-psec pulse is calculated in the following exam-
ple; assume:

Ve = 2.7 ohms
ry = 50 ohms
R;, = 100 ohms

n= 5/1

a, = 0.98



432 Switching-mode Designs

Then,
(1 X 1078)(25) _
GO -1 1 24 ph
2.7 4+ 50(1 — 0.98) 100
The circuit in Fig. 33.3 is a second common-base blocking oscillator, using a

2N338. The effect of loading is displayed in Figs. 33.4 and 33.5, which show the
voltage waveforms for 1,000- and 100-ohm loads, respectively.

Ly =
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D-C Converters

Electronic equipment often requires, for its operation, a d-c voltage different
from the available d-c power source. The circuit used to convert direct current
from one level to another efficiently is called a d-c power converter.

The most simple and efficient power converters usually contain two power tran-
sistors and a special transformer, so connected that a regenerative switching action
exists between the two transistors. The transformer, a vital part of the system,
has a core material with a hysteresis curve approaching a square loop. The out-
put is an almost perfect square wave, and, when rectified, the resultant voltage
contains very little ripple.

34.1. THEORY OF OPERATION

The basic circuit for a converter is shown in Fig. 34.1a. Its output is magnet-
ically coupled to its input through a square core transformer which has a charac-
teristic hysteresis curve as shown in Fig. 34.1b.

To begin the explanation of its operation, assume that the circuit is oscillating.
If transistor Qy is conducting, the supply voltage is dropped across the transformer
primary, Ny, and the rate of flux change is linear, as indicated by the equation

dg Ve
dt ~ Npx 108

where df/dt = change of flux in core with respect to time, webers/sec
Vee = supply voltage, volts
N; = one-half the total number of turns on the primary, i.e., from one
end to center tap

ey

[Equation (1) ignores the saturation voltage of the transistor and the resistive drop
in N, in order to simplify the explanation.] This changing flux in the core will
then induce a voltage in the other coils, with polarity as shown by the dots and
magnitude proportional to the turns ratio. Therefore, transistor Q is biased ON
with a negative base voltage and transistor Qp is OFF with a positive voltage.
Curves 2 and 4 of Fig. 34.1¢ show the collector and base voltages of transistor Q.

433
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Fig. 34.1. A typical converter.

Curve 3 shows that flux change is linear as indicated by Eq. (1). When the core
approaches saturation, the induced voltages are reduced, and the base drive is
therefore reduced. Since transistor Q4 is turning OFF, the induced voltage across
Nj is reversed. This causes a reversal of bias, and transistor Qs is turned ON as
transistor Q; is turned OFF. The cycle then continues. It should be noted from
Fig. 34.1a that when transistor Q4 is conducting, N; of transistor Q2 has an induced
voltage of such polarity as to add to the supply voltage. Therefore, twice the sup-
ply voltage appears across each transistor during its OFF time.

The current waveform of the inverter can be explained by the transformer equiva-
lent circuit as given in Fig. 34.2. Figure 34.2b is an approximate equivalent of
34.2a as seen from the input terminals, where Ry is the effective primary resistance
and R is the effective secondary and load resistance referred to the primary.
Depending on the sum of R, and R», the current will rise instantly, as shown by
curve 1 of Fig. 34.1c. Then, by the equation
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di _V
“ 2
@=L @
the current will increase at a constant rate. The current spike at the end of the

waveform is due to core saturation since inductance approaches zero. The current
will tend to rise to a value governed by the current gain of the transistor.

34.2. TRANSFORMER CONSIDERATIONS
The basic equation describing converter operation as derived from Eq. (1) is
V = 4B, fN1S4 X 1078 3)

where V = peak square-wave voltage impressed across saturation-core primary
winding Ny, volts
B,, = maximum flux density of saturating core, gauss
f = frequency of oscillation, cps
N1 = number of primary turns on saturating core carrying load current for
the ON transistor (i.e., from collector end to center tap)
A = cross-sectional area of saturating core, cm?
S = stacking factor of core

Thus, it becomes apparent that in the basic converter, i.e., the single-transformer
configuration, the transformer performs two functions. Not only does it perform
the standard function of transformation of power, but it determines the frequency
of oscillation as well. The function of the transistors is simply to switch the d-c
supply from one-half of the center-tapped primary to the other, thus permitting
the resulting square-wave a-c voltage to be transformed to the secondary.

The design of the transformer involves the same considerations as that of a
standard transformer with respect to amount and type of insulation, wire size, and
window area necessary for windings. Equation (3) is of fundamental importance
in determining the relationship among the core size, frequency, and supply voltage.

(o] J\N\f ,W
Rp Lp 4 Lg Rg
Input LM% R R;
% c
o <+
)
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R,y
Input L R,
o-

(&)

Fig. 34.2. Approximate transformer equivalent circuits.
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34.3. TRANSISTOR CONSIDERATIONS

The transistors for a particular converter must satisfy two basic requirements.
They should have a useful Azg at a current level determined by the maximum
value of the primary load current, and they must be capable of withstanding the
maximum voltage applied to the collector-to-emitter terminals. As previously
mentioned, this voltage will be approximately twice the supply voltage (if no volt-
age spikes are present), and will appear across the OFF transistor terminals.
Generally speaking, it is best to limit this maximum collector-emitter voltage to
less than the BV g rating of the transistor.

34.4. STARTING

The most common type of starting circuit is the resistive voltage-divider type
such as shown in Fig. 34.1. A slight forward bias is applied to both transistors
through the starting resistor Rs. The required magnitude of Rg is primarily a
function of the load and the /pg of the transistors. The worst case for starting will
occur with heavy loads and at low temperatures, where Apg is minimum. A filter
capacitor on the secondary requires a heavy surge of current during starting as it
charges up. Because this initial heavy load can make starting difficult, filter capaci-
tors should be as small as possible.

The value of starting resistance is generally best determined by trial and error,
but an approximate value can be determined from

VeeRp
Vi=—"""=- 4
'“Rs+Rs @
where V7 = 0.3 for germanium transistors, and V1 = 0.5 for silicon transistors.
To reduce losses, a diode can be used instead of Rp, being placed so that base
current can flow in the forward direction. The value of Rg can be increased since
the diode appears as an open circuit until the oscillations begin.

34.5. CIRCUIT CONFIGURATIONS

The most frequently used circuits are the common-emitter configuration shown
in Fig. 34.1 and the common-collector autotransformer configuration shown in
Fig. 34.3.

The common-collector autotransformer configuration has this advantage over
the common-emitter configuration: The cases of the transistors can be mounted
directly on a common heat sink without using insulating washers. A disadvantage
is the need for additional base and starting resistors.

The dual-transformer configuration shown in Fig. 34.4 has many advantages
over the single-transformer configuration. A comparison of the typical collector
currents of both configurations at no load and full load, illustrated in Figs. 34.5
and 34.6, reveals one of them: Since the output transformer of the two-transformer
configuration does not saturate, its magnetizing current is never large.

In the single-transformer converter, once the transformer saturates, the collector



D-C Converters 437

-

w£

200 00 —4000 ~
A A
o

.L@)

Fig. 34.3. Common-collector autotransformer configuration.

current increases until it tends to exceed Aprlp, i.e., pulls the ON transistor out of
saturation. Conservative design is usually based upon the minimum value of
hFE, i.e.,

It, = hreemin I ®)

where I;, = maximum load current reflected to the primary. Since many transis-
tors exhibit a 3:1 hpg spread, it would be possible for the actual peak collector cur-
rent to be three times greater than the maximum reflected load current in those
transistors with a high Apg.

The dual-transformer configuration differs from the conventional converter in
that switching is determined by the small saturating tape-wound toroidal trans-
former, while the larger nonsaturating power transformer handles the feedback
and output power transformation. Since the output transformer does not saturate,
switching is not determined by the increasing magnetizing current pulling the ON
transistor out of saturation. Instead, the ON transistor is pulled out of saturation
by the decrease in base current which occurs when the toroidal transformer satu-
rates. As the core reaches saturation, the increasing magnetizing current causes

]|
"

T,

Fig. 34.4. Basic dual-transformer converter.
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Fig. 34.5. Dual-transformer converter: typical collector currents.
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Fig. 34.6. Single-transformer converter: typical collector currents.

an additional voltage drop across the feedback resistor Rp. Thus the primary of
the saturated transformer has less voltage dropped across it, effecting the decrease

in secondary or base-drive voltage.

34.6. PRACTICAL CIRCUITS

Figures 34.7 to 34.9 and Table 34.1 provide circuit diagrams and parts lists for

the following eight converters which are typical, practical circuits:

Converter Voltage Voltage Transistor
output rating, watts input output type
15 12 300 2N1038
30 12 300 2N1042
55 12 100 2N456
100 12 300 2N511
150 12 500 2N512
200 12 300 2N513
250 12 500 2N514
500 28 300 2NS14A

Performance Characteristics. Figures 34.10 through 34.17 show plots of out-.
put voltage, output power, frequency, and efficiency vs. load current for the eight
different converters. The output-voltage regulation is seen to be less than 7%
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Fig. 34.8. Type B converter.

Fig. 34.9. Type C 500-watt converter.
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Table 34.1. Parts List for Figs. 34.7 to 34.9

Ny, Na, N3, , Zener . Diodes .
Tyoe of circuit Transistors | Transformer | Transformer | turns turns turns Riﬁ:nI:B’ oﬁris ﬁp ? diode, Il))xocgs D3, Dy, Cf’. }tm:tlsg’
P 01, 0s Ty T AWG | AWG | AWG omms | p, P20 pype | M a

A 2N1038 Arnold 70 20 1,800 15 1,200 IN2071 | 2 15
5772D2 No. 18 | No. 30 | No. 30

A 2N1042 Magnetics 78 30 2,000 15 1,500 IN2071( 4 30
500172A No. 16 | No. 29 | No. 29

A 2N456 Magnetics 29 6 275 5 180 IN2071| 6 55
500352A No. 17 | No. 24 | No. 24

B 2N511 Magnetics TI 48 185 2 100 5 IN1817 | IN2069 | IN2071 | 10 100
500942A 440402-1 No. 24 No. 28

B 2N512 Magnetics TI 48 185 2 75 10 IN1817 | IN2069 { IN2071 | 20 150
501812A 440404-1 No. 22 No. 26

B 2N513 Magnetics TI 35 140 1 75 5 IN1817 | IN2069 | IN2071 | 20 200
500262A 440406-1 No. 20 No. 26

B 2N514 Magnetics TI 35 140 1 75 5 IN1817 | IN2069 | IN2071 | 30 250
500262A 440408-1 No. 20 No. 24

C 2N514A Arnold TI 35 140 Rp=1% 75 10 1N1825 | 1N2069 | IN1126 | 40 500
5233D2 440413-1 No. 20 No.24 | Rg =%
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T 3 [
ST cps Eff
300 30 Output voltage 600
Efficiency
200 20 400 80
[—— ]
Frequency '/
| et /
oA
100 10 8% 200 40
/ Qy V imy = 12 volts
V.
L~
. 0o 0 0 0
Fig. 34.10. 15-watt con- O 10 20 30 40 50 60 70
verter. Load current, ma

from one-half to rated load. The output power is almost a straight-line function
of load current, as one would expect. The frequency of the 15-, 30-, and 55-watt
converters decreases slightly under load. The frequency of the two-transformer
converters remains almost constant under load.

The efficiency of all the converters is greater than 80% at rated load. The out-
put ripple on all converters is less than 4% at rated load.

All these circuits are conservatively rated. In particular, the 500-watt converter
has attained an output power of 700 watts on an intermittent basis.

Design Information. The step-by-step design for the 200-watt dual-transformer
converter is given; the procedure may be followed in designing similar circuits.

: 3 o9
ST cps Eff
600 30 600
7
Freque Efficiency
— ne. Z
400 20 — :’ 400 80
\\
— ,; Output voltage —|
(¢)
200 10 Q\;ﬂ, 200 40
/ S Viim =12 volts
(O]

0
0 15 30 45 60 75 90 105 120
Fig. 34.11. 30-watt converter. Load current, ma
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g 3 e
RO cps  Eff
120 60 / 1,200
Output voltage
-
Frequenc ~
y ‘/ _
80 40 /, EfficiencY 800 80
'S / '
/ A
2
Q"/
40 20 i 400 40
/ - | Vim =12 volts
0 0 0 .
0 100 200 300 400 500 600 700 Fig. 34.12. 55-watt con-
Load current, ma verter.

The following information is given:

Output power, P, = 200 watts.

Supply voltage, V¢e = 12 volts.

Output voltage, ¥, = 300 volts.

Core = Orthonol® toroid.

Frequency = 400 cps.

Circuit configuration = common emitter, i.e., type B converter.

A converter efficiency of 80% is assumed. The necessary input power is

P 200
P =—°=—=250watts
™= T 08
.
N O cps Eff
/ d
600 120 // 600
/[ Frequency
I
400 & — Eflﬁciency— 400 80
= ~ <] | |
/ n / Output voltage—
A e
200 40 / &Q&Q 200 40
O\> V(in) =12 volts
y '/
0

0 0
0 50 100 150 200 250 300 350 400 450
Load current, ma

Fig. 34.13. 100-watt converter.

©
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g 3 f %
RN cps Eff
600 300 600
\\Mut VOltage
uenc -
200 200 |=FreY /:?‘ o
> et
s (9
200 100 & RS 200 40
f V (imy=12 volts
0 0

0 0
0 50 100 150 200 250 300 350 400
Load current, ma

Fig. 34.14. 150-watt converter.

where Py, = input power
P, = output power

n = efficiency
The collector current of each transistor is given by
Puny 250
Io =+~ =——=20.
°= Ve 12 8 amp

443

Q)

where Ve = supply voltage. The 2N513 transistor is selected on the basis of
maximum collector current and maximum collector breakdown voltages. Each

§ 3 %
R " cps Eff
600 300 600
Frequency
400 200 Lo 400 80
—_— 7 ERaency
/ /’ Output voltage T
/ o“‘e'( l
200 100 / Q°\Q I 200 40
X
o V iy =12 volts
/1
|
0 0

0 0
0 100 200 300 400 500 600 700 800
Load current, ma

Fig. 34.15. 200-watt converter.
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: 3 Po#
S [she cps Eff
600 300 — 600
Output voltage
1 7é
Frequency A
400 200 — 400 80
<3 /
Vs e
< <
200 100~ \)\Q°>/ 200 40
/ y Vim =12 volts
. (in)
7
0 0

0
0 60 120 180 240 300 360 420 480 540
Load current, ma

Fig. 34.16. 250-watt converter.

transistor, during its OFF time, is subjected to approximately twice the supply
voltage. The base current of each transistor is

=l _ 208 _04amp ®

hFE(min) 20

where Ip = base current, and /pggminy = minimum short-circuit current gain at
specified I¢. From the data sheet for the 2N513, the maximum base-to-emitter
voltage is 2 volts. The base-drive voltage is made equal to twice the maximum
base-to-emitter voltage, to reduce the effect of variation in Vg among transistors.

Iy

g 3 %
3] [sg cps Eff
300 600 SN Output voltage 600
<
Efficiency
200 400 — 400 80
Frequency
2
100 200 x O 200 40
5
9\)V V(in) =28 volts
v
0 0 0 0

0 02 04 06 08 10 12 14 16 18
Load current, ma

Fig. 34.17. 500-watt converter.
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The power required by the base drive is given by
Pp = Vplp = 4(1.04) = 4.16 watts ©)

where Pp = drive power, and Vp = drive voltage. A 90% efficiency is assumed
for the drive transformer. Therefore, the power supplied to the primary of the
drive transformer is
P, 415
=" =—" =4 10
00 09 4.6 watts (10)
The turns ratio for the drive transformer is chosen as 4:1. This sets the primary
voltage of the drive transformer at 16 volts. The primary current of the drive
transformer is given by

P,

_ Py 46
12_17;_16_288ma (1D
Next, the wire sizes for the primary and secondary turns are chosen, based on
1,000 cir mils/amp:

N, (primary) AWG No. 26 (320 cir mils).
N (secondary) AWG No. 20 (1,197 cir mils).

Selection of the toroidal core for the drive transformer is next. One method is
to determine the necessary WA product from known and estimated factors and.
use this product for core selection. WA is the product of the core window area,
W, and the core cross-sectional area, 4. It is frequently listed in the manufactur-
er’s catalog of core data.

A necessary step in this procedure is to estimate the ratio of total wire area to
the core window area. This ratio is the K factor, which for this particular design
can be expressed as

k= Nedwz + 2Nidws _ Nodws + aNodwe (12)
w w
where K = ratio of total wire area to core window area
Aw = area of single strand of wire, cir mils
W = area of core window, cir mils

The K factor is estimated to be 0.2 1o assure ease in winding the core. Sepa-
rating the known and unknown quantities in Eq. (12) results in

No K
N2 _ _ 13
W Awz + YAw: (13)
Since the only unknowns in the basic transformer expression of Eq. (3) are the
number of primary turns N, and the area of the core 4, Egs. (3) and (13) can be
solved simultaneously for the product of W and 4:

VAwz + %2Aw1) (16)(19) (14)
K4B,,fx 10-5  (0.2)(@)(14,000)(d00) x 10-8

WA = 328,000

WA =
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N

N

Fig. 34.18. Schematic diagram
of transformer. Fig. 34.19. Transformer core.

For the required WA product, a Magnetics 50026-2A core is chosen. The area is
seen to be 0.514 cm2, N is calculated to be 140 turns, using Eq. (3). N is found
to be 35 turns. The number of primary and secondary turns and size of the wire
are then determined. The K factor is checked; the actual K factor is slightly less
than 0.2.

The design is completed with the determination of Rp, Rg, Rr, and the power
transformer. The base resistor Rp is chosen to drop approximately half of the 4
volts supplied. The starting resistor Rg is made as large as possible to keep losses
to a minimum and still assure reliable starting. The feedback resistor Ry is chosen
to give 16 volts across the primary of the drive transformer at rated load.

The core loss in the 200-watt power transformer at rated load is calculated to be
10 watts. The primary and secondary winding losses are approximately 2 watts
each. The input impedance of the transformer is made equal to approximately 40
times the load resistance. Figures 34.18 and 34.19 in conjunction with Table 34.1
give power transformer information.
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Inverters

An inverter as defined here provides an a-c output from a d-c supply. In the
simplest transistor inverters, the a-c output is a square wave. Many kinds of equip-
ment will operate satisfactorily on a square-wave voltage, but in some instances
a filter on the secondary is necessary in order to suppress objectionable harmonics.
The fundamental harmonic content of a square wave is the maximum value of the
square wave divided by 1.11. Thus, if a 115-volt rms sine wave is needed, the trans-
former output should be 128 volts plus filter drops.

In a converter, the exact value of frequency of oscillation and its change with load
and input-voltage variations are not usually important. In an inverter, however,
these considerations may be quite important. The frequency of oscillation of most
common circuits is set by a saturating-core oscillator, and is dependent upon
voltage as shown by the basic converter and inverter equation,

E = 4B,,fN1S4 X 108 N

where E = peak square-wave voltage impressed across one-half the total center-
tapped primary winding, volts
B, = maximum flux density of the saturating core, gauss
f = frequency of oscillation, cps
N; = one-half the number of total primary turns on the saturating core
A = cross-sectional area of the saturating core, cm?
S = stacking factor of the core

Equation (1) shows that frequency is dependent on voltage since all other values
are constant for a particular core. Therefore, the frequency can be controlled by
controlling the input voltage. The transformer equivalent circuit of Fig. 34.2b (d-c
converters) indicates that frequency may be controlled by controlling the induced
~ voltage, which is given by the equation

__EsR
T Ri+ R

where E; = induced voltage, and E4 = applied voltage to the transformer. Ideally,
R, should be zero or very small with respect to R;. One method of minimizing

@
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Voltage Power

regulator supply

Induced

voltage

sampler

[

Y

Oscillat | Power >| Load
scillator amplifier

Fig. 35.1. Block diagram of 60-cycle power inverter.

the difference between applied and induced voltage is to use large wire on the
primary so that E; approaches E,4 in Eq. (2). But this does not compensate for the
change in transistor saturation voltage with current, which will cause a variation
in frequency with load. If the input voltage is regulated, the frequency can be
controlled to about #=2% by using extra-large wire in the primary of the saturating-
core transformer.

35.1. FREQUENCY STABILITY

If closer frequency control is required, it is evident that a method of measuring
the induced-voltage variation must be used, so that compensation can be obtained
by adjusting the oscillator supply voltage. Figure 35.1 shows a block diagram of
the frequency-stable power inverter. The frequency of operation of the saturating-
core oscillator is dependent on the induced voltage of the oscillator transformer.
This induced voltage is detected by a sensing circuit which varies the output voltage
of the regulator to keep the transformer-induced voltage constant, and therefore
stabilizes the frequency. The oscillator is transformer-coupled to the power ampli-
fier, which supplies power to the load. Only the oscillator requires regulated
supply voltage; hence, the power amplifier is connected directly to the power supply.

Saturating-core Oscillator. The oscillator is an inverter using a saturating
transformer. Its circuit is identical with the basic converter circuit (without the
rectifiers) shown in Fig. 34.1a.

Induced-voltage-sensing Circuit. The sensing circuit is connected (as shown
in Fig. 35.2) to each primary coil of the oscillator during the OFF cycle. The

H_

@ D,
Regulated
+  supply O+
Ny Induced voltage
Q, D, output
14 o-

Fig. 35.2. Induced-voltage-sensing circuit.
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R,
AAY; Q+
+ C{ TN —
Qs R
R, T-C: §R5 Regulated
Battery R, Induced output
supply Qs Qs feedback
sensing
input
R
s
D,
D, a= Sz
+ 4
X >
-0 Q-

Fig. 35.3. Inverter regulator.

voltage seen by the sensing circuit is almost identical with the true induced voltage
because of the high-impedance input circuit of the regulator.

Voltage Regulator. The regulator circuit is shown in Fig. 35.3. The induced
voltage is negative with respect to the negative terminal of the supply and drives
the base of Q3. If the induced voltage decreases, the drive to Qs is increased by
the ratio of the reference voltage at the emitter to the voltage applied at the base.
The series regulator Qs therefore increases the voltage fed to the saturating-core
oscillator. Consequently, the induced voltage will increase to approximately the
initial value.

The diodes D, and D3 provide temperature compensation for the avalanche
diode D; and the transistor Q3. The capacitor C; decreases the high-frequency
response of the regulator amplifier. R; provides sufficient regulator output voltage
to initiate oscillations when power is initially applied.

35.2. POWER AMPLIFIER

The power amplifier as shown in Fig. 35.4 is driven by the oscillator and is
supplied with power directly from the power supply. If regulated output voltage
is a requirement, a transistor regulator may be inserted between the supply and
this amplifier.

Power
transformer Load

Battery

+ supply Z

57

Fig. 35.4. Driven power amplifier.
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The power transformer is wound with sufficient turns to provide square-wave
output voltage at the frequency concerned. Peak current in the power transistor
will be the peak reflected load current. Magnetizing current should be small since
this transformer core is never saturated.

35.3. DESIGN PROCEDURE FOR 200 WATTS AT 60 CYCLES

A specific example will be used to explain the design procedure for the inverter
circuit as outlined above. Assume the output to be a 60-cps 200-watt 115-volt
square wave. The load is assumed to be resistive with no reactive component (most
tape recorders, television sets, etc., are highly resistive). The input is a 12.6-volt
automobile battery. The complete circuit diagram is shown in Fig. 35.5.

The Driven Power Amplifier. The power transformer must have sufficient core
area to avoid saturation and high transistor currents, as discussed previously. The
usual efficiency of this type of transformer should be in the order of 90%. A trans-
former design for this application is given in Fig. 35.6. If efficiency is 90%, 220
watts will be required at the transformer input.

Allowing for the power-transistor saturation voltage and transformer-primary
resistance drop, the input to the primary of the transformer would be a square wave
having a peak amplitude of approximately 11.5 volts. The transformer turns ratio
is then

No E; 115
N E; 115 ©)
The peak primary current is
_ Py 220
Ip= E CT15 19.1 amp 4)

For the transformer load, the voltage across the transistor during its OFF period
is twice the supply voltage. These two requirements necessitate a 20-amp transistor
with a BV gy rating of over 30 volts. The 2N513A and 2N514A units meet both
requirements, but the 2N514A will be used in this application since it has a higher
minimum Apg. A base current of 1 amp will be required since this unit has a
guaranteed minimum current gain of 20 at 25 amp. Typical Vpgis 0.5 to 1.0 volt;
therefore, the induced voltage of N3 will be 2 volts to take care of possible variations.
Rp; should be a 1-ohm 5-watt noninductive resistor to assure sufficient overdrive
for low saturation voltage. The efficiency of the whole system is governed almost
entirely by power losses due to saturation, switching time, and the power trans-
former.

The Saturating-core Oscillator. Most important in the oscillator design is the
saturating-core transformer. The core should have: (1) a square BH characteristic
for frequency stability with load variations, (2) a saturation flux density, By, such
that neither the number of turns nor the cross-sectional area has to be excessive,
and (3) low losses at the frequency used (this is a function of the material and the
lamination thickness, both of which are functions of the area enclosed by the BH
curve). A tape-wound core of 50:50 nickel-iron (saturation flux density = 14,500
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100 Q2

N
ﬁ) +
Saturating transformer data: 2N1038
Core — The Arnold Engineering 1.62K
Co. 3T7-7189-D4
Coil 1: 160 turns each of No. 26 wire § 4.64K 50 2 pot
Coil 2: 20 turns each of No. 36 wire 422Q & Fine frequency
Coil 3: 40 turns each of No. 20 wire 2N1372 { control 12.6v
Note: (1) Power transformer data 1K pot
included in Fig. 35.10 Coarse frequency
(2) All resistors are Y2 watt M control
except where indicated \UJs"/
1N2069 IN751A 4.64K
1N2069 b9
2N1038
1N2069 °NIT 12
4220 100 uf M
ANV == n 5w 2N514A
15v 1N2069 N, . L apuf
1K 'F 10v
2N1038 L 4 uf
.g 10v
N, 2N514A
° transformer

Fig. 35.5. 200-watt 60-cycle inverter.
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22v
60 cps 128v Py, Py, Py Py "
square 200w ;\ F—3%
wave ' T
17 27/g"
s i ) |
P CT 2
22 \ Sy _>7/ 117/,,"
@ \pP, |p @ o \ o| S
1
P 2 i 1 CT S 2 31 /2 n“
|
37/g" !‘1|
424359-1 ! ) 7/| .
I_—,1 Sl 32
@ / Py @ 4] 4
/
Py, S
4 5/8 ”"
Winding
Specification
Primary Secondary
Tube................ ... 1'%z by 1'%z in., 04 FK Over primary
Wiresize..................... No. 13 FX No. 20 FX
Turns. ...l 36 bifilar 468 =4
Taps. ... Bifilar
Turns/layer.................... 12 52
Length: winding/coil........... 123%52-272 in. 12752-2%2 in.
Paper......................... 0-1-0, 0.007 kraft 0-1-0, 0.005 kraft
Wrapper................... ... 1 layer, 0.010 kraft 1 layer, 0.005 kraft™
Anchor....................... %-in. no. 27 Vs-in. no. 27
Saddle. ... No. 27 tape
Lead......................... Self Self
Leadlength................... 6 in 6 in.
Lead anchor................... %-in. no. 27 Yi-in. no. 27
Final wrap.................... 1 layer, 0.005 GK
Laminations................... EI-13, 0.014 Silectron®
Stack........... ..o I1by 1 by 1% in.
Secure laminations............. Through bolts
Finish...................... .. Varnish-impregnated

Insulation resistance

10,000 megohms minimum at 500 volts d-c between windings and from each winding

to core.

D-c resistance

Terminals Resistance (maximum), ohms
Py, Py 0.12
S1, Sz 4.0

Fig. 35.6. Transformer, power output 200 waltts.
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gauss and 0.004-in.-thick laminations) is adequate for the 60-cps frequency. When
using a tape-wound core, the gross core area must be multiplied by a stacking factor
to obtain the actual core area. Core size is a function of the cross-sectional area,
as shown by Eq. (1), and the area necessary to accommodate the windings. The
core size for the 200-watt inverter shown in this chapter was not optimized. The
availability of a usable core dictated this particular choice. The core constants are:

By = 14,500 gauss.

Gross area = 1.61 cm?.

f =60 cps.

Stacking factor = 0.9.
Window diameter = 1.15 in.

The voltage applied to the saturating-core transformer is assumed to be 8 volts.
This value permits 4 volts to be dropped across the voltage regulator with a supply
voltage of 12 volts, thus assuring reliable regulation.

From Egq. (1), N1 may be determined as

_ 8
= "(@)(14,500)(60)(1.61)(0.9)(10~%)

The voltage induced in the oscillator base-drive windings, Ns, should be in the order
of 1 volt. Therefore,

Ny = 159 turns ®)

No = Nl% — 160 X % = 20 turns ©)
1

and, further, N3 = Nl% — 160 X % = 40 turns )
1

The maximum current in the base circuit of the power stage will not exceed 2 amp
unless the regulator output exceeds 10 volts. Therefore, the maximum primary
current will be

I = %13 = %60 X 2 = 0.5 amp ®)
1

The transistor for this application must be capable of carrying a collector current
of 0.5 amp and should have a BV gy rating of over 20 volts. The 2N1038 more
than meets these requirements. Since it has a minimum current gain of 20 at
+25°C, a base current of 25 ma is sufficient. (For low-temperature operation this
must be increased to allow for a decrease in current gain.)

Wire size is calculated on the basis of 1,000 cir mils/amp. Since the duty cycle
is 50% for each winding, the minimum wire sizes are as follows:

Ay1 = 05 X l’gﬂ — 250 cir mils )
Ays = 0.025 X @ — 12.5 cir mils (10)
Ays =2 x 229 _ 1 000 cir mils (11

2
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The AWG wire sizes are selected as 26, 36, and 20, respectively. Size 36 is larger
than necessary, but is selected for ease of handling. The total area of wire then is

Aw :,2N1A26 4+ 2N2A36 + 2N3A20 = 200,000 cir mils (12)
The available winding area in circular mils is
A, = (ID)? = 1,320,000 cir mils (13)
Thus Aw _ 0152 (14)
Ay

Equation (14) indicates that the core size is excessive. It could be reduced until
the result of this calculation is about 0.4. These windings should be bifilar-wound
to increase coupling and thereby reduce voltage spikes due to current interruption
in the leakage inductances. _

Figure 35.7 shows an equivalent circuit of the emitter-base bias circuit. Before
oscillations start, the induced voltage across N is zero; therefore, the 1-volt
potentials shown do not exist. The voltage across Rps is then

Erg = 1433—0())(%6 =03 volt (15)
This bias is enough to cause both transistors to begin conducting. Because of the
strong positive feedback provided by the base-drive windings, any slight disturbance
in the collector currents becomes amplified until one transistor is driven into satu-
ration. This condition persists until the core saturates and the base drive fails.
Then the saturated transistor turns OFF, and the cycle repeats with the opposite
transistor. To calculate base bias current after the circuit is running, Fig. 35.7 is
drawn for one condition of base voltages, i.e., when transistor 1 is ON and tran-
sistor 2 is OFF. If Vg = 0.4 volt for transistor 1, [; = 8.6 ma, and I, = —15 ma
to provide the necessary base-drive current, Ig; = 23.6 ma. Transistor 2 as shown
has a reverse bias of 1.6 volts, and is therefore turned OFF.

The Voltage Regulator. The direct current to the oscillator will be 0.5 to 0.7
amp; thus, a 2N1038 can be used as the series regulator Qs, as shown in Fig. 35.3.

Rs b
+
1K
+T
ng Egg Q c
40Q EES -

Regulated = 0.4v 1.6v
voltage
Eg=8v I -

Induced _L
voltage of N,

Fig. 35.7. Equivalent oscillator bias circuit.
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60.2 —
/ P
- 601 ™ B 4y=13.5V = //
s 60.0 I | —
5 [ Egp=12.5v L
§ “ I ___-//
8 999 Egy=11.5v
S T, =25°C
59.8
0 50 100 150 200

Power output, watts

Fig. 35.8. Frequency vs. power output with input voltage constant.

Since the 2N1038 has a minimum current gain of 20, the required base current will
be 35 ma, which can be provided by a 2N1372. The minimum current gain of the
2N1372 is 30; therefore, its maximum base current will be 1.2 ma. A 2N120
silicon transistor was selected for Q3 to minimize change in regulator output voltage
with temperature. The 2N120 has a minimum current gain of 76; therefore, 16 pa
base current will be required.

The induced voltage from the sensing circuit shown in Fig. 35.2 will be approxi-
mately 7.5 volts when the 0.5-volt drop across the sensing diodes is taken into
account. Dj is a IN751A avalanche diode, which has a nominal reference voltage
of 5.1 volts, and Rs was selected to provide approximately 4 ma of diode current.
Temperature compensation of the regulator was accomplished by connecting a pair
of 1N2069 silicon diodes, Dy and D3, in series with D;. Cy was found to be unneces-
sary after the 4-uf despiking capacitors were connected from base to emitter of the
two 2N514A transistors in Fig. 35.5.

Test Results and Data for the 200-watt 60-cycle Inverter. Figure 35.8
shows experimental data for frequency variation vs. changes in load at different
constant input voltages. The maximum frequency variation for a change of load
from 0 to 200 watts and a voltage change of 11.5 to 13.5 volts is less than 0.5%.

The curves swing upward as the output power is increased, owing to the increase
in base-to-emitter voltage of the 2N514A transistors. Thus, the base current
decreases and results in less load on the saturating-core oscillator. For typical
installations, the input voltage to the inverter will decrease as the load is increased;
therefore, the frequency will vary less with power output than indicated by Fig.
35.10.

The variation of frequency with temperature is shown in Fig. 35.9 for no-load
and full-load conditions. For various transistors used in the inverter circuit, the
per cent frequency deviation was approximately the same as indicated by Fig. 35.9;
however, the shape of the curves in each case was different.

Figure 35.10 shows efficiency plotted against output power. An interesting point
is that the efficiency is about 86% at 200 watts. The efficiency of the transformer
at these powers was around 90%. This means that the power transformer was a
major factor in circuit efficiency. The no-load input power was 8.5 watts.
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60.25 /
< V4%
g 60.00 20w A
- )
? O\%\\_/Q/
%’ [ —
g 59.75
= Egn=12.5v d<c
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-20 0 +20 +40 +60

Temperature, °C

Fig. 35.9. Frequency vs. temperature for no-load and full-load conditions.

For a 12-hr period, during which supply voltage may have varied only slightly,
maximum frequency variation was less than 0.1%.

35.4. ADDITIONAL CIRCUITS

Figure 35.11 shows a circuit for a 100-watt 60-cps inverter. It was not as
thoroughly tested as the 200-watt circuit. Slightly more frequency change with
temperature may be expected since the sensing-input transistor (2N1302) is
germanium.

Figure 35.12 shows a low-power 60-cycle inverter designed to drive a timer. This
circuit does not include the sensing circuit, but instead makes the primary oscillator
windings large enough to reduce the effect of the primary resistance. The timer
represented an almost constant load except for variations in supply voltage. For
supply-voltage variations between 11.5 and 14.5 volts, the maximum frequency
variation was +1%.

100
S—
4
3 e —A
£ /
i
:‘1&’) 40
° T=25°C
ﬂd_) E(in) =125v
20 ’
0 50 100 150 200

Power output, watts

Fig. 35.10. Efficiency vs. power output.
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2.15K

A

T+
2N1038
1.78K
Saturating transformer data:
Core —Magnetics, inc., 50181-4A 2N1372 4220 4.64K Fi 52 {2 pot
Coil 1: 600 turns each of No. 30 wire |nec£§?rL:JTncy 12.6v
Coil 2: 75 turns each of No. 38 wire
Coil 3: 115 turns each of No. 26 wire 1K pot
Note: (1) All resistors are Y2 watt Coarse frequency
except where indicated IN750A 7 € control
B 2N1302
1N2069 J_ 5.62K
1 uf
1N2069 + —0 —
2N1372
1N2069 °NT
42.2Q 100 puf ng /I./\
A IL
~\WV = A 2N511A
15v é 1N2069 N,
1K
2N1372
Ny 2N511A
° transformer
N, S
Fig. 35.11. 100-watt 60-cycle inverter.
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0+
2N1372

‘EE) 1.2K

2N1372 2N1372

[ i
3009 ! !
! |
rall
2N1372 25uf L ! |
. 10071 & Motor |
N,
. 1
K 2N1038

Transformer data:
Core — Magnetics, Inc., 50076-4A Coil 2: 130 turns each of No. 36 wire
Coil 1: 1,100 turns each of No. 36wire  Coil 3: 200 turns each of No. 36 wire

Note: All resistors are Y2 watt

Fig. 35.12. 20-watt 60-cycle inverter.

Parts List X1—Tape-wound toroid, 5320-D4 Arnold Engineer-

Q1, Q>—2N514 ing Co., or 5000-4A Magnetics, Inc.
D;—1N1823 (27-volt double-anode clipper) N1—316 turns, #24 heavy Formvar

Rp—20-ohm 5-watt rheostat N3, N3—79 turns, #22 heavy Formvar

Ry, Ro—1 ohm, 5 watts T1—Texas Instruments transformer #440401 or
R3, R4—150 ohms, 1 watt equivalent

Fig. 35.13. 250-watt 60-cycle dual-transformer inverter.
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°
°
Parts List
Q1 through Qs—2N458A T1—Texas Instruments transformer #440220 or equivalent
D, through Dg—1N2069 X1—Tapewound toroidal core, 51425-4A Magnetics Inc., or
Dg through Dy,—1N1825R 5772-D4 Arnold Co.
Ry through Rg—5 ohms, 1 watt N;—448 turns, #22 heavy Formvar

Ry through R16—910 ohms, 1 watt N3 through Ng—112 turns, #28 heavy Formvar
Rp—25-ohm 5-watt rheostat

Fig. 35.14. 400-watt 60-cycle dual-transformer inverter,
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The dual-transformer configuration is an especially useful inverter circuit. Two
power inverters using this configuration are illustrated in Figs. 35.13 and 35.14. The
inverter in Fig. 35.13 operates from a 12-volt d-c supply and provides a 60-cycle
130-volt square-wave output to a 250-watt load. Performance characteristics are
illustrated in Fig. 35.15. Aninverter designed to operate from a 120-volt d-c supply
and capable of over 400 watts output is illustrated in Fig. 35.14. Input voltage is
divided equally across the four series primaries, subjecting each transistor to only
60 volts in the OFF condition. Output voltage is a 60-cycle 140-volt square wave.
Operating characteristics are illustrated in Fig. 35.16.

The output transformers (74 in each instance) were designed by the transformer
engineering department of Texas Instruments.* These transformers were designed
for maximum efficiency and minimum sag in the output square wave. To this end,
size and weight considerations were sacrificed, making these transformers larger
than many commercial transformers with similar power ratings. The output trans-
formers of the 250- and 400-watt inverters weigh 22 Ib each. If size and weight are
of prime importance, almost any 60-cycle output transformer should operate satis-
factorily if it does not saturate and if it can handle the required power.

Several advantages of this dual-transformer configuration were discussed in Chap.
34, D-C Converters. Another important advantage when used in an inverter is the
ease with which the frequency of oscillation can be adjusted. The frequency vs.
load-current curves shown in Figs. 35.15 and 35.16 cover one particular value of
Rp. Frequency can be adjusted to exactly 60 cps for any value of load current by
varying this resistance. On the other hand, a single-transformer configuration offers

* Information concerning these transformers can be obtained by contacting the transformer
engineering department of Texas Instruments Incorporated, Box 6015, Dallas 22, Tex.

§ 3 f
N R cps Eff
240 300 I 120 120
l
|
200 250 ; 100 100
|
160 200 v | 80 80
|
\_/ /’JUtput voltage
]
120 150 / Frequency 60 60
& 1
Full-load
80 100 Q°S f 40 40
Q&/ Input voltage 12 v d-c
0? resistive load
40 50 / 20 20
0 0 0 0 Fig. 35.15. 250-watt in-
0 0.5 1.0 1.5 2.0 2.5 verter operating charac-

Load current, amp teristics.
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] ro%
S cps Eff
200 500 — 100 100
Efficiency |
// |
160 400 80 80
/ Output voltage ]
/ l l
120 300 f Frequency /' 60 60
/ \ ) / |
80 200 T i 0@0 | 40 40
Q\V Fullload

40 100 7 Input voltage 120v d-c——20 20
resistive load

o L

Q 0.5 1.0 15 2.0 2.5 3.0 35 4.0
Load current, amp

Fig. 35.16. 400-watt inverter operating characteristics.

no method of frequency adjustment other than varying the d-c supply voltage, and
in most instances this is impractical.

An additional modification will provide a constant-frequency output for a limited
variation of the supply voltage. The addition of a double-anode breakdown diode
across the primary (from point 4 to point B in Fig. 35.13) of the small saturating
drive transformer will provide the constant voltage necessary for a fixed frequency.
Note that the feedback resistor will act as the series dropping element necessary
for a simple regulator of this type. This particular inverter would require modi-
fication of the toroidal core transformer to permit a large voltage drop across the
series resistor, Rp.
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Switching-mode Voltage Regulators

The primary advantage of a switching regulator over a conventional regulator is
that relatively low power is dissipated in the series regulating transistor. Conse-
quently, the full current capabilities of the transistor can be used with minor
empbhasis given to its thermal characteristics.

A comparison of the power dissipation in the series regulating transistor of con-
ventional and switching regulators is given in the following example: A 2N1907 is
used as the series regulating transistor in both regulators, and the regulated output
is 20 volts d-c at 5 amp with an input of 45 volts d-c. The 2N1907 collector dissi-
pation is 125 watts in the conventional regulator, but it is only 8 watts (or less) in
the switching regulator. Complete calculations for determining the collector dissi-
pation in the 2N1907 switching transistor are given in Sec. 36.5.

The advantages of the switching regulator over conventional series regulators
may be summarized as follows:

1. Higher efficiency, hence lower power dissipation and smaller physical size.
2. Use of fewer, more economical transistors.
3. High power-output capabilities.

36.1. CIRCUIT ANALYSIS

A block diagram of a switching regulator is shown in Fig. 36.1. The regulated
output voltage is applied to the d-c controlled multivibrator which generates pulses
whose duty cycle depends upon the difference in voltage between the d-c reference
and the regulated output. The multivibrator pulses are applied to a switching
driver which operates the series transistor switch. A low-pass filter is used to
integrate the pulses at the output of the series switch. Ripple voltage from the
unregulated d-c supply is filtered by modulation of the switching duty cycle; how-
ever, the switching frequency must be much greater than the ripple frequency.

36.2. D-C CONTROLLED MULTIVIBRATOR

One possible circuit for the basic multivibrator is shown in Fig. 36.2. The d-c
reference voltage, V., is applied to the base of Q2 through a voltage divider. The
regulated output voltage is applied to the base of Q,. Transistors 0y and Q; are

463
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Unregulated Tran_sistor Filter »| Load
d-c supply switch
Driver

d-c controlled
asymmetrical |
multivibrator

d-c
reference

Fig. 36.1. Block diagram of switching regulator,

connected as a differential amplifier, which drives another differential amplifier
composed of Qs and Qg. The collector currents of Qs and Qg provide the charging
currents for C; and Cy, respectively. The duty cycle depends upon I¢s and I¢g,
and will change when the voltage at the base of Q; is changed. Degeneration is
provided in the emitter circuits of Qs and Qg to make J¢5 and I¢g less dependent
on the Az of each transistor.

The waveforms for the case in which the collector currents of Qs and Qg are equal
are shown in Fig. 36.3. The period is

T=t+1 ¢y

V(out)
V(ref)
R, R,
L
R 5 Q 1 Q2

R,

Fig. 36.2. D-c controlled asymmetrical multivibrator.
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VeeT r———

Fig. 36.3. Multivibrator
voltage waveform, - Vee T

Neglecting the rise and fall times of Vg, the duty cycle is

T = tl
h 4+

The relationship between charging current and capacitance of the timing circuit
may be determined from the equation

_1.
Vc_cfzcdt ?3)

@

where V. = voltage across the capacitor, and i = charging current. The collector
currents of both Qs and Qg are assumed to be reasonably constant during the
positive charging periods of C; and Cy. Therefore, Eq. (3) may be written for these
periods as follows:

V.
n=ro @
cs
and fo = Yool )
Ice

where I¢s and I¢g are the collector currents of Os and Qg, respectively, and Ve =
supply voltage. When a load, Ry, is connected to the collector of Q4, Ve in Eq.
(5) must be replaced by Vee[RL/(Rs + Ri)]. The equation which shows how a
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change in 7 is related to the difference between regulated output voltage, Vius,
and reference voltage, Vi, is derived as follows:

Vb1 = Viouy K1 (6)
and Vgo = V(re/) K2 (7)

where K1 and K are the voltage-divider ratios in the base circuits of Q; and Q,
respectively. Since Q; and Q; are connected as a differential amplifier,

Vo — Vg =A(Vp1 — Vo) ®)

where 4 = voltage gain of the differential amplifier. For a symmetrical differential
amplifier,

AVy = —AVy ®
Thus, AV = A(VBIE V2)A (10)
and AVy = ‘A(sz‘ Vp2)A (11

If Ry and Ry; are equal, and the change in voltage across each is large compared
to AVBE5 and AVBE‘G, then

Ios + Ig = 1, (12)
where I, is a constant. Thus,
A(Vpy — Vaa)A

Als =
@ 2R1 (13)
and Al = —AUn — Vi)d (14
2R10
Assuming C; = Cs, and Ry, > Rs,
Igs Icg

Ll SR Sy 15
Ios + Ics I, (15)
Thus, Ar = Mes _ =AViou Ks — Vieon K3) 4 (16)

I, 21, R1o

The equations which show how frequency varies with duty cycle are given as
follows:

T=t + ts =VeeC (i 4L a7
Ios ~ Igg
1 IcsIcs
and = == 18
f T  VeeCi(les + Ice) (18)

Substituting Eqgs. (12) and (15) into (18),

_ (r—1)1,

J VeeCy (1)
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AAAY NV
R, 'J"C ErRp
A+ Rp F (Voo™ Vpp)Bp RotRp L
Vee = . T R+Rp T TCp
T T
(a) Charging circuits during ON time of @,
Base of
ANA—
+
ICS RP ;'\CP ICsRP; VCPT“‘CP

(b) Charging circuits during OFF time of @,

Ver
IesRp

e ——
-
-

0 “ -

t

t, =OFF time of @,
t,=OFF time of @3

AP

(c) VoltageacrossCp

Fig. 36.4. Approximate equivalent charging circuits of Cp.

As an example of the change in ffor a given change in duty cycle, assume that the
frequency at which 7 = 0.5 is f,. If 7 is changed to 0.15 or 0.85, then

f=051f,

To decrease the change in frequency when low or high duty cycles are approached,
C; can be replaced by a parallel combination of a resistor, R, and a capacitor, C,,.
The value of R, is arbitrary; however, good frequency stability has been obtained
by choosing R, such that the sum of R; and R, can saturate Q4 when both Igs
and Igs are zero. The value of C, can be obtained by referring to the equivalent
circuits in Fig. 36.4.

36.3. DRIVER CIRCUIT

The driver circuit may be analyzed by referring to Fig. 36.5. The driver transis-
tors Q7 and Qg are operated as switches, and are saturated when driven with the
positive pulses from the multivibrator. The value of Ryg must be chosen such that
Qo will be saturated when E;,y is minimum. The maximum collector current of
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Parts List

Resistors*  Kilohms

Ry 4.7
Ry 1.8
Rz, R3 33
Ry 3.0
Rs 1.0
Rg 470 ohms
Ry 2.2

Resistors*

Rg, Ry
R0, R11
Ry

Ry

Ry4

Ry5

Rie

Kilohms  Resistors*

10 Ry7
2.2 Ryg
4.7 Ry9

47 Ry

680 ohms Roy
2.0
680 ohms

* All resistors 5%, %2 watt, unless otherwise specified.

Kilohms
270 ohms

Transistors

01, 0z, 03, 04

110 ohms, 20 watts 0Os, Qe

33 ohms

01

200 ohms, 10 watts Os
82 ohms, 2 watts Qo

Fig. 36.5.

100-watt switching regulator.

2N1304
2N1305
2N1302
2N1720
2N1907

i |
| Reference

Capacitors  pf

c, 0.02
Cs 0.001
Cs 1,000
Inductor
Ly 10 mh

Diodes and rectifiers

D,
D,
D3
Dy
Ds

IN751
1N2499
IN2069
IN1581
XR-78
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Qs occurs when E;,,) is maximum; therefore, the collector current rating of Qg must
be determined for this condition. The value of Ry5 must be chosen such that Q5
and Qg are saturated when the collector current of Qg is maximum. The collector-
to-emitter voltage rating of Qg must be greater than the maximum value of Ep).

The approximate equation for the collector power dissipation in the driver tran-
sistor Qg can be determined by assuming the current and voltage waveforms are
as shown in Fig. 36.6. When the transistor is OFF, the energy, ¢, dissipated is

ec1 = TorrVeromlcom (20)
During the ON time,
o2 = TonVersanlc 21

Neglecting I¢p, the collector current and collector-to-emitter voltage during the
switching interval may be written as follows:

Y 22)
g = Io TSW (
and Ver = Veremn — [Verom — Veesan] TL (23)
sw

The energy dissipated during one switching interval is

TSW .
e = [ icVop di 4)
After integration and grouping of terms, Eq. (24) becomes
Tswl,
€3 = -S—gli (Verom + 2V episan) (25)
i
Ic
| )
| |
| |
! | Lo
ol ' -
I 1' t
| L
Vosf | l i |
|
: I | VeEem |
| | 1
| | |
| VCE(sut) I |l
|
-

0
—"5Tswl"—— Ton ——’(Tsw

Fig. 36.6. ldealized switching waveforms for QOs.

TOFF
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Thus, the total collector power dissipation is

Pog = =2 Voramloon + ~7 Vorsanlo + 73 (Voo + 2Vosan) (26)

where T = period of waveform
Toxy = ON time of transistor
Torr = OFF time of transistor
Tsw = switching interval
Vemsany = collector-to-emitter saturation voltage
Vegorm = collector-to-emitter voltage during OFF time
I¢ = collector current during ON time
I¢f = collector current during OFF time

36.4. SERIES SWITCHING CIRCUIT

Assuming that the power dissipation in Qg (Fig. 36.5) is low, the maximum col-
lector current rating may be utilized by choosing L, such that the collector current
is reasonably constant during the conduction time of Q. The voltage across Ly
during this time is

dl,
Vi1 = Egmy — Viewy = La ng 27
where Eg, = d-c input voltage
Viouy = regulated output voltage
I¢o = collector current of Qg during ON time

The ripple voltage across Cs is much less than V4, assuming
1
Cz >» 2L (28)

where w = switching frequency in radians per second. Thus,

dlgy
@ = 29)

during the ON time of Qy, and

= At (E(in) _ V(out))
Al

where At = Toy = ON time of Qg. Equation (30) may be used to determine L;

such that Algg € I¢g during the ON time. Therefore,

Ieo =1, @30

where Iy, is the direct load current. Thus, the maximum load current a switching
regulator can deliver is approximately equal to the maximum collector current
rating of the series switching transistor.

The equation that relates duty cycle to the input and output voltages of the

L (30)
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regulator is derived as follows: Assume that Eq. (30) is satisfied such that Algg <
Ipg during Ton. Neglecting the circuit losses, the average power, P, transferred
from the d-c supply to the load is

13 = E(i")ICQT (32)

where 7 = switching duty cycle. The load power may also be expressed by the
equation

P = ItViou (33)
Substituting Eqs. (31) and (33) into (32) yields
V(out]
== 34
Ean 34
where E(in) g V(oul)

The collector dissipation for the series switching transistor Qg can be determined
by referring to the waveforms shown in Fig. 36.7.

Dissipations during the OFF and ON times are given by Eqs. (20) and (21),
respectively. During the switching interval, D5 and L; will cause the collector
voltage to switch much faster than the collector current. Thus, the approximate
equation for Vg during this interval is

VCE = VCE(OfI) (35)

Neglecting Igp, the collector current during the switching interval is

ic = Ig T; ” (36)

The energy dissipated during the switching interval is

Tsw
€03 :j(; icVeg dt (37

I
Leonr) /;

|
|
|
|
l
Ve i
|
|
|
i
|

ic

Io

Y

|
|
|
|
|
|
|
|
|
VCE(sat)

.
Tsw ll Ton

"“ Tsw !‘ Torr

Fig. 36.7. ldeadlized switching waveforms for Q.




472 Switching-mode Designs
After integration, Eq. (37) becomes

€= T, SWV;E(OH)IC (38)
Thus, the total collector power dissipation is
T T T
Poy = ;fw Veromloon + —;1! Vepsanlc + —-S]-,u—, Veromlo (39)

During the OFF time of Qg, D4 and Ry9 minimize the collector leakage current.
The diode D5 transfers the stored energy in L; to the load during this time, and
must have a peak current rating equal to the maximum collector current of Qs.
Since Ds conducts when Qg is OFF, the collector-to-emitter voltage rating of Qg
must be greater than the maximum value of input voltage, Ey).

Other Design Considerations. Temperature Compensation. Since differential
amplifiers are used to control the multivibrator, the regulator will exhibit good
temperature stability if the avalanche diode D has a temperature coefficient near
zero, and the resistors Ry, Ra, R4, and Rs have temperature coefficients that are
nearly equal. The value of D; and the corresponding current necessary to ap-
proach a zero temperature coefficient can be determined by referring to the data
sheets for Texas Instruments voltage-regulator diodes.

Short-circuit Protection. The regulator will exhibit short-circuit protection if
Q9 is turned OFF immediately after a short, and remains OFF until the short is
removed. This may be accomplished by removing the multivibrator supply volt-
age during the short-circuit condition. The starting resistor Ry is connected to
point 4 through a start button SWj so that it is normally disconnected from the
circuit except during starting of the regulator. When a short occurs, the multi-
vibrator supply voltage will go to zero, and remain there until the short is removed
and the start button is pushed.

Transient Suppression. A positive-voltage transient will appear at the output of
the regulator when the load current is suddenly decreased, and will be maximum
when the load current is switched from full to no load. Neglecting the losses in
the output filter and the current in Rz;, the maximum voltage that will appear at

the output is
L.I?
Vowan = Vi + 1t “0)
3

Thus, the L1/Cs ratio should be minimized within practical limits to reduce the
output-voltage transient.

A low inductance-to-capacitance ratio should also be chosen for the filter of the
unregulated supply in Fig. 36.5 to reduce the supply-voltage transient resulting
from a sudden change in load current. If the ratio is not low enough, the output
of the unregulated supply can momentarily drop below the regulated voltage when
the load current is suddenly increased, and the regulator may begin oscillating
with the unregulated supply.

To prevent an output-voltage transient from occurring when starting the regu-
lator, SW1 should be closed before the a-c input voltage is applied to the rectifying
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20.02 -
T,=25°C
I;=5amp
20.01
2
=)
>
2 20.00 -
3
N
19.99 |
19.98 L L L .
30 35 40 45 50
E(in)! volts

Fig. 36.8. Output voltage vs. d-¢ input voltage.

circuit. Assuming that the response time of the regulator is short compared to
the unregulated supply filter, regulation will begin before the output of the unregu-
lated supply is appreciably larger than the regulated voltage.

36.5. DESIGN EXAMPLE

A 100-watt switching regulator has been built, using the circuit and list of
recommended components in Fig. 36.5, to meet the following specifications:

Vioury = 20 volts.

I, =0to 5 amp.

E(in) = 40 == 10 volts.

Input frequency to the unregulated supply = 60 cps.
Operating temperature = —25 to 50°C.

Ro = 0.02 ohms.

Overall voltage regulation = ==0.2 volt.

Circuit Performance. Series-switch Power Dissipation. The maximum collec-
tor dissipation in the series switching transistor Qg in Fig. 36.5 occurs when the

20.02 F
E ., =40 volts
(in)
20.01 T = 25°C
i)
E
. 2000
>v
19.99 -
19.98 1 1 | | )
0 1 2 3 4 5

Load current, amp

Fig. 36.9. Output voltage vs. load current.
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20.20
I, =5 amp
20.10 E ;=40 volts
]
E
= 20.00 |- —_
e
B
19.90 -
19.80 | | ! ! 1 | l —
-30 -20 ~-10 0 10 20 30 40 50

Temperature, °C

Fig. 36.10. Output voltage vs. temperature.

load current and a-c input voltage to the rectifying circuit are maximum. The
values used in Eq. (39) for these conditions are as follows:

T = 100 psec Ton = 44 psec Torr = 52 psec Tsw = 2 psec
Vomsany = 1 volt Vg = 45 volts
Topr = Iocpo = 50 ma Ig = 5 amp
Thus, Pgog = 1.17 + 2.20 4 4.50 = 7.87 watts

The 10-kc switching frequency will result in more power dissipation than a lower
frequency, as indicated by the third term of Eq. (39). This frequency was chosen,
however, to minimize the size of the output filter.

Regulation Characteristics. Typical regulation curves for the switching regu-
lator are shown in Figs. 36.8 to 36.10.

The average values for regulation factor F, output resistance Ry, and regulation
temperature coefficient Ky are 0.0007, 0.002 ohm, and 0.0011 volt/C®, respectively.
From these values, the regulator performance can be determined from the regula-
tion equation:

AViouy = F AEiny + Ro Al + Ky AT

The values of AE;y, AlL, and AT are specified as 20 volts, 5 amp, and 75
C°, respectively. Thus,

AV(uy = 0.11 volt
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Switching-mode Motor Control

37.1. ADVANTAGES OF SWITCHING-MODE CONTROL

A series d-c motor is used in applications where variable-speed operation and
high starting torque are required; various techniques are available for speed con-
trol of a d-c motor in such applications. Each of these techniques is based on a
common principle: regulating the speed of the motor by controlling the input
power to the motor.

The most common method of controlling the speed of a series motor is to use
a variable resistor inserted in series with the motor. This method is particularly
applicable when the available power supply consists of a constant-voltage source,
such as a storage battery. The power supplied is divided between the motor and
the series resistor, with the resulting disadvantage that the system is inefficient
when the power loss in the rheostat is high. Another disadvantage is that the po-
tential drop across the resistance will cause poor speed regulation with respect to
varying loads.

A more desirable method of speed control involves the use of a periodically
operated switch, inserted in place of the series rheostat. The continual opening
and closing of the switch regulates the input to the motor; variation of the time
duration of the ON and OFF positions of the switch provides a control of the speed
of the motor. Figure 37.1 shows the time relationship between the OFF and ON
positions of such a switch for various settings of motor speed. One of the main
advantages of this system is an efficient utilization of the available power; the
switch has very high impedance when open and very low impedance when closed.

The speed regulation of a system using a switch as a speed-control element is
an improvement over that of a system using a series resistance control, since po-
tential drop across the switch varies negligibly with load current.

37.2. CIRCUIT EXAMPLE

Figure 37.2 is a block diagram of a transistorized switching circuit. This sys-
tem was designed to control the speed of a 20-amp 24-volt d-c series motor with
peak starting currents up to 100 amp. The power-switch stage of the circuit con-
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Power ON T T T
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| | | speed
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— te— 1/100 SEC

i

Figure 37.1

trols the power delivered to the motor, while the driver stage serves as a current
amplifier, furnishing sufficient current to drive the power switch. The automatic
drive-control stage controls the power level of the driver stage under varying load
conditions, so that a high system efficiency can be maintained. The required ON-
OFF cycling operation of the driver stage and the duty cycle of the power switch
are controlled by a variable resistor in the multivibrator. The multivibrator also
establishes the period of the switching cycle.

Figure 37.3 is a complete schematic diagram of the speed-control system. A
rectifier and a capacitor are placed in parallel across the motor, to minimize the
possibility of damage to the power transistors when they switch off the heavily in-
ductive motor load. Without the rectifier and the capacitor a high voltage would

Oscillator
y
Speed . Power
control Driver switch Load

\

Automatic
drive
control

Fig. 37.2. Block diagram.
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Fig. 37.3. Complete schematic diagram of speed-control system.
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Fig. 37.4. Automatic drive-control circuit.

appear across the power-switch stage during turn-off, because of the reverse volt-
age induced in the motor windings when the current is interrupted.

The power-switch stage of the circuit consists of four parallel 2N514 transistors.
Four transistors were necessary because the current required by the motor in a
starting or stalled condition approaches 100 amp; 2N514 transistors can carry an
absolute maximum collector current of 25 amp. Special precautions must be
taken to assure an equal division of current among the four power-switch transis-
tors. Emitter resistors provide compensation for variations in Vegsar, firg, and
forward transfer admittance (Yrg). The resistor values are a compromise between
efficiency and current distribution of the paralleled transistors. Increasing these
values reduces the circuit efficiency, but provides better equalization of collector
currents.

A factor to be considered when transistors are used in switching circuits is that
the transistors must remain in a saturated state while handling large currents, in
order to keep the transistor power dissipation to a minimum. If a saturated con-
dition is to be maintained over a wide range of collector current variations, the
base current must be sufficiently large to accommodate the largest anticipated
value of I¢ in conjunction with the lowest value of spg. If Ig is too small to keep
the transistor in a saturated state, the resulting increase in power dissipation could
exceed the transistor’s power rating. However, if I is maintained at a value cor-
responding to the largest anticipated value of I¢mas)/hreminy, the driver stage is
inefficient when only moderate values of I are required (normal operation of the
motor).
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Figure 37.5

Provision should be made for automatic variation in /g when I is varied. This
is accomplished in the speed-control system by an automatic drive-control circuit
(see Fig. 37.4). The automatic drive-control stage, represented by Qg, Qr, Os, and
Qg, senses any difference in Vg of Qg and the power-switch transistors. If the
paralleled 2N514 transistors in the power-switch stage are not in saturation during
any portion of the ON cycle of operation, the base voltage of Q7 will become
negative with respect to its emitter voltage, and the transistors Qg and Qg will be-
gin to conduct. This conduction will cause more base current to flow into the
power-switch stage of the circuit, driving that stage back into saturation.

Motor stalled

20 amp
Collector current ¥
10 amp

0
Collector-to-emitter
voltage 20 volts

0 T
Sweep, 2msec/div ——

Figure 37.6
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Figure 37.5 shows oscilloscope waveforms of the collector voltage and current
for the power-switch stage of the circuit under various conditions of motor speed
at an intermediate load. Figure 37.6 represents the collector current and voltage
waveforms of a single transistor in the power switch under a stalled condition of
motor operation, with the automatic drive-control stage removed. The waveforms
shown in Fig. 37.6 indicate that the instantaneous power dissipated in the transis-
tor at the end of the ON cycle is 240 watts. Automatic drive control is a necessity
if this high dissipation is to be avoided.

Switching action of the system is provided by a multivibrator (Q10 and Q13),
which holds the driver stage either in full saturation or completely OFF. Thus,
the driver stage of the system is operated at a low power-dissipation level.

The circuit component which controls the ratio of OFF and ON time for the
power switch is the 50-kilohm variable resistor in the multivibrator. The extreme
settings of the variable resistor will cause the switching action to cease, and the
power switch will be either full ON or OFF. Intermediate settings will establish
the pulse width and, therefore, the percentage of ON time for the power switch.
Operating frequency of the multivibrator is approximately 100 cps.

Figure 37.7 is a comparison of power out vs. power in for three different speed
settings of the control element. These curves indicate that the transistorized
switch is much more efficient than the series rheostat for speed control.

The circuit was designed to function at 24 volts, and to supply a current which
approached 100 amp. With minor modifications, it is flexible enough to work in
applications requiring lower or higher power. Current-switching capacity of the
circuit is limited only by the number of transistors paralleled in the power-switch
stage and the maximum current-carrying capacity of each of the transistors.
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Switching-mode Servo Amplifier

A common servo amplifier consists of a number of cascaded linear amplifier
stages with a class B push-pull output stage supplying power to the control wind-
ing of a two-phase servo motor. Better efficiency can be achieved by replacing
such an amplifier with one which operates in a switching mode.

One approach to a switching amplifier is to employ pulse-duration modulation
(PDM). With this method, the input signal is used to control the pulse duration
of a relatively constant repetition-rate pulse signal. The repetition rate of the
pulse signal is much higher than the signal frequency, permitting the PDM signal
to be filtered at the output, and thereby recovering the amplifier signal frequency.
The amount of output power is a function of the power-switching capabilities of
the output transistors and the duty cycle of the modulated pulse train.

A practical switching servo amplifier is shown in block form in Fig. 38.1, with -
waveshapes shown in Fig. 38.2. The actual circuit is shown in Fig. 38.3. The in-
put signal controls the current sources in the free-running multivibrator, thus

Power
supply

Power Power
switches switches

Driver ¢ Driver
switchi'ﬁ] If:l‘Lwitches
Modulated pulse

waveshape Fig. 38.2 (c))

Filter
Error ny
N Astable __D_rmu\_<
siLgnal (free-running) I::l []
put .-
multivibrator
450\; VariablT duty
cps cycle | Reference% @ I: I
phase

Servo
motor

Figure 38.1
481
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(@) Unmodulated pulse train (10 kc)

(b) Modulating signal (400cps)

(¢) Modulated pulse train (not to scale)

Figure 38.2

achieving PDM. The driver and power complementary transistor switches com-
plete the circuit.

This method, while particularly useful for single-frequency applications, can also
be used for varying-frequency input signals. However, this approach makes the
pulse repetition rate somewhat dependent on the duty cycle. It may therefore be
difficult to achieve a large separation between the pulse-train repetition rate and a
varying-frequency signal.

The pulse repetition rate for this circuit is approximately 10 kc; this was a com-
promise between the desirable high frequency dictated by filter considerations and
the low frequency required by switching considerations.
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Digital Servo System

The digital servo system described here demonstrates the application of transis-
torized circuitry to machine tool control, air-navigation computing systems, and
radar. A simple and highly accurate method of positioning a mechanical object,
using numerical input information, is to employ a digital servomechanism. Digital
systems (often referred to as sampled data control systems) are gaining wide
acceptance.

39.1. ANALOG VS. DIGITAL SERVOMECHANISMS

A digital servo employs digital means to compare input and output. The
difference between the two numbers is a number which must be converted to a form
suitable for driving the mechanical element until the digital error is reduced to zero.
The digital information pertaining to the output position is obtained from some
form of encoder.

In an analog system, a voltage proportional to the desired input quantity is com-
pared with a voltage obtained from the output transducer, which is typically a
potentiometer or a synchro. Thus, if the input information is obtained from a
punched card or tape reader, intermediate conversion is required to change the input
signal to analog form.

A good linearity for a servo potentiometer is 0.01%; in other words, the shaft can
be positioned to an accuracy of 2 minutes of arc. A synchro can position a shaft
to an accuracy of better than 1 minute of arc. A 19-bit shaft encoder can position
a shaft within 2 seconds of the desired position. Thus, the accuracy of a digital
system is potentially much greater than that of an analog system.

Of course, when dealing with this magnitude of error, noise becomes of paramount
importance because of the low level of the error signal. In an analog system the
error signal, being so small, usually picks up some 60-cps noise as well as noise due
to the transducer, making it difficult to differentiate the error signal from the noise.
The standard technique for overcoming this is to shape the frequency response
suitably at the expense of transient response. In the digital system, only two levels
of error signal can occur—one or zero (or typically, 20 or 0 volts).

484
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39.2. DESCRIPTION OF SYSTEM

A block diagram of the system is shown in Fig. 39.1. The binary input consists
of a series of switches, each switch representing a particular significant digit. The
digital shaft encoder is a Datex C711 type, coded in Gray code. The output from
the encoder is converted into natural binary code and compared with the binary
input. The difference between input and output numbers results in the digital error
signal, which is converted into an analog signal. This is chopped by the modulator
into a phase-sensitive 60-cps voltage, the phase depending on which way the motor
has to turn in order to reduce the digital error. The modulator output is amplified
to drive a two-phase 3-watt Diehl motor (type FPE-25L-107-13). ' The tachometer
is mounted integrally with the motor and is used to damp the system. The speed
reducer is a 25:1 precision gear train made by Motion Control Incorporated.

39.3. SHAFT-POSITION ENCODER

The shaft encoder is of the disk type, shown pictorially in Fig. 39.2. The dark
areas shown are connected through the disk to a face plate on the back of the disk.
A voltage is applied to the back face by a brush, and the digital output is obtained
from the fixed brushes B, to Bs. The disk is mounted on a shaft so that a digital
output ranging from 0000 to 1111, corresponding to the shaft position, is obtained.

The disk shown is coded in binary code, but most practical disks are coded in a
reflected binary code such as Gray code. The reason for this is the large angular

Binary input
AR A
Digital Digital-to-analog —
comparator . converter Modulator
AAAN 1 A A
Gray—binary Servo
converter Tachometer amplifier
A
Coded disk digital Speed
shaft encoder reducer Motor

Fig. 39.1. Block diagram of digital servo system.
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Fixed brushes

~ Conducting surfaces
connected to a face
plate on back of disk

Coded disk
coupled to a shaft

"

Fig. 39.2. Binary-coded disk.

error that can occur if there is any brush misalignment. Consider the shaft in
position 1111, and assume that brush Bj is advanced one sector. It will then read
0111, which corresponds to a position 180°, or eight sectors, away. The reason
such a large error can occur, using binary code, is that between successive numbers
more than one digit can change.

In the Gray code, only one digit changes between successive numbers. A com-
parison of binary and Gray codes is shown in Fig. 39.3. Considering a Gray-coded
disk in position 15, and brush Bz advanced one sector, the output is now 0000, which
corresponds to position 0, or just one sector error.

The encoder used had 10 bits resolution; thus the servo was capable of positioning
the shaft to an accuracy of 360°/210 = 0.352°. Only 8 bits were used for this
demonstration because backlash in the gear train made the stabilization of the
system difficult using 10 bits.
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39.4. GRAY-TO-BINARY CONVERTER

Figure 39.4 gives the rules for converting Gray code to binary code, and the form
of the conversion logic. The truth table was derived from the rules, and the
Boolean expression for the logic obtained from it. NOR logic was used because
this promised the simplest and cheapest system. Consequently, the Boolean expres-
sion was converted from a sum of products to a product of sums in order to obtain
the least number of NOR elements to perform the logic. The basic NOR element
used, and the resultant NOR logic circuit for one digit, is shown in Fig. 39.5.

39.5. BINARY COMPARATOR

The binary comparator compares the binary input with the binary number
corresponding to the output position. It consists of a number of modules, one for
each digit to be compared. Each module compares an input digit with the corre-
sponding digit from the Gray-to-binary converter.

When the input digits are the same, the two outputs from each module are “one.”
In cases of inequality, one output will be a “one” and the other “zero,” depending
on which way the motor has to turn. This is illustrated in Fig. 39.6 by the truth
table from which the binary comparator module is derived. The number of NOR
elements used could be reduced if the output were zero when equality of inputs
existed. However, this corresponds to the output transistors being in the saturated
condition, and therefore the output voltages to the DA converter would vary con-
siderably from device to device, causing an error output voltage from the modulator
at null. If the outputs are “one” when equality exists, the output transistors are

Decimal Binary Gray

0 0000 0000

1 0001 0001

2 0010 0011

3 0011 0010

4 0100 0110

5 0101 0111

6 0110 0101

7 0111 0100

8 1000 1100

9 1001 1101

10 1010 1111

11 1011 1110

Fig. 39.3. Comparison 2 L1o0 LO10
of Gray and binary code 13 1101 1oll
representations of deci- 14 1110 1001
mal digits O to 15. 15 1111 1000
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Fig. 39.4. Conversion of Gray code to binary.

cut off, and the input voltages to the DA converter are equal, regardless of device
characteristics.

39.6. DIGITAL-TO-ANALOG CONVERTER AND MODULATOR

The digital-to-analog converter converts the digital output of the binary com-
parator into two analog currents, the magnitude of each depending on which way
the motor has to turn. The modulator subtracts these two currents, giving a phase-
sensitive 60-cps square-wave output signal. The circuit is shown in Fig. 39.7. The
DA converter consists of weighted resistors connected from each output of the
binary comparator to the modulator, the weight of the resistor depending on the
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Fig. 39.6. Binary comparator module.
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Fig. 39.7. Digital-to-analog converter.

significance of the digit. For example, if the only difference between input and
output occurs in comparing the least significant digit (LSD), the digitizer will have
to travel only one increment equal to 360°/28. Consequently, the input voltage to
the motor must be just sufficient to cause it to move one increment. However, if
the difference between input and output occurs in comparing the most significant
digit (MSD), the digitizer will have to rotate 180°, and the input voltage to the motor
must be sufficient to drive it at full speed until the error is zero. The resistance
values are such, therefore, that for an LSD error, one unit of current will be driven
into the modulator; for the next LSD error, two units of current; for the next, four;
and so on up to the eighth digit or the MSD, in which 28 units of current will be
driven into the modulator. The process of demodulation is illustrated in Fig. 39.8,
for a five-bit linear digitizer. The desired position corresponds to the binary input,
and this is compared with each increment as the error is reduced, using the truth
table in Fig. 39.6. The modulator output is proportional to the difference (Dy.m —
E,_»); the error reduces in steplike fashion, one unit of current at a time, until it
is zero.

The actual circuit diagram of the modulator is shown in Fig. 39.9. The input
swing to the modulator is 20 volts, and since the transistors are used in the reversed



connection to reduce the offset voltage, it is necessary that the transistors have a
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BVggo rating greater than 20 volts. This requirement is fulfilled by the Texas
Instruments Limited alloy junction 2S302. Potentiometers between the transistors
are used to compensate for the variation of offset voltage between transistors. The
modulator had to be driven from the 115-volt 60-cps supply in order to maintain a

precise phase relationship with the two-phase motor. Two zener diodes back to
back are used as shown, to produce an approximate square-wave drive to switch

the transistors ON and OFF.

24
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28 22

21

20

Original position

g -

!

Desired position

D, E,. Dnm=En-m)
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Fig. 39.8. Operation of demodulator.
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Fig. 39.9. Modulator.

Although high-quality transformers are used, some differentiation of the output
waveform occurs. This is due to the direct current flowing in the primary of the
transformer, causing a reduction in the primary inductance, to the high source
impedance, and to the low operating frequency. The switching transients are
damped by means of a 1-uf capacitor across the output.

The modulator gives a 2.4-mv peak-to-peak output signal for a 2-pa input signal
on one side, and 1.1 volts peak to peak for 1-ma input signal on one side. The first
corresponds to an LSD error, and the latter to an MSD error.

39.7. SERVO AMPLIFIERS

The preamplifier is shown in Fig. 39.10; it is a conventional operational type.
It is used to sum the modulator and tachometer outputs. It has adjustable overall
d-c feedback to ensure that when the amplifier is overloaded, equal clipping will
occur, and the squared output will have equal mark-space ratio. This is to ensure
that for a large error full torque will be obtained from the motor.

The power amplifier of Fig. 39.11 is used to drive the 3-watt split-phase motor.
The motor is tuned with a 4-pf capacitor to make the load appear more resistive.
Feedback is used to lower the output impedance, principally to improve the tran-
sient response of the motor.

39.8. SYSTEM STABILIZATION

The chief factors affecting the stability of the system are the frequency response
of the motor and amplifier combination, the mechanical response of the motor,
tachometer and digitizer, and backlash in the gear reducer. Backlash has the same
effect as introducing a lag into the system, and its presence is generally observed
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as a low-amplitude high-frequency oscillation. It is, of course, imperative that the
magnitude of the backlash be much less than the resolution of the servo.

The error signal from the modulator is a staircase function; consequently, the
damping of the system must be such that the system is able to come to a standstill
within one increment of digitizer movement. The stability of the system is adjusted
by means of gain adjustment and tachometer feedback. The gain of the amplifier
must be such that when there is error in the LSD only, there will be sufficient out-
put to overcome the friction in the motor and cause motion in the output shaft.
Tachometer feedback has the same effect as friction damping, without the power
loss and steady-state error associated with friction damping.. The gain over and
above that previously mentioned was adjusted for optimum transient response of
the system.

CONCLUSIONS

A simple digital servomechanism has been discussed which is capable of being
adapted to an actual machine system. The digital-computer section of the system
consists of NOR logic, which is flexible enough to enable use of the least expensive

(i1]00)
c, ooy 06
——D—O Dy 1 —D—O Dy

— D 0 Eq _ >——oE6

4 $
By Bg
NAND, NAND,
10K 10K
To D input To E input
of modulator of modulator

Fig. 39.12. Short-route detector.
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silicon transistors. The present system has a resolution capability of 1%2°. The
system is capable of positioning the shaft to a resolution of %3°, however, by utilizing
all 10 bits, which is possible with a better gear train.

The output shaft position is indicated by a pointer on a binary-coded 90° quadrant
scale. Because of the output-position indication system used, the output shaft
cannot rotate more than 360°. Therefore, if the shaft is positioned 1° from refer-
ence, it will take the long route to get to 359°. This may be overcome by the
addition of two NAND gates as shown in Fig. 39.12.

When the output shaft is in sector 00 and the desired position is in sector 11, then
the input to the modulator from the NAND gate must be sufficient to overcome
the actual signal and force the motor in the opposite direction. This can be achieved
by making the weighted resistor equal to half the MSD weighted resistor. Thus,
if the actual position is 1°, and the desired position is 359°, the error signal that
would make the motor turn in the long-route direction will be just under twice the
MSD input current. The output from the appropriate NAND circuit will be twice
the MSD current, making the motor turn in the short-route direction.






APPENDIX

Field-effect Transistors

A.1 INTRODUCTION

Conventional transistors exhibit inherently low (but not zero) input impedances
except when operating at very small currents. In the early years of transistor
circuit design this characteristic, plus the current-oriented amplification require-
ments, appeared as major restrictions to the engineers who had originally worked
with vacuum tubes. Time has proved that many of these objections existed only in
the designer’s mind, and they vanished as he learned to work with the device.

Nonetheless, there are applications where nothing but a high input impedance
will do. In these cases, conventional transistor circuitry is often awkward or im-
possible to design. The development of the field-effect transistor (FET) was
prompted by this need. However, the FET offers additional advantages which
may encourage wide acceptance:

1. FETs do not depend upon minority carriers, thus their radiation resistance
is good.

2. FETs are free from certain sources of noise that occur in common transistor
action. At least one type of FET now in production exhibits a 3-db spot
noise figure at 10 cps.

3. The power gain of the FET far exceeds that of common transistors at
audio frequencies.

4. The power gain of the FET tends to increase with the current capability,
so that power FET's show considerable promise.

A.2 THEORY OF OPERATION

A unipolar FET can be regarded as a structure containing a semiconductor cur-
rent path whose resistance is modulated by the application of a transverse electric
field.

For the sake of simplicity, consider a bar of semiconductor silicon crystal having
length L, width W, thickness T, excess impurity concentration P, and ohmic (non-
rectifying) contacts at each end, as shown in Fig. A.1.
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The approximate bar resistance R, between terminals S and D is

_ L
o= @ornt @

where g = electron charge
p = majority carrier mobility

The factor guP in the denominator of Eq. (1) is the conductivity o of the semi-
conductor material. A more complete expression for conductivity is

0 = q(tn + Phip) @

where 0 = conductivity
n = electron density
tn = mobility of electrons
p = hole density
tp = mobility of holes

In this discussion we will assume that P > N for a P-type crystal. It will be more
convenient to talk about conductance G, rather than resistance R,:
1 WT __ (quPWT
G, = R=°L = 1 3)
If we assume that the width and length of the bar in Fig. A.l are fixed, Eq.
(3) shows that the conductance can be decreased by removing some of the current
carriers from the crystal or by decreasing the effective thickness 7. The FET uses
the depletion regions of back-biased PN junctions to control this conductive
thickness.

Source

Figure A.2
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Figure A.2 shows a P-type bar of silicon which has had N-type impurities in-
troduced into opposite sides, creating PN junctions. We are interested in conduc-
tance of the P-type channel between the two N-type gate regions. Assume that
any current flow between the source and drain contacts is restricted to the P-type
channel. The conductance of this channel (at very low currents) is given by Eq. (3).
Consider what happens to this conductance when the gate is made positive with
respect to the source; that is, when a reverse bias is applied to the gate-to-channel
PN junction.

Figure A.3 shows a representative plot of the net impurity concentration through
a cross section of the bar at a given junction bias voltage. Since the charges stored
on each side of the junction must be the same, the space charge will be extended
farther in the purer region. Itis assumed that the concentration in the N regions is
uniform, the concentration in the P region is uniform, and the junction transitions
are abrupt. As indicated in Fig. A.3, there will exist at each gate-channel junction
a space-charge region, from which all free charge carriers have been removed,
leaving only the nuclei and bound electrons. The width of these space-charge re-
gions is a function of the junction potential and the impurity concentration.

Applying a reverse voltage to the gate-channel junction will cause the conduc-
tance of the channel to decrease because of a widening of the space-charge regions.
Thus the conductance of the channel is an inverse function of the gate-to-channel
voltage. In other words, the transverse electric field introduced into the channel
by the gate has an effect on the channel conductance; hence the term field effect.

Now let us see what happens as the drain-to-source voltage is increased.
Referring to Fig. A.4, assume that the source and gate contacts are grounded.
Also assume that all parts of the gate are at ground potential (this is a reasonable
assumption, since the gate current is normally very small). Now, when we apply
a negative voltage ¥ to the drain, a current will flow from the source through the
channel to the drain. Space-charge regions will be set up as indicated by the
shaded area in Fig. A.4. The current will then be confined to the neutral P-type
channel between the space-charge regions.

Because of the IR drop along the channel, the reverse bias on the gate-channel
junction will not be uniform along the length of the channel. The greater the dis-
tance from the source, the stronger the reverse bias on the junction; this causes the
space charges to assume a wedge shape. Now we may explore in some detail the
behavior of such a structure.
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A.3 DEVICE CHARACTERISTICS

Static Characteristics.  Gate Cutoff Current. By connecting the drain to the
source and reverse-biasing the gate-channel diode, a measure of the d-c input imped-
ance and an indication of the quality of the diode can be obtained. A circuit for
the measurement of this gate cutoff current Jggg is shown in Fig. A.5. The volt-
age used in this measurement is 10 volts, the gate being positive with respect to
the channel for a P-channel device. If this voltage were increased in magnitude,
a voltage would be reached at which the gate-channel diode would break down.
Figure A.6 shows the typical exponential variation of Iggs with temperature for a
silicon device. It can be seen that d-c values of short-circuit input impedance are
in the thousands of megohms near 0°C.

Breakdown Voltages. 1In order to better understand the breakdown-voltage
terminology, consider the typical drain characteristics presented in Fig. A.7 for the
2N2499. These are curves of drain current Ip as a function of drain voltage Vpg for
the common-source configuration with gate-to-source voltage Vg as a parameter.
It will be noted that the gate bias voltage is of polarity opposite to that of
the drain supply voltage*; hence, for ordinary bias conditions, a greater potential
difference exists across the gate-drain diode than exists across the gate-source

* These devices can be operated with a few tenths of a volt forward bias, provided the gate-
source diode is not turned on.

Figure A.5
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diode. This implies that gate-drain diode breakdown will occur before gate-source
diode breakdown. By disconnecting the source from the drain in Fig. A.5 and
applying a current source of — 10 pa to the drain, the drain-gate breakdown volt-
age BVpgo can be determined under the conditions stated on the specification
sheet. The smallest voltage specified for the three types of units mentioned above
is —20 volts.

Since the point at which the source is connected to the channel is physically re-
moved from the drain connection, the source can be connected to the gate in the
above measurement without appreciably changing the value of the breakdown
voltage. This connection yields BVpgs breakdown voltage from drain to source
with the gate shorted to the source. A typical value of BVpgg may be seen at the
break on the Vgg = 0 curve.

-12

Vgs= 0.5V 2N2499
T,=25°
-10 0 4 ¢
£ / 0.5V
-8 / |
H 1.0v
(]
5 -6 / /,/' l
= 1.5|v
5 _ U2 2.0V
-~ = — T
w5 2.5v
S 3.0v
3.5v
4.0v
0 -5 -10 -15 -20 -25 -30 -35

Vps, drain source voltage, volts

_ Figure A.7
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The break in the drain characteristic curves may be seen to occur at lower drain
voltages as the gate voltage is increased; that is, the drain-gate breakdown voltage
is almost constant and independent of drain-source current. Equation (4) states
the relationship suggested above.

BVpe = BVpsxy + Vgg == constant )

where the subscript X denotes the value of BVpg for a particular value of Vgs. Sub-
stituting BVpgo for the constant, Eq. (4) becomes

BVpsx = BVpgo — Vs )

Using the specified minimum BVpgo and values of gate voltage, a curve can
be plotted on the drain characteristic as suggested in Fig. A.8. In the area to the
right of this curve, breakdown is likely to occur. The useful area on the drain charac-
teristic is therefore between this curve and one of the characteristic curves for
slightly forward gate bias. Signals on the gate which cause the gate-source diode
to go into forward conduction are clipped because of the sudden drop in input im-
pedance, but the drain current is not severely affected. If the signal causes
the drain-gate diode to break down, the signal is again clipped by conduction be-
tween the drain and the gate.

Channel Pinch-off. As the magnitude of the drain voltage is increased from zero,
the drain current is at first strongly dependent on drain voltage. However, as the
voltage is increased further, the increasing size of the depletion layer pinches off

I on,
Vos=0 ¥ 20—

I, drain current, ma

-0.1|g~_rpg ID(off)\

0 -5 -10 =15 ~20
Vps, drain source voltage, volts

Figure A.8
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Figure A.9

current flow in the channel, and practically no further increase in drain current
occurs until the breakdown voltage is reached. When a reverse bias is applied to
the gate, the channel IR drop necessary to produce pinch-off will occur at a lower
value of drain current, since the gate bias now supplies a part of this voltage. A
pinch-off voltage may be defined as the drain-source voltage which separates the
triode region from the pentode region for a given gate bias voltage; but to describe
this point adequately on a smooth curve, the slope of the (drain) output character-
istic line must be defined at the point of measurement.

While pinch-off voltage can adequately be described in this fashion, such a
procedure is cumbersome in a large-scale production testing facility. The pinch-
off parameter may also be described as the gate-source voltage required to reduce
the drain current to a specified value, or it may be described in terms of drain cur-
rent for specified gate and drain voltages. This last definition is used with the
circuit of Fig. A.9 to measure Ipesy. Location of the point of measurement on the
drain characteristic is indicated in Fig. A.8.

Also indicated in Fig. A.8 is the point of measurement of the drain current with
zero gate bias. Because of the magnitude of this current, it is called the ON cur-
rent, Ipen. It is measured in the pinched-off region. By applying a forward bias
to the gate-source diode, higher current than Ip,n,) can be realized, although the
input impedance drops rapidly as the gate-source diode nears forward conduction.
In the region extending a few tenths of a volt from each side of the Vgs = 0 line,
the characteristic in the pinched-off region is symmetrical and linear about zero.
This feature of the silicon FET allows small-signal operation with zero bias.

Variation of Ipen with temperature is indicated in Fig. A.10 for the 2N2499. Tt
is an inverse function of temperature between — 50 and 125°C. Preliminary in-
vestigations indicate that at lower temperatures Ip,n reaches a maximum and then
decreases. With the device submerged in liquid nitrogen, the shapes of the charac-
teristic curves are about the same as at room temperature.

Low-level Operation. Location of the point of measurement of the static drain-
source resistance rpg is shown near the origin on Fig. A.8. This parameter is in-
dicative of the low-level switching capabilities of the device. Except for the con-
dition of forward gate bias, rpg represents the lowest drain-source resistance. If
the drain-source voltage is maintained below pinch-off, the device can be used as
a voltage-variable resistor.

Small Signal Characteristics. An important characteristic of the small-signal
input admittance and reverse transfer admittance is their almost linear increase in
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magnitude with frequency. Both admittances are reactive from 10 cps to 100 mc.
In Figs. A.11, A.12, A.13, and A.14 the typical variations of the input admittance
and the reverse transfer admittance with frequency are shown. Figure A.11 shows
that the magnitude of the input admittance begins to increase at about 1 cps. In
Fig. A.12 the reverse transfer admittance begins to increase at about 50 cps.
Above these frequencies, a comparison of Figs. A.11 and A.12 with Figs. A.13 and
A.14, respectively, shows the real parts to be very small compared with the magni-
tudes of the admittances. The input admittance and the reverse transfer admit-
tance are shown in Figs. A.15 and A.16 for frequencies up to 100 mc. The real
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and imaginary parts of these two parameters roughly correspond to the real parts
and the magnitudes of the four preceding figures.

The forward transfer admittance is virtually constant and real from direct cur-
rent to 20 mc. Above 50 mc the real part drops very rapidly, but the imaginary
part maintains the magnitude. This is shown in Fig. A.17. Transit time in the
channel material is a possible cause of the rapid drop in the real part.

The output admittance is resistive up to about 1 mc. Between 1 and 5 mc the
reactive part grows larger than the real part; between 5 and 100 mc the reactive
part is dominant. Figure A.18 shows extrapolations into this transition region
from data taken at higher frequencies.

Figure A.19 presents an example of the geometry employed in fabricating the
2N2499 silicon FET, which utilizes advanced gaseous diffusion and photolitho-
graphic techniques of the type required to produce superior high-frequency bipolar
transistors. Germanium FETs are made at Texas Instruments Inc. by a modifica-
tion of the same alloy process used to fabricate ultra-reliable computer transistors.

Whatever the process, the functional structure of the FET can be reduced to
that shown in Fig. A.20. This figure suggests an equivalent circuit which will rep-
resent the FET. We will develop this circuit for the 2N2499.

Because of the linear nature of the relationship of the terminal and transfer
admittances with frequency, an equivalent circuit can be used to represent the
2N2499 from direct current to about 100 mc. The equivalent circuit is shown in
Fig. A.21. Location of the lumped constants has been taken directly from the rep-
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resentation in Fig. A.20. It is assumed that the gate current is divided between
two branches at the ohmic contact, each branch current being required to flow
through a bulk resistance in the gate, the space-charge layer, and a bulk resistance
in the drain or source. The space-charge layer is represented by a capacitor
in parallel with a leakage resistance. Joining the drain and source bulk resistances
is a current generator in parallel with the differential channel resistance in the
pinch-off region. The voltage which activates the current generator has been
assumed to be the voltage across the gate-source capacitor. The internal d-c
transconductance is gn,. Because of internal feedbackin the bulk resistance of the
source Ry the external d-c transconductance is

N 6
gm ey (6)

Large differences in magnitude exist among the resistances of Fig. A.21. Their
order is as follows: Ry, Rz > rp > Rs, R4, Rs, Rg. The approximate magnitudes
are

Ry, Ry = 1010 ohms
R3 + Rs = 150 to 200 ohms
R4 + Rg = 50 to 60 ohms

In Fig. A.22 are shown the real parts of the forward transfer admittance and the
output admittance as functions of drain current. The higher drain currents
provide higher forward transfer admittance but lower output impedance. Figures
A.23, A24, and A.25 show the effects of bias current and voltage on the capacitive
components of the four admittances. The input capacitance Cj, is approximately
equal to the parallel combination of C; and C; in the equivalent circuit. The out-
put capacitance C,s and the reverse transfer capacitance C,s are very nearly
equal to Co.

Noise Characteristics. Noise figure is defined as the amount of degradation
suffered by the signal-to-noise power ratio in passing through a system. The nature
of noise figure has been discussed in Chap. 21. To recapitulate, for the FET,
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where A, = Eo/E,, the voltage gain measured at signal levels far above the noise
level

K = Boltzmann’s constant, 1.38 x 10723 joule/°K
T = temperature of R in °K = °C + 273
B = equivalent rectangular bandwidth of the system, cps

R, = resistance of the signal source impedance, ohms

E, = the signal source equivalent Thévenin voltage generator

E,; = the output voltage of the FET

En is the output noise voltage produced by R, and system noise when E, = 0.

Figure A.21"
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All terms in Eq. (7) can be measured, and noise figure for a system can be com-
puted. If the gain of the first stage of the system is high, noise generated by
succeeding stages will be negligible at the output and the noise figure of the first
stage may be considered the noise figure of the system. Figure A.26 shows the
basic system used and its external equipment.

For the narrow-band noise-figure measurements, it is necessary to measure the
equivalent rectangular bandwidth B, the gain G, and the output noise E(y), with
E, = 0. When gain measurements are made, the output should be monitored with
an oscilloscope to check for the presence of clipping or pickup, e.g., 60 cycles. The
generator output should be kept low enough to prevent clipping, and the test
circuit should be placed in a well-shielded enclosure to prevent unwanted pickup.
The frequency of the generator must be set at the center frequency of the filter.
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For the Krohn-Hite filter, minimum pass bandwidth is obtained by setting the
high and low cutoff frequencies equal.

According to Fig. A.27, the break point of the 1/f region is less than 100 cps.
This is about half an order of magnitude lower than most transistors. The
1-megohm source resistance shown in Fig. A.27 is not optimum at all frequencies.
At lower frequencies the optimum source resistance is higher; e.g., at 10 cps the
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I,=-1.0v
R;=10M

optimum source resistance is about 10 megohms. Figure A.28 shows the optimum
R, and optimum NF of the 2N2500 vs. frequency. Figure A.29 shows that, con-
trary to operation with other transistors, noise figure is independent of operating
current for the FET. Although noise figure is proportional to voltage, the change
is slight over a normal operating range.
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A.4 BIAS DESIGN CONSIDERATIONS

The 2N2497, 8, 9 data sheet gives two sets of curves to assist the designer
in setting the bias operating point. Figure A.30 shows the gate-source voltage re-
quired to bias a field effect with a given Ipen) to the desired drain current. This
curve is most useful in fixed bias design, d-c amplifier design, and other de-
sign work where the gate bias voltage is needed. The curves in Fig. A.31 are re-
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lated to the curves in Fig. A.30 by the equation Ry = Vgg/Ip. These curves are
given specifically for the purpose of determining the value of source resistance
needed for self-biasing (circuit shown in Fig. A.31).

To illustrate the use of these curves, a bias example for each FET type has been
worked up and the results are shown in Fig. A.31. Since the procedure used is
not completely obvious, a detailed explanation of the 2N2498 example follows.

The easiest way to stabilize drain current with a three-to-one Ipy variation for
each device type is to use self-biasing. To achieve tolerable stability, the drain
current Ip should be selected about half the minimum Ipen. In this example,
—1.25 ma was selected for Ip. The value of source resistance R was taken from
the second set of curves at the intersection of Ip = —1.25 ma and Ipen = —4.0
ma, the center value for the 2N2498. Thus, R, = 1 kilohm will give a symmetrical
change in Ip over the Ipn range for the 2N2498. To find this change in Ip on
Fig. A.31, follow the R, = 1 kilohm curve to Ippy = —2 ma and —6 ma; the re-
spective values of Ip are —0.75 ma and —1.75 ma. This gives a change of 0.5 ma
in each direction, or a 40 per cent change of design center. This amount of
operating-point stability is usually good enough for the average small-signal stage;
Fig. A.32 suggests a method for achieving greater stability where desired.

Considerable increase in stability can be achieved without loss in device dynamic
operating range by fixed-biasing the gate of circuit 4 and compensating for this
by adding resistance R to R, as shown in circuit B. Five volts was selected as a
reasonable value to bias the gate. However, any value can be selected from the
device standpoint, since both the gate and source are changed by the same amount
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Figure A.31

to keep Vg constant; therefore the device is no closer to breakdown than before.
The value of R is determined by Vg/Ip, or —5 volts + —1.25 ma = 4 kilohms for
the example. This gives a new Ry = 5 kilohms. To find the increase in stability,
R{ is plotted on Fig. A.30 through the operating point as follows: symmetrical
points are found on the Vggs curves (for 0.5 volt and 2.0 volts) by dividing the

Circuit A Circuit B Circuit C

Figure A.32
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Table A.1
lt:y};: I design center, ma Rg, kilohms R, kilohms
2N2497 —-0.5 2.00 12.0
2N2498 —1.25 1.00 5.0
2N2499 —4.00 0.53 1.8

differences between these voltages and the operating point Vgg (or 1.25 volts) by
5 kilohms. '

125—-05 _20-—-125 075

5 kilohms ~— 5 kilohms ~ 5 kilohms
Thus, the point on the 0.5-volt curve is [p = —1.25 + 0.15 = —1.10 ma, and on
the 2.0-volt curve it is Ip = —1.25 — 0.15 = — 1.4 ma, as shown on Fig. A.30.
Since these points are almost the exact values of the new Ip for the —2 ma and
—6 ma Ipen devices, the drain current can be considered to change =0.15 ma, or
=12 per cent from design center. Thus, the stability is considerably improved,
Ip change being one-third that of the first case.

This analysis has shown no effects of temperature, but there are two other
curves on the 2N2497, 2N2498, 2N2499 data sheet that can be used in combina-
tion with the biasing curves to determine the effects of temperature: gate cutoff
current vs. temperature, and normalized Ipn Vs. temperature. Comparison of
these curves shows that the temperature coefficient of Jggs is the usual pasitive-log
type for diode saturation current. They only tend to compensate, since the drop

= 0.15ma

Table A.2
Per cent variation of Ip above and
below design center Ip due
Ipeny, ma Vgs, volts* - Ip, maft Ip, ma$ to max and min Ipp
Circuit 4 Circuit Bor C
1 0.5 —0.35 —047
2 1.0 —0.50 —0.50 +30% + 6%
3 1.5 -0.65 —-0.53
2 04 —0.75 —1.10
4 1.25 -1.25 -1.25 +40% +12%
6 2.00 —1.75 —1.40
5 04 —2.15 -32
10 2.12 —4.00 —4.0
12 2.75 ~4.60 4% *19%
15 3.7 —5.80 —4.7

* Value of Vgg for design center Ip in Table A.1.
+ Value of Ip for Rgin Table A.1.
§ Value of Ip, for R§ in Table A.1.
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2N2499

NN—— NV Figure A.33

in the gate resistor biases the unit ON and the Ip(y decreases, turning it OFF for
the same changes in temperature. The temperature effect on Ipen can be added
to the bias stability determination by adding its variation to the ends of the normal
device Ipn range and then applying it to the biasing curves.

A.5 APPLICATIONS

Potential applications for the FET are virtually limitless. The typical applica-
tions presented here were selected merely to suggest its great flexibility.

Voltage-controlled Current Source. Figure A.7 showed the variation of drain
current vs. gate voltage. At any given gate voltage, an increase in drain voltage
beyond pinch-off will cause very little change in drain current. The device is a
constant current source in this region, with drain current depending on gate voltage.

Voltage-variable Resistor. When biased with drain-source voltage below
pinch-off, the FET can act as a voltage-variable resistor. The circuit of Fig. A.33
illustrates this type of application.

Timers. Figure A.34 is a circuit for a linear scale timer. The time cycle
T is described by the equation 7' = RyC, if R, € Ry. The potentiometer Re com-
pensates for capacitor and transistor transfer tolerances. For extended time cycles,
the capacitor should be a high quality Mylar® or polystyrene type.

The operation of the timer circuit in Fig. A.35 is similar to that of a one-shot
multivibrator. Qs is normally ON, and Cj is charged to Ve — Vp1 — Varg) —
Vese with polarity as shown. When S is pushed, Qs and Qs turn OFF. Q3 re-

2N2498

et
—

"

'

Figure A.34
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Figure A.35

mains OFF until the charge on C; decreases to the point where Q; is turned ON
sufficiently to cause Qs to conduct.

A-C Amplifier. The amplifier in Fig. A.36 demonstrates how FETs may be
used to obtain very high input impedance without sacrificing bandwidth or low
noise performance. Input impedance is 30 megohms shunted by 8 pf. Amplifier
voltage gain is 40 db =0.5 db from —55 to 4-125°C.

The high input impedance is obtained by bootstrapping 0,. Considerable in-
crease in stability is achieved without loss in dynamic operating range by fixed-
biasing the gate of Q; and compensating for this by adding resistance to the source
of Q1. By using this type of bias, a 3-to-1 change in Ipen) as guaranteed by the
2N2498 will produce about ==12% change in drain current from the design center.

Wide bandwidth is obtained by operating Q- grounded base to reduce the Miller
capacity of the field effect at high frequencies. By using a field effect for Q3, it is
possible to use a large load resistor for Q2 to obtain a large voltage gain from Qs.
Figure A.37 shows the frequency response of the amplifier.

The low noise characteristics of the amplifier vs. generator resistance are shown
in Fig. A.38. The broadband noise figure of the amplifier is less than 3 db over a
generator resistance range of 50 kilohms to 5 megohms.

Simple D-C Millivoltmeter. FETs are semiconductors and, therefore, their
electrical characteristics are temperature sensitive. Thus, in direct-coupled d-c
amplifiers they perform best in differential connections. However, FETs differ
significantly from transistors in that the input current is only a few nanoamps,
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being all diode saturation current, and it is therefore independent of the drain cur-
rent. This makes possible low-drift amplifier performance for megohm sources.
An example of this performance is given by the simple meter amplifier shown in
Fig. A.39.

The differential amplifier is made up of a pair of simple two-stage feedback
amplifiers with an approximate voltage gain of 3. The operating conditions of the
field effect are Vpg = 10 volts and Ip = 1 ma. These conditions were selected to
give a forward transconductance of 1,000 to 1,500 pmhos and an output impedance
greater than 50 kilohms. A PNP-transistor constant-current source is used to im-
prove operating conditions stability of FETs with Ipy, ranging from 1 to 6 ma
and to improve the common-mode rejection ratio. When used as a d-c millivolt-
meter, the circuit has an input sensitivity of 20 megohms per volt with a common-
mode rejection ratio of 1,000 to 1.
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Reasonably good temperature characteristics are achieved by matching the FETs

as shown in the following table:

" . ) Per cent
Parameter Test Conditions Min Max Units match

Ipem zero-gate-voltage drain current Vps= —10v -1 -6 ma 10

Ves =0
Veo pinch-off voltage Vps= —10v 2 6 volts 10

I D= 10 pa

Icss gate cutoff current Ves=10v 10 na 10

VDS =0v




Field-effect Transistors 523

Temperature data from —25 to +50°C were taken for this circuit with matched
FETs and 1-megohm gate resistors as shown. The output change was found to be
linear, giving an equivalent input voltage drift of 0.175 mv per C°. This drift is
lower than can reasonably be achieved with very tightly matched dual transistors
under the same conditions, i.e., 1-megohm base resistors.
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