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If all steps of the piecewise linear approximate u-law
characteristic were normalized to the lowest resolvable
step, the first 1/2 step, there would be 8159 positive
and 8159 negative normalized steps in the entire transfer
curve. This is equivalent to a low level resolution that
could only be matched with a 13-bit linear coding
characteristic and a dynamic range of approximately

.~ 78 dB. Of course, companding will mean a lower reso-
lution at the higher signal levels (only the equivalent of
6 bits in the last segments). However, this u-law char-
acteristic does yield an S/D ratio that is nearly constant
for approximately 40 dB.

The A-law companding characteristic can be approx-
imated in piecewise linear fashion by 13 linear segments
centered about the origin of the transfer curve. Again,
the first segment is centered on the origin but unlike
the p-law approximation, this first segment contains
64 uniform steps corresponding to 64 digital codes.
Thirty-two of the codes represent positive voltage values
and 32 represent negative values. No codes, as men-
tioned above, are reserved for zero volts. As with the
15-segment p-law characteristic, the step size doubles
for each higher linear segment until the step size in the
last positive and negative segment is 64 times larger than
the step size of the first segment. Normalizing all step
sizes to the smallest step would genérate a total of
4096 normalized steps, 2048 positive and 2048 negative.
This is a low level linear resolution of 11 bits dimin-
ishing to 5 bits in the last segments. The approximate
dynamic range of the piecewise linear A-law character-
istic is 66 dB. S/D ratio is relatively constant for 30 to
35dB.

PCM transmission speeds are controlled by two variables,
the number of transmitted bits per sampling period

{called a frame) and the period of the sampling signal.
The generally accepted length of a single PCM word is
8 bits. Because sampling is performed at.an 8 kHz rate,
the period of ‘the sampling signal is 125 us. A single
.PCM channel must transmit 8 bits of digital information
every 125 us. This is a transmit (or receive) frequency
of 64 kHz. Twenty-four channels would normally
require a 24 times increase in the single channel fre-
quency but the Bell System uses a multiplex scheme
that combines 24 8-bit PCM words with one framing
bit for every 125 us frame. In one frame, 24 x 8 =
192 + 1 = 193 bits must be transmitted. This is a trans-
mission frequency of 1.544 MHz. A 32-channe! system
transmit frequency is simply 32 x 64 kHz = 2.048 MHz.

THE TP3000 IC CODEC

Two integrated circuit single channel PCM CODECs
have been developed at National Semiconductor. The
TP3001 p-law CODEC and the TP3002 A-law CODEC
are each composed of two integrated circuits. The linear
functions of input and output sample and hold, auto-
zeroing, successive approximation comparison, DAC
voltage reference and reference polarity switching are
contained in the 20-pin LF3700 BI-FET™ IC. The
digital circuitry-successive approximation register (SAR),
non-uniform u or A-law digital-to-analog converter
(DAC), control logic and high speed input and output _
PCM buffers — are contained in one CMOS package.
For a p-law system, the CMOS part is the 28-pin
MM58100, while the A-law system uses the 22-pin
CMOS MM58150. A complete u-law system (TP3001)
would use one LF3700 and an MM58100. An A-law
system {TP3002) would use the same linear part with
~ the digital MM58150. A block diagram of the TP3001
is shown in Figure 3.
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FIGURE 3. TP3001 System Block Diagram
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Because sampling will cause aliasing of high frequencies
down into the passband, all analog signals applied to
the TP3000 must be low pass limited to frequencies
below 4 kHz. The NS active filter AF133 is designed for
this low pass filter function. Likewise, analog output
signals from the TP3000 output will contain sidebands
around multiples of the 8 kHz sampling frequency, as
well as the sin x/x distortion introduced by the output
sample and hold amplifier. A low pass filter with inverse
sin x/x correction will restore the TP3000 analog output
to its pre-encoding appearance. The NS AF134 is a
filter for that function.

Auto-zero circuitry is required for the input sample and
hold amplifier to guarantee that the LSB of an idle
channel is confined to the first few codes of the transfer
characteristic. Without this confinement, idle channel
noise, crosstalk enhancement and distortion would in-
crease. Auto-zero for the output sample and hold
amplifier is not required since DC voltage offset at the
CODEC analog output can be removed by AC coupling
the output to the low pass filter.

The auto-zero technique used is a simple time averaging
of the PCM code sign bit. By averaging the toggling of
this bit over a time constant of approximately 100 to
1000 ms, and adjusting the DC offset control of the
input sample and hold to minimize the detected DC
component, the PCM output can be forced to contain
equal numbers of positive and negative codes over an
extended period of time.

The TP3000 voltage reference is a band-gap bipolar
reference (Figure 4). The device develops its voltage
reference by differencing the voltage drop across two
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< R/6
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forward biased base emitter transistor junctions. The
equation defining this voltage is:

v th‘Z 8A
=C—0n—
REF q A

where C is an amplification constant, k is Boltzmann’s
constant, q is the electric charge, and A is the emitter
junction area. By controlling the area ratio of the
two base emitter junctions and compensating for tem-
perature effects with a reverse temperature coefficient
introduced via a resistor network, the output voltage
of this circuit will be virtually free of significant long
term drift.

The DAC used in the TP3000 is a modified grounded
ladder R/2R structure (Figure 5). As it turns out, the
binary division of a reference voltage afforded by this
configuration exactly matches the chord end points of
the A-law PCM transfer characteristic. With a slight
modification, it will also fit the u-law characteristic.
To achieve the piecewise linear approximation, 16
uniformly spaced taps are brought out from each R
resistive element. These taps form the source of an
MOS analog switch which is the first level of an all
MOS switch tree decoder. Proper decoding of a PCM
digital word will select a single DC voltage from the
DAC ladder. ,

The DAC is a grounded ladder structure so that the
highest accuracy codes are developed near the ground
reference. This configuration will develop positive
output voltages with a positive reference applied and
negative voltages with a negative reference. The gener-
ation of a positive and negative reference voltage is
achieved by using a high accuracy polarity switch on
the output of the band-gap reference.
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>
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FIGURE 4. The CODEC Voltage
Reference

FIGURE 5. MOS DAC for Companding A-Law
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ANALOG OUT 4@

The operation of the TP3000 CODEC is clearly de-
scribed in the data sheet and will only be briefly covered
here. For maximum flexibility, the TP3000 is designed
with separate clocks and control inputs for PCM trans-
mission, PCM reception and, in the TP3001 u-law
CODEC, signaling controf. A master clock input, Fe, is
also provided so that internal CODEC timing functions
are not dependent upon PCM bit clocks. An asynchro-
nous u-law system, with signaling, would need direct
independent control of all clocks and controls. A syn-
chronous system, with separate signaling arrangements,
would combine many of the separate clocks and controls.

PCM data is clocked into the TP3000 with the Fp;
clock. Clocking occurs on the positive clock edge if
F; is at logic high. Hence, the clocking is enabled by
the input word clock F;. Fpi can be any frequency
between 64 kHz and 2.048 MHz, but F; must be 8 kHz.
The negative going edge of Fi initiates the decode
interrupt cycle of the TP3000.

PCM data is clocked from the TP3000 with clock
Fpo. Clocking will occur on the negative edge if Fg
is at logic high. Like Fpj, Fpo can be any frequency
from 64 kHz to 2.048 MHz, but Fg must be 8 kHz. The
positive edge of Fg begins the shifting out of the prior
PCM word and begins the encoding of a new analog
sgmple.

APPLICATIONS

Several applications will be shown starting with 3
simple controller circuits for testing the TP3000
CODECs and finishing with a sophisticated telephone
line card for 8 subscribers. While telephone applications
are heavily stressed, any voice frequency signal ac-

quisition system can be adapted from the information
given here. But, before covering the various appllcatlons
of the TP3000 CODEC, let's examine a typical system
arrangement, Figure 6.

The analog input signal is band-limited by the low pass
filter AF133 before it is AC coupled to the analog
input of the linear CODEC chip. Within the CODEC,
the signal is time sampled, held, and converted to a
serial PCM bit stream that is ‘available on the PCM
OUT pin of the digital CODEC chip. Simultaneously,
a serial PCM bit stream can be clocked into the PCM IN
pin where it will be converted to an analog voltage;
sampled and held. This decoded analog signal is then
filtered by low pass filter AF134 and becomes the
recovered analog output signal.

For all of the applications covered in this note, the
typical system arrangement is required for each CODEC
in the application.

Test Controllers

Figure 7 shows the complete schematic for a two CODEC
test controller. The control circuitry derives a 2,048
MHz PCM clock, a 128 kHz master clock (F¢) and two
PCM word clocks. The PCM word clocks (Fo/F;’ and
Fo'/Fi} are each high for only 8 of 256 clock cycles of
the PCM bit clock. These two word clocks are, however,

- 180 degrees out of phase with each other so as to

demonstrate the principle of time slot switching. Al-
though not shown on the schematic, the logic power
supply is +BV while CODECs and active filters are
powered from £12V. All supplies should be adequately
bypassed.
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FIGURE 6. Typical System Arrangement
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Figure 8 utilizes the PCM bit clock flexibility of the
TP3000 to greatly simplify the control of two CODECs. A
single 4-stage CMOS counter (74C161) uses the 128 kHz
master clock and PCM bit clock to derive the 8 kHz
PCM word clocks. In operation, the first CODEC system
will transmit to the second for 8 cycles of the 128 kHz,
then the second -CODEC transmits to the first for the
next 8 cycles of the 128 kHz. The simplicity of this
test controller will be exploited later for a full duplex
system application.

The TP3001 CODEC system has as a necessary feature
the ability to “rob” the LSB of a PCM word for the
purpose of transmitting digital data information. The
Bell System format for this operation is to rob this
bit for 1 frame of every 6 frames. During this signaling
frame, PCM data is encoded and decoded in a 7-bit
format. To further expand the digital data base, alter-

128 kHz

nate signaling frames are used to transmit either an A
signal bit per channel or a B signal bit per channel.
In this way, not only does a channel carry voice infor-
mation, but also 4 states of digital information. The

* TP3002 system does not include this auxiliary operating

mode because A-law systems reserve 2 channels out
of 32 per frame for digital data information.

The controller of Figure 8 has been expanded in Figure
9 to include a divide-by-12 counter (74LS92). This
counter, plus additional logic and latches will determine
signaling frames and appropriately insert or extract
the LSB data during these frames.

The frame input control is normally tied to logic high.
A low on this line would synchronously cause a con-
troller reset. This line can be used to synchronize mul-
tiple controller circuits.
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Schematic Diagram

Fho. Fpi AND F¢ CLKS

Fo(1) AND F(2)

uuururuuiiuiy

NE

Fo{2) AND Fi{1)

Timing Diagram

FIGURE 8. Single Channel — Full Duplex Test Controller {128 kHz)
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FIGURE 9. TP3001 CODEC Test Controller for u-Law CODECs with Signaling {128 kHz Clock)
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Transmission Applications

In Figure 10, two independent CODEC systems commu-
nicate to each other with only three interconnection sig-
nals. PCM data is clocked at 128 kHz with the CODECs
taking alternating turns at transmitting and receiving
PCM data. Sync and clock signals are self-explanatory.

Although not shown in Figure 10, some additional
circuitry could be added to reduce the interconnect
wiring. For instance, the clock and sync signal could
be combined by using phase or voltage level modu-
lation. Likewise, PCM information plus the clock and
sync could be encoded onto a single line by using
two or more modulation schemes. The end resuit would
be a complete two way digital voice communications
channel over a single twisted cable pair. '

While the circuit of Figure 70 will control either the
TP3001 or TP3002 based system, Figure 11a is a control
circuit which utilizes the signal frame capability of the
TP3001. During 1 frame out of every 6, the PCM data
transmitted between the two CODEC systems will be
7-bit PCM format with the LSB carrying signal A or B
data. A sync signal occurs every 12 frames, with A
signaling information being transmitted from CODEC
system 1 four frames after sync and B information ten
frames after sync, Signaling frames for CODEC system
2 are five and eleven frames after sync for A and B
signaling respectively (Figure 11b). The A/B signal
inputs for system 1 controls the A/B outputs of system
2 and vice versa. The interconnection requirements,
like Figure 10, can be reduced to a single wire pair with
the inclusion of an appropriate modem cjrcuit.
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FIGURE 10. Full Duplex Single Channel CODEC System for i or A-Law
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Switching Applications

As stated in the beginning of this application note, a
primary application of the TP3000 PCM CODEC is the
telephone line interface circuit of a digital switching
network. Figure 12a is a block diagram of a non-toll
switching network with a more detailed diagram of the
actual line interface circuit shown in Figure 12b. Each
telephone line is connected to the switching network via
an interface port circuit that consists of the trans-
mission hybrid, active filters, CODEC and control. This
circuit is the system to telephone set interface which
allows the completely digital switching network to
control and process the various power, voice and sig-
naling signals that are required to operate a telephone
set. In a typical switching system a single circuit card
would contain 4 identical line interface circuits with a
single board controller. Examples of this line card
arrangement will follow.

Basic to the understanding of time division switching
is the concept of line concentration and time slot
assignment to effect the switching of digital message

signals in a time domain. For example, consider the
arrangement of Figure 12a. Assume PCM highway A
is a single bus hyway (as opposed to the special case
dual bus hyway) and that 24 8-bit PCM words can be
transmitted over this bus in one 125 us frame. Also
assume that 96 TP3000 CODECs operate from this
bus. Because a conversation over any telephone line that
is served from this PCM hyway will require two time
slots for the data exchange, a transmit and receive
time slot, the 24 slot bus can, at most, handle 12 com-
pleted switching paths. For 12 conversations between
parties that are all served from hyway A, 24 lines of the
total 96 would have obtained the requested service. /All
TDM switching in this case is contained to the first time
switch level or PCM hyway A. If, however, the 12
conversations were between parties of PCM hyway
A and other PCM hyways, then only 12 of the total
96 lines of hyway A would have obtained the desired
service. The concentration of the total number of
lines to the number of lines served, in this example,
ranges from 8:1 down to 4:1.
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Time division switching, as handled at the first switching
level (hyway A}, can be explained by considering a
conversation between two parties served by hyway A.
The system controllers may assign the call originator
time slots 1-and 2 for the transmit and receive con-
nections respectively. The space and time division
switching network will transmit dial tone to this party
by transmitting 8-bit samples of digital dial tone onto
hyway A during time slot 2. Common control equip-
ment, then, will collect dialed number information
and process the information so as to ring the line of the
called party. Of course, the common control may be
required to transmit other call progress tones (busy
tone, .reorder, etc.) from the service circuits to the
call originator via the space and time division switching
network but, for this example, let’s assume the call is

»
HYBRID | FILTER DEC
o Cﬂ_

TONTROL

NVB_RID FILTER-‘_

CODEC
CONTROL

completed. The called party, being served from PCM
hyway A, will receive time slot assignments 2 and 1
for the transmit and receive connections. This is the
opposite assignment made to the call originator. The
result is PCM data being transmitted from originating
to receiving party during time slot 1 and the reverse
during time slot 2. A complete conversation path has
been established.

This brief explanation of a very complex system is,
at most, cursory. Concepts like time slot interchange,
conferencing, digital gain control, etc. are beyond the
scope of this application note. Hopefully, the concepts
presented here will help the reader to reach an appreci-
ation for the details of the following applications.
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* Detailed schematic of the Hybrid, Filter, CODEC, Control block is shown in Figure 12b.
FIGURE 12a. Typical TDM Non-Toll Switching Network Block Diagram
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FIGURE 12b. Typical Telephone Line Interface Circuit for a Digital Central Office
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Digital Line Cards

Figure 13 is a representation of a possible configuration
for a switching system quad line card. The 4 CODECs
controlled by the COP420 controller would interface
4 telephone subscribers to a PCM hyway of 32 time
slots. The COP420 acts as the interface between the
common system control and board level circuitry.
This interface is shown as the MICROBUSTM, but could
easily be configured through a UART for serial com-
munications. The board level control functions consist
of monitoring the status of the 4 lines (hook switch
inputs), assigning time slots, controlling the line test
and ring relays and deactivating unused lines. Also
under the direct control of the COP420 is the assign-
ment of call originator or call receiver status. This last
control is important to consider because time slots
are assigned as a pair at a time. Depending on the latched

state of bit DO, a particular CODEC may transmit PCM
before receiving or receive before transmitting.

The operation of the quad card is based on a controller
selected 74LS169 counter being synchronously preset
during system frame sync (the beginning of time slot
zero). to an assigned time slot number. From that point

_on in time it will begin to down count to zero and

generate a time slot enable signal (if the power down
line is low). Its associated CODEC is now enabled to
communicate over the PCM hyway. The 74LS169
counter will continue to down count by wrapping
around and will again enable the CODEC 32 time
slots later. This operation continues until the COP420
either sends a power down command or a new time
slot assignment to this channel.
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FRAME SYNC p-

The octal line card of Figure 14 is very similar to the
previous example. As before, a synchronous counter,
the 74L.S169, is preset to a time slot number at the
beginning of time slot zerc. The counter then down
counts to zero at which time a CODEC enable signal
is generated. The significant difference here, however, is
that the 7415169 will be preset at the beginning of
each frame. The individua! time slot assignments have
been latched on a per line basis. This scheme allows

time slot counts that are not necessarily a power of 2. -

The 74LS169 counters, in this case, do not have to
continuously wrap around to insure proper card opera-
tion. The result is a line card that can, with simple
modification, operate on any time slot count from
1 to 32.

128 kHz MASTER CLK

Figures 15 and 76 show the nature of the modifications
required to alter the 24 time slot octal line card to 32
time slot operation (Figure 15), and to provide the
capability of assigning time slots on a non-paired basis
(Figure 16).

Note that in all of the line card examples, a minimum of
interface is required between the line card and the main
system. The PCM bit clock and in certain cases a 128
kHz master clock plus the frame sync signal are the
only non-bus oriented signals that must be distributed.
This simple board level interface coupled with the use
of a flexible yet standard line control element (the
COP420) makes these line card examples very sensible
approaches for the digital switching network line inter-
face card.
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SUMMARY

While the intended purpose of this document is to intro-
duce the telephony novice to the often complex struc-
ture of digital telephone networks, it is quite possible
that the scope of the material covered may also be of
interest to individuals with experience in the field.
As for those readers with little or no interest in tele-
phony, it is hoped that a basic understanding of the
PCM CODEC in its natural environment will help the
reader to develop applications in other areas.
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Gain Measurements in a
CODEC System

INTRODUCTION

For many engineers, designers and technicians, the
integrated circuit CODEC will be their first introduction
to the transmission measurement and specification
techniques of the telephone industry. A quick glance
at the National Semiconductor TP3000 CODEC data
sheet will reveal specification units that are not common
in the general analog equipment world. To initiate the
non-telcom designer, this application note will attempt
to explain both the obvious and the obscure aspects
of telecommunication transmission measurement tech-
niques and units as they apply to the single channel
CODEC system.

DEFINITIONS

The primary unit of measure in the telephone industry
is the decibel. Used to denote absolute or relative
voltage or power levels, ratios of voltage or power levels
and even to calibrate between systems of nonmatching
impedances, the decibel is a flexible measurement unit.
Let’s review the various forms of this unit of measure.

1. Decibel, dB: A unit of measure used to express the
ratio between two power levels, P1 and P2. It is nu-
merically defined as:

dB = 101og (P1/P2) (1)
By the application of Ohm’s law and proper sub-
stitution, the dB can also represent the ratio between
two voltage or current levels, at a constant impedance.

For example, P1 can be expressed as v12/Z1 and
P2 as V22/22. By substitution,

dB = 10 log (V12/Z1)/(V22/22)
if Z1 =22, this reduces to,

dB =10 log V12/v22
dB =10 log (V1/v2)2
dB =20 log V1/V2

DEFINE AS REFERENCE 0 TLP

National Semiconductor
Application Note 219
Jim Smith

2. dBr or TLP: This is the power relative to a reference
point. In the United States, the term Transmission
Level Point (TLP) is applied in place of dBr. 0dBr
or OTLP refers to a system point of zero relative
transmission level.

3. dBm: This is the absolute power level referenced
to T mW, It is numerically defined by equation (1)
when P2 is set equal to 1 mW,

P1 (in watts)

dBm = 10 log =
1073
For a constant impedance of 600 £2, the dBm is also
defined as,
v2/600 v2

dBm=10log — 5 =10log™—
9 103 %06

To find the 0dBm voitage for an impedance of
600 Q,

V2
0dBm = 10 log —
‘ 0.6

vZ=06
V =0.775 Vrms
4. dBmQ: This is the power level (expressed in dBm)

referred to a transmission level of OTLP. In all cases,
the following equation applies,

ABS PWR (dBm) = REL PWR (dBmO)
: + REF PWR (dBr or TLP) (2)

Figure 1is an example of how this equation is applied.

600 -15TLP
INPUT sy Ot fome Qe OUTPUT
At the input, ~10 dBm = —-10 dBm0
600 At the output, —25 dBm = ~10 dBmO + (-15 TLP)
therefore, the output level for a =10 dBmO input is
r j- —10 dBmO or —25 dBm.
[—) -
|

| 15 dB LOSS

FIGURE 1. Blackbox Gain Considerations
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5. dBmp: This is the absolute power level as measured
after a filter which compensates for the character-
istics of the human ear. The weighting curve is
shown in Figure 2. The psophometric filter is nor-
mally used for A-law systems only.

0
\\
, 1
-10
g / | I v
= R
2 0 /| PSOPHOMETRIC,
O T
w I/ CMESSAGE
= -30 =
<
-
w
= -40
_50 &
100 500 1k 5k 10k
FREQUENCY {H2)

FIGURE 2. C-Message and Psophometric
Filter Characteristics {from AT&T “Notes
on Distance Dialing")

6. dBrnc: In the USA, the'dB is often modified with the
suffix rnc. The rn stands for reference noise while
the c signifies that the measurement is through a
C-message filter (Figure 2). By definition,

0dBrn = —90 dBm and of course, 0dBrnc =
—90 dBmc.

Any of the absolute power levels can easily be expressed

~ “referred to the OTLP” by simply adding a 0 to the unit

of measure and adjusting the numerical value accordingly.
CODEC MEASUREMENTS

Figure 3 is .a block diagram of a typical CODEC set-up
for making end-to-end analog measurements. In this
arrangement, the CODECs are assumed to have identical
encode and decode characteristics and all filters are
arranged for unity passband gains. Of course, this situa-
tion is seldom attained, but gain adjustment consider-
ations will be covered later in this note.

Before end-to-end analog measurements can be made
using the Figure 3 schematic, the relative power levels

of the input and output, referenced to a zero trans-
mission level point, must be calculated. These dBr or

. TLP values will then be used to calculate the dBmO

levels used for testing and measurement purposes.
As previously stated in equation (2),

ABS PWR (dBm) = REL PWR (dBmO) + REF PWR
(dBr or TLP) :

All that is necessary is to calculate the appropriate
TLP numbers. For an example, assume the TP3000
CODEC is to be tested per Figure 3. The nominal
0dBmO decoder output level for this CODEC is 2.70
Vrms which is directly related to the internal reference
voltage (5.5V). The ratio of this relative voltage level
to the voltage level at OdBm (600 ) will yield the
approximate TLP value for the TP3000 CODEC analog
input or output.

2.70 Vrms

20 log ————— = 10.84 TLP (3)
0.775 Vrms

This means that to encode a 0dBmO paséband signal with
the TP3000 CODEC, an absolute signal level of 10.84
dBm must be applied to the unity gain transmit filter's
input, '

REL PWR (0dBm0) + 10.85 TLP = ABS PWR
(10.84 dBm)

Also, the output of the TP3000 decoder, under 0dBmO
signal conditions, will appear as a 10.84 dBm signal
at the output of the unity gain receive filter. Measure-
ment adjustments, to compensate for this 10.84 TLP
value, would be required when testing the TP3000
CODEC per the Figure 3 set-up.

The circuit shown in Figure 4 is basically the Figure 3
arrangement with transmit and receive gain adjustments
shown. Again the TP3000 is the assumed CODEC and
all filters are set for unity passband gains. By adjusting
the transmit and receive gains accordingly, the 10.84
TLP value can be cancelled so as to allow direct measure-
ment of absolute input and output signal levels. Normal
application of any CODEC system would require a
configuration similar-to Figure 4.

PCM OUT XMt
INPUT map F:‘LMTER ENCODER ENCODER FILTER
foe  c— c— pror S c—
RCV RCV .
= FwLTER DECODER PCM IN PECODER FILTER e
4 4
CONTROL

FIGURE 3. Typical Analog End-to-End Measurement
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The gain adjustments for Figure 4 can be computed
as follows,

_, 10.84 TLP
XMT GAIN ADJUST = [og~1 > 3.484 (4)

_, {-10.84 TLP)
RCV GAIN ADJUST = log™! - 0.287 (5)

These adjustments would approximately set 0dBm
equal to 0dBmO for the TP3000 CODEC. This gain
adjustment can usually be accommodated in the trans-
mit and receive filters, The National Semiconductor
AF133 filter, for instance, provides a single resistor
adjustment for transmit gain while the AF134 filter
provides a single resistor adjustment for receive at-
tenuation. '

THE DIGITAL MILLIWATT

While the gain calibrations detailed above are simple
and straightforward, they do rely on knowing the
value of the CODEC system input and output TLP.
A preferred method of adjusting filter gains to achieve
a particutar TLP value (e.g. OTLP) at the CODEC
system’s input or output is shown in Figure 5.

The arrangement of Figure 5 utilizes a digital tone
source to uniquely define a i or A-law digital milliwatt.
This signal source outputs a digital data stream that
represents a 1 kHz sinewave of 0dBmO signal level.
When switch S1 is in position A, the receive gain is
adjusted until the analog output level is at the proper

XMT GAIN
ADJUST

level (usually 0dBm). Switching S1 to position B, and
applying a known absolute signal level to the analog
input line {usually 0dBm) will allow the transmit gain to
be adjusted for the correct analog output level (e.g.
0dBm). By using this approach to calibrate each CODEC
channel in a system, any combination of channel to
channel interconnection will result in similar end-to-
end gain characteristics.

A schematic of the Figure 5 block diagram is shown in
Figure 6. Transmit gain adjustment is controlled by the
AF 133 filter using resistor R1. Receive filter (AF134)
attenuation adjustment is controlled by resistors R2
and R3. VN is supplied from a 0dBm, 1 kHz sinewave
generator and VQUT is measured via an rms voltmeter
calibrated for dBm (600 £2). A 128 kHz 5V clock
source {square wave) plus a 74L.S161 counter is the only
control circuit needed for the CODEC and digital
signal source.

The digital signal source is clocked from the CODEC
PCM bit clock. One of the 4 PROM output lines (out-
put 1) is a source for u or A-law digital idle code; a
signal that toggles between the lowest positive and neg-
ative code words at a 4 kHz rate. PROM output 2 is a
source for p or A-law digital milliwatt code as defined
by the CCITT and tabulated in the TP3000 data sheet
on page 3. PROM outputs 3 and 4 are unused in the
basic digital signal source configuration. The user of
this circuit can program these outputs for up to 128
bits of u and A-law digital signals per output. One
application of the unused PROM outputs may be the
programming of a steady idle code signal {all ones for
u-law and alternating zero/one for A-law) and a 1 kHz,

ENCODER f—o XMT

XmT
INPUT—>®—> = encooen

Fﬁ.(':l"éﬂ ——1 DECODER

T

FILTER

DECODER feedp| POV —b®—>ourru7

FILTER

RCV GAIN
T ADJUST

CONTROL

FIGURE '4. Gain Adjustments in the End-to-End Arrangement

CODEC
XMT GAIN :
ADJUST
XMT
INPUT —>®—> FILTER —»| ENCODER
RCV GAIN .
ADJUST
B N B
RCV St
ouTPuT . FILTER [€—{ DECODER A DIGITAL
TONE
oo SOURCE
CONTROL

FIGURE 5. Single Channel CODEC Calibration Arrangement
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—10 dBmO signal source. Table | is a listing of the code
required to program the 745387 PROM for the basic
digital signal source requirements.

CONCLUSION

What has been presented in this application note is a
basic tutorial in analog gain adjustments for CODEC

systems. A basic understanding of the terms and units
of measure in the telephone industry plus the concept
of transmission level point (TLP) should help the reader
understand the techniques used to specify the various
analog parameters of the NS TP3000 CODEC system.
Finally, the concept of the digital milliwatt was intro-
duced to provide a standard calibration technique
for CODEC systems.

PR + v
v v v v sv
12,28 |is Is |0 |22
18
s Tk l
ViN=0 .mm—zu—> AF133 . A
ANALOG 17 15 1 22 Pcm 5 ™
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= s 2 ol
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Digital Gnd ,J7 S1-B: Encode calibrate by loop test L DIGITAL SIGNAL SOURCE )
S2-A: A-law signal source -
S§2-B: u-law signal source * -
S3-A: Idle code Transmit gain adjust: R1 = 249 kQ
S3-B: Digital mW Receive gain adjust: R2/R3
S$3-C: Notused where R2 = 2.49 kQ Note: Resistors in £ and capacitors
$3-D: Not used R3 = 10.0kQ in uF unless noted otherwise.

FIGURE 6. Circuit Schematic for Single Channel CODEC Transmission Calibration

TABLE I. DIGITAL SIGNAL SOURCE CODING TABLE (74S387)

A3-A0
0123456789 ABCDEF
ofo1r13333111113133
1Mo111313311133331
2[2113333131113133
312111313331 133331|[uLAw
4lo1 1333311111313 3|[sGNALs
5/0111313311133331
6/2113333131113133

A7ng 7|21 11313331133333
8/0123030111210103
9/0121010311230301
Al2123030131210103
Bl212101033123030 1||aLaw
clo1 2303011121010 3|[siGnaLs
plo121010311230301
E[2123030131210103
Fl2121010331230301

Note: Code inputs and addressing shown as hex numbers. 745387
outputs O1 and O2 programmed as shown above, but O3 and 04
outputs are unused., User may program unique signals (e.g.
steady state idle code, other output levels or frequencies) into
the O3 and 04 outputs.
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Applications of Hybrid
Active Filters to

Telecommunication Systems

ABSTRACT

Active filters are finding greater use in telecommuni-
cation systems because of their small size and compati-
bility with integrated circuits. Thick film hybrid active
filters have many advantages in these applications.
They are smaller than discrete circuit designs and they
can be pretuned by the supplier. Other advantages
include better stability due to component tracking and
matching. The filters used in PCM systems and DTMF
(Touch Tone®)signaling systems are well defined and are
used in large quantities. This makes them attractive as
thick film hybrid active filters. Transmit and receive
filters in 8 kHz sample rate PCM systems such as D3
channel bank and band splitting filters for DTMF
receivers are described, and their application to these
systems is discussed.

INTRODUCTION

Active filters are being used in telecommunications
systems because of their smaller size and compati-
bility with integrated circuits. The thick film hybrid
active filter and other thick film circuits have many
advantages in these applications. Hybrid circuits are
smaller than discrete circuits and they can provide
a complete accurately tuned function in a single package.
Another advantage is better stability due to tracking
and matching of components.

In PCM systems filters are required to limit the band-
width of the voice or data analog signal to prevent
aliasing and to reject noise and line frequency inter-
ference at the input to the transmitter. The receiver
output signal must be filtered to smooth the sampler
signal and to correct the amplitude for the distortion
introduced by the sample and hold circuit. These filters
have very stringent specifications because the system
must be able to operate without introducing distortion
or noise that would degrade the telephone system.
In some systems a signal may be converted from analog
to digital and back to analog many times. If similar
equipment is used each time, signal distortion could
build up and degrade a signal to a point where it would
be unintelligible. Using thick film hybrid technology
and active laser trimming, filters can be built which
meet all these requirements.

In recent years digital integrated circuits have become
available to. receive DTMF signals. These receivers
require that the input signal be conditioned before the
receiver can decode them. The input signal must be
filtered to remove the dial tone signal, if present,
and then split into two bands — a high band passing
signal between 1209 and 1477 or 1633 Hz and a low
band passing signal between 697 and 941 Hz. A
valid input signal contains one and only one signal in
the high and low bands which are present simultane-
ously. For the receiver to properly decode the signal

® Registered trademark of AT&T

National Semiconductor
Application Note AN-221
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extraneous signals must be filtered out and the two
valid tones must be separated and coupled to the re-
ceiver separately. In addition, the two tones usually
are gain adjusted to eliminate twist (difference in tone
amplitude). They are also limited to provide a logic
level signal to the input of the receiver detector.

PCM FILTERS

PCM- systems are used to digitize analog signals for low

noise transmission and reception. In telephone appli-
cations 24 to 32 PCM signals are multiplexed together
to form a signaling channel and are then transmitted
as a single signal. Figure 1 is the block diagram of the
analog-to-digital and digital-to-analog circuit used in
telephone PCM systems. The filter in the transmit chan-
nel is required to prevent aliasing. Aliasing is the error
caused by frequencies greater than one-half the sampling
frequency being sampled in the CODEC. These frequen-
cies appear at the output of the receiver as erroneous
signals. A signa! at 4.1 kHz sampled at 8 kHz will appear
at the output as a 3.9 kHz signal added to any signal
which originally appeared at the input at 3.9 kHz.
Obviously this will reduce the quality of the transmis-
sion system,

TP3000
ANALOG PCM
iN AF133 out
=——gpi TRANSMIT —p1 ENCODER -
FILTER .
ANALOG : PCM
our AF134 IN
4—{ RECEIVE [« DECODER {<=
FILTER,
CODEC SYSTEM

FIGURE 1. A/D-D/A Circuit Block Diagram

The requirements for a filter which will give maximum
bandwidth for information with minimum signal distor-
tion has been defined in the Western Electric’ speci-
fications for the D3-channel bank. Figure 2 is a graphical

~ amplitude specification which meets the Western Elec-

tric and CCITT requirements for PCM systems. Filters
that meet these specifications meet all amplitude re-
quirements for high quality central office PCM trans-
mission systems. The tight amplitude specifications are
required because a signal may be converted from analog

~ to digital to analog many times before a signal completes

a telephone connection. If this were not the case the
filter requirements could be relaxed.
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FIGURE 2. Transmit Filter Gain Belative to Gain at 1000 Hz
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FIGURE 3. Receive Filter Gain Relative to Gain at 1000 Hz

The receive filter at the output of the decoder has two
functions. One function is to attenuate all frequencies
above the usable voice band and the other function
is to correct the amplitude response for the distortion
introduced by the output sample and hold circuit.
The amplitude of the receive signal is modified by
the function:

_ sin(m - £/8000)
(m - £/8000)

The receiver response is usually specified with a sin(x)/x
input signal (where x = 7 * £/8000). Figure 3 is a graph-
ical amplitude specification for a PCM receive filter with
sin{x})/x input that meets the Western Electric and
CCITT requirements for PCM systems.

Another consideration which must be taken into ac-
count in a PCM system is the group delay distortion
in the channel. The two most common ways of spec-
ifying the limits are differential delay between two
frequencies and deviation from linear phase. These
specifications are usually given as a system requirement
which includes all circuits in the system from input
to output. In a PCM channel almost all delay distortion
is caused by the filters, so in practice the maximum
distortion allowable per filter is slightly less than half
of the total system specification. The typical spec-
ifications for either the transmit or receive filter are:

Differential Delay 1000 Hz to 2600 Hz < 90 us
Differential Delay 600 Hz to 2800 Hz <150 us
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Figure 4 is the channel specification in terms of de-
viation from linear phase as defined by Western Electric
for the D3 channel bank.

The National Semiconductor AF133 and AF134 are a
pair of filters specifically designed for PCM applications.
They are 5th order elliptic low pass filters which ap-
proximate the requirements of Figures 2, 3 and 4 for
use in high quality telephone PCM systems.

The AF133 transmit filter is a low pass filter that has
maximum ripple of *0.125 dB in the band.from 300
to 3000 Hz and a minimum of 32 dB attenuation above
4600 Hz. This filter typically meets all specifications
of Figure 2 above 300 Hz, but does not provide the
attenuation at 60 Hz. The 60 Hz attenuation is re-
quired in two-wire systems such as those coupled to
subscriber lines but not in four-wire systems used
between central offices. Where 60 Hz rejection is re-
quired an additional high pass filter must be provided.
A 3rd order high pass elliptic filter tuned at 240 Hz
with 0.01 dB ripple and a shape factor of 3.87 will
meet the requirement for 28 dB attenuation below
60 Hz.

The AF133 requires one external resistor to set the
gain of the filter which can also be used to set the
transmit channel gain. By varying the gain resistor
from approximately 450 kS2 to 40 k&) the gain will
vary from +10 dB to —10 dB.

The AF134 receive filter is a modified low pass filter
which has an amplitude response such that when a
signal with sin{x)/x amplitude characteristic is inputted
the output will approximate the response of Figure 3:
The maximum ripple from 300 to 3000 Hz is £0.125 dB
and the minimum attenuation above 4600 Hz is 28 dB.
The typical response meets all requirements of Figure 3.

The input amplitude to the filter is not usually the
amplitude required to the line, but by adding an external
resistor to the filter the gain can be varied over a £20 dB
range. An 11 k2 resistor connected from output to pin

14 T —T T
13 H . f-3 B

_ 1 :_¢(f)-0.5(1+cos w50 1r)+ 0.052 ||
1.0

<

w_ 08

-2 06

=< 04

29 g2

o

=€ 0 =

=5 -0.2 N

v—g -04

I 08

E -0.8
-10 ot f-300 NG
_:g ___¢(f)-0.5(1+cus 1500 11>+0.05 B

04 08 12 16 20 24 28 32
FREQUENCY ({kHz)

FIGURE 4. Phase Bounds

17 will decrease the gain by 20 dB and an 11 kQ resistor
from pin 16 to pin 18 will increase the gain by 20 dB.

The AF133 and AF134 filters are designed for use in
systems which require tight tolerance on the quality
of the signal transmission. Systems used for central
office equipment and systems used to handle data as
well as voice transmission require these filters. In appli-
cations where a single conversion from analog to digital
to analog and only voice signals are handled, a simpler
filter can be used. This type of system can be a local
concentrator which combines a group of voice tele-
phone lines for transmission over two pairs of digital
lines instead of using a large number of analog lines.
The AF132 Dual PCM Filter provides a transmit
and receive filter in one package. Although the filters
do not equa!l the performance of the AF133 and AF134,
they provide enough filtering and amplitude correction
to be used in single conversion voice-only systems.
The advantages in using the AF132 are that it only
requires half the power that two more complicated
filters require, it requires only half the space, and it
is lower in cost.

DUAL TONE MULTI-FREQUENCY FILTERS -

The DTMF receivers used to detect signals from push-
button telephones require at least two filters. In recent
years single chip integrated circuits have been designed
to detect the signaling tones and perform the logic
functions required in DTMF receivers. These receivers
still require input band splitting filters to separate
the two input tones. Two such detectors are the Rock-
well CRC8030 and the Mostek MK5102. The National
Semiconductor AF121 and AF122 are bandpass filters
which provide 40 dB separation between the bands.
The AF121 and AF122 filters are 6th order elliptic
bandpass filters. Each filter has 0 dB + 0.5 dB gain at
the center of the passband with a maximum ripple of
12 dB peak-to-peak. The stop band rejection is greater

than 40 dB. Figure 5 shows the typical amplitude .

response of the two filters.

AF121 AF122

AMPLITUDE (dB)
|
8

—50 '//a | | /K\

3.0
10

- wn N om
=3 . ns Qg om
oo QANG

FREQUENCY (kHz)

FIGURE 5. Typical Amplitude Response
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Figure 6 is the block diagram of a tone receiver using
the AF121 and AF122 to split the input signal into
a low group and a high group signal. The signals are
next passed through AGC (automatic gain control)
circuits which provide amplitude correction to equalize
the signal level in the two channels and to provide a
known level to the limiters, The limiters have a thresh-
old setting circuit so signals which exceed the thresh-
old will appear at the inputs of the digital tone detector.

The input bandpass filters reject the dial tone signals,
when present, and provide enough rejection to noise
and extraneous signals to assure a low error rate system.
The AGC amplifiers equalize the tone levels in each
band, which allows the detection of signals with large
twists. The AGC amplifiers also provide up to 24 dB
gain to the tone signal, allowing operation over a wide
range of input levels.

The National Semiconductor AF104 AGC amplifier is a
linear fixed gain device with an input attenuator which is
controlled by the average output amplitude. Additional
circuitry provides fast recovery when a burst of signal is

The limiters can be built of discrete components using a
comparator such as the National Semiconductor LM339.
The limiter threshold can be set by using the internal
reference of the AF104, which is a +5 volt regulator.
This provides a stable threshold which is independent
of the system power supply. Since none of the analog
circuits are dependent on the power supply for a refer-
ence and all the circuits have good common-mode
rejection, a simple power supply is all that is required
so long as the supply voltages remain greater than
9 volts.

CONCLUSION

Thick film hybrid circuits are. being used in telecom-
munications systems to provide filtering and other
system functions because of their small size. In PCM
systems the precision required for the transmit and
receive filters can be provided by actively trimmed
hybrid circuits. Hybrid circuits such as active filters
and AGC amplifiers can provide the signal processing
required for digital tone detectives. By using active
filters with good rejection to out-of-band signals, low

applied to the input. The typical recovery time of the. error rate systems can be built using digital tone
circuit is one half cycle of the input frequency. detectors.- :
AF121 e
Low AF104 LM339
ganp [ asc OUT umiten [ —
FILTER REF pumed TH p—
] | CRC8030
LINE -
LINE TONE
COUPLING
_— . RECEIVER [
AF122 p—
HIGH - AF104 LM339
BAND AGC LIMITER [ -
FILTER REF p——{TH p——

FIGURE 6. Tone Receiver Block Diagram

17-116




Applications of Wide-Band
Buffer Amplifiers

INTRODUCTION

The LH0002, LH0033 and LH0063 are wide-band, high cur-
rent, unity gain buffer amplifiers. They are intended for
use alone or in closed-loop combination with op amps to
drive co-axial cables and capacitive or other high-current
loads. Features and characteristics of these buffers are
summarized in Table I. All are active trimmed for low
unadjusted output offset voltage and uniform perform-
ance. Good thermal coupling between dice is achieved by
hybrid thick-film construction on ceramic substrates.

Part | analyzes the AC and DC equivalent circuits.

Part 1l is a comprehensive guide to applications tech-
niques and shows how to get optimum performance
under a variety of circumstances.

Finally, Part Ill illustrates these techniques in some
specific applications including drivers, sample-and-hold
amplifiers and active filters.

l. CIRCUIT DESCRIPTIONS

General

The three buffer amplifiers share a similar class AB
emitter-follower oltput stage as shown in Figure 1. The
symmetrical class AB amplifier output provides current
sourcing or sinking and relatively constant low im-
pedance to the load during positive and negative output
swing. The input stage of the LH0002 consists of a com-
plementary bipolar emitter-follower. The LH0033 and
LHO063 employ junction FETs configured as source-
followers, thereby achieving several orders of magnitude
improvement in DC input resistance over the LH0002. In
each case, the output stage collectors are uncommitted
to allow the use of current limiting resistors in series with
either or both output collectors.

National Semiconductor
Application Note 227
James Wong

Jim Sherwin

LH0002 Low Frequency Operation

The LH0002 circuit shown in Figure 2 is a compound
emitter-follower with small-signal current gain of approx-
imately 40,000 (product of first and second stage betas).

vt

INPUT ouTPUT

&
FIGURE 1. LH0002 Simplified Output Stage

vt vt
1 2

8
iNPUT QUTPUT

7 : 6
v Ve~

FIGURE 2. LH0002 Schematic Diagram

TABLE |. BUFFER AMPLIFIER TYPICAL CHARACTERISTICS

Parameter Conditions LH0002 LH0033 LH0063 Units
DC Output Current Continuous +100 +100 +250 mA
Peak Output Current +200 +250 +500 mA
Slew Rate RL=1k, Rg= 500 200 1500 6000 Vius
Bandwidth, 3 dB 50 100 180 MHz
Voltage Gain Vin=1V@1kHz, R =1k 0.97 0.98 0.98 ViV
Output Offset Voltage (Tgs::ggoc(; ?:::i%%gg) +10 +5 +10 mv
Input Bias Current Tc=25°C 6 A 50 pA 100 pA
Output Resistance 6 6 1 Q
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Operation is symmetrical, and the circuit may be ana-
lyzed by considering only the upper or the lower half of
the circuit as redrawn in Figure 3. Input stage operating
current is determined by R1 in conjunction with supply
and input voltages. For Vi =0 and Vg = + 15V, first stage
quiescent current is typically:

lc—

Vg—Vge—Viy 15-0.63-0
= =2.88mA (1)
R1 50000

The normal production variation of Ig is +5%.

The emitter-base junctions of the first and second stages
appear in series between input and output terminals,
therefore the output offset voltage for V=0 is the dif-
ference in base-emitter junction voltages of a PNP and an
NPN transistor.This is true for both upper and lower halves
ofthecircuit, so thereis no conflict between the two circuit
halves. Output stage quiescent current will equal that of
the input stage if the transistors are matched and at equal
temperatures. This establishes a class AB bias in the out-
put stage so there is no class B crossover distortion in the
output. Resistors R3 and R4 inserted in the output emitter
circuits minimize the effect of unmatched upper and lower
circuit halves and limit the potential for thermal runaway

* due to input and output stage temperature differences.

There is no thermal runaway if operation is confined within
data sheet limits.

Maximum output current is dependent on the supply
voltage, R1, Q3 current gain, and the output voltage. Max-
imum current is available when V|y rises sufficiently
above Vgyt that Q1 is cut off. Under this condition, the 5k
resistor supplies base current to Q3, and the maximum
output current is:

Vs—Vge3—IoR3~ Vg

lomax)=
R1/6,
Vs-Vags  Vs-07 @
) R1/33+R3+ R, _30 +RL
" where [,2200. '

V- Vout

FIGURE 3. LH0002 Half Circuit

If Vg = *15V, the LH0002 can theoretically deliver about
500 mA peak into a shorted load (in practice, only 400 mA
peak can be realized, for the current density in the output
transistors limits the beta to about 150) or 180 mA peak
into 50Q. Current limiting may be employed for short cir-
cuit protection (see section on Current Limiting).

The voltage gain of the LH0002 is slightly less than unity
and is a function of load as with any emitter-follower. It is
dominated by the finite output resistance of the output
stage. Hence, the gain analysis for all three buffers can
utilize the hybrid n model as shown in Figure 4. Note that
re3 Is the emitter dynamic resistance of Q3 and is load-
current dependent. The gain expression written as a func-
tion of load resistance and input voltage is:

Ry RL
R+ R3+re3 0.026
R3+R.(1+
Vo + 0003RL
Ry ' &)
0.026
R3+R\1+—

VIN V|N>0.1 \

Voltage gain could range from 0.996 for R_ =1 kQ to 0.978
for R_=100Q at 10V input. In contrast, the same loads
would yield gains of 0.973 to 0.956, respectively, for an in-
put of 1V because r,3 would be somewhat larger.

Because of the inherent current-mode feedback, initial
offset error is typically 10 mV with a finite (3000) series in-
put resistance. Even with unsymmetrical supplies, Vpg in-
creases only an additional 3 mV per volt of supply dif-
ferential. Usually this error component may be ignored as
it is relatively small compared to the large-signal error
predicted by equation (3) when driving heavy loads.

Vin

Where: rg3 =0.026/15

FIGURE 4. Equivalent Model of LH0002




LH0002 High Frequency Operation

The high frequency response is limited primarlily by inters
nal circuit capacitances; most significant are the junc-
tion capacitances shown in Figure 5.

Since the base-emitter junction capacitances of emitter-
followers see little effective junction voltage change,
they may be neglected in the following first-order
analysis. For the transistors used we may also assume
that the transistor delay and transit time effects are over-
shadowed by the RC effect. We can then simplify the half-
circuit to that of Figure 6: a single transistor emitter-
follower plus an equivalent load reflected from the output
stage. .

Evaluation of the transfer function of equation (4) as
derived from Figure 6b indicates that the input pole
dominates for finite source resistance.

eIN

C'cB1=CcB1+Ccp2=9 PF
Ccp3=6 pF

FIGURE 6a. LH0002 Simplified Mirror-Half Input Stage

( R2 ( B3RL
efs) R2 +Rg BaRL+ I'oul)

eis) [1+5(R2IRY C'ail [1+5 (roulBaR) Cced ¥
Ay (low frequency)

~

(1+sRsCcp1) (1 +5Te1 Ccpa)

To illustrate, for Rg = 3004, the primary pole is predicted
to occur at about 60 MHz, a close correlation to the real
value, while the output pole is well beyond 1 GHz The im-
plication of this analysis is quite significant—the fun-
damental bandwidth of the LH0002 is a function of the in-
put source resistance within a reasonable range of 500
to 300Q. For the case of Rg=509, the resuiting band-
width is well above 100 MHz

Vour

eIN eQuT
Cet R2 2 ]
: 'I' B3Ry I_ Cce3

. Ry
Where: rout={ re1+— | IR1
A

R2 =01 (re1 + R11IB3RY

FIGURE 6b. Hybrid n Mode!
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INPUT

OQUTPUT

a. Negative Pulse Response

INPUT

QUTPUT

!

c. Negative Pulse Response

INPUT

ouTPUT

b. Positive Pulse Response

INPUT

ouTPUT

d. Positive Pulse Response

FIGURE 7. LH0002 Pulse Response

LH0002 Large Signal Pulse Response

Figure 7 shows the typical large signal pulse response of
the LH0002.

LHO0033 Low Frequency Operation

The LHO033 circuit can be described in simplified form,
Figure 8, as a source-follower plus a balanced emitter-
follower. The complete circuit is shown in Figure 9.

vt

o Vout

2
FIGURE 8. LH0033 Simplified Circuit

When Q1 and Q2 are well matched, offset voltage and
drift will be low because the gate-source voitage of Q2,
Vgsa, is set =2 Vg, thus forcing Vggy =Vgs2 due to the
matching when operating at equal currents. However, as
load current is drawn from the output, Q1 and Q2 will drift

at slightly different rates as lp; will no longer equal Ip, by
the difference in output stage base current. Resistor R2
is trimmed to establish the drain current of current-
source transistor Q2 at 10 mA, and R1 is trimmed for zero
offset.

FIGURE 9. Complete LH0033 Schematic Diagram
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The same current flowing through Q2 also flows through
Q1and R1, causing agate-source voltage of approximate-
ly1.6V.The 10 mA flowing through R1 plus Q3's Vgg 0f 0.6V
causes Voyr=0 for V|y=0. The output stage current is
established to be approximately equal to that of the input
stage by Q3 and Q4.

Voltage gain of the LH0033 is the product of the 1st and
2nd stage gains taken independently. The analysis of
each is shown in Figure 10. We can write the total
amplifier gain expression as:

Voltage gain is predicted to be 0.995 for a 1 kQ load, and
0.95 for a 502 load at 10V output.

LH0033 High Frequency Operation

Low frequency performance is modified at high frequen-
cies by the increasing effect of transistor junction
capacitance. Transistors Q3, Q4 and the output emitter-
follower pair contribute only minor incremental effect on
the first-order high frequency equivalent circuit so they
may be omitted to yield the simplified model appearing in

1 Figure 11. Modeling of transistor Q1 reduces the circuit to
Ay= (5) that of Figure 12.
1 +2/RL+167/ﬂ5RL+.026/V[N ’
where f35=200.
v 1/9451 + 100 N
Vin v
Vin a1 "IN Vin RO & F5RL
Vime= a5
R1 - - - =
100
vt _ RE
ROIIps RL. 1 v
BsR V1T = out
RO|IBSRL + 1/gfg1 +R1 1+ 167/R0+ 167/p5R
RO — for: gig1=0.015 mho RL
1
Roz—(1 + gfs2R2) = 125 ka —
Jos2
v RL 1

a. Hybrid n Model of FET Source-Follower Including

Effect of Output Load

RL+Rg+rg5 1+RE/RL+0.026/V1

b. Output Stage Gain
with the Effect of Emitter
Dynamic Resistance

FIGURE 10. Voltage Gain Analysis of the LH0033

FIGURE 11. LH0033 Simplified Circuit

Rs e Ry
exNO—MN] ‘0
Cep1
O o -I.-CL
Pk < FsRL —Ceas* Cogs
Where: Ru=R1 + 1/g¢g1

Ry = RO|ifsRL
CL=Cgp2+CcB5+Ccas

FIGURE 12. LH0033 High Frequency Circuit Model
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Capacitors Cpgs and Cgpg are collector-base junction
capacitances of Q5 and Q6, typically 3 pF each. Cgpq and
Cgpz are the gate-drain capacitances of the FETSs, typical-
ly 3.5 pF each. The frequency-dependent transfer function
of the circuit is: ‘

€q(s) RU/(RL+ R1)
. ®
ein(s) [1+8RsCapil[1+s(R,IRY) C]

Notice that uniike the LHO0002, the output pole
(s= —1/R,Cy)dominates the primary frequency response
roll-off occurring at about 100 MHz with an input source
resistance Rg=50Q. The user is cautioned that as Rg in-
creases, the secondary (input) pole will begin to take ef-
fect. To illustrate, for Rg= 3009, the secondary pole will
have moved from 900 MHz at Rg = 500 to about 150 MHz.
LH0033 Slew Rate

The slew rate of the buffer is pred‘icted by equation (7),

dv |
—=— ™
dt C_

INPUT

OUTPUT

a. Positive Pulse Re>sponse

INPUT

OUTPUT

where | is the input stage current available to charge the
circuit capacitance C.

With the LH0033, the positive slew is 2-3 times greater
than the negative slew. The pulse response in Figure 13il-
lustrates this. The reason is that during positive slew, the
peak charging current is limited by the value of R1 plus
Rs when the FET gate-source junction is forward biased.
This could be 30 mA- 40 mA peak, allowing a typical slew
rate of 3,000 Vius.

The LHO033 negative-going slew is limited by its input
stage quiescent current of 10 mA established by the FET
current source. As the input transistor tends to shut off,
the circuit capacitance discharges into the current
source (sink) at a rate of 10 mA. Therefore, the slew rate is
computed to be:

dv 10 mA
— = ———=1,050 Vis
dt 95pF

b. Negative Pulse Response

TASE°C
Rg=60SLR{ =1 KD

c. =10V Pulse Response

FIGURE 13. LH0033 Large Signal Pulse Response




LH0063 Low Frequency Operation

The LHO0063 exhibits several times the slew rate and
bandwidth of the LH0033 due to a higher input stage
operating current. The push-pull design of the first stage
also allows the input FETs to be forward biased for either
positive or negative-going input signals. The schematic
diagram of Figure 14 shows a pair of complementary
FETs at the input stage. Transistor Q1 is biased by the
current source Q4. Resistor R1 is trimmed for a 30 mA in-
put stage operating current. Similarly, Q2 is biased to
30 mA by the current source Q3 and R2. Transistor Q5 and
resistors R3 and R4 establish a 2Vge forward diode
equivalent between the Q6 and Q7 bases. These resistors
are trimmed such that the output stage operates at a
quiescent current of about 1 mA. Each FET gate-source
voltage cancels each output transistor Vgg drop. Hence,
the output of the buffer sits at OV for an input OV. The
zero-offset voltage-follower action holds for any input
voltage within the buffer operating voltage range.

Because of the high current drive capability, multiple out-
put transistors are employed to limit output transistor
current density. Four output degeneration resistors of 1Q
each help to prevent thermal runaway.

The DC voltage gain equation is similar to that of the
LH0033. Equation (5) may be used without introducing
significant error. It needs modification only because of
the multiple transistor output stage. Therefore, the
LHOO063 voltage gain equation is approximately:

1
AR @
1+0.5/R + 1/9¢s1 BeRL + 0.026/2V|N

where: 862200, g45120.010 mho.

RY
4 100
INPUT O——=AAA—9

FIGURE 14. Complete LH0063 Schematic Diagram

LHO0063 High Frequency Operation

The high frequency equivalent circuit may omit the out-
put stage, including only its load effect. The two mirrored
half-circuits, consisting of a pair of complementary junc-
tion FETs and their respective current sources, can be
reduced to a single half-circuit with the combined effect
of both as shown in Figure 15.

The frequency-dependent transfer function of the LH0063

as derived from Figure 15b is:
R|> Cul
A, (low freq.)

1
[1+s2RgCgpil[1 + s<—->CL]

€fs) Ry/(RL+ 1/2g459)

en(s) 1

1+ sZHg CGDI] [1+s <
29151

20151

Similar to the LH0033, equation (9) indicates that the
device output pole (s = —2gs¢/CL) dominates for small
value input source resistance (R9=100Q). Using the
parameter values given in Figure 15b, equation (9)
predicts the primary pole to occur at about 190 MHz, and
the secondary (input) pole at beyond 300 MHz

~O ¢g

[ L

sBRY 2(Ccpg * Coa?)

1

a. Lumping the Combined Effects of Two
Complementary Input Stages

AA
VVV

> RO

L AAA

1/28459

€0
e
| ) I' '

915120.010 mho, R = R0|ifgR
CL=2Ccpe+CcB7) +Cap4
Ccee=Ccp7=3 PF
Cap1*CGp4 =35 pF
b. Hybrid = Model of the Source Follower
Substituted in the Composite Model

FIGURE 15. LH0063 Simplified
High Frequency Circuit Model

R e
eIN

Cgp1
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INPUT

OUTPUT

a. Positive Pulse Response

b. *10V Pulse Response

FIGURE 16. LH0063 Large Signal Pulse Response

LHO0063 Large Signa!l Pulse Response

Figure 16 demonstrates the large signal pulse response
capability of the LH0063 under different load conditions.
Note the higher positive as well as negative-going slew
rate achieved with the complementary FET input stage
operating at higher current, a response superior to that of
the LH0033.

Il. APPLICATIONS INFORMATION

Circuit Layout Considerations

Circuit layout is one of the most important areas of high
frequency circuit design. A sound design may yield only
marginal performance when insufficient attention is
given to circuit layout. This will be particularly important
when the buffers are used with an op amp in a closed
loop or when using very high frequency devices. The full
performance capability of this family of buffers may be
realized by following a few basic rules on circuit layout.

Good high frequency layout practice requires use of a
ground plane wherever possible. A ground plane provides
shielding (isolation) as well as a low-resistance, low-
inductance circuit path to reduce undesirable high fre-
quency coupling. In some cases, signal paths should be
shielded by a surrounding ground plane to minimize stray
signal pick-up; however, this shielding can cause in-
creased stray capacitance which may be harmful at high
impedance points in the circuit. Some care and judge-
ment must be exercised in the amount and spacing of
shielding ground plane areas. IC sockets should be
avoided if possible because the increased inter-lead
capacitance may degrade bandwidth or increase feed-
back capacitance in gain stages. Input and output con-
nections should be kept short for compact physical
layout and minimum coupling. When used with an op
amp, layout should minimize capacitance from output to

feedback point and from feedback summing junction to
ground. Supply and output signal traces should be as
wide as practical for these high-current devices.

Power Supply Decoupling

The positive and negative power supply terminals of the
devices must be bypassed to ground with one or two
0.1 uF monolithic ceramic capacitors. They should be
placed no more than 1/4 to 1/2 inch from the device pins.
In difficult cases with the LH0033 and in all cases with
the LH0063, a 4.7 uF solid tantalum bypass should also
be added at both the plus and minus supplies. The circuit
board trace between capacitor ground points should be
short and of low inductance.

Compensation

The three buffer amplifiers are inherently stable in ap-
plications with resistive loads and adequate supply
bypassing. However, oscillation may occur in cases
where a capacitive load of 100 pF or more is present. A
series input resistance of 500-300Q2 will prevent this
oscillation by compensating the negative input-
resistance seen as a result of the refiected capacitive
load. All source, cathode, or emitter-followers are subject
to this phenomenon which is a result of transit time
through the active region of the devices.

When these buffer amplifiers are placed within the feed-
back loop of a high-gain op amp, the phase margin of the
operational amplifier is reduced by an additional amount
equal to the phase lag of the buffer. Readjustment of cir-
cuit compensation may be required to insure stability.
For additional information see the section on Closed-
Loop Feedback Applications.
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Power Dissipation and Device Rating

Each data sheet specifies the conditions for safe
operating power dissipation. These limits must be
observed for both continuous and pulsed conditions.
Figure 17 shows the power dissipation limits versus
temperature for each device, both with and without heat
sinks. To compute total power dissipation, the standby

power must be added to the load-related power.

The standby power drain is computed from the device DC
operating current and Its operating voltage:

Pstandby = (VS+ -Vs7) IS

LH0002 Maximum Power

Dissipation

(10)

LH0033 Power Dissipation

The load-related power is the average power dissipated
In the output stage. it may be estimated as the product of
average current delivered to the load and the average
voltage across the output stage. Because of the high-
current capability of the buffers, it is essential to observe
the device dissipation limits. Safe operating areas for
each buffer are presented in Figure 18. A note of caution:
these plots are valid only for 25°C ambient. Additional
power derating based on the power derating curves of
Figure 17 is mandatory for operation at higher ambient
temperature.

LH0063 Power Dissipation
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Peak Power Dissipation

An often overlooked power dissipation factor exists
when driving a reactive load. Consider the LH0002 with a
possible 400 mA peak current drive capability when driv-
ing 10V square pulses into 1000 pF. At the rising edge, the
upper drive transistor charges the capacitor at its
limiting current. The charging waveform is not linear, in
fact it approaches a logarithmic curve because the
resistor R1/33 appears as the principal value of charging
resistance [see equation (2)). The instantaneous power
dissipation is simply the product of V* and lgmax), or
6W, with occurrences at the positive and negative leading
edges. Once the load capacitor is charged, the negative
leading edge instantaneous peak power is somewhat
greater because the power dissipated in the lower output
transistor is (Vo -V 7) Ig=25lo. The PNP pull-down tran-
sistor has slightly lower f, limiting peak current to less
than 400 mA, therefore the peak negative edge power is
just under 10W in this instance.

Figure 19 indicates the output voltage and current rela..

tionships as well as the power dissipation versus time for
the pulse waveform into a capacitive load.

Obviously, the average power dissipation under peak cur-
rent drive conditions is dependent upon the pulse repeti-
tion frequency, and becomes increasingly dominant as
the PRF increases.

Because each of the buffer amplifiers may be operated
on dissimilar supply voltages for input and output
stages, device power dissipation is reduced by lowering
the output stage supply voltages while retaining the in-
put stage supplies at a higher level for best current driv-
ing capability. The limiting factor is, of course, a reduced
output voltage swing.

Current Limiting

Current limiting may be provided in either of two ways: by
adding series resistors at the collectors of the output
stage, or by a single series resistor at the buffer output.
The first method (Figure 20) is preferred as there is little
effect on output resistance and peak current drive.
However, the output voltage swing is reduced by the
voltage drop across these resistors. Their value is deter-
mined as follows:

v+ A
Rup=—=, — ‘ (1)
ot lsc-

where lgc =100 mA for LH0002 and LH0033, and 250 mA
for LHO063.

LH0002,

LH0033,

LH0063

N
-

PEAK POWER
Pig={15V - 0V) (0.44)
=6 WpeAK
Py, =[10V — (- 15V)] (0.4A)
=10 Wpgak

°/| T 7

1

FIGURE 19. Peak Power Dissipation Into Pure Capacitive Load

*LH0033 and LH0063 only

FIGURE 20. Current Limiting
using Collector Resistors




The output collectors should be bypassed with 0.01 uF
capacitors In addition to the normal supply bypassing, as
shown in Figure 20. The 0.01 uF capacitors will allow full
output voltage and current on an instantaneous basis for
transient pulses yet at the same time prevent output
stage resonant oscillation. )

Alternate active current limit techniques that retain
almost the full DC output swing are shown in Figure 21.In
these circuits, the current sources are saturated during
normal operation and thus apply nearly full supply
voltage to the load. Under fault conditions, the voltage
decreases as determined by the overload.

For Figure 21a, the limit-set resistor s set for 60 mA.
HLIM = VBE"SC = OGV/OOGA = 109

In Figure 21b, the current limit has been set to 200 mA.

—O 15V

LHO002
INPUT OR
LHO0033

O OUTPUT

™ 0.01 uF

For applications where the buffers are inside the feed-
back loop of an op amp such as LH0032, LH0024, LH0062,
or LM118, a single current limiting resistor may be placed
inside the feedback loop at the buffer output as shown in
Figure 22. Its value is also computed as Ry =V */lgc.

Heat Sinking

In order to utilize the full drive capabilities of these
devices, low thermal resistance heat sinks should be
used. The cases of all three devices are isolated from the
circuit and may be connected to system ground or to the
buffer output as desired. The following list gives thermal
resistance of various heat sinks available for the buffers.

TABLE Il. HEAT SINKS FOR LH0033 AND LH0063

LH0033 LH0063

Thermalloy 2240A, 33°C/W Thermailoy 6002B-19, 6 °C/W

Wakefield 215CB, 30°C/W IERC LAIC3B4BC

IERC UP-TO8-48CB, IERC HP1-TO3-33CB
15°C/w 7°CIW

O 15V

INPUT LH0063

~15v

*LHO0033 and LH0063 only *

FIGURE 21. Current Limiting usingkCurirenl Sources
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Capacitive Loads

All three devices are capable of driving relatively high
capacitive loads. Because capacitive loads on emitter-
followers are reflected to the input as negative
resistances, it is necessary to add some serles compen-
sating positive real resistance; 5002-3009 Is usually suffi-
clent. An alternative is to insert the current limiting
resistor at the output as shown in Figure 22. This wili
Isolate the capacitive load from the buffer.

Any of the buffers can drive twisted pair, shielded or
coaxial cables, or other reactive loads. For all practical
purposes, an unterminated coaxial cable presents a
capacitive load to the driver. On the other hand, ter-
minated coaxial cables appear as resistive loads, and
therefore may not require the compensation for
capacitive loads. Don't forget consideration of peak
power dissipation when driving cable loads; since they
may represent capacitive loads (see section on Peak
Power Dissipation).

Offset Voltage and Adjustment

Offset voltage is measured with V;y= 0; As V|yand I are
increased, the apparent offset voltage will change. This is
due primarily to a gain which is less than unity (inherent

in an emitter-follower). The effect of this is discussed in -

detall in the section on Circuit Description. Both the
LH0033 and LH0063 have provisions for offset voltage ad-
justment. When not required, the OFFSET ADJUST pins
of these two devices should be shorted. When adjust-
ment is desired, they should be open-circuited, and the
external adjustment is accomplished with a 2009
variable resistor inserted between V™ and pin 7 of the

LHO0033 or pin 6 of the LH0063. It is good practice to in-
sert a 20Q resistor in series with the variable resistor to
limit excessive power dissipation at the input stage when
the pot is at minimum value. The offset adjustment range
is typically 400 mV.

When a buffer amplifier is used as a current booster in
conjunction with an operational amplifier, as in Figure
22, there is usually no need for output offset adjustment,
since the offset is reduced by the open-loop to closed-
loop gain ratio.

The total offset of the closed-loop circuit is:

AcL
Vosotay=Vios *Voos — (12)
Ao

where: V|gg = input offset voltage,
Voos = buffer offset voltage.

Slew Rate -

Slew rate is the rate of change of output voltage for large-
signal step input changes. For resistive load, slew rate is
limited by Internal circuit capacitance and operating cur-
rent. Figure 23 shows the slew capabilities of the buffers
under large-signal input conditions.

However, when driving capacitive load, the slew rate may
be limited by available peak output current according to
the following expression.

dv/idt= ka/CL ) (13)

LHO002, LHO033, OR LHO063

FIGURE 22. Current Limiting Inside an Amplifier/Butfer Loop

Ta=25°C
Rg =502, Ry = 1 K2

a. LH0033 Slew Response

FALL

RISE

FIGURE 23. Positive and Negative Slew of Each Buffer




Note that the peak current available to the load
decreases as C charges [see equation (2)]. Figure 24
illustrates the effect of the load capacitance on slew rate
for the three buffers. Slew rate tests are specified for
resistance and/or very small capacitance load, otherwise
the slew rate test would be a measure of the available
output current. For highest slew rate, it is obvious that
stray load capacitance should be minimized.

1000
-
A
N o33
__ 100
K4 T
= N
w PR LH0063 -
£ 10 L LH0002
= 25
E N
d 1
1
1
0.1 i
0.1 1 10 100 1000

CAPACITANCE (nF)
FIGURE 24. Slew Rate vs Load Capacitance
Distortion

The output stage of the three buffer amplifiers are biased
at 1 mA to 10 mA to remove any possibility of crossover

LHO0002 Frequency Response
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distortion. The LHO063 may exhibit a small amount of
crossover distortion in some circumstances due to the
relatively low 1 mA output stage bias. The heavy local
feedback inherent in emitter-follower or source-follower
operation provides a very low distortion output. The re-
maining distortion (<0.1%) is primarily due to the modula-
tion effect of non-constant Vge as the output voltage
changes.

Closed-Loop Feedback Operation

Any of the buffer amplifiers may be used inside an op
amp feedback loop. When this is done, the additional
phase lag introduced by the buffer must be included in
loop stability consideration. With most op amps, the
bandwidth of these buffers is so great that the op amp
totally controls the loop stability. However, when using
very wide-band op amps such as the LH0024, LH0032,
and LH0062, the small additional phase lag of the buffers
should be taken into consideration. Figure 25 presents
the Bode plots of gain and phase for the three buffers.
The phase margin and open loop frequency response is
altered by the additional pole(s) contributed by the buffer.
The buffer phase shift is algebraically summed with the
op amp phase shift, and may cause a stable op amp loop
to become marginally stable depending upon the relative
positions of the op amp and buffer poles. In general, the
buffer bandwidth should significantly exceed that of the
op amp, so that the loop performance will be determined
solely by the op amp.

LHO0033 Frequency Response
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FIGURE 25. Phase-Gain Relationships of Buffers

>
4
N
N
~




AN227

1ll. APPLICATIONS CIRCUITS _
Because of their high current drive capability, the

LH0002, LH0033 and LHO0063 buffer amplifiers are .

suitable for driving terminated or unterminated coaxial
cables, and high current or reactive loads. Current
limiting resistors should be used to protect the device
from excessive peak load currents or accidental short cir-
cuit. There is no current limiting built into the devices
other than that imposed by the limited beta of the output
transistors. Figure 26 shows a coaxial cable drive circuit.
The'43Q resistor matches the driving source to the cable;
however, its inclusion will rarely result in visible improve-
ment in pulse response into a terminated cable. If the 43Q
resistor is included, the output voltage to the load is

vt
0.1uF Q

15V

- about hailf what it would be without the near end

termination.

The LHO033 and LH0063 are useful in high speed sample-
and-hold or peak detector circuits because of their very
high speed and low-bias-current FET input stages. The
high speed peak detector circuit shown in Figure 27
could be changed to a sample-and-hold circuit simply by
removing the detector diode and the reset circuitry. For
best accuracy, the circuit offset may be trimmed with the
10 kQ offset adjustment pot shown. The circuit has a
typical acquisition time of 900 ns, to 0.1% of final value
for 10V input step signal, and a droop rate of 100 uV/ms.
Even faster acquisition time can be achieved by reducing
the hold capacitor value.

* For: LH0002, Ry jp = 1000, 1W
LH0033, Ry |\ = 1008, 1W
LH0063, R |\ =608, 5W

**Jumper for LH0033 and LHO063 only.

00
INPUT O==AAA~

DHD034

SAMPLE/HOLD 0—t§

D>
47

L E

2N4391

PDLYSTVRENEI

1N914

0.001 uF

2N4391

2N4391

FIGURE 27. High Speed Peak Detector with Hold and Reset Controls




The LHO033 may be used as a cable-shield driver as
shown in Figure 28. The advantage is that the source
driver is not required to charge the line capacitance of
the unterminated coaxial cable, and indeed does not
need to match its line impedance; therefore, high speed
data transmission is permitted.

The buffers may be used with a single supply without
special considerations. A typical application is shown in
Figure 29. The input is DC biased to mid-operating point
and is AC coupled. Its input impedance is approximately
500 k@ at low frequencies. Note that for DC loads
referenced to ground, the quiescent current is increased
by the load current set at the input DC bias voltage.

LH0033

FIGURE 28. High Speed Shield/Line Driver

R1
795

O

The high input impedance of the LH0033 and LH0063 are
suitable for active filter applications. A basic two pole,
high pass filter is diagrammed in Figure 30 using the
LHO0033. The circuit provides a 10 MHz cutoff frequency.
One consideration of the filter is its apparent gain
change due to the finite output impedance of the
amplifier, which affects the overall gain and the damping
factor of the filter stage. Resistor R3 ensures that the in-
put capacitance of the amplifier does not interact with
the filter response at the frequency of interest.

An equivalent low pass filter is similarly obtained by
capacitance and resistance transformation.

OUTPUT
(UNTERMINATED)

Vo= 120V

INPUT O OUTPUT

FIGURE 29. Single Supply AC Buffer Amplifier

c1
100 pF

INPUT

FIGURE 30. Wide Band Two Pole High Pass Filter
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Another filter application is that of a high frequency
notch filter, as shown in Figure 31. It takes advantage of
the buffer's very high slewing capability.. Component
value sensitivity is extremely critical, as are temperature
coefficients and matching of the components. Best per-
formance is attained with perfectly matched com-
ponents and when the gain of the amplifier is unity. To il-
lustrate, the quality factor Q is very high as amplifier gain
approaches 1 with all components matched (in fact,
theoretically it approaches «) but decreases to about
12.5 with the amplifier gain at 0.98.

The most common use of the buffers is inside an op amp

feedback loop as shown in Figure 32. The chart in the

figure shows the ideal match of the buffer family to most
popular operational amplifiers.

REFERENCES

George S. Moschytz, “Linear Integi'ated Networks
Design,’ Ch. 3, Active Filter Building Blocks.

“Application of the LH0002 Current Amplifier;” National
Semiconductor Corporation, AN-13, September 1968.

B. Siegel and L. Van Der Gaag, “Applications For a New
Ultra-High Speed Buffer;’ National Semiconductor
Corporation, AN-48, August 1971,

Op Amp

LM101, LM108, LM741, LF151
LHO0022, LH0042, LH0052

LF155, LF156, LF157, LH0024, LH0032

LH0024, LH0032

Recommended
Buffer
LH0002
Vs
LH0033 Rgg=—o
LHO063 Isc

. FIGURE 32. Using Voltage Follower as Output Buffer
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Introduction to Practical
Fiber Optics

Introduction

We have all heard a great deal about fiber optics in the
past number of years. Unfortunately, most of the discus-
sion is about very high performance communications
links. 200 Mbit, 20 Kilometer repeater-less links, jeweled
connectors, solid state cooled lasers for transmission,
and avalanche photodiodes for reception seem to be
the rule. There is another side to fiber optics which is
usually neglected, and that is the under-a-kilometer,
less-than-50-Mbit fiber optic links. it is the purpose of
this application note to de-mystify fiber optics in
general, and to bring it into the designer’s arsenal of
problem-solving tools. We will primarily discuss fiber
optic communications from a digital standpoint, but
touch on a few analog applications. Fiber optic cable
and connectors will be presented, followed by output
transducers and transmitter circuitry, and finally input
transducers and receiver circuitry.

First, however, we should review the fundamental
advantages that fiber optics can bring. Superb electrical
isolation can be obtained which also eliminates many
grounding and safety-related problems. Fiber optic
cable at this time is cost competitive with coax, and

ANALOG OR DIGITAL
INPUT

R

TRANSMITTER
CIRCUITRY
LED OR
LASER
RECEIVER
CIRCUITRY
PIN OR
APD
ANALOG OR DIGITAL
OUTPUT

National Semiconductor
Application Note 244
Eric Miller

prices will drop dramatically as volume increases due to
improved production techniques and abundant raw
material (sand), its small size, light weight, and rugged-
ness surpass copper wire in every respect. Compared to
coaxial cable, fiber optic cable significantly reduces
signal attenuation while providing a much wider band-
width. Crosstalk between adjacent pairs of optical
fibers is eliminated by simply inserting each fiber in an
opaque sheath. Fiber optic cable is EMI and RFl immune;
neither is it susceptible to nor does it emit electromag-
netic radiation. :

Figure 1 shows a simplified diagram of a fiber optic link.
An analog or digital input is conditioned by the
transmitter circuitry and drives either an LED or semicon-
ductor laser diode. This modulated light is launched
into a fiber optic cable, terminated with the desired
connectors on both ends. At the receiving end, a PIN
photodiode or avalanche photodiode converts the inci-
dent light to a low level current which is processed by
the receiver circuitry to provide a useful analog or
digital output. Full duplex operation would require two
such links. .

M

FIBER OPTIC
CABLE
170 30,000 M

=
s

Figure 1: Simple Fiber Optic, Data Link
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Fiber Optic Cable

An end view and a cutaway view of a single stepped
index optical fiber is shown in Figure 2. A stepped index
fiber refers to the abrupt change in the index of
refraction between the core and the cladding. All
transmission of light occurs within the core. Given a
core index of refraction ny and a cladding index of
refraction of ny, there will be a critical angle such that
any light ray entering the core at less than that critical
angle will be totally reflected. It is in this manner that
light will propagate down the length of the optical fiber.
This mechanism also gives rise to the term numerical
aperture. The numerical aperture is defined as the Sine
of the aforementioned critical angle, as shown in Figure
3. The numerical aperture defines a cone in which inci-
dent light may be launched into the cable, and in which
light will emerge from the cable. The smaller the given
numerical aperture, the more difficult it is to launch
light into the fiber.

///%////////////
////////////////

CORE

CLADDING

Figure 2: Stepped Index Fiber Cross Section

NUMERICAL APERTURE (N.A.) =SIN (©a)

Figure 3: Numerical Aperture

Fiber Attenuation

The most important fiber specification is usually its
attenuation characteristics. Specified at a given wave-
length, the attenuation is measured in decibels per kilo-
meter. Optical fibers are available whose attenuation’
can range from 0.2dB/km to 10,000dB/km. Figure 4
shows a simple example. We will suppose that we have
an optical fiber whose attenuation at the wavelength of
interest is 10dB/km. Light levels are measured in terms
of power, and often expressed as dBm, i.e., referenced
to 1mW. Therefore, if we launch 100uW of light into the
cable (—10dBm) and the cable is 1km long, the light
power at the receiving end will be 10uW or —-20dBm. As
previously mentioned, we must know the wavelength at
which we are going to operate. Most red LED’s emit light
at 660nM, yellow at 585nM, green at 565nM and infra-
red (IR) at 900nM. Figure 5 shows a typical fiber’s atten-
uation versus wavelength characteristics. Note that the
attenuation can vary widely depending upon the chosen
wavelength. A green LED would be attenuated by
18dB/km, a red LED 11dB/km. An IR LED would be -
significantly attenuated by 80dB/km. Figure 6 shows a
somewhat better behaved wavelength-attenuation graph.
This happens to be for a graded index fiber. Graded index
refers to the index of refraction gradually decreasing as
the distance away from the center of the cable. Note
that there is no single wavelength that is optimum for
all fibers. Careful consideration must be given to select-
ing the appropriate cable for use with the chosen emitter
wavelength.

FIBER ATTENUATION dB/KM

0dBm=1mwW
10dB/KM LOSS CABLE
—10dBm I —20dBm
—_— ———
100 W 10W
0 1KM

POWER (dBm) =10 L0G T1¥) P“”’

Figure 4: Fiber Attenuation (dB/km)
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Figure 5: Typical Fiber Attenuation versus Wavelength

(Step Index)

Numerical Aperture

Each fiber has a characteristic numerical aperture which
is usually between 0.2 and 0.4. This corresponds to light
entry half angles of 11 to 24 degrees respectively. Large
bandwidth low attenuation cables typically exhibit
smaller numerical apertures. The core index of refraction
is usually given in a data sheet; we can then calculate
the propagation delay down a given length of cable. The
propagation speed is simply the speed of light divided
by the core index of refraction. For example, if a fiber's
core index of refraction is 1.5, then the speed at which
light will travel down the fiber is 2X108 meters per
second. Thus it will take 500 nanoseconds for light to
travel to the end of a 100 meter cable.

Bandwidth

" We also need to know the bandwidth of the cable
chosen. This specification may be given as MHz/km or
as a more obtuse spec; —3dB intermodal dispersal
expressed in ns/km. A 200 MHz/km cable will exhibit an
attenuation of —3dB at 200MHz at the end of a 1-km
long cable. To calculate the bandwidth constraint from
the intermodal dispersion expressed in ns/km, simply
divide 0.35 by the given specification. Thus, if a fiber is
characterized by a 3ns/km —3dB intermodal dispersion,
this is equivalent to 116 MHz/km. In simpler terms, when
the dispersion is given in ns/km, this indicates the
increase in signal rise time per a given length of fiber.

Fiber core diameter can vary from less than 10uM to
more than 1500uM. In general, high bandwidth, low
attenuation fibers are available in small diameter fiber
cores and small numerical apertures. Figure 7 gives a
list of a few cable and fiber manufacturers. Cables are
available with one fiber per cable to upwards of twenty.

60

50 -

40 -

ATTENUATION dB/km
8
T

20 -

10

I 1 ! 1 1 1 |
0.5 0.6 0.7 0.8 0.9 1.0 1.1

WAVELENGTH pm

Figure 6: Typical Fiber Attenuation versus Wavelength
(Graded Index)

EXAMPLES OF CABLE AND FIBER MANUFACTURERS
BELDEN

CANSTAR

CORNING

DUPONT

GALILEO

ITT

OPTELCOM

QUARTZ PRODUCTS
SIECOR

TIMES WIRE AND CABLE
VALTEC

Figure 7: Cable and Fiber Manufacturers

Connectors

Although there is no standard cable connector, the AMP
and SMA type connectors are the most popular. Figure 8
gives a representative list of connector manufacturers.
In general, inexpensive plastic type connectors are
capable of less than 3dB of insertion loss on fibers as
small as 125uM. Smaller fibers, or lower insertion loss,
require the use of metal connectors at increased cost.
Connectors are available in single or multiple fiber ver-
sions, and one can obtain connectors where the user
may mix conventional wire conductors with optical
fibers in the same connector.
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PARTIAL LIST OF CONNECTOR MANUFACTURERS

AMP
AMPHENOL
AUGAT
BELDEN
BENDIX
DEUTCH

ITT CANNON
3M

PLESSEY
THOMAS & BETTS
TRW

Figure 8: Connector Manufacturers

Optical Emitters

The two most practical methods of converting electrical
signals to light for fiber optics are via the light emitting
diode or laser diode. Typical LED’s used as panel lights
can produce 15 to 30uW of optical power. LED’s that are
designed for fiber optic use can produce up to 10mW.
An electrical equivalent circuit for a typical LED is
shown in Figure 9. Typical operating currents are in the
range of 50 to 100mA peak with a forward voltage of 1.6
to 2.0 volts. .

Light Emitting Diodes

LED’s are normally broken down into three categories,
surface, edge and Burrus. Surface emitters emit light
over the entire surface of the die whereas edge emitters
produce maximum light power along the edge of the die.
The Burrus LED emits light from an etched well in the
surface of the LED; this permits tailoring the size of the
well to the diameter of the optical fiber being used.

Speed of response can vary from a few nanoseconds to
500ns. Note that even if we are able to impress the
proper voltage across an LED, and the proper current
through it, this does not mean that we have optical
power output. Consult the manufacturer or the data
sheet to ascertain if the chosen LED will support the
bandwidth or data rate for which the link is designed.

LED’s are obtainable with wavelengths from green
(565nM) to infrared (1300 nM). Conventional red (660 nM)
is the most popular and the least expensive. Figure 9
also lists a number of manufacturers of LED’s and laser
diodes.

5Q
o—AM

100 pF == 1.6V

o

LED & EQUIVALENT CIRCUIT

REPRESENTATIVE MANUFACTURES OF EMITTERS—
LASER AND LED

ABORN

FAIRCHILD

EENERAL OPTRONICS

T

LASER DIODE LABS

MATH ASSOCIATES

MERET .

MONSANTO

MOTOROLA

NATIONAL SEMICONDUCTOR
PLESSEY

RCA
?PECTRUNIC
|

Figure 9: Emitters — Laser and LED Manutacturers

Laser Diodes

There are two popular kinds of laser diodes, single and
double heterostructure. The single heterostructure
laser diode is not capable of producing continuous opti-
cal power. It must be used in a small duty cycle mode
with typical pulse widths of 100ns. Output power is high
(10W), although the drive requirements are severe, 6 to
30A peak. The double heterostructure laser diode is
similar to an LED in ease of use. It exhibits no duty
cycle limitations, and requires about 100 to 400mA
peak current for typical operation. Output power is
10-20mW, wavelength is near 900nM, and optical rise-
time is less than a nanosecond. Unfortunately, the price
of these lasers at the time of this writing is still high, ap-
proximately $1000 each, although the price is expected
to drop dramatically over the next few years.

Transmitter Circuitry

Figure 10 shows three methods of modulating LED's. In
Figure 10a., an open collector TTL gate drives a transis-
tor which shunts current away from the LED in the off
state. When the input to the gate is low, the transistor is
turned off arid resistor R2 supplies the desired on cur-
rent. This method is good for data rates to 20 megabits.

Figures 10b and ¢ show how to modulate an LED linearly.
U1 is any general purpose op amp and operates as a vol-
tage controlled current source with the LED as the load.
Q1is a general purpose NPN (2N2222), which is capable
of supplying up to 100mA necessary for driving the LED.
Note that the circuit works for positive input voltages
only. High speed operation may be obtained by using
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wide bandwidth op amps such as the LH0032. Figure
10c illustrates an alternative method of analog modula-
tion. An LHO002 unity gain buffer is used, with the LED
in the positive supply of the buffer. An input voltage is
converted to a drive current for the LED by means of
driving load resistor R1. The 6 to 10mA of LH0002 quies-
cent supply current also flows thru the LED. A shunt

R2
30-100Q

Figure 10a: Digital Transmitter

resistor in parallel with the LED can divert the bulk of
this current, if desired.

The transmitter circuitry remains fairly simple for data
rates to 50 Mbps. Temperature compensation of optical
output power can be easily accomplished if necessary
with the addition of a small amount of circuitry as shown
in Figure 10d.

Figure 10b: Analog Transmitter

Vi —t

R1

C. FAST ANALOG TRANSMITTER

Figure 10c: Analog Transmitter

1.8k

OMEGA ENGINEERING
UUA35J3 THERMISTOR

ANY OC TTL
GATE

+10V

NSP2030
PNP DARLINGTON

D. TEMPERATURE COMPENSATION

b
[
fa*

Figure 10d: Temperature Compensation
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Optical Sensors

The receiver circuitry for fiber optic transmission is
slightly more difficult. First, we will discuss the basic
characteristics of the most commonly used photodetec-
tors. The four most popular photosensors are shown in
Figure 11. The photodiode, phototransistor, PIN photo-
diode and avalanche photodiode all operate on the
same basic principle. An incident photon creates a hole-
electron pair near or within the depletion region. The
electrical field separates the pair and causes current to
flow in an external circuit. Figure 11 also shows an equi-
valent circuit for a photodiode. Rg is usually on the
order of 10 to 100 ohms, Rp is 10° to 10'0 ohms typically,
and Cp is the photodiode’s capacitance, dependent
upon processing and area. Note the direction of photo-
induced current flow, as conventional current is
sourced by the anode. This is not the same mode typi-
cally used for solar cell operation — the photovoltaic
mode. In this mode, a portion of the photocurrent flows
thru the photodiode itself, producing a voltage from
anode to cathode. The photocurrent mode, however, is
superior to the photovoltaic mode in linearity, speed of
response, stability and temperature coefficient. Thus,
we will limit our circuitry discussion to using the photo-
diode in the photocurrent mode alone.

g

n
-—
i
(=]
S

|

PHOTOTRANSISTOR

PHOTODIODE

P | N N+ P n Pt

PIN PHOTODIODE AVALANCHE PHOTODIODE
Figure 11: Photodetectors

Phototransistor

The phototransistor can be modeled by a photo-induced
current source between the collector and the base. Beta
multiplication produces a much larger photocurrent at
the emitter or collector; however, this is at the expense
of speed of response. The small photocurrent must
charge the base-emitter capacitance, producing slow
rise and fall times. Gain-bandwidth is typically 200MHz.
The uncertainty in sensitivity due to beta variations, and

the slow response relegate the phototransistor to rela-
tively low performance fiber optic receivers.

PIN Photodiode

The PIN photodiode enhances the conventional photo-.

diode’s utility by producing the same amount of photo-
current from a lower capacitance source, thus giving

higher speed operation. In normal operation, the entire
intrinsic region is depleted, thus spreading apart the
“plates” of the capacitor. Frequency response is typi-
cally to 1GHz.

Avalanche Photodiode

The avalanche photodiode requires 150 to 300 volts of
reverse bias to operate. Photo induced carriers are swept
into a high field region where avalanche multiplication
takes place. This produces front-end signal gain (50-500)
without paying a speed penalty. Gain-bandwidth product
of an avalanche photodiode is in the neighborhood of
100GHz. The drawbacks to avalanche photodiodes are
the high bias voltage needed, and the temperature com-
pensation necessary for stable operation.

Responsivity

A photodiode’s most fundamental characteristic is its
responsivity, i.e., the amount of current it will produce in
response to the incident light power. Responsivity is
given in amperes per watt. Figure 12 illustrates a typical
reponsivity versus wavelength for a silicon photodiode.
The responsivity drops below 900nM due to absorption,
and above 900nM due to the band gap of silicon (1.2eV).
A similar graph could be shown for a phototransistor or
an avalanche photodiode. The y-axis would simply be
multiplied by beta or the avalanche gain respectively.
Note that when the incident light'is measured in watts,
the area of the detector does not play a part in the quan-
tity of current produced. A photodiode whose respon-
sivity at a given wavelength is 0.5 will produce 1uA in
response to an incident light power of 2uW as long as
all of the light falls on the photodiode’s sensitive area.
Figure 13 gives a list of some of the manufacturers of
photodiodes, phototransistors, and avalanche photo-
diodes.

RESPONSIVITY (A/W)

0.7 |-
0.6 -
05
0.4
03 |-

0.2

I 1 1 1 1 1 I
400 500 600 700 800 900 1000

TYPICAL PHOTODIODE RESPONSIVITY

A (nM)

Figure 12: Typical Photodiode Responsivity
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DETECTOR MANUFACTURERS
ABORN

CENTRONIC

EG& G

HP

MATH ASSOCIATES
MERET

MOTOROLA

RCA

SPECTRONICS

Tl
UNITED DETECTOR TECHNOLOGY
VALTEC

Figure 13: Detector Manufacturers

Receiver Circuitry

The most challenging aspect of many fiber optic links is
the design of the receiver. The.receiver must convert the
low level current output of a photodiode to a high level
analog or digital signal with accuracy and speed.

Figure 14 illustrates the simplest of fiber optic receivers.
The photodiode is back biased with a resistor to convert
the photo-induced current to a voltage. Let us assume
that we want to convert an input light power of 300nW
to a 15mV signal. If the photodiode’s responsivity is
0.5A/W, then the photodiode will produce 150nA, and
for a 15 mV signal level, the resistor must be 100k. If the
capacitance of the photodiode is 10 pF, then the rise time
of the voltage output in response to a step light input will
be approximately 2.2us. This also implies that our analog
bandwidth is limited to a —3dB frequency of 159 kHz.

How is it possible to obtain higher frequency perfor-
mance at the same sensitivity without sacrificing signal-
to-noise ratio? Decreasing the size of the resistor and
using voltage amplifiers can achieve the same respon-
sivity at a higher speed but it will sacrifice signal to
noise ratio since a resistor’s noise current contribution
increases as the value of the resistor decreases. As we
will see later, signal-to-noise is not only important for
analog communication, but also sets the limiting bit
error rate for digital signaling.

Vour=15mv

Figure 14: Simple Recelver

A single circuit topology can be practically applied in
two ways to help us out. Figure 15 illustrates the
general topology, with the first of the two specific
implemenations shown below. This is known as the
bootstrap configuration as the function of the amplifier
is to chase the voltage developed by the photocurrent
flowing thru the resistor, and to apply this voltage to the
opposite end of the photodiode. By keeping the voltage
change across the photodiode’s capacitance small, the
effect of this reactance is reduced, and the circuit will
respond faster. By rearranging the general topology
once again, we arrive at the second implementation,
known as the transimpedance approach as shown in
Figure 16. Since the negative input of the amplifier can
be considered a virtual ground, the voltage change
across the photodiodes’s capacitance is kept small and
thus its effect is reduced. The choice between either of
the two approaches is left to the designer; however, the
constraints placed on either of the amplifiers are the
same when speed of response is used as the criterion.

GENERAL TOPOLOGY

GAIN BLOCK

GROUND POINT A, AND CONSIDER B THE OUTPUT

- Vour

BOOTSTRAP CONFIGURATION
Figure 15: General Topology, Bootstrap Configuration

GENERAL TOPOLOGY

GAIN BLOCK

GROUND POINT B, AND CONSIDER A THE GUTPUT

AAA
\AAL

R

2, e e VoUT
2.

TRANSIMPEDANCE CONFIGURATION

Figure 16: General Topology, Transimpedance Configuration
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To give us an idea of how fast an amplifier we need to -

produce the desired speed of response, we will analyze
the transimpedance circuit of Figure 17. We first define
a time constant t that is equal to the product of the
feedback resistor and lumped circuit capacitance C. C
is the sum of stray capacitance, amplifier input capaci-
tance and photodiode capacitance. The only other para-
meter to define is tp, the inverse of the gain-bandwidth
product of the amplifier. When we solve this simple
circuit analysis problem, we find that the rise time of
VOUT is:

tn=n\/t'tA
t=RC, ta=
T AT 5GBW)

Rise time is chosen as the prime indicator of circuit speed
performance as it allows us to make rapid calculations

* of the maximum bit rate for a digital communications

link. The equation given above is an approximation as it
assumes that the open loop gain of the amplifier is
greater than 10 and t <2 Agta, where Ag is the open loop
gain of the ampiifier.

Returning to our original problem, how fast must our
amplifier be to produce the desired overall fiber optic
receiver speed? Let us use a specific example to deter-
mine the required amplifier speed. Suppose that we want
to receive a 5Mbit NRZ signal, our feedback resistor is
100k, and the circuit capacitance Is 5.5pF. From the
data rate, we know that the rise time of the receiver

must be 100ns or less. Rearranging the above equation,
we obtain:

1.7

ta - tr2

When we plug in the numbers, we find that the gain-
bandwidth of the amplifier must be 86 MHz! It's obvious
that a 741-type amplifer with a gain-bandwidth of 1MHz
will not even come close to providing the speed 'we
need. Fortunately, the LH0082 fiber optic receiver pro-
duced by National Semiconductor contains a preamp
with a gain-bandwidth product of nearly 2GHz. The
LH0082 will provide the sensitivity and speed necessary
for the example application, and it also includes a
comparator for providing a TTL/DTL/CMOS compatible
output. Figure 18 is a block diagram of the LH0082. Two
internal feedback resistors are included for use with the
preamp to set sensitivity. External resistors can also be
used. The output of the preamp is AC coupled to a com-
parator that can be connected as an edge triggered flip-
flop. In this mode, the bit error rate can be set by the
amount of hysteresis applied to the comparator. Using
the internal hysteresis resistor, the bit error rate is
better than 1010, The entire circuit operates from a sin-
gle 4.5to 5.5 volt power supply, although the preamp can
be operated to 10 volts, and the comparator to 15 volts.

Figure 19 shows how to use the LH0082 as a 5Mbit,
300nW sensitivity fiber optic receiver. The only external
components needed are the photodiode, a power supply
decoupling resistor and two bypass capacitors.

~

Figure 17: Equivalent Circuit and Amplifier Characteristic

COMPARATOR

: R
—A—
b VouT
Is l I c .
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RF1  RF2 PREAMP
’ OUTPUT
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Vee
()
1k
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+
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12) REFERENCE
7 8
CASE NC

Figure 18: LH0082 Circuit Diagram




Bit Error Rate

The bit error rate (BER)is a very important consideration
In any digital communications system; fiber optic data
links are no exception. A BER of 10~10 means that one
bit of 10 billion will be a bad bit. Obviously, the smaller
the BER, the better off we are. There is a very simple
relationship between the signai-to-noise ratio and the
bit error rate. Given d as the RMS noise voltage, A as the
peak-to-peak signal level, and we determine the presence
of one or a zero with a threshold of A/2, then the BERIs:

A
BER =2 (1 —erf W)

X
Where: erf (x) = —2ﬁ e—¥2dy

o

Figure 20 is a plot of this somewhat obtuse function.
Note that we are guaranteed a BER of 1010 with only
22dB of signal-to-noise ratio. Thus, if we have a compar-
ator threshold of 10mV, a peak signal level of 20mV,
then the RMS noise must be less than 1.6mV to give us
10-19 BER.

Stray Signal Pickup Problems

Although communication via fiber optic cable provides
freedom from the eftects of radio frequency interference,
the circuitry at the receiver is not so fortunate. Let's take
the example of the basic LH0082 300nW sensitivity
receiver. Assuming a 0.5A/W photodiode, the LH0082
requires only 150nA at its input to cause the compara-
tor to switch states. Suppose that the output of a TTL
gate is nearby and at that point the voltage can traverse
3V in as little as 5ns. How much stray capacitance from
this TTL output to the input of the LHO082 is needed to
equal the signal level generated by the photodiode.

. dv

Since |1= It

| dt

Then C= W
c= (150 nA) (5ns)

3V
Thus C=2.5x10"'°F or .00025 pF!!!

Although this may seem like an impossibly small amount
of capacitance to live without, straightforward printed
circuit board layout techniques can provide trouble-free
operation. :

=& I

LH0082

TIL/DTL/CMOS
17

Figure 19: LH0082 Basic Operating Circuit — 300nW, 5 Mbit

BER .

10-10

BIT ERROR RATE vs SIGNAL TO NOISE RATIO

Figure 20: Bit Error vs. Signal-to-Noise Ratio
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A Complete Link

Putting together a total link is not so difficult as the
“experts” would have you believe. We can be almost
sloppy in our handling of the transmitter circuitry, light
coupling to transducers, and connecting the cable. The
expense is a little care at the receiver end.

Figure 21 gives a sample application ideally suited to
fiber optics. A data entry room is located 300 meters
from a computer facility, separated by a manufacturing
area containing arc welders, punch presses and the
like. One-way communication from the three data entry
terminals to the computer is required at 19.2 Kbits. Let
us assume that we will multiplex the three data channels
with one sync. channel and send the signal through one
fiber optic cable, and demultiplex the signal at the
computer end. We will sample each of the three data
channels and the sync. channel at 5 times the data rate
or 4x 19,200 x 5 =384kbit data rate. We will select an
inexpensive red indicator LED whose total output power
is only 30uW or —15dBm. We must now account for all
of the losses Involved in transferring this light to the
photodiode at the receiving end:

LED-transmitter connector: —10dB

" receiver connector: ~3dB
40dB !

300M Xm (cable): —12dB

Safety factor: -3dB

Total loss = —28dB
Thus, the power at the receiver is:
-15dBm ~28dB = —43dBm (50nW)

The LHO082 in the high sensitivity mode (Rr = 1M) has a
30nW sensitivity with a 0.3 A/W photodiode and can
provide a maximum data rate of 650kbit. The use of in-

expensive connectors, poor coupling of light to the fiber
at the transmitter end, and cheap, moderate loss cable
(40dB/km) does not prohibit a high performance data
link when used with a versatile receiver such as the
LHO0082.

Conclusion

Many such applications can be implemented by using
cost effective, moderate performance LEDs, connectors
and fiber optic cable by taking a little extra care with the
receiver circuitry. The National Semiconductor LH0082
provides a versatile solution to such fiber optic receiver
needs.

0ATA O

DATA O
CATA O

SYNC O

300 METERS TOTAL
LENGTH

COMPUTER ROGM

25 ARC WELDERS

10 PUNCH PRESSES

MANUFACTURING

DATA ENTRY ROOM

ks

[+

3 19.2 KBIT TERMINALS

Figure 21: Sample éystem '
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Application of the ADC1210
CMOS A/D Converter

Introduction

The ADC1210 is the answer to a need for analog to
digital conversion in applications requiring low
power, medium speed, or medium to high accuracy
for low cost. The versatile input configurations allow
many different input scale ranges and output logic
formats.

The wide supply voltage range of 5V to 15V readily
adapts the device to many applications. The very low
power dissipation yields remarkable conversion line-
arity over the full operating temperature range. Table
below summarizes the typical performance of the
ADC1210.

TABLE |
ADC1210 Performance Characteristics
12 bits

+0.0122% FS MAX
+0.0244% FS MAX
0.1% FS MAX
0.1% FS MAX
+%21.8B MAX
200us MAX

Resolution
Linearity Error, To=25°C

Over Temperature
Full Scale Error, Tp =25°C
Zero Scale Error, Tp =25°C
Quantization Error
Conversion Time
This note expands the scope of application configu-
rations and techniques beyond those shown in the
data sheet. The first section discusses the theory of
operation. The remaining sections are devoted to

applications that extract the optimum potential from
the ADC1210.

National Semiconductor
Application Note 245
James Wong

Theory of Operation

Like most successive approximation A to D’s, the
ADC1210 consists of a successive approximation regis-
ter (SAR), a D to A converter, and a comparator to test
the SAR’s output against the unknown analog input. In
the case of the ADC1210, these elements are connected
to allow unusual versatility in matching performance to
the user’s applications.

The SAR is a specialized shift register programmed
such that a start pulse applies a logical low to the most
significant bit (MSB) and logical highs to all other bits,
thus applying a half scale digital signal to the DAC. If
the comparator finds that the unknown analog input is
below half scale, the low is shifted to the second bit to
test for quarter scale. If, on the other hand, the compa-
rator finds that the analog input is above half scale, the
“low” state is not only shifted to the second bit, but
also retained in the MSB, thus forming the digital code
for three quarters scale. Upon completing the quarter
(or three-quarter) scale test, the next clock pulse sets
the SAR to test either %, %, %, or % full scale, depending on
the input and the previous decisions. This successive
half-the-previous-scale approximation sequence contin-
ues for the remaining lower order bits. The thirteenth
clock pulse shifts the test bit off the end of the working
register and into the conversion complete output. Figure
1 shows the schematic diagram of the device.

Operating Configurations

Figures 2 through 5 show four operating configurations
in addition to those presented in the data sheet.

4
cLocko2—]c,
START 00 3¢ CMOS SAR CONTROL LOGIC Py —
CONVERSION o 14| i
COMPLETE an e 0 0 Ar o 05 0 o [ o 0 vee s
12
21 1 )4
N O Lo
°
0 \ picimat
. o [ auTeuTs
| 0
7 >
Y 1 O
l Lse
> > > > > > > > >
‘ Sooon 3200 3 3 3 3 3 b3 3200k 3 200k
Lo L T
100k . 100k
200k
R-28 LADDER
2
OV (Vage)
\I\ 3
: 23 ) COMPARATOR
O gutput

AA

5 R26 A25 R27 f28
Sk Sa00k Pk 20k
l|9 pt 15 16 . 17

v

Figure 1. Schematic Drawing
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Figure 3. Complementary Logic, Bipolar —Vggr to +Vger Input
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Design Considerations

To Complement, or Not to Complement

Of the two recommended logic configurations, the com-
plementary version is preferred. It provides greater accu-
racy than the straight binary version. The reason for that
is that with the complementary logic configuration, a
reference voltage is fixed at the non-inverting input of
the comparator. Consequently, the comparator operates
at this fixed threshold independent of the input voltage.
For the straight binary configuration, the analog input
drives the non-inverting input of the comparator so that
the common mode voltage on the comparator input var-
ies with the analog input. This adds a non-linear offset
voltage of less than % LSB.

Regardless which configuration is used, the comparator
input common mode range must net be exceeded. In fact,
the voltage at either comparator input must be no less
than 0.5 volts from the negative supply and 2.0 volts from
the positive supply. Therefore, for applications requiring
common mode range to ground, simply connect a nega-
tive supply (—2V to —15V) to pin 20.

Layout Considerations

High resolution D/A and A/D converter circuits may
have their entire error budget blown if any digital noise
is allowed to enter the analog circuit.

Exercising care in the layout is certain to minimize
frustrations. Single point analog grounding is a good
place to start. All analog ground connections and supply
bypassing should be returned to this point. In fact, in
critical applications, the ADC1210 GND pin should be
made “the” reference node. Furthermore, one should
separate the analog ground from the digital ground. Any
excursion of switching spikes generated in the digital
circuit is, to some degree, decoupled from the analog
circuitries. Figure 6 illustrates this. Of course, these
two points are eventually tied together at the power
supply/chassis common.

In addition to a good ground system, it is a good idea to
keep digital signal traces as far apart from the analog
input as is practical in order to avoid signal cross
coupling.

+VL
1 2 +10.240V
+15V LHOO71
LH0023/43/53 l 22] 14 I
ATuF
3 H v+ MSB Vee
T : — MSB
ANALOG IN - ANALOG IN L>0-| o
Chowo MM74C906 3—, —
—15v —
" we aND |7
1
ANALOG GND
oo L “
A 7
o 2 : MM74C306
N :
c
CLOCK D .
13 LS8
START ——-D SC LS8 -y
Vo GND| 7L piGiTaL
= GND
MM74C902 | D

Figure 6. Grounding Considerations of Interface Circuits

17-146




Power Supply Bypassing

The supply input not only provides power to the digital
logic, it is also a reference voltage to the resistor ladder
network of the ADC1210. This voltage must be a very
stablé source. A precision reference device such as the
LHO070 or LHO0071 is ideal for the ADC1210. However,
the internal CMOS Successive Approximation Register
(SAR) invariably generates current spikes (10-20mA
peak) in the supply pin as the logic circuit switches
pass the linear region. Consequently, if a reference
device such as the LH0070 is used, the current spike
tends to cause excursions in the reference voltage, thus
threatening conversion accuracy. To preserve the 12-bit
accuracy, bypass the supply pin with a 4.7 uF tantalum
capacitor. In high noise environments, a 22uF capacitor
shunted by a 0.1uF ceramic disc capacitor is desirable.

If pin 20 is connected to a negative supply, it too should
be bypassed to prevent voltage fluctuations from affect-
ing the comparator operation.

Output Drive Capability

The digital outputs of the ADC1210 and the outputs of
the SAR, through which the resistor ladder is referenced,
are one and the same. Any excessive load current on the
digital outpt lines will degrade conversion accuracy. For
this reason, the ADC1210 must interface with CMOS
logic. However, the three most significant bits (pins 10,
11, and 12) are buffered from the R-2R ladder and are
capable of driving light loads without degrading linearity.
This could prove useful in 2's complement applications
where an inverter is necessary in the MSB; one might
construct this inverter with a discrete NPN transistor and
two resistors. The bit most sensitive to cutput loading is
the fourth most significant (pin 9). An error voltage at this
pin gets divided down by a factor of 16 before being ap-
plied to the comparator, so if we wish to limit the error
due to output loading to say, %LSB, o: 1.25mV at the
comparator, we can tolerate 20mV at pin 9. If all lower
bits will have the same output load, the error must be lim-
ited to 10mV. Since all of the digital outputs have a maxi-
mum ON resistance of 350Q at 10V Vgrer in both high and
low states, the maximum allowable load current is 10mV/
3502 =29uA. This current requirement is easily satisfied
with an MM74C914 or MM74C901 thru MM74C902 level
translators for interface with logic levels different than

Vger.

Comparator Hysteresis'

Even an ideal comparator can be expected to oscillate
due to stray capacitive feedback if biased in the linar
region. It is the normal operation of the SAR feedback
loop to do just that . .. at least at or toward the end of the
conversion cycle. For most applications, this oscillation
is only a minor bother, as the SAR register would have
locked out the converted data from further changes at
the end of conversion. If that is still undesirable, the Con-
version Complete (CC) Signal may be used to drive an
open-collector gate (such as the MM74C906) with the
output wire-ORed to the comparator output. In this way,
the comparator is always clamped to the low state at
the end of conversion. Normal operation resumes upon
restart of a new conversion cycle.

In normal operation, however, if we want to preserve
12-bit accurcy, the comparator oscillation should be
suppressed. The recommended technique is to apply a

slight amount of AC hysteresis (50mV) at the beginning
of the decision cycle, but let it decay away to an accept-
able accuracy before the decision is actually recorded
in the SAR. The approximate decay time is (5) x (10k + 1k)
X% (100pF), or 5.5 microseconds (see Figure 2).

For those applications using supply voltage other than
10V, say 5V, and if 50mV initial hysteresis is to be main-
tained, the 200k (Rp) resistor in Figure 2 should be
changed to 100kR based on the relationship:

Rg _
R+ RBVHEF =50mV

Where: Rg = 1kQ

High Speed Conversion Technique

By using one IC, one discrete NPN transistor, and a re-
sistor, the ADC1210 can be made to run at up to 500kHz
clock frequency, or 12-bit conversion time of 26us. The
circuit is shown in Figure 7. The idea is to clamp the com-
parator output low until the SAR is ready to strobe in the
data at the rising edge of the conversion clock. Compar-
ator oscillation is suppressed and kept from influencing
the conversion decisions. This technique eliminates the
need for the AC hysteresis circuit.

To implement the idea, a complementary phased clock
is required. The positive phase is used to clock the con-
verter SAR as is normally the case. The inverted clock,
generated from the same clock signal, is inverted by the
transistor. The open collector is wire-ORed to the output
of the comparator. During the first half of the clock cycle
(50% duty cycle), the comparator output is clamped and
disabled, though its internal operation is still in working
order. During the last half cycle, the comparator output
is unclamped. Thus, the output is permitted to slew to
the final logic state just before the decision is logged
into the SAR. The MM74C906 buffer (or with two inverting
buffers) provides adequate propagation delay such that
the comparator output data is held long enough to re-
solve any internal logic set-up time requirements.

The 500kHz clock implies that the absolute minimum
amount of time required for the comparator output to be
unclamped is 1us. Therefore, for applications with clock
signal other than 50% duty cycle, this 1us period must
be observed.
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Testing has demonstrated reliable performance from

this circuit beyond the recommended device operating
frequency of 65kHz. However, the AC hysteresis circuit
is still a very reliable technique below this clock
frequency and, therefore, should be used. Only in appli-
cations where the required clock frequency is above
65kHz should the above-mentioned technique be
adopted.

Synchronizing Conversion Start Signal

It is recommended that the START CONVERT input be
synchronl’zed to the CLOCK input. This avoids the pos-
sibility of the comparator making an error on the first
(MSB) decision when the analog input is near Y scale.
There is a chance that energy can be coupled to the
comparator from the rising edge of the START signal. If
this occurs just before the rising edge of the clock, a
wrong MSB decision can be made if time is not allowed
for the charge to dissipate. The synchronization circuit
in Figure 8 effectively prevents this from occurring.

ST il YMM74C00

" MM74C00

2 2
2 vt

CLOCK

£MM74C00

ADC1210

= o
0 Ls8 MSB

Figure 8. Synchronizing START CONVERT Signal

The circuit operates as follows: initially the latch is in
the RESET state and the converter is in the end-of-con-
version state (CC output at logic low). The START signal
sets the latch and, on the next positive clock transiticm_1
initializes all internal registers in the conyerter. The CC
output is set tologic high, presetting the external latch.
The latch is held in the “RESET"” state during the entire
conversion period, effectively preventing a new START
signal from interrupting the conversion.

Serial Output

The comparator output does contain the stream of seri-
ally converted data with the most significant bit first.
However, recognizing the danger of comparator oscilla-
tion, there is a potential for the external serial data regis-
ter to latch a data bit different from that recorded in the
SAR due to different logic set-up time requirements. If
the ADC1210 accepts an error in any one data bit, the
subsequent lower order bits tend to correct for it. On the
other hand, an external serial register has no provision
for error correction. All subsequent bits following a bit
in error will not be valid data.

The 12 bits of information can be shifted out serially by
using an MM74C150 digital multiplexer. The circuit is
shown in Figure 9. This scheme permits valid data to be
available at the serial output port as fast as half a clock
cycle after the most current decision. The data are thus
synchronized to the converter clock (here the serial data
are synchronized at the falling edge of the system,
CLOCK to avoid clock skew). Obviously, a number of
variations can be made to this basic circuit for use with
different handshake protocols. .

ANALOG IN
%MM74C00 %MM74C00
START __
CIOCK
VReF
Y, MM74C00 zzl 21|‘ l-:
CLOCK
24 ¢ ANA
e I
+—o| 5t ADC1210
O] {C
14
%MM74C00 12| n]1o] sl 8| 7§ 6 5] 4 3] 2| 1
MSB LSB

2| vja3)2zf2120]19

9|_Eo Er2
10
o MM74C150 QUT e SERIAL OUT
GND
L A B C D
- 15] 1] 13} n 24
DATA VALID
1l 13] 12] n
*— v+
0h 08 Q O 7
1 P
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) MM74C161 10
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A 16
Vee
A B C D GND
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Figure 9. 12:Bit A/D Converter with Serial Output
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Applications

Long Time Sample and Hold

The circuit in Figure 10 is a particularly simple realiza-
tion of an infinite sample and hold. This scheme requires
two low-cost analog sample-and-hold amplifiers to com-
plete the circuit.

The idea is to utilize the digital-loop feedback mecha-
nism of the ADC1210 which, in the normal conversion
mode, replicates the analog input voltage at the output
of the SAR/D-to-A converter.

The operation of the circuit may be described as follows:
During the normal “hold” mode, the replicated analog
voltage is buffered straight through the S/H amplifier to

the output. Upon an issuance of a SAMPLE signal, this
S/H amplifier is placed in the hold mode, holding the
voltage until the new analog voltage is valid. The same
SAMPLE signal triggers an-update to the input sample-
and-hold amplifier. The most current analog voltage is
captured and held for conversion. This way, the previ-
ously determined voltage is held stable at the output
during the conversion cycle while the SAR/D-to-A con-
tinuously adjust to replicate the new input voltage. At
the end of the conversion, the output sample-and-hold
amplifier is once again placed in the track mode. The
new analog voltage is then regenerated.

VREF
S %MM74C74 G
c I4.7pF
SAMPLE D a nl =
_ ADC1210, ADC1211
ck _ @
P
13
? of 5T )
24 . )
cLocK —4 vy b 23
»—04 > [
%MM74C04 '
GND . 200k
+15V —16V 21 18 |19 |15 [16 [17 -
1
8
5 .
0 — VRer 3] LF198
ANALOG IN
“MM74C08 " ANALOG -
outv

Figure 10. Infinite Sample and Hold Amplifer
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AN-245

An Auto-Ranging Gain-Programmed A/D Converter

The circuit in Figure 11 shows one possible circuit of an
auto-ranging A/D converter. The circuit has a total of 8
gain ranges, with the ranging done in the LH0086 Pro-
grammable Gain Amplifier (for differential input, use the
LH0084 with ranges of 1, 2, 5, 10 digitally programmed,
or pin strap programmed for multiplying factors of 1, 4,
and 10). The gain ranges are: 1, 2, 5, 10, 20, 50, 100, and
200. It effectively improves the A/D resolution from 12
bits to an equivalent of 19 bits, a dynamic range of better
than 100dB.

The circuit has relatively high speed ranging due to the
very fast settling time of the LH0086, typically 5us for
10V swing, well within the 15us converter clock period.
Thus, the ranging circuit is designed to work off the
same clock.

The circuit is designed such that the auto-ranging
function is transparent to the user. All command
signals into and out of the system are identical to those
of an ADC1210 operating alone. The only exception is
that the system requires one and one-half clock cycle
(mandatory auto range cycle), plus however many ranges
it has to scale to (each scale requires one clock period,
7 possible range switching in all) in addition to the basic
13 conversion cycle required by the ADC1210. There-
fore, in the best case where no ranging is necessary, the
circuit adds 22.5us to the conversion time; and in the
worst case, an additional 128us.

In the quiescent state where the ADC1210 is in the non-
conversion mode, the auto-ranging circuit is free to
function normally. Upon an issuance of a START signal,
the next clock rising edge puts the circuit in the final
auto range cycle before conversion begins. If the need
for up-range or down-range is detected, the circuit re-
mains in the auto range mode until all necessary scaling
is completed. The control circuit then issues a start con-
version signal to the ADC1210. Half a clock cycle later,
the ADC1210 begins conversion and suspends the auto-
ranging operation until the conversion is completed. At
which time the 12-bit converter data plus the 3-bit range
data are valid for further processing.

This design is suitable for applications in data-acquisi-
tion systems or portable instruments, particularly where
low power is an important consideration. Other varia-
tions from this basic scheme can be realized depending
on the user’s requirements.

Summary

The ADC1210 is a low-cost, medium-speed CMOS
analog-to-digital converter with 12-bit resolution and
linearity. It has wide supply range and flexible configu-
ration to allow varied applications such as field instru-
ments and sampled data systems.
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LH0024 and LH0032
High Speed Op Amp
Applications

Introduction

The LH0024 and LH0032 are very high speed general
purpose operational amplifiers exhibiting 70 MHz band-
widths, 500 V/us slew rates and 100 to 300 nanosecond
settling time to 0.1%. The LH0032 has the added advan-
tage of FET input characteristics. Both, however, can
drive loads with peak currents of 100 milli-amperes (mA).
The op amps are stable without external compensation
when operating at closed-loop gains of more than 100.
Both are constructed with thick film hybrid technology
and are actively trimmed for consistent device perform-
ance. Table | summarizes the typical performance data
for these op amps. Additional information may be
obtained from the respective data sheets.

This note is divided into three parts, with the first giving
a general description of the circuit topology of each op

amp. In the following section, several high performance

applications are discussed. Finally, the last section
consolidates all application techniques into an integral
design approach, much of which is applicable to any
high frequency circuit. )

LH0024 Circuit Description

The LH0024 contains two gain stages: One is a differen-
tial NPN pair and the other is a'single-ended PNP stage.
The complete schematic is shown in Figure 1.

The input stage differential pair, Q8 and Q9, is biased at
6mA by a current source made up of Q1, Q2, R3, and R5.
First stage differential voltage gain is typically 2. Its
output is applied differentially from base to emitter of
the second stage transistor Q3 which has a gain of about
1,700. This stage also converts the differential signal to
a single-ended output.

Current source Q5 and R4 provide 5mA of DC bias cur-
rent and a high impedance load to Q3. Overall amplifier
gain is the product of the gains of the two stages —
2x 1700 = 3,400, or 71dB.

National Semiconductor
Application Note 253
James Wong’

The output complementary pair with class B bias pro-
vides a low impedance sourcing and sinking output drive.
Although the class B bias contributes a small amount
of cross-over distortion, it is barely detectable in closed
loop operation.

LH0032 Circuit Description

The LHO032 is a general purpose operational amplifier
similar to the LH0024, but with JFET input devices in-
stead of bipolar. As a result, the LH0032 DC input bias
and offset currents are three orders of magnitude lower

than the LH0024. Its output drive capability is improved -

due to the use of a larger package with lower thermal
resistance, and its class AB output, which is normally
biased on, virtually eliminates cross-over distortion. -

7

oV+
< R %nz
S0 200
5 1 o 0uUTPUT
comp/ COMP.
NULL

INPUTS

Figure 1. Complete LH0024 Schematic Diagram

Table I. Typical Performance Characteristics

Parameter (T =25°C) Conditions LH0024 LH0032 - Units
Input Offset Voltage 2 2 . mV
Input Bias Current 15uA 10pA
Large Signal Voltage Gain Vout =+10V 71 70 dB

f=1kHz, R =1kQ :

Slew Rate Ay =+1, AVjy =20V 500 500 Vius
Small Signal Rise Time Ay=+1,AViN=1V 8 8 ns
Settling Time to 1.0% of Final Value Ay =-1,AV|y =20V 80 100 ns
Settling Time to 0.1% of Final Value 275 300 ns
Unity Gain Bandwidth (uncompensated) © 70 70 MHz
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AN-253

BALANCE
COMPENSATION

The improved DC performance is due, in part, to the
incorporation of monolithic dual junction FETs in the
input stage of the LH0032, providing matched DC track-
ing and good common-mode input characteristics. First
stage operating current is set at 6mA by the current
source made up of transistors Q8 and Q9 and resistors
R4 and R9, as shown in Figure 2. The first stage voltage
gain is:

Ay (1st stage)=gn R.=1.4 (1)

Where: gm =3.5mmho
RL=R1 || (B3 + 1) (re3 + 2R3)

The second stage consists of two identical pairs of dif-
ferential PNP transistors in a cascode configuration.
Each side operates at 5mA set by the emitter resistor R3
and the bias of the first stage. The differential amplifier
Q3 and Q4 feeds the common-base pair Q5 and Q6 with
the base voltage fixed at V* —1.9 volts by the diode
string Q13-Q15. Thus the collectors of the differential
pair Q3 and Q4 are held at one Vgg drop more positive
12

vto
PIPY: I
sun;» snu >80
o2
Emau)—
2 1w
Ems

Figure 2. Complete LH0032 Schematic Diagram

1k

than the reference voltage. Any signal amplified by the
differential stage produces only a very smalf change in
Q3 and Q4 collector voltage. Consequently, the Miller
effect on Q3 and Q4 (base-to-collector capacitances) is
virtually eliminated. Using hybrid n model of the transis-
tor, the voltage gain of the cascode stage may be approx-
imated as:

Ay (2nd stage) =gms4 X Req = 1,400 (2)
5mA
Where: gms= 0.026V
1
Req = o o5 | — h || B11+1) (R

Notice that the full differential gain is realized with the
use of the current mirror Q10 and Q186, which aiso pro-
vides high active load resistance to the PNP cascoded
pair, resuiting in high amplifier gain.

The collector output of the cascode stage is buffered by
a pair of complementary emitter follower transistors,
Q11 and Q12. This class AB output stage is normally
biased at 1mA by the 1.8 Vgg voltage produced by Q7,
R5, and R6. The emitter degeneration resistors provide
protection from thermal runaway.

Applications of the LH0024/LH0032

Applications of the high speed LH0024 and LH0032 range
from video amplifiers to sampling circuits. The applica-
tions described below include high speed sample and
hold circuits, photo-detector amplifiers, fast settling
digital to analog converters and buffered amplifiers.

A High Speed S/H Circuit

High Speed sample-and-hold circuits require high slew
rate and fast settling amplifiers. The LH0032 is ideal for
these applications. An example is shown in Figure 3.

The complementary emitter-foliower Q3 and Q4 sources
or sinks large peak current to rapidly charge or discharge
the hold capacitor during step changes, thus effectively

IN914

Q1
2N4391

Q2
2N4391

3.3k

W

/2DH0034

ToT

-15

I
2N2907 =

1000 pF 6 b— VouT

~15

+15

Figure 3. High Spéed Sample and Hold Circuit
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buffering the FET switch, Q1, whose rpon) would other-
wise slow the charge time. The LH0033 FET-input ampli-
fier buffers the output signal, providing 100mA drive
capability.

The circuit exhibits a 10V acquisition time of 900ns to
0.1% accuracy and a droop rate of only 100uV/ims at
25°C ambient condition. An even faster acquisition
time can be obtained using a smaller value hold-
capacitor. By decreasing the value from 1000pF to
220pF, the acquisition time improves to 500 ns for a 10V
step. However, droop rate increases to 500uV/mS.

Fiber Optic Transmitter-Receiver Applications

Many fiber optic applications require analog drivers and
receivers operating in the megahertz region where many
so-called wide-band op amps simply run out of steam.
Packed with 70 MHz gain-bandwidth product (unity gain
compensated), the LH0032 is quite suitable for optical
communication applications up to 3.5MHz. Figure 4
demonstrates a complete analog transmission system
using this device. '

The transmitter incorporates the LF356 to drive the light
emitter. The LED is normally biased at 50mA operating
current. The input is capacitively coupled and ranges
from 0 to 5V, modulating the LED current from 0 to
100mA. The circuit can be easily modified to operate
from a single +15V power supply. The only requirement is
that the amplifier must be biased within the input com-
mon mode range.

+15V

OPTICAL
PORT

The receiver circuit uses an LH0032 configured as a
transimpedance amplifier. A photodiode with 0.5 amp
per watt responsivity such as the Hewlett-Packard type
HP5082-4220, generates 50mV signal at the receiver
output for 1uW of light input.

Expectedly, the bandwidth of the entire optical link
rests on the receiver circuit. Therefore, if the response
time is to be optimized, one should reverse bias the
photodiode to minimize junction capacitance. As a
result, rise time improves more than 2 orders of magni-
tude. Next, the feedback resistor value should be cho-
sen to be as large as possible in order to maximize
sensitivity within the limits of allowable bandwidth
degradation. Using 100kR feedback resistor, the maxi-
mum system bandwidth is 3.5 MHz.

Fast Settling 12-Bit D/A Converter

A high resolution, fast-settling DAC can be constructed
using the LH0032. Its low input bias current causes no
significant DC error in conversion accuracy. Great care
must be exercised in circuit layout to assure highest
performance. A single point analog ground should be
used with the digital ground separated. A complete cir-
cuit with 12-bit resolution is shown in Figure 5. The con-
verter typically settles to ¥2LSB'in 800ns for a 10V full-
scale swing. Similarly, 10-bit or 8-bit resolution DACs
may be constructed using the DAC1020 or DAC0808,
respectively.

OPTICAL 100kQ
PORT

€G2-NV

2N2222

—15V = W

DAC1220

— 0V < VOUT < +10V

1.2k -10.
- ooov |
. 3 et
2 T 0.14F 0.14F
LH0070 : J—
|1 = —15v

Figure 5. Fast Settling DAC
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Buffered Amplifier

Whenever higher output current is required, a buffer am-
plifier may be added to the loop as shown in Figure 6.
The LHO033 boosts the output drive capability to+100mA
continuous and +400mA peak.

.J. S +
<
sepFm S +15V 15V

1K
INPUT ~AAA—

-15V

Figure 6. Wide Band Amplifier with 100mA Output
Capability

Despite its 100 MHz bandwidth, the LH0033 introduces
about 15 degrees of phase lag at the LH0032 unity-gain
frequency of 70MHz. As a result, phase margin is de-
graded by the same amount. Slight overcompensation
may be required in order to restore adequate phase mar-
gin. One way is to increase the feedback capacitor from
5pF to a slightly larger value, 6 to 8pF should be suffi-
clent. If the load is predominantly capacitive, the total
phase shift of the buffer stage may exceed 180° and ap-
pear as negative impedance seen looking into the input
of the buffer. The 51Q resistor restores some real

' resistance to alleviate this condition and prevents

potential oscillation. In cases where the load
capacitance is. relatively large, up to 100Q may be
necessary to compensate for it.

HP5082-
* L 2835

Design Considerations

, Optirnizing LH0024/32 Performance

The LH0024 and LH0032 allow considerable flexibility in
designing high performance circuits if care is taken in
the way they are used and implemented. Indeed, the
printed circuit board layout in high frequency circuits is
as important as the design of the hybrid devices them-
selves.

It is good practice to use ground plane PC board design.
It provides a low resistance, low inductance path, and
reduces stray signal coupling to sensitive circuitry. A
double-sided ground plane is usually better and should
be considered.

In addition, signal trace connections should be kept as
short and wide as possible. Avoid closely-spaced parallel
signal traces as signal cross-coupling may occur. Gircuit
elements should be placed close to the amplifier, partic-
ularly critical components that directly affect the am-
plifier's frequency response, such as compensation
capacitors. If at all possible, one should maintain single

- point ground throughout the circuit to minimize signal

phase delay.

Examples of single-sided PC layouts for the LH0024 and
LHO0032 are shown in Figure 7 and Figure 8, respectively.
The layouts include a settling time test circuit, optional
inverting or noninverting mode. Note that the summing
junction side of the feedback resistor is kept very close
to the device pin, thus minimizing lead capacitance. The
power supply decoupling capacitors should also be
kept close to the device pins, preferably % of an inch.

Input Guarding and Bootstrapping

In applications where input leakage currents are impor-
tant, trace guarding, such as used in sample and hold
circuits, can improve performance at no additional cost.

GROUND
PLANE

COMPONENT SIDE

Figure 7. Single-Sided Sample PC Layout for LH0024
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GROUND
PLANE

COMPONENT SIDE

Figure 8. Single-Sided Sample PC Layout for LH0032

The guard conductor serves to intercept leakage currents
from inputs to the surrounding circuit. It is most effective
when it is driven to the same potential as the guarded
circuit. Figures 9 and 70 show how the technique is im-
plemented in inverting and non-inverting configurations,
respectively.

One other benefit of input guarding is the reduction of
input stray capacitance effects. A comprehensive dis-
cussion of this technique is described in Application
Note AN-63.

v+

Tl &
5

R1
INPUT —AAA T
A%

R3

2 R2

AAA
v

Figure 10. Guarding Non-Inverting Unity Gain Amplifier

Input Capacitance Cancellation

The intrinsic input capacitance of the amplifier cannot
be totally eliminated by the input guarding technique.
This input capacitance introduces a pole in the
amplifier response at the frequency given by:

1

P= 2nRg CiN &)
This pole may become extremely important as, for exam-
ple, a Ciy of 5pF (typical input capacitance of the
LH0024 and LH0032) with a 500 ohm effective source
resistance creates a pole at about 64 MHz — well before
the amplifier's natural frequency response rolls off to
unity gain at 70MHz. If closed-loop gain is unity, more
than 135° total phase lag is introduced even before the
crossover frequency is reached and will destroy phase
margin. Oscillation is certain to occur. The solution is to
cancel its effect. As shown in Figure 11, the lead capa-
citor C1 across the feedback resistor is used to introduce
a zero in the loop response such that it exactly cancels
the pole caused by the input RC network.

f

N b— QUTPUT

IC

V-

Figure 11. Compensating Amplifier Input Capacitance
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Ideally, the ratio of input capacitance Cjy to lead capa-
citor C1 should equal the closed-loop gain of the ampli-
fier. Under this condition, exact pole-zero cancellation
is realized.

Note that Equation (3) dictates the use of source resist-
ance values less than 1kQ in circuits operating at or
near unity gain to keep fp greater than 70 MHz.

Frequency Compensation

High-performance wideband op amps such as the LH0024
and LH0032 require external frequency compensation,
depending on the closed-loop gain. Optimum AC perform-
ance will be affected by a given circuit and its layout.
Several compensation techniques are recommended and
the best should be selected according to the particular

application. Each is discussed in the following sections..

Compensating the LH0024

Table Il provides a guide to compensate the LH0024 at
several values of closed-loop gain. Figure 12 shows the
basic scheme.

ouTPUT

00t L
—15V =

Figure 12. LH0024 Frequency Compensation Circuit

When operating with closed-loop gain of -1, C3 is
required and may need slight adjustment to completely
cancel the input c_apacitance of the device, typically 5pF.

Table §l
Closed-Loop Gain c1 Cc2 Cc3
100 0 0 0
20 0 0 0
10 0 20pF 1pF
1 30pF 30pF 5pF

An alternate technique for compensation at a closed-
loop gain of 1 is to use an input RC lag compensation
network as shown in Figure 13. ’

With 1kQ resistor values in the circuit, Rg and Cg
should be 82 ohms and 0.047uF, respectively. The dif-
ficulty in using this compensation is its involved
calculation and experimenting required in order to find
the optimum Rg and C¢ values if resistors orther than
1kQ are used when the above Rg and C¢ values are no
longer valid and must be redetermined. For this reason,
optimum compensation is almost always determined
empirically, as were the values given.

_[ 0.01 +15V
5pF 1k F

INPUT —AAA,

b— QUTPUT

W 15V

Figure 13. Input RC Lag Compensation Circuit

Compensating the LH0032

With the LH0032, two compensation schemes may be
used, depending on the designer’s specific needs.

The first technique is shown in Figure 14. It offers the
best 0.1% settling time for a +10V square wave input.
The compensation capacitors Cc and Ca should be
selected from Figure 15 for various closed-loop gains.
Figure 16 shows how the LH0032 frequency response is
modified for different value compensation capacitors.

Although this approach offers the shortest settling time,
the falling edge exhibits overshoot up to 30% lasting 200
to 300ns. Figure 17 shows the typical pulse response.

+H5V  0.014F

INPUT

0.01uF
L

Figure 14. LH0032 Frequency Compensation Circuit

100

@

50
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s
===
— et
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COMPENSATION CAPACITANCE Cg (pF)
COMPENSATION CAPACITANCE Ca (pF)

o
o

1 10 100 . 1000
CLOSED LOOP GAIN

Figure 15. Recommended Value of Compensation
Capacitor vs. Closed-Loop Gain for
Optimum Settling Time
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Figure 16. The Effect of Various Compensation
. Capacitors on LH0032 Open Loop
Frequency Response

Figure 17. LH0032 Unity Gain Non-Inverting Large
Signal Pulse Response:
Ta=25°C, Cc=10pF, Cap =100pF

If obtaining minimum ringing at the falling edge is the
primary objective, a slight modification to the above is

recommended. It is based on the same circuit as that of .

Figure 14.

The values of the unity gain compensation capacitors
Cc and Ca should be modified to 5pF and 1000pF, re-
spectively. Figure 18 shows the suitable capacitance to
use for various closed-loop gains. The resulting unity
gain pulse response waveform is shown in Figure 19. The
settling time to 1% final value is actually superior to the
first method of compensation. However, the LH0032
‘suffers slow settling thereafter to 0.1% accuracy at the
falling edge, and nearly four times as much at the rising
edge, compared to the previous scheme. Note, however,
that the falling edge ringing is considerably reduced.
Furthermore, the slew rate is consistently superior
using this compensation because of the smaller value of
Miller capacitance C¢ required. Typical improvement is

as much as 50%. A uiure detailed discussion of this

effect is provided in the Slew Response section of this
Application Note.

The second compensation scheme works well with both
inverting or non-inverting modes. Figure 20 shows the cir-
cuit schematic, in which a 270 ohm resistor and a 0.01uF

5

8 4 \\ 1000 S
8 \ 8
2 h g
5 3 S
T

= 2| Neel 500 =
g N C z
= =
zZ | o m z
g , o 8

1 10 100 1000

CLOSED LOOP GAIN

Figure 18. Recommended Value of Compensation
Capacitor vs. Closed-Loop Gain for’
Optimum Slew Rate

‘ Figure 19. LH0032 Unity Gain Non-Inverting Large
Signal Pulse Response:
CC =5pF, CA = 1000pF

capacitor are shunted across the inputs of the device.
This lag compensation introduces a zero in the loop
modifying the response such that adequate phase mar-
gin is preserved at unity gain crossover frequency. Note
that the circuit requires no additional compensation.

SV 0.014F

—— OUTPUT

Figure 20. LH0032 Non-Compensated Unity Gain
: Compensation
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Output Drive Capability
The LH0024 and LH0032 op amps are designed to deliver,

but not to exceed, +100mA peak output current for dura-

tions under 1ps at duty cycles under 1%.

The output drive capability of these op amps is limited
primarily by device power dissipation. Figure 21 shows
the maximum drive capabilities under various conditions.
These limits should be observed. Furthermore, the open
loop gain decreases slightly as a result of increased
output loading. For this reason, continuous output cur-
rent should be kept under 50mA.

60

TA= +25°C,
Vg =15V
50 +
=
E
= 40 /
£ 474
£ 30 (—TA= +25°C
= — g s
3 Vs =12V A= +70°C,
2 2 ] Vs =15V
5 ,{,/
=) - Ta= +85°C, 4
10 Vg = +12v-L4
-
0 1
012345678 9101112
QUTPUT VOLTAGE (V)
LH0024
60
50
3
E
= 40 TA= +85°C,
g Vg =15V
@<
§ 30
= 1
g T | L
3 o ’,/ﬁ[;:nzs'*c,
10 Vg =215V -—
0 L

012345678 9101112
" OUTPUT VOLTAGE(V)
LH0032

Figure 21. Continuous Output Drive Capability

Capacitive Load Compensation

Capacitive loads cause increased phase shifts in such
a way that phase margin decreases toward an unstable
state and oscillation may result. The cure is to overcom-
pensate the op amp and to isolate the load with a series
resistor (100 to 200 ohms) as shown in Figure 22. For
example, an unterminated coaxial cable presents a
capacitive load. Slight overcompensation may be re-
quired to maintain stability.

v+

0.01,F

Figure 22. Output Protection when Driving Capacitive
Load -

Power Dissipation

A simple design rule that is often bent, if not broken, is
that relating to power dissipation. The limits for the
LH0024 and LH0032 are shown in Figure 23. Under no
circumstances should these guidelines be exceeded
within the temperature range specified. The total power
dissipation can be easily calculated from the following
equation:

Protal = Pa + Pout 4

Where: Pg=the quiescent power at a given supply
voltage and current as specified by the data
sheet, and,

"Pout = the drive power dissipated in the device
output stage, computed as the net rms
collector-emitter voltage of the output
transistor times the load current.

Determining power dissipation when driving a capacitive
load is more involved. The peak power required to charge
or discharge the load capacitor is:

Ci (AvY

l:’Peak = (5)
Where: AV =the change in voltage across Cy.
t = Ipeak charging time into C.

Over a full charge and discharge cycle, the power is
directly proportional to the frequency of the input pulse
waveform. As the pulse repetition frequency increases,
so does power dissipation.
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Figure 23. Maximum Power Dissipation
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Short Circuit Protection

Since the LH0024 and LH0032 have no internal short
circuit protection, their relatively high drive capability
can sustain current levels sufficient to destroy the de-
vices if high frequency oscillation is induced. This can
occur with a large capacitance load. To design in protec-
tion, a current limiting resistor Rgc should be inserted at
the output of the amplifier inside the feedback loop as
shown in Figure 22. The value of Rs¢ can be determined
from the following equation:
+
Rsc = —|V_ 6)
sC

Where: V' is the power supply voltage.

Heat Sinking Considerations

Under severe environmental and electrical operating
conditions, a low thermal resistance heat sink should
be used to assure safe operation. The following is a list
of heat sinks from various sources recommended for
the TO-8 case style:

Thermalloy 2240A, 33°C/W
Wakefield 215CB, 30°C/W
IERC, UP-T0O8-48CB, 15°C/W

Heat sinks for the TO-5 case style are readily available
from many manufacturers. A reasonably priced clip-on
unit from Thermalloy, Model 2228B, offers modest ther-
mal resistance of 35°C/W.

Case Grounding

Grounding the case of the device offers improved
immunity from circuit cross-talk, but it compromises
additional stray capacitance to every device pin (usually
1-2pF). In the rare situation where case grounding is
required, slight recompensation may be necessary.
However, most applications are not demanding enough
to warrant its use.

There are several ways to strap, or ground the case. For
the LH0032, the best approach is to solder a small metal
washer or a small piece of wire between the base of the
device metal can and the base of an unassigned lead
post. Dedicating pin 7 of the LH0032 for this purpose is
recommended, although any other “no connection” pin
is acceptable. High temperature solder should be used to
avoid solder reflow during normal assembly operations.

The LH0024 has no unused pins available, and thus is
not readily adaptable to case strapping. An alternative
approach is to use an electrically conductive heatsink
with a PC board-mountable option, such as Thermalloy
type 2230C-5.

In all uses of case grounding, be on the lookout for
ground-induced noise into the signal path. In short, be
sure the ground is a quiet ground.

Power Supply Bypass

Power supply pins must be bypassed in all cases to pre-
vent oscillation. A 0.01 to 0.1uF disc or monolithic
ceramic capacitor at each supply pin to ground is 2de-
quate. The capacitors should be placed no more than %2
inch from the device pins. .

Adjustment of Offset Voltages

When required, the offset voltage of the operational
amplifiers may be nulled using a balance potentiometer
as shown in Figure 24. The 100 ohm series resistors
prevent any adverse oscillation or malfunction when the
pot is shorted to either end of the adjustment range.

+15V +15V

—15v

Figure 24. Offset Voltage Adjustment

Slew Response Improvement

Slew rate is the internally limited maximum rate of rise,
or fall, at maximum amplifier output swing when driven
by a large signal step input. It is primarily limited by the
operating current of the input stage. When overdriven
by a step function, the input stage operating current
charges or discharges the effective circuit capacitance
of the second stage. The rate of charge is:

ﬂ =.|Ingut Stage )
dt CNode

In the case of the LH0032, where Miller Compensation
is used, the external capacitance adds to the internal
circuit capacitance, resulting in reduced slew rate. Fig-

ure 25 illustrates this effect as a function of the capaci-
tance value.

1000 ———
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Figure 25. LH0032 Slew Rate vs. Frequency
Compensation Capacitance
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Figures 26, 27, and 28 demonstrate the rising and falling
slew capabilities of the LH0024 and LH0032. Notice the
improved slew rate performance of the LH0032 using the
alternative compensation technique in Figure 28 com-
pared to Figure 27. The difference is due to the smaller
Miller capacitance used in the former.

The LH0024 does not use Miller Compensation, so slew
rate is not compromised. Consequently, large signal

RISE

m FALL

Figure 26. LH0024 Slew Response, Unity Gain
Inverting Mode

frequency response is significantly higher than that of
the LH0032.

Finally, power supply voltage affects slew rate. As the
voltage decreases, input stage operating current de-
creases accordingly. The net effect is a reduction in the
slew rate as the available charging current drops off.
Figure 29 shows the typical slew response of each op
amp as a function of supply voltage.

RISE

Figure 27. LH0032 Slew Response, Unity Gain Inverting
Mode, Standard Compensation
(Cc =10pF, C, =100pF)

Figure 28. LH0032 Slew Response, Unity Gain Inverting
Mode, Improved Compensation -
(CC =5pF, CA =1000 pF)
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Figure 29. Slew Rate Response as a Function of Supply Voitages
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Settling Time

Settling time is the time between the start of a step
input to the time it takes the output to settle to within a
specified error band of the final voltage. This parameter
is heavily influenced by the frequency compensation of
the amplifier (degree of damping). Undercompensation
results in excessive phase shift, overshoot and ringing,
and therefore, a long settling time. Equally poor per-
formance results from overcompensation, which ylelds
an overdamped system, slow decay and, again, a long
settling time.

Expectedly, settling time Is affected by the loop gain of
the amplifier. Figure 30 illustrates this effect for these
two devices.

One of the most demanding applications is driving a
capacitive load in a circuit such as a high speed sample-
and-hold, where accuracy and fast settling time are both
important. Because of the additional phase shift intro-
duced by driving the sampling capacitor, the LH0032
must be recompensated. Figure 31 presents the optimum
compensation to obtain fastest settling time under these
conditions.

Conclusion

At first glance, the LH0024 and LH0032 seem harmless
enough. A more in-depth look reveals the challenges in
applying these high performance op amps. The ultimate
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LH0024

capabilities that can be extracted are a direct function
of careful engineering. With prudence, these devices
are harmless indeed.

Application of these high performance amplifiers re-
quires an understanding of compensation and layout
technique. With the information presented in this note,
the designer should be able to enjoy the benefits of their
superior capabilities.’

References:
N
1. Natlonal Semiconductor Special Functions Databook.

2. R. K. Underwood, “New Design Techniques For FET Op
Amps"” National Semiconductor AN-63, March 1972..

3. J. Wong, J. Sherwin, “Applications Of Wide-Band Buffer

Amplifiers” National Semiconductor AN-227, October 1979..

4. “LH0082 Optical Communication Receiver” Data Sheet,
National Semiconductor Corp..

5. E. Miller, “Introduction to Practical Fiber Optics” National
Semiconductor AN-244, May 1980.

1000 TTTTI

Vg =15V
%00 L
800
Z 70
g 600
5 s
400 I
E AR [0.05% 1%
300 \jﬁem
200 s =
100 1.0%
] il
1 10 100 1000

CLOSED LOOP GAIN (V/V)

LHO0032

Figure 30. Settling Time vs. Closed-Loop Gain

__100 IRRALLL u I
e Vg ==x15V ’- [— [-
& TA=25°C
S 30 FAY= +1 HH
8
H]
§ 60 HH
g /
= 40 A
1=
=
2 20
& ol
: H
i L1
10 100 1000 10,000

LOAD CAPACITANCE (pF)

Figure 31. Frequency Compensation vs. Lbad Capacitance

17-161

>
Z
N
[33]
w




AN-261

Low Distortion Wideband
Power Op Amp

The LHO101 is a new power operational amplifier cap-
able of delivering a high-current low-distortion output.
The device Is conservatively rated at 2 amps continuous
current. A novel design technique is used to eliminate
the crossover distortion often plaguing power op amps.
Additional features include a frequency response from
DC to greater than 4 MHz. Excellent DC performance is
attained by using FET input devices, and the unity gain
frequency compensation has been performed internally.
Finally, the device is hermetically sealed in a standard
8-pin TO-3 power package.

The initial LHO101 design goal was to develop an easy
to use wideband operational amplifier capable of
driving a variety of loads. This requirement focused a
major portlon of the design effort in the power output
stage where considerable emphasis was placed on
eliminating.crossover distortion. Another consideration
was to remove the ground connection typically associ-
ated with power amplifiers in order to ease the usage
with single or dual power supply configurations.

-Our discussion is sectioned into three subtopics where

the first details the LH0101 internal circuitry, the second
presents a variety of user product development/ design
precautions, and the third presents typical applications
for the LHO101, supported by circuit diagrams.:

Table 1. LH0101 Typical Performance Characterlstics
at 25°C Ambient, =15V Supply.

Parameter Conditions - Value
Output current 2A
Input offset voltage | smv
Input bias current - 50pA
Input offset current 25pA
Input resistance 1012Q
Large signal voltage
gain . 200VimV
Output voltage swing | R, =100Q £12.5V

R =109 +11.6V

R =5.0Q =11V
Slew rate Ay=+1" 10 Vius
Full power bandwidth | Ay=+1, R =109 300kHz
Small signal rise time | Ay =+1, R =10Q 100ns
Small signal settling
time to 0.01% Vin=10V, Ay =+1 2us
Gain bandwidth 4MHz
Harmonic distortion f=1kHz, Po=1W | 0.005%

RL = 109, AV =+1

f=20kHz, Po=1W | 0.05%

R =10Q, Ay=+1

National Semiconductor
Application Note AN-261
James Wong & Richard Johnson

’

‘Circuit Topology

The LHO0101 consists of 3 essential stages, an operational
amplifier, a buffer, and a power output stage.

Selection of a BI-FET operational amplifier was prompted
by a balance between the desired AC and DC perform-
ance. This decision was made in order to take advantage
of the high performance BI-FET series’ slew rate, settling
time, and low blas current characteristics. The added
feature of internal frequency compensation aided in
making it an ideal amplifier upon which to build.

The zero-crossing distortion associated with high current
and high frequency conditions is an-age-old problem of
class B and class AB power amplifiers. In order to mini-
mize the distortion at crossover, the amplifier must main-
tain a low output impedance throughout zero crossing.
This requires the push-pull output transistors to smoothly
alternate current sourcing and sinking duty during the
crossover. ‘

To obtain a low output resistance the output stage must-
constantly remain in the active region. The usual ap-
proach is to incorporate a class AB output stage similar
to that shown in Figure 1. During no load conditions,
both output transistors are biased ON thus providing a
low output resistahce and hence eliminating crossover
distortion. Under rated current load conditions, however,
a potential source of distortion can develop. Take the
case of an output at a positive voltage delivering the
rated current to a load. The increased base-to-emitter
voltage of the drive transistor tends to bias the bottom
transistor OFF.

v+ v+

INPUT — OUTPUT

V- V-

Figure 1. Class AB Output Stage as a Possible Solution
to Minimize Distortion
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As the output swings negative, crossover distortion can
be seen to depend upon how quickly the bottom transis-
tor can turn ON to assume its drive portion of the duty
cycle. This condition becomes more acute at higher fre-
quencles.

Of even greater concern is the risk of thermal runaway.
An internal rise In temperature decreases transistor
junction voltages which in turn increase the collector
operating current. Typically emitter degeneration resis-
tors can be used to compensate for this effect, but prove
themselves inadequate under rated current load condi-
tions. In order to minimize the junction voltage tempera-
ture effect a large resistor value must be selected. At the
same time this [Imits the output drive current and, hence,
the output voltage swing. On the other hand, if a small
resistor value is selected, the output drive current is
maintained but the voltage drop across this small resist-
ance Is Inadequate to compensate for a decrease in
junction voltage. This result brings the problem back to
one of thermal runaway and clarifies the shortcomings
of Figure 1.

Another commonly used technique is a pseudo-class B
output stage found in many integrated power op amps,
(see Figure 2). In this configuration, the limited output
swing problem of class AB amplifiers is eliminated. The
output swings to within one or two volts of either supply.

The obvious problem with this type of circuit Is that it
has significant crossover distortion. Distortion occurs
when both output transistors are biased completely OFF
during zero crossing, thus exhibiting relatively high resis-
tance at the amplifier output. In addition, the minor loop

v+
INPUT 0P AMP p— OUTPUT
¥ ml
T

Figure 2. Class B Output Stage

feedback between the base drive of the transistors and
the output almost always induces an abrupt change in
the response. This further aggravates the amplifier dis
tortion.

The new op amp successfully combines both techniques
to achleve remarkably smooth crossover transitions
under most demanding conditions. The complete sche-
matic is shown in Figure 3.

The buffer stage, which consists of transistors Q3, Q5,
Q10, and Q11 Is a current amplifier with unity voltage
gain. Connected as a class AB amplifier, its function is to
provide distortion-free drive during zero crossing. Band-
width is in excess of 50MHz to ensure no bandwidth-
Induced distortion.

The buffer stage output is current limited by transistors
Q7 and Q8 to no more than 50mA. However, the power
stage transistors Q1 and Q2 are designed to turn ON as
the load current reaches ‘about 25mA. Any additional
current demanded is sustained by these two output
transistors right up to the rated output limit. Thus, the
reserve drive of the buffer stage is used only to “smooth”
the turn-on delay of the output Darlington transistors.

Q6 and Q9 base-to-emitter junctions are used as current
limit sense to protect the output stage. Current sense
resistors connected between the supply pins and the
SC pins program the limit threshold. In operation, an
approximate 0.6 volt differential turns ON either tran-
sistor Q6 or Q9, which in turn drives Q12 and Q4 respec-

tively, starving any excess base current from driving the -

output beyond the preset limit.

+ 20)v+
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>
R6 < R4
15K S 50 6 —{ )sc+
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3
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- Flgure 3. LHO101 Complete Schematic
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Result

The performance of the LH0101 is best demonstrated in
the following photographs. Figure 4 shows the large
signal slew response of the LH0101 into a 10Q load. No
crossover distortion is evident.

Figure 4. Large Signal Pulse Response, 10Q Load

Generally, crossover distortion occurs within a small
region near zero crossing. In order to amplify its effect,
a signal of small amplitude is used. Figures 5 and 6
show a signal amplitude of 2 volts peak, and loads of
10Q and 12 respectively. Notice that a slight distortion
is observed in Figure 6, but only under the extreme con-
dition imposed by the 1Q load!

Figure 6. Small Signal Triangular Wave Response,
1Q Load

Design Precautions
Circuit Layout Considerations

In high power applications, one must pay close attention
to the trace connections in which high current is carried.
Critical connections should be short to minimize line

. drop. For example, a 10mQ PC trace carrying 2 amps

develops 20mV of error voltage. it is important to be
aware of where this error is generated and how it impacts
accuracy.

Ground connections are probably the most important, if
not the most troublesome. Not only can they contribute
to circuit error, but in many situations the circuit can be-
come unstable if the layout induces excessive phase
error. Figure 7 shows one correct technique for circuit
grounding. The heavy lines represent high current paths.
The analog signal ground is returned to the supply
common.

Output Current Limit

As described in the previous section, current sense

" resistors may be inserted between the supply pins and

the SC pins to limit excessive load currents. A voltage of
0.6 volt developed across the sense resistor triggers the
limiting circuit. Figure 8 illustrates the usage.

In cases where the chosen Rgg is small (<1Q), the con-
tact resistances from solder connections and socket
ohmic contacts become important and must not be
overlooked. A good solder joint typically exhibits 5mQ
of resistance and socket contacts have about 10mQ.
Even interconnecting traces will become significant if
they are long.

Consider the circuit in Figure 8; a pair of geod solder
joints on the 0.3Q current sense resistors contribute
more than 3% error. Also, one can expect the current
sense transistor threshold to vary as much as 10% from
device to device. Furthermore, this threshold has a tem-
perature coefficient of —2mV/°C. In summary, the ex-
pected accuracy is on the order of 20 to 25% under all
operating conditions.

When designing the current limit, the threshold should
not be set too close to the worst case peak current under
any normal operating conditions. Signal distortion will
occur even if the threshold is intermittently exceeded
for a very short duration. In the worst instance, the cir-
cuit can trigger spurious oscillation, such as in the case
of driving a capacitive load during transient conditions.
These occurrences are very real in nearly all op amps
having similar current sense circuits. Although the cur-
rent limit circuit has high enough gain to produce a sharp
response, it is a good idea to allow a 20% margin above
the worst case operating condition.

Safe Operating Conditions

In order to preserve the reliable performance of the
LHO0101, the device must not operate beyond the bound-
ary defined in the Safe Operating Area curve in the data
sheet. Because of its importance, it has been reproduced
in Figure 9.
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Power Dissipation Considerations

Probably the single most Important gauge of reliability
is the operating temperature of this device. The derating
curve, which has again been reproduced in Figure 10,
must be followed faithfully. Similar to the Safe Operating
Area curve, under no circumstances should the boundary
be exceeded.

The curves relate operating and junction temperature,
power dissipation and thermal resistance. The general
relationship is expressed as follows:

Tomax) = Tamax)

—_— 1
Rgyc + Rocs + Resa M

Ppiss =

where: Ppjsg = the power dissipated by the device in

watts.

Tymax) = the maximum junction temperature al-
lowed, for the LH0101, T:J(MAX)=150°C

Tamax) = the maximum ambient temperature in
°C under which the device must
operate.

Rgye = thermal resistance from the junction
to case in °C/W, for the LHO101,
Rgyc =2.5°CIW.

Recs = thermal resistance from case to
surface of heat sink in °C/W.

Rgsa = thermal resistance from heat sink to
free air ambient in °C/W.

In simple terms, the expression is a measure of how well
the internally generated heat is removed such that the
power dissipated will not give rise to a maximum per-
missible junction temperature of 150°C. Thus, the sum of

1
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Figure 7. Proper Supply Connection
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Figure 9. Safe Operating Area

all the thermal resistance represents the thermal effi-
clency of the mechanical design. The lower the sum, the
more efficient the thermal conductivity. ’

In a typical design, first and foremost is to calculate the
maximum power dissipation that the device is designed
to handle. There are two components, which are related
by the following equation:

Ppiss=Pa+Po @

The first part of the equation is the quiescent power at
which the device operates under no load. The second
term Is the power dissipated by the output transistors
due to the load. This Is calculated as the average
voltage difference between the supply voltage and the
output voltage multiplied by the maximum rms load cur-
rent the amplifier is required to deliver.

Once the power dissipation is calculated, the next step
Is to determine the maximum ambient temperature in
which the device must operate.

To complete the thermal design, all contributions of ther-
mal resistances must be summed per equation (1) above.
First, the junction-to-case thermal resistance for the
LHO101is given in the data sheet; it is typically 2.5°C/W.

The metal case of the LH0101 is electrically connected
to the output of the amplifier. Unless the application
permits direct mounting to a heat sink, a sheet of insu-
lation should be sandwiched between the case and the
mounting surface for isolation purposes. Many types of
insulators are available. The most popular of these is
mica film. Its thermal resistance is listed in Table 2
along with other types.

v+
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Figure 8. Current Limit Protection
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Table 2. Thermal Resistance’

Insulator WIO Thermal| W/ Thermal
Material Joint Joint -
Type Compound | Compound| Sources
Mica 1.3°CIW @ 0.25°C/W | Thermalloy
0.003" thick Inc.
1.2°CIW @ 0.33°C/W [ Keystone
0.002" thick Electronics
Mod. #4658
Thermalfilm 1?2 | 1.5°C/IW @ | 0.52°C/W | Thermalloy
0.002" thick Inc.
Aluminum 1.0°C/IW @ | 0.3°CIW
Oxide? 0.062°C
Beryllium 06°C/W @ | 0.15°C/W
Oxide*?* 0.062” thick
Insul-Cote? 0.5°C/IW @ Thermalloy
0.002” thick Inc.

T Mounting bolts torqued to 6 oz.-in.
2Consult manufacturer on availabiiity for 8-lead TO-3
package style

Particle, dust, or fumes present health hazards when
inhaled. Grinding, sanding, and pulverizing the material
should be avoided.

In critical applications, thermal-joint compound should
be used to maximize heat transfer across the case to the
heatsink. With air being a poor heat conduction medium,
the use of thermal joint compound eliminates air gaps
between mounting surfaces, thus providing more than 3
times improvement in thermal efficiency over those
cases without.

The remaining unknown, Rgsa, can now be determined
from the proper selection of the heat sink. By itself, that
Is, with no heat sink, the TO-3 case has a junction-to-
ambient thermal resistance (Rqgyp or 6;4) of about 25°C/W.

Consequently, a heatsink is almost always required in -

applications involving significant power. Most heat sink
manufacturers specify the mounting-surface to ambient
thermal resistance Rgsa. In @ nutshell, the heatsink is
selected such that the right hand side of equation (1) is
equal to or greater than the left hand side, or total power
dissipation. It is good engineering practice to allow at
least a 10% safety margin.

I

Design Considerations Driving Inductive Load

The LHO101 is suitable for driving most inductive loads .

including voice-coils and motors. However, in many situ-
ations the device should be protected from the harmful
effects of energy stored in the inductor. Such a condi-
tion exists when power is removed from the circuit at an
instant when'a high current is flowing through the in-
ductor. A back-emf may have energy high enough to for-
ward bias internal junctions at a current density level
sufficient to destroy the device. Figure 11 illustrates a
simple way to prevent this.

Theoretically, an inductive load does not cause amplifier
loop instability. However, if the circuit Q is high enough
and stray capacitances are within a critical range, the
load circuit can break out into oscillation. A series RC
damping circuit of 10Q and a 0.01uF capacitor across
the inductor as shown in Figure 12 usually alleviates the
problem.

INDUCTOR
LOAD

Figure 12. RC Damping to Compensate Inductor Load

In some applications where it is desirable to prevent
power-on surges from actuating the load, for example a
motor valve actuator or a disk drive read/write head
servo loop, the same RC -damping circuit provides an
alternate conductive path to suppress surge current.

Design Considerations Driving Capacitor Load

Capacitive loads tend tp create an unwanted pole at the
tail end of the frequency response where the open loop
gain approaches unity gain frequency. The effect is a
net reduction of phase margin. For example, a 550 pF
load capacitor reduces the phase margin of the amplifier
from a no load of 58° to 45°. A 1000 pF capacitor pushes
it down to 40°. With a large 0.01uF capacitor, the amplifier
has a mere 22° phase margin. The latter cases are sus-
ceptible to oscillation. Figure 13 shows a compensation
technique to restore stability. The value of the lead
capacitor C1 should be such that the capacitive react-
ance is one-fifth the resistance of R2 at the unity-gain
crossover frequency of the amplifier, or 4 MHz.

It is interesting to note that there is a critical value for the
load capacitor above which oscillation cannot occur. That
value is approximately 0.1xF. Under such a condition, the
time constant is so large that the heavy damping effec-
tively suppresses any chance for the circuit to oscillate.
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Typical Applications

CRT Yoke Driver INPUT

One of the most natural applications for the LH0101 op 200mv/em
amp Is the deflection yoke driver for high resolution
CRTs. The low distortion characteristics allow virtually
unrestricted use in any circuit configuration. A typical I
design is shown in Figure 14. 50 mV/cm = 100mA/cm

R2

AAA

"t': Figure 16. 20kHz Current Drive Waveform of
i CRT Deflection Coll

Servo Motor Amplifier
A typical motor driver circuit is shown in Figure 17. The

>
<
N
(-]
pet 4

INPUT =——AAA—¢ ) 100 . amplifier will deliver the rated current into the motor.
vy OUTPUT Again, care should be taken to keep power dissipation
, > within the permitted level.
o 5 2210
1 ¥ =7 :L A varlation of the same servo design is shown in Figure

18. This precision speed regulation circuit employs rate
feedback for constant motor current at a given input

voltage.
Figure 13. Compensation for Capacitance Load
1k
INPUT —AAA— v
R1
VIN —AAA—4
T 29044 coIL 1
>
>
2303
<L RDAMP
a 1000 V-

“CoIL CURRENT IL. MEASURED WIT
TEKTRONIX CURRENT PROBE MODEL PEMZ

Figure 14. CRT Yoke Driver Circuit

A 500mV peak-to-peak triangular waveform about ground
is Input to the amplifier, glving rise to a 100mA peak cur- v
rent to the inductor. As shown in Figures 15 and 16, the
responses were recorded at 60 Hz and 20 kHz respectively.
At higher frequencies, Rpamp becomes important. The
value should be selected to yield the cleanest waveform.

INPUT
200 mV/cm

L
Figure 15. 60 Hz Current Drive Waveform of Figure 18. Rate Feedback Servo Motor Amplifer
CRT Deflection Coil
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Digitally Programmable Power Source

Designing precision voltage and current sources is
made simple using the LHO101. Adding a digital-to-analog
converter provides a tremendous amount of flexibility in
speed and control. Applications range from DC precision
power supplies to sophisticated programmable waveform
generators. The design of the voltage source is relatively
straightforward, whereas the programmable current
source is a bit more involved. Such a circuit is shown in
Figure 19. The DAC is configured to operated in a bipolar
mode with an output range of +10.000 V. With 12 bits, the
DAC outputs an equivalent of 4.88mV per bit-weight.
Consequently, the resolution at the current source is
0.488 uA/bit.

The output sources and sinks current only to ground
referenced loads. A negative full-scale code (all digital
inputs low) effects a negative (source) 1 amp current
output. A zero scale (MSB low and all other bits high)
gives zero current. And a positive full scale code (all
digital inputs high) forces a positive (sink) 1 amp current
at the output.

The versatility of this circuit configuration is not without
limitation. Because the output voltage is dependent upon
the ground referred load, one must be aware of the poten-
tially destructive power dissipation level the LH0101
must sustain. For example, 1 amp current into a 5Q
grounded loaded generates 10 watts of power in the
amplifier. This level is high enough to destroy the device
unless an appropriate heat sink is used to keep the
device junction temperature from exceeding the 150°C
limit.

Coaxial Cable Driver -

The LH0101 makes an ideal cable driver of any type. It
has adequate bandwidth for most audio and sub-video
applications. The high current, distortion free output
can easily interface any termination required. Large line
capacitance does not present a problem for the LHO101.
It has adequate reserve current capability to charge the
capacitance without seriously degrading bandwidth.
However, current limit protection against cable shorts
|s recommended. A typical interface circuit is shown in
Figure 20. The op amp can drive up to 6 coaxial lines
without the use of a heat sink.

Low Distortion Audio Amplifier

At this juncture, it would be of great interest to see how
well the LHO101 performs in the audio high fidelity arena.
The intent here is not to set a new standard but merely
using the stringent requirements of the audio specifica-
tions as an ideal yardstick for comparison.

The complete design is illustrated in Figure 21. The

_circuit is configured as a bridge amplifier to maximize

available output power for a given set of supply voltages.

The result is an impressive set of specifications sum-
marized in Table 3. Although not earth-shaking, 0.14%
total harmonic distortion at the rated 40 watt output,
within the full audio frequency spectrum, is very res-
pectable.

Transient slew rate of greater than 10 Vius extends the
full power bandwidth to beyond 200kHz, and the distor-
tion response is plotted over the entire audio spectrum
in Figure 22. This would satisfy all but a handful of
audio purists.

About the only difficulty encountered was finding a heat
sink that was good enough for convection cooling. By
following the previous section on Power Dissipation
Considerations, .the heat sink thermal resistance re-
quired is a maximum of 3.5°C/W at an ambient tempera-
ture of 25°C. The calculation included the use of mica
insulator and liberal use of thermal-coat compound. As
it turned out, a large extruded heat sink with fins similar
to the Thermalloy type 6141 did an excellent job of keep-
ing the junctions cool.

Table 3. Bridge Audio Amplifier Specifications

Ay (Voltage Gain) 3
Zin (Input Impedance) 10kQ
lq (Quiescent Current) 60mA
Po (Output Power) 40 Watts into 8Q
—RMS Continuous 20Hz-20kHz | 28 Watts into 16Q
Full Power Bandwidth DCto> 100kHz
THD (Total Harmonic Distortion)
1W 20-20,000Hz <0.8%
40W 20-20,000Hz <0.15%
IMD (Intermodulation Distortion)
1W 60Hz/100kHz 4:1 0.01%
40W 60Hz/100kHz 4:1 0.002%
Peak Output Current 3.125Ainto 8Q
Supply Voltage +18V
Maximum Output Voltage Swing 21.2V RMS
30V Peak

References

1. National Semiconductor, Special Functions Databook.

2. National Semiconductor, Linear Applications
Handbook. .

3. J. Wong, J. Sherwin, “Applications of Wide-Band
Buffer Amplifier”, National Semiconductor AN-227,
October 1979.

4. Natlonal Semiconductor “LH0101 Power Operational
Amplifier” data sheet.
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AN-261.

INPUT et OUTPUT

R1-R4  CURRENT LIMIT RESISTOR 0.15Q 2W
RS FEEDBACK RESISTOR 5kQ

R6 FEEDBACK RESISTOR 15kQ

R7-R10  INPUT RESISTORS 10kQ

C1-C4  BYPASS CAPACITORS 47 uF 25V ELECTROLYTIC
€5-C8  BYPASS CAPACITORS 104F 25V TANTALUM
€9-C12  BYPASS CAPACITORS 0.14F 25V CERAMIC

Figure 21. LH0101 Bridge Audio Power Amplifier

-
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o
-

TOTAL HARMONIC DISTORTION (%)

100 1k 10k 100k
FREQUENCY (Hz)

Figure 22. Total Harmomc Distortion vs. Frequency
of Bridge Power Amplifier
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MOS Clock Drivers

How many MQOS devices can a clock driver oper-
ate? There is no hard and fast answer. Fanout is
bounded by the driver’s current and power ratings,
but can vary greatly with drive requirements and
with the way the driver itself is driven by the clock
signal source.

Any of the drivers in the table might clock an
MOS shift-register string with thousands of stages,
for instance, but if that were the only considera-
tion we wouldn’t be producing a variety of types.
All the drivers have the same basic function—
translating a bipolar clock signal to MOS voltage
levels and boosting the output current. They have
similar output stages, whose operation was
detailed in AN-18, “MOS Clock Driver.”

What makes them. tick differently is their input
stages. The MHOO07 includes an input AND gate
and can be coupled directly toa TTL or DTL gate.
The MHOQO0QS is directly or capacitively coupled to
a TTL line driver that provides at least 20 mA. To
work at its full speed, the MH0OO12 requires direct-
coupled, opposite phase inputs from a TTL driver.
And the MH0013 is capacitively coupled toa TTL
driver.

0
E S ‘:v I
g
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>
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>
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>
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FIGURE 1. MH0009 Dual MOS Clock Driver

e

Characteristics of National MOS Clock Drivers

National Semiconductor
MOS Brief 9 ’
John Vennard

The MHO0013 offers high fanout at lowest cost. It
is most efficient because it does not have a built-in
level shifter and the output duty cycle is lower than
the input duty cycle. Essentially, it is the MHO009
without the Q1-Q2 input stages seen in Figure 1.
However, the MH0013's output pulse width de-
pends on the input drive circuitry rather than the
input pulse timing. This is also true of the MH0O009
when it is capacitive coupled.

When it is direct-coupled as shown in Figure 2
{most people use it capacitive coupled), the
MHO0009 will follow the input. That is, the driver
output will remain at the MOS ““1" level (near V2)
for as long as the input is at the TTL "“1” level.
The output will be MOS “0” (near V3) while the

input isat TTL “0”". The MH0007 and MH0012 do

the same.

In contrast, the MH0013 (or an MHOG09 capaci-
tively coupled} as shown in Figure 3 will produce
an output MOS 1"’ level pulse during the period
following the bipolar logic transition from the

TTL "0 state to the 1" state. At all other times,

the output will remain at the MOS 0" level, The
width of the “1”" output pulse depends on the cur-

FIGURE 2. Directly Coupled Dual Driver

INPUT
OUTPUT| "INPUT LEVEL
TYPE |PACKAGE| PHASES |COUPLING [TRANSLATOR
MH0007] TO-5 1 de Yes
MHO0009( TO-8 2 dc or Cap Yes
MH0012|" TO8 1 de Yes
MH0013] - TO8 2 Cap No

MAX
MAX REP | ouTPUT Pmax-mW |Pore
RATE—MHz|SWING—V | lgyt—-mA [@25°C/@70°C| mW
5 30 +500 800/600 5

, 3 30 +500 1500/1000 [ ©

10 30 +1000 1500/1000 | 20

5 30 +500 1500/1000 | ©
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FIGURE 3. Capacitively Coupled Dual Driver

rent available from the TTL driver and the input
capacitor (see Figure 4):

PW. @ Ciny X Vagivelldrive

As soon as the input rises about 0.5V, the output
is driven to the MOS ““1" level (V2). The output
returns to the MOS 0" fevel (V3) when the input
capacitor charges.

Capacitive coupling from the TTL driver to the
MHO0013 helps cut system power consumption and
cost to the bone when used with other low duty
cycle techniques. Low duty cycle driver efficiency
is discussed in AN-18 and low frequency memory
operation to reduce system power is discussed in
AN-19, “Low Power MOS."”

7L b
cour v
INPUTS -

oweed LT T Ly

ouTPUT,

o MODE “OVT v
v
A v
.“| l_l U W
oureur.

P
ACMODE "‘"—“" - H v
-v2

P ¥

FIGURE 4. Waveforms, Each Half of Dual Driver

One point not covered in previous application
notes is that capacitive coupling yields an addi-
tional fanout bonus by significantly reducing the
power dissipation in the driver input (See MH0013
data sheet for more detailed calculations). Let's
compare fanouts of half an MHOO009 operating dc
and half an MHO013 under the following typical
conditions:

=2 MHz V, =-16V
t, =50 ns V, =0V°
P.W.=200ns - Ta=70C
Vee = +5V

where t, is the'rise time and P.W. the pulse width
of the input signal.

One factor limiting fanout is P ,,, the package
power dissipation. This is 500 mW for each half at
70°C, which covers both the internal dissipation
P4. and the transient dissipation P,. involved in
driving the load. That is,

Pmax = Pdc + Pac

The only significant Py, in National’s two-phase
drivers occurs during the 1" output, so Py in
half a direct-coupled MHO009 is

_ Vi =Va)?7, ..., duty
Pugn = [(VCC-Vg)“N + —-—-E:——]x 1 cycle
where |,y from the TTL driver averages 20 mA

and R, is the output collector load resistor of
1.1k, Therefore,

P.ye= (21X 20 +162/1.1) X 0.4 X 1073
=261 mW

This allows P,. to be 239 mW in the MH0009.

In the MHOO013, the input voltage component is
only the TTL "1 level of about 4.0V, so its P.. ;.
is only 126 mW and P,; can be 375 mW. In all
drivers,

Pae = CLEX (V; - V2)2

where C_ is the capacitive load presented by the
MOS devices' clock inputs. Therefore, in this
example each half of the directly coupled MH0009
would drive 467 pF worth of MOS devices, and the -
MHO0013, 732 pF. The difference is more pro-
nounced when the voltage swings are larger. In
other words, each MHO0013 could drive several
more large MOS registers while dissipating the
same power as the direct-coupled MH00Q9.

The two become equal when the absolute limit on
fanout imposed by output current capability .is
reached. This is

CL(max) =1X1,/V

where | is the output current limit and V the out-
put voltage swing. These drivers will withstand
transient currents of 600 mA, so C| (max) would be
1,875 pF at V, =-16V, V3 =0V and t, =50 ns.
Techniques such as lowering the duty cycle or
making both V3 and V, more positive can be used
to work C_ up toward C (max). But don't exceed
it (a precaution that has sometimes been over-
looked on the data sheets of rival devices).
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Feedforward
Compensation
Speeds Op Amp

A feedforward compensation method increases the
slew rate of the LM101A from 0.5/us to 10V/us as
an inverting amplifier. This extends the usefulness
of the device to frequencies an order of magnitude
higher than the standard compensation network.
With this speed improvement, IC op amps may be
used in applications that previously required dis-
cretes. The compensation is relatively simple and
does not change the offset voltage or current of
the amplifier.

In order to achieve unconditional closed loop sta-
bility for all feedback connections, the gain of an
operational amplifier is rolled off at 6 dB per
octave, with the accompanying 90 degrees of
phase shift, until a gain of unity is reached. The

frequency compensation networks shape the open.

loop response to cross unity gain before the ampli-
fier phase shift exceeds 180 degrees. Unity gain for
the LM101A is designed to occur at 1 MHz. The
reason for this is the lateral PNP transistors used
for level shifting have poor high frequency re-
sponse and exhibit excess phase shift about
1 MHz. Therefore, the stable closed loop band-
width is limited to approximately 1 MHz,

FIGURE 1. Standard Freq y Comp

Usually, the LM101A is frequency compensated
by a single 30 pF capacitor between Pins 1 and 8,
as shown.in Figure 1. This gives a slew rate of
0.5V/us. The feedforward is achieved by connect-
ing a 150 pF capacitor between the inverting
input, Pin 2, and one of the compensation termi-

National Semiconductor
Linear Brief 2
Robert C. Dobkin

nals, Pin 1, as shown in Figure 2. This eliminates
the lateral PNP’s from the signal path at high fre-
quencies. Unity gain bandwidth is 10 MHz and
the slew rate is 10V/us. The diode can be added to
improve slew with high speed input pulses.

2282000
Rz

p——— Vour

4 *OPTIONAL TO IMPROVE RESPONSE
WITH FAST-RISING INPUT STEPS.

FIGURE 2. Feedforward Frequency Compensation

Figure 3 shows the open loop response in the high
and low speed configuration. Higher open loop

gain is realized with the fast compensation, as the )

gain rolls off at about 6 dB per octave until a gain
of unity is reached at about 10 MHz. Figures 4
and 5 show the small signal and large signal tran-
sient response. There is a small amount of ringing;
however, the amplifier is stable over a -55°C to
+125°C temperature range. For comparison, large
signal transient response with 30 pF frequency
compensation is shown in Figure 6.

126 —
Ta=25C
100 Vs =115V 1 225
- AN |
g w0 FEEDFORWARD—| 180
= NNt :
3 a N [
e L c
g \ PHASE] 90 B
2 2
5 Z
2 45
sTANDARD |
RN

10 100tk 10k 100k 1M 10M 100M
FREQUENCY (Hz)

FIGURE 3. Open Loop Response for Both Frequency
Compensation Networks
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FIGURE 4. Small Signal Transient Response with Feed-
forward Compensation
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FIGURE 5. Large Signal Transient Response with Feed-
" forward Compensation
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FIGURE 6. Large Signal Transient Response with Stan-
dard Compensation

As with all high frequency, high-gain amplifiers,

- certain precautions should be taken to insure

stable operation. The power supplies should be
bypassed near the amplifier with .01 uF disc ca-
pacitors. Stray capacitance, such as large lands on
printed circuit boards, should be avoided at Pins 1,
2, 5, and 8. Load capacitance in excess of 75 pF
should be decoupled, as shown in Figure 7; how-
ever, 500 pF of load capacitance can be tolerated

_ without decoupling at the expense of bandwidth

by the addition of 3 pF between Pins 1 and 8. A
small capacitor C, is needed as a lead across the
feedback resistor to insure that the rolioff is less
than 12 dB per octave at unity gain. The capacitive
reactance of C, should equal the feedback resis-
tance between 2 and 3 MHz. For integrator appli-
cations, the lead capacitor is isolated from the
feedback capacitor by a resistor, as shown in
Figure 8.

Feedforward compensation offers a marked im-
provement over standard compensation. In addi-
tion to having higher bandwidth and slew, there is
vanishingly small gain error from DC to 3 kHz, and
less than 1% gain error up to 100 kHz as a unity
gain inverter. The power bandwidth is also ex-
tended from 6 kHz to 250 kHz. Some applications
for this type of amplifier are: fast summing ampli-
fier, pulse amplifier, D/A and A/D systems and
fast integrator.-

K
AAA
J VWA~
RY ! o
3IpF B
K 2 4 .
© ik A - . R3
' 10002
LMIDIA ANA-
3
L A
1]
156 pF

FIGURE 7. Capacitive Load Isolation
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FIGURE 8. Fast Integrator
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Speed Up the LM108
Feedforward
Compensation

Feedforward frequency compensation of opera-
tional amplifiers can provide a significant increase
in slew rate and bandwidth over standard lag com-
pensation. When feedforward compensation is
applied to the LM101A operational amplifier,' an
order of magnitude increase in bandwidth results,
A simple feedforward network has also been devel-
oped for use with the LM108 micropower ampli-
fier to give a factor of five improvement in speed.
It uses no active components and does not degrade
the excellent dc characteristics of the LM108.

Figure 1 shows a schematic of an LM 108 using the
new compensation. The signal from the inverting
input is fed forward around the input stage by a
500 pF capacitor, C,. At high frequencies it pro-
vides a phase lead. With this lead, overall phase

€2
5pf

—i—

AAA
W~

A1 A2
10K 2 10K

INPUT maAAA,. -

6
L'MIOI b—— ouTPuY

3 0

+ R3
I a«
- [}
I

ct
500 pF

FIGURE 1. LM108 with Feedforward Compensation

shift is reduced and less compensation is needed to
keep the amplifier stable. The C, - R, network
provides lag compensation, insuring that the open
loop gain is below unity before 180° phase shift
occurs. The open loop gain and phase as a function
of frequency is compared with standard compensa-
tion in Figure 2,

The slew rate is increased from 0.3V/us to about
1.3V/us and the 1 kHz gain is increased from 500
to 10,000. Small signal bandwidth is extended to
3 MHz. The bandwidth must be limited to 3 MHz
because the phase shift through the lateral PNP
transistors used in the second stage becomes exces-

- sive at higher frequencies. With the LM101A,
10 MHz bandwidth was possible since the signal
was bypassed around the low frequency lateral
PNP’s. Nonetheless, 3 MHz is very respectable for
a micropower amplifier drawing only 300 pA qui-
escent current.

National Semiconductor
Linear Brief 14
Robert C. Dobkin

When the LM108 is used with feedforward com-
pensation, it is less tolerant of capacitive loading

and stray capacitance. Precautions must be taken

120
T T T T
10 FEEDFORWARD |
0 ] COMPENSATION
g w hY . F4—IN o us 3
H 60 AN q‘\é ] R
s ® 3
3
R ACAL—‘. g
S %, —1 3
g n VAN s 3
> (— 1 stanoano 2 b =
0 |— COMPENSATION )
I T | N
S N A |

110 100 1k 10k 100k 1M 10M
FREQUENCY (H2)

FIGURE 2. Open Loop Voltage Gain

to insure stability..If load capacitance is greater
than about 75 to 100 pF, it must be isolated as
shown in Figure 3. A small capacitor is always
needed to provide a lead across the feedback resis-
tor to compensate for strays at the input. About 3
to 5 pF is the minimum value capacitor, Care must
be taken to minimize stray capacitance at Pins 1, 2
and 8 when feedforward compensation is used.
Additionally, when the source resistance on the
noninverting input is greater than 10Kk, it should be
bypassed with a .01 uF capacitor.

R2
100K

VW

Rl
100K

INPUT =AAA-

VA ouTPUT

.
Inmnmuf

SXW
5!

F

FIGURE 3. Decoupling Load Capacitance

As with any externally compensated amplifier,
increasing the compensation of the LM108 in-
creases the stability at the expense of slew and
bandwidth. The circuit shown is for the fastest
response. Increasing the size of C, to 20 or 30 pF
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will provide 2 or 3 times greater stabifity and
capacitive load tolerance. Therefore, the size of
the compensation capacitor should be optimized
for the bandwidth of the particular appiication.

The stability of the LM108 with feedforward com-
pensation is indicated by the small signal transient
responses shown in Figure 4. It is quite stable since
there is little overshoot and ringing even though
the amplifier is loaded with a 50 pF capacitor.
Large signal transient response for a 20V square
wave is shown in Figure 5. The small positive over-
shoot is not severe and usually causes no problems.

FIGURE 4. Small Signal Transient Response of LM108
with Feedforward Compensation

The LM108 is unusually insensitive to power sup-
ply bypassing with the new compensation. Even
with several feet of wire between the device and
power supply, it does not become unstable. How-

Aot
10V/DIV -
Y

FIGURE 5. Large Signal Transient Response of LM108
with Feedforward Compensation

ever, it is still wise to bypass the supplies for drill
since noise on the V7 line can be injected to the
summing junction by the 500 pF feedforward
capacitor.

The new feedforward compensation is easy to use
and offers a factor of five improvement over stan-
dard compensation. Slew rate is increased to
1.3V/us and power bandwidth extended to
20 kHz. Also, gain error at high frequencies is
reduced. This makes the LM108 more useful in
precision applications where low dc error as well as
low ac error is desired.

REFERENCE:

1. Robert C. Dobkin, ‘“Feedforward Compensa-
tion Speeds Op Amp,”’ National Semiconductor
LB-2, March, 1969.
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LM118 Op Amp Slews
70V/usec

One of the greatest limitations of today's mono-
lithic op amps is speed. With unity gain frequency
compensation, general purpose op amps have
1 MHz bandwidth and 0.3 V/us slew rate. Opti-
mized compensation as well as feedforward com-
pensation can improve op amp speed for some
applications. Specialized devices such as fast, unity-
gain buffers are avaitable which provide partial
solutions. This paper will describe a new high
speed monolithic amplifier that offers an order
of magnitude increase in speed with no loss in
flexibility over general purpose devices.

The LM118 is constructed by the standard six
mask monolithic process and features 15 MHz
bandwidth and 70 V/us slew rate. It operates over
a 5 to 18V supply range with little change in
speed. Additionally, the device has internal unity-
gain frequency compensation and needs no exter-
nal components for operation. However, unlike
other internally compensated amplifiers, external
feedforward compensation may be added to ap-
proximately double the bandwidth and slew rate.

DESIGN CONCEPTS

In general purpose amplifiers the unity-gain band-
width is limited by the lateral PNP transistors used
for level shifting. The response above 2 MHz is so
poor that they cannot be used in a feedback
amplifier. If the PNP transistors are used for level
shifting only at DC or low frequencies and the
signal is fed forward around the PNP transistors at
high frequencies, wide bandwidth can be obtained
without the excessive phase shift of the PNP
transistors.

2
l‘
vV
»
VV\—

| {m
et

LN
3= )

N >

S

FIGURE 1. Simplified Circuit of the LM118

National Semiconductor
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Figure 1 shows a simplified schematic of the
LM118. Transistors Q7 and Q, are a conventional
differential input stage with emitter degeneration
and resistive collector loads. Q3 and Q4 form the
second stage which further amplify the signal and
level shift the signal towards V™. The collectors of
Qg and Qg4 drive a current inverter, Q4 and Qq,
to convert from differential to single ended. Qg,
which has a current source load for high gain,
drives a class B output. The collectors of the input
stage and the base of Qg are available for offset
balancing and external compensation.

Frequency compensation is accomplished with
three internal capacitors. C4 rolls off on half the
differential input stage so that the high frequency
signal path is single-ended. Also, at high fre-
quencies, the signal is fed forward around the
lateral PNP transistors by a 30 pF capacitor,.C,.
This eliminates the excessive phase shift. Overall
frequency response is then set by capacitor, Cg,
which rolls off the amplifier at 6 dB/octive. As
previously mentioned feedforward compensation
for inverting applications can be applied to the
base of Qg. Figure 2 shows the open loop fre-
quency response of an LM118. Table 1 gives
typical specifications for the new amplifier.

120

100
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FIGURE 2, OpeZ Loop Voltage Gain as a Function of
Frequency for LM118.

TABLE 1. Typical Specifications for the LM118

Input Offset Voltage 2mV
Input Bias Current . 200 nA
Offset Current 20 nA
Voltage Gain 200K
Common Mode Range +11.5V
Output Voltage Swing +*13Vv
Small Signal Bandwidth 15 MHz
Slew Rate 70 V/us
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OPERATING CONFIGURATION

Although considerable effort was taken to make
the LM118 trouble free, high frequency ampli-

fiers are more prone to oscillations than low .

frequency devices such as the LM101A, Care must
be taken to minimize the stray capacitance at the
inverting input and at the output; however the
LM118 will drive a 100 pF load. Good power
supply bypassing is also in order—0.1 uF disc
ceramic capacitors should be used within a few
inches of the amplifier. Additionally, a small
capacitor is usually necessary across the feedback
resistor to compensate for unavoidable stray
capacitance.

Figure 3 shows feedforward compensation of the
LM118 for fast inverting applications. The signal
is fed from the summing junction to the output
stage driver by C, and R4. Resistors Rg, Rg and
R, have two purposes: they increase the internal
operating current of the output stage to increase
slew rate and they provide offset balancing. The
current boost is necessary to drive internal stray
capacitance at the higher slew rate. Mismatch of
the external resistors can cause large voltage offsets
so offset balancing is necessary. For supply volt-
ages other than =15V, Rg and Rg should be
selected to draw about 500 pA from Pins 1 and 5.

BALANCE

= . 1Slew rate typically 120V/us.

FIGURE 3. Feedforward Compensation for Greater
Inverting Slew Ratet

When using feedforward, resistor R, should be
optimized for the application. It is necessary to
have about 8 k2 in the path from the output of
the amplifier through the feedback -resistor and
through feedforward network to Pin 8 of the
device. The series resistance is needed to limit the
bandwidth and prevent minor loop oscillation.

At high gains, or with high value feedback resistors
Rs can be quite low—but not less than 100%2.
When the LM118 is used a fast integrator, with
a large feedback capacitor or with low values
of feedback resistance, R4 must be increased to
8 k& to insure stability over a full -55°C to
125°C temperature range.

One of the more important considerations for a
high speed amplifier is settling time. Poor settling
time can cancel the advantages of having high slew
rate and bandwidth. For example—an amplifier can
have severe ringing after a step input. A relatively
long time is then needed before the output volt-
age can be read accurately. Settling time is the
time necessary for the output to slew through a
defined voltage change and settle to within a de-
fined error of its final output voltage. Figure 4
shows optimized compensation for settling to

Slew and settling time t0 0.1%
for a 10V step change is 800 ns.

c2
0.01.LF

FIGURE 4. Compensation for Minimum Settling? Time

within 0.1% error. Typically the settling time is
800 ns for a simple inverter circuit as shown.
Settling time is, of course, subject to operating
conditions external to the IC such as closed loop
gain, circuit layout, stray capacitance and source
resistance. An optional offset balancing circuit,
R3 and R4 is included.

The LM118 opens up new fields for IC operational
amplifiers. It is more.than an order of magnitude
faster than general purpose amplifiers white retain-
ing the ease of use features. It is ideally suited for
analog to digital converters, active filters, sample
and hold circuits and wide band amplification.
Further, the LM118 has the same pin configuration
as the LM101A or LM741 and is interchangeable
with these devices when speed is of prime concern.
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Reducing DC Errors
in Op Amps

Robert J. Widlar
Puerto Vallarta, Jalisco
Mexico

Abstract. An IC op amp design that reduces bias cur-
rents below 100 pA over a — 55°C to 125°C temperature
range is discussed. Super-gain bipolar transistors with
on-wafer trimming are used, providing low offset
voltage and drift. The key to low bias current is the con-
trol of high temperature leakage currents along with the
development of reasonably accurate nanoampere cur-
rent sources with low parasitic capacitance.

introduction

A bipolar replacement for the LM108 [1) drastically
reduces offset voltage, bias current and temperature
drift. This design, the LM11, does not depend on new
technology. Instead, the improvements result from a
better understanding of transistor behavior, new circuit
techniques and the application of proven offset trim-
ming methods. Table | summarizes the results obtained.
The combination of low offset voltage and low bias cur-
rent is unique to IC op amps, while the performance at
elevated temperatures represents an advance in the
state of the art.

Table I. Input error terms of the LM11 show an improve-
ment over FET op amps even at room temperature.
There is little degradation In performance from -55°C
to 125°C. Other important specifications are somewhat
better than the LM108A.

Tj=25°C -55°C=<T;<125°C .

parameter e o a units
input offset voitage | 0.1 0.3 . 0.6 mV
input offset current 05 10 30 pA
input bias current * 25 50 150 pA
offset voltage drift 1 3 uVI°C
offset current drift 20 fAI°C
bias current drift 0.5 0.5 pAI°C

junction FETs

At first glance, field effect transistors seem to be the
ideal input stage for an op amp, mainly because they
have a low gate current, independent of their operating
current. Practically, they do provide an attractive com-
bination of performance characteristics in a relatively
simple design. But there are serious shortcomings.

For one, FETs do not match as well as bipolar devices:
the offset voltage is at least an order of magnitude
worse. Laser.trimming can compensate for this to some
extent. But with FETs, low offset voltage does not
guarantee low drift, as it does with bipolars. FETs are
also sensitive to mechanical strains and subject to off-
set shifts during assembly or with temperature cycling.

‘ National Semiconductor
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Typically, long term stability is about 100 uVlyear,
although this can go to 1 mV/year with no prior warning
in early life. This contrasts to a 10 uVl/year long term
stability for bipolar pairs.

Lastly, although the input current of FETs is low at room
temperature, it doubles for every 10°C increase. This,
coupled with high offset voltage drift, makes FETs much
less attractive as operating temperature is increased.

MOS FETs

Field effect transistors, with a metal gate and oxide in-
sulation, give the ultimate in low input current. Practical-
ly, this advantage disappears when diodes are included
to protect the gate from static charges encountered in
normal handling. Further, the offset voltage problems of
JFETs go double for MOS FETs. They are also subject to
‘offset shifts due to contamination.

Interesting designs are on the horizon for various
chopper-stabilized complementary MOS ICs. These
solve most offset voltage problems, but not that of input
leakage current. Even at moderate temperatures, this in-
put current will seriously degrade the low offset voltage
and drift even with relatively low source resistances.
Chopper-stabilized amplifiers have added problems
with overload recovery and noise, especially with high
source impedances. These problems have limited solu-
tions, but chopper stabilization is not usually suitable
for general purpose applications.

bipolar op amps

Offset voltage, its drift or long term stability has not
been a serious problem with bipolarinput op amps.
Such techniques as cross-coupling or zener-zap trim-
ming have reduced offset voltage to 254V in production.
The real problem has been bias current. The LM108, in-
troduced in 1968, has represented the state of the art in
low bias currents for standard bipolar devices. At 3 nA,
maximum over temperature, the bias current is lower
than FETs above 85°C.

A Darlington version of the LM108, the LM216, provided
bias currents in the 50 pA range; but this design was
seriously marred by high offset voltage, drift, excessive
low frequency noise and anomalous leakage currents at
higher temperatures. N
Improvements in this design were thwarted by the in-
ability to provide nanoampere bleed currents to
stabilize the Darlington input and the erroneous belief
that uncontrollable surface states created the
anomalous leakage.
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a new design

With bipolar transistors, there Is a tradeoff between'cur-
rent gain and breakdown voltage. Super-gain tran-
sistors are devices that have been diffused for max-
imum current gain at the expense of breakdown voltage
(which is typically a couple volts for a current gain of
5000). These low:voltage transistors can be operated in
a cascode connection with standard transistors to give
a composite device with both high gain and breakdown
voltage.

Figure 1 shows a modified Darlington input stage for a
super-gain op amp. Common base standard transistors
(Q5 and Q6, drawn with a wider base) are bootstrapped
to the super-gain input transistors so that the latter are
operated at near zero collector base voltage. In addition
to permitting the use of super-gain inputs, this connec-
tion also isolates the input. transistors from common-
mode variations, increasing common-mode rejection.

vt

SR SR2
> >
;» 2k S 25k
? “Al 8 1
oUTPUT
os 06
20 pA
o a7
2nA
INPUT 1
20pA N
—
———— a2
2nA
— _[:m
SUnAl lsuna
10 uAl
— V-

Figure 1. Bootstrapped input stage using super-gain
transistors in modified-Darlington connec-
tion. The objectionable characteristics of
the Darlington are virtually eliminated by
operating the ‘input transistors at a much
larger current than the base current of the
transistors they are driving.

The usual problems with the Darlington connection are ’

avoided by providing a bleed current that operates the
input transistors, Q1 and Q2, at a current much higher
than the base current of the transistors they are driving,
Q3 and Q4. This is necessary because the base currents
are not that well matched, especially over temperature,
and have excess low frequency noise. !

a nanoampere current source

A circuit that generates the 50 nA bleed current is
shown in figure 2. A super-gain transistor operated in
the forward mode is used to bias a standard transistor
in the reverse mode. The reverse connection is used
because the capacitance of an ordinary collector tub
would reduce the common-mode slew rate from 2 Vius

.10 0.02 Vigs.

12
50nA

Q2

higaA2! 141R
_ te2A2 1exp.Q1_1
hia1Aq kT

Figure 2. Forming a nanoampere current source with
low parasitic capacitance. Design takes ad-
vantage of predictable Vgg ditference be-
tween standard and super-gain transistors
and fact that Vgg of a transistor is the same

when operated in forward or reverse mode.

At first look, this biasing scheme would seem to be sup-
ject to a number of process variations. This is not so.
For one, the Vg of a transistor depends on the base
Gummel number (Qg/izg), the number of majority carriers
per unit area divided by their effective mobility. Since
the Gummel number and the effective area are un-
changed when the collector and emitter are interchang-
ed, the Vgg will be the same in either connection, provid-
ed that base recombination is not excessive. In stand-
ard IC transistors, reverse hy, is about 30, indicating
that recombination is not a significant factor. Measured
reverse hye is much lower, but this is the result of a
parasitic PNP that does not affect Vgg or af, the com-
mon base current gain.

The bleed current depends also on the ratio of super-
gain to standard transistor h¢,, as indicated by the equa-
tion in figure 2. Intuition suggests that super-gain h¢,
will increase much faster than standard transistor hy,
with increasing emitter diffusion time, giving lower
bleed current with higher super-gain hg. However,
measurefents with variances of standard LM108 proc-
essing indicate that the bleed current remains within
25% of design center.

As shown in figure 2, higher current ratios can be ob-
tained by increasing the area of Q1 relative to Q2 or by
including R1. The equation in figure 2 assumes that |4
varies as absolute temperature. If the voltage drop
across R1 is equal to kT/q, changes in the Vgg of Q1 with
small changes in }; will be cancelled by changes in the
voltage drop across R1. This makes input bias current
essentially unaffected by variations in supply or
common-mode voltage as long as |4 is reasonably well
controlled.
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leakage currents

The input leakage currents of bipolar op amps can be
kept under control because small geometry devices are
satisfactory and because the collector-base junction
can be operated at an arbitrarily low voltage if
bootstrapping is used.

Simple theory predicts that bulk leakage saturates for
reverse biases above 2kT/q. But generation in the deple-
tion zone dominates below 125°C. Because the deple-
tion width varies with reverse bias, so does leakage. The
characteristics of a high quality junction plotted in
figure 3 show that leakage current can be reduced with
lower blas.

1k

ET) = 125°C

LEAKAGE CURRENT (pA)
g

The clamp circuitry is shown in figure 5. Emitters are
added on the input transistors and cross-coupled to
limit the differential input voltage. Another transistor,
Q5, has been added to limit voltage on the input tran-
sistors if the inputs are driven below V—.

OuTPUT
16 A

-—

a7
INPUT a3

L
60 nA

AL a4

60nA

liﬂli

.lmm\

g

Figure 5.

Separate clamps are used for differential

10

100

REVERSE VOLTAGE (V)

Figure 3. Voltage sensitivity of collector base leakage
indicates that generation in the depletion
zone dominates even at 125°C.

When more than one junction is involved, minimum
leakage s not necessarily obtained for zero bias. This is
illustrated in figure 4, a plot of Iggg for a junction
isolated NPN transistor. A parasitic PNP is formed be-
tween the base and the isolation as diagrammed in the
inset. Zero leakage is obtained when Vg is set so that
the PNP diffusion current equals icgo of the NPN.

1k

Ty=125°C
g 10
=
2
&
c 10
=
o i
w cBO
=
1 gl ICEX
e o e | S i
— 1 | S T
or I [ THE N I
0 01 02 03 08 05

COLLECTOR-BASE VOLTAGE (V)

Figure 4. Plot above explains “anomalous” leakage of
NPN transistors In ICs. As collector base
bias Is reduced, base current reverses then
increases exponentially. This excess current
Is the forward diffusion current of parasitic
PNP to substrate (see inset).

input protection

The input clamps perform a dual function. Most impor-
tant, they protect the emitter base junction of the input
transistors from damage by in-circuit overloads or
static charges in handling. Secondly, they limit the
voltage change across junction capacitances on low
current nodes under transient conditions. This
minimizes recovery delays.

and common-mode overloads. Leakage cur-
rents, I g of forward and reverse connected
transistors, cancel.

The differential clamp transistors do contribute to input
current because Vea>0, so collector current is not zero
for Vge=0 (Ices=100 pA at 125°C). The common-mode
input clamp, Q5, is also operated at Vgg=0 and Vgg >
0, although in the inverted mode. The resulting error is
diffusion current, dependent only on the characteristic
Vg of the transistors. Thus, the current contributed by
the differential clamp transistors is cancelled, within a
couple percent, by that from the common-mode clamp.

bias current

Figure 6 shows some results of the design approach
described here. A room temperature bias current of
25 pA is obtained, and this is held to 60 pA over a
—-55°C to 125°C temperature range. The figure also
shows the results of some improvements in develop-
ment that have reduced bias current to 20 pA over the
full operating temperature range.

80
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@ 9 3
o
5
Z
= Y
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~50 0 50 100 150

TEMPERATURE (°C)

Figure 6. Input bias current of the LM11 remains low
- over military temperature range. Im-
provements in development give even better
results (074B). Offset current is usually

below 1 pA.
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Figure 6 shows that bias current Is very nearly a linear
function of temperature, at least from —55°C to 100°C.
This, coupled with the fact that bias current is virtually
unaffected by changes in common-mode or supply
voltage, suggests that bias current compensation can
be provided for critical applications. An appropriate cir-
cuit is shown in figure 7. Detalls are given in reference
[2], but properly set up it should be possible to hold bias
currents to less than 20 pA over a —55°C to 100°C
temperature range or 5 pA over a 15°C to 55°C range
with a simple room temperature adjustment.

15V

SR
P4

R4

R < N TO LM .
S =MWV summinG NoD
a 2
an248d

Figure 7. Blas current of LM11 varies linearly with
temperature so it can be effectively compen-
sated with this circuit. Blas currents less

" than 5 pA over 15°C to 55°C range or 20 pA
over —55°C to 100°C are practical.

noise

The broadband noise of a bipolar transistor is given by

en = kT/2af/qlc. o)

Therefore, operating the input transistors at low collec-
tor current does increase noise. Because the noise of
most op amps Is greater than the theoretical noise
voltage of the input transistors, the noise increase from
low current input buffers is not as great as might be ex-
pected. In addition, when operating from higher source
resistances, op amp noise is obscured by resistor noise,
as shown in figure 8.

1%

7.
v 4
v

7

/.
o

100 Vi

NOISE (nVA/Hz)

—# Lwos
y

10
10k 100k ™ 10M
RESISTANCE ($2)

100M

Figure 8. Increased noise of LM11 is consequence of
low collector current in input transistors. But
In- high Impedance applications, op amp
noise is masked by the thermal noise of

source resistance given above.

Low frequency noise is not as easily accounted for as
broadband noise, but lower operating currents Increase
noise in much the same fashion. The low frequency
noise of the LM11, shown in figure 9, Is a bit less than
FETs but greater than that of the LM108 when it is
operated from source resistances less than 500 k.
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Figure 9. Low frequency noise of LM11 is high com-
pared to other bipolar devices but somewhat
less than FETs. It Is equal to LM108

operating from 500 kQ source resistance.

complete clrcuit

A schematic diagram of an IC op amp using the tech-
niques described is shown in figure 10. Other than the
input stage, the circuitry is much like the LM112, a com-
pensated version of the LM108 that includes offset
balancing.

One significant change has been the inclusion of wafer
level trimming for offset voltage. This is done using
zener-zap trimming across portions of the input stage
collector load resistors, R4 and R5. This kind of zener is
simply the emitter base junction of an NPN transistor.
When pulsed with a large reverse current at wafer sort,
the junction is destroyed by the formation of a low
resistance filament between the emitter and base con-
tact beneath the protective oxide. This shorts out a por-
tion of the collector load resistor. The process Is
repeated on binary weighted segments until the offset
voltage has been minimized.

Offset voltage of the LM11 is conservatively specified at
300 »V. Although low enough for most applications, off-
set voltage trimming is provided for fine adjustment.
Balance range is determined by the resistance of the
balance potentiometer, varying from + 5 mV at 100 k@2 to
+400 uV at 1 kQ. Incidentally, when nulling offset
voltages of 300 uV, the thermal matching of balance-pot
resistance to the internal resistors is not a significant
factor.

The actual balancing Is done on the emitters of lateral
PNP transistors, Q9 and Q10, that imbalance the collec-
tor loads of the input stage, This particular arrangement
was used so that no damage would result from acciden-
tal connection of the balance pins to voltages outside
either supply. Not obvious Is that a balance pin voltage
15V more negative than V+ can effectively short these
PNP transistors with a paraliel P-channel MOS tran-
sistor, forcing the output to one limit or another.
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] | s

>
S, A6
> 6.5k

S aig
p LN

INPUTS

029

£ OuTPUT

EP e

R13
20k

AP

\a% 0z

R4

S A1z
> 50k 00

Figure 10. Complete schematic of the LM11. Except for the input stage, circuit is much like the LM112, a
compensated version of the LM108 that includes offset balancing.

Although the LM11 is specified to a lower voltage than
the LM108, the minimum common-mode voltage is a
diode drop further from V- because the bleed current
generator, Q12 and Q13, has been added.

Proceeding from the input stage, the second stage
amplifier is a differential pair of lateral PNPs, Q7 and
Q8. These feed a current mirror, Q25 and Q26, which
drive a super-gain follower, Q27. The collector base
voltage of Q26 is kept near zero by including Q28. The
current mirror is bootstrapped to the output so that
second stage gain error depends only on how well Q7
and Q8 match with changes in output voltage. This
gives a gain of 120 dB in a two stage amplifier. Frequen-
cy compensation is provided by MOS capacitor C1.

The output stage is a complementary class-B design
with current limiting. Biasing has been altered so that
the guaranteed output current is twice the LM108. A
zener diode, D1, limits output voltage swing to prevent
stressing the - MOS capacitor to the point of
catastrophic failure in the event of gross supply
transients.

The main bias current generator design (Q20-Q23) is
due to Dobkin [3]. It is powered by Q19, a collector FET.
The circuit is auto-compensated so that output current
of Q14 and Q21 varies as absolute temperature and
changes by less than 1% for a 100:1 shift in Q19 current.

Sidl
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speed

With a unity gain bandwidth of 500 kHz and a 0.3 Vips
slew rate the LM11 is not fast. But it is no slower than
might be expected for a supply current of only 300 pA.

If the precision of the LM11 is required along with

greater speed, the circuit in figure 11 might be used.
Here, the LM11 senses input voltage and makes ap-
propriate adjustments to the balance terminals of a fast
FET amplifier. The main signal path is through the fast
amplifier.

+

INPUTS ouTPUT

Figure 11. The LM11 can zero offset of fast FET op amp

in either inverting or non-inverting configura: -

tions. Speed is that of fast amplifier. FET
amplifier can be capacitively coupled to
critical input to eliminate its leakage
current.

Surprisingly, this connection will work even as a voltage
follower. The common-mode slew recovery of the LM11
is about 10 us to 1 mV, even for 30V excursions. This
was accomplished by minimizing or bootstrapping stray
capacitances and providing clamping to limit the
voltage excursion across the strays.

When bias current is an important consideration, it will
be advisable to ac couple the FET op amp to the critical
input. Reference [2] discusses this and other practical
aspects of fast operation with the LM11.

conclusions

A new IC op amp has been described that can not only in-
crease the performance of existing equipment but also
creates new design possibilities. Op amp error has been
reduced to the point where other problems can dominate.
Many of the practical difficulties encountered in high im-
pedance circuitry are discussed in reference {4] along
with solutions. A number of tested desngns using these
techniques are given in reference [2].

The LM11 is not the result of any breakthrough in proc-
essing technology. It is simply a modification of ICs that
have been in volume production for over 10 years. The im-
provements have resulted primarily from an understand-
ing of strange behavior observed on the earlier ICs and
taking advantage of certain inherent characteristics of
bipolar transistors that were not fully appreciated.

As users of the LM11 may have discovered, the offset
voltage and bias current specifications are quite conser-
vative. It seems possible to offer 50 xV offset voltage and
perhaps 1 xV/°C drift even on low cost parts. Taking full
advantage of 5 pA bias current would require guarded
10-pin TO-5 packages or 14-pin DIP packages. Further,
the feasibility of reducing low frequency noise to 2 xV
and 0.1 pA, peak to peak, has been demonstrated on pro-
totype parts.
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Appendix |.
Standard Production Flow for Hermetic and Molded Packages

Moj4 uononpoid

See 883/RETS Program Section 16 for reliability process flow and group details.

HERMETIC MOLDED

INSPECTION

Incoming materials are inspected for conformance to
applicable procurement specifications.

WAFER TEST

Die procured in wafer form are subjected to static and
dynamic electrical tests to assure conformance to
requirements.

SCRIBE AND BREAK

Wafers are separated into individual dice and electrical
rejects are eliminated.

VISUAL INSPECTION

Method 2010 of MIL-STD-883 for IC dice and Method
2072 of MIL-STD-750 for discrete dice.

QUALITY INSPECTION

Sample visual inspection to above criteria.

DIE ATTACH
QUALITY INSPECTION

Sample inspection of die attachment quality and
strength. ‘

WIRE BOND

Hermetic: Aluminum wires with ultrasonic bonding or
gold wires with thermocompression or thermosonic
bonding.

Molded: Gold wires, thermocompression bonded.

PRECAP VISUAL INSPECTION

All units are inspected to applicable visual criteria per
MIL-STD-883, Method 2017.1.

QUALITY INSPECTION

Random samples are checked to the above visual
criteria.

o —0 Hell o 0o o¢
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Production Flow
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FINAL SEAL ENCAPSULATION

STABILIZATION BAKE
MIL-STD-883, Method 1008, Cond. C, 150°C, 24 hours.

TEMPERATURE CYCLE
MIL-STD-883, Method 1010, Cond. C.
Hermetic: ~65°C, +150°C, 10 cycles.

CENTRIFUGE

MIL-STD-883, Method 2001, Cond. D, 20,000G, Y1
direction only.

HERMETICITY
MIL-STD-883, Method 1014, Cond. B: Fine Leak.
MIL-STD-883, Method 1014, Cond. C2: Gross Leak.

ELECTRICAL TEST

MIL-STD-883, Method 5008, Para. 3.2.3.10: Static,
dynamic, functional tests per specification.

QUALITY GROUP A ELECTRICAL TEST
(TABLE I)

‘Sample size and quality levels per MIL-STD-883, Method
' 5008.

MARK, INSPECT, PACK
MIL-STD-883, Method 2009.1.

QUALITY INSPECTION

Marking, physical and electrical sample test to
applicable specifications.
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NS Package F14D
14-Lead Ceramic F

(Hybrid)

lat Package (F)

NS Package F16B
16-Lead Ceramic Flat Package (F)
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Package Outlines
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Package Outlines
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Heat Sinks & Sockets

Appendix |II.
Heat Sinks & Sockets

National
Semiconductor

Following is a partial list of sockets and heat dissipators for use with various-packages shown in this catalog.
National assumes no responsibility for their quality or availability.

8-Lead TO-3 Hardware 24-Pin DIP

SOCKETS

Robinsor Nugent 0002011
Azimuth 6028 (test socket)

SOCKETS
Amphenol/Barnes 821-40012-244
Robinson Nugent IC 246-S1 or §2

Wells 6010-20811

HEAT SINKS

Thermalloy 6002-19

IERC LAIC3B4CB

IERC HP1-TO3-33CB (7 °C/W)
MICA WASHERS

Keystone 4658

Thermalloy

12-Lead TO-8 Hardware -

SOCKETS
641-30031-121
Amphenol/Barnes 641-01061-121
Robinson Nugent MP12100S or W
Textool 212-100-323

HEAT SINKS
Thermalloy 2240A (33 °C/W)
Wakefield 215CB (30°C/W)
IERC UP-TO8-48CB (15°C/W)

(test socket)

Robinson Nugent Inc. .

Amphenol/Barnes 800 E. 8th &t

2875 S. 25th Ave. A y

Broadion 1L 60153 New Albany, IN 47150
Thermalloy

Azimuth Electronics
- 2377 S. El Camino Real
San Clemente, CA 92672 e

IERC .
Wakefield Engineering Inc.

135 W. Magnolia BI.

Burbank, CA 91502 W"‘""“E"l'd' MA 01880

Keystone Electronics Corp. ‘1”703:38. &‘:;:’"S':’

49 Bieecker St.
South Bend, IN 46613
New York, NY 10012 (219) 287-5041

P.O. Box 34829
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National Semiconductor Corporation
2900 Semiconductor Drive

Santa Clara, California 95051

Tel: (408) 737-5000

TWX: (910) 339-9240

Electronica NSC de Mexico SA
Hegel No. 153-204

Mexico 5 D.F. Mexico

Tel: (905) 531-1689, 531-0659
Telex: 017-73550

NS Electronics Do Brasil

Avda Brigadeiro Faria Lima 830

8 Andar

01452 Sao Paulo, Brasit

Telex: 1121008 CABINE SAO PAULO
113193 INSBR BR

National Semiconductor GmbH
FurstenriederstraBe Nr. 5

8 Munchen 21

West Germany

Tel: (089) 58 30 81

Telex: 522772

National Semiconductor (UK), Ltd.
301 Harpur Centre

Horne Lane

Bedford MK40 1TR

United Kingdom

Tel: 0234-47147

Telex: 826 209

National Semiconductor Benelux
Ave. Charles Quint 545

1080 Brussels

Belgium .

Tel: (02) 4661807

Telex: 61007

National Semiconductor (UK), Ltd.
1, Bianco Lunos Allé

DK-1868 Copenhagen V

Denmark

Tel: (01) 213211

Telex: 15179

National Semiconductor
Expansion 10000

28, Rue de la Redoute

92 260 Fontenay-aux-Roses
France

Tel: (01) 660-8140

Telex: 250956

National Semiconductor S.p.A.
Via Solferino 19

20121 Milano

Italy

Tel: (02) 345-2046/7/8/9

Telex: 332835

National Semiconductor AB
Box 2016

12702 Skarholmen

Sweden

Tel: (08) 970190

Telex: 10731

National Semiconductor
Calle Nunez Morgado 9
Esc. Dcha. 1-A :
Madrid 16

Spain

Tel: (01) 733-2954/733-2958
Telex: 46133

National Semiconductor Switzerland

Alte Winterthurerstrasse 53
Postfach 567

CH-8304 Walliseilen-Zirich

Tel: (01) 830-2727

Telex: 59000

National Semiconductor
Pasilanraitio 6C

00240 Helsinki 24
Finltand

Tel: (0) 14 03 44

Telex: 124854

€ 1981 National Semiconductor Corp. B-K-2153

—

NS Japan K.K.

POB 4152 Shinjuku Center Building
1-25-1 Nishishinjuku, Shinjuku-ku
Tokyo 160, Japan

Tel: (03) 349-0811

TWX: 232-2015 NSCJ-J

National Semiconductor Hong Kong, Ltd.
1st Floor,

Cheung Kong Electronic Bldg.

4 Hing Yip Street

Kwun Tong

Kowloon, Hong Kong

Tel: 3-899235

Telex: 43866 NSEHK HX

Cable: NATSEMI HX

NS Electronics Pty. Ltd.

Cnr. Stud Rd. & Mtn. Highway
Bayswater, Victoria 3153
Australia

Tel: 03-729-6333

Telex: AA32096

National Semiconductor PTE, Ltd.
10th Floor

Pub Building, Devonshire Wing
Somerset Road

Singapore 0923

Tel: 652 700047

Telex: NATSEMI RS 21402

National Semiconductor Taiwan, Ltd.
P.O. Box 68-332 Taipei

3rd Flr. Apolio Bld.

No. 218-7 Chung Shiao E. Rd.

Sec. 4 Taipei Taiwan R.O.C.

Tel: 7310393-4, 7310465-6

Telex: 22837 NSTW

Cable: NSTW TAIPEI

National Semiconductor Hong Kong, Ltd.
Korea Liaison Office

6th Floor, Kunwon Bldg.

1-2 Mookjung-Dong

Choong-Ku, Seoul, Korea

C.P.O. Box 7941 Seoul

Tel: 267-9473

Telex: K24942
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