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Abstracts

AN433 TV On-Screen Display Using the
MC68HCO5T1

The T-series devices in the M68HC05 MCU Family
provide aconvenient and cost-effective means of adding
On Screen Display capability (OSD) to TVs and VCRs.
The MC68HCO05T1 is atthe centre of the T-series price/
performance range, and is used in this example. Full
software listings are provided for a ROM-efficient
implementation of an 8-row by 16-character display,
including Programme Change, ChannelMode, Automatic
Search, Analogues and Channel Name.

AN438  300W, 88-108MHz Amplifier Using the
TP1940 MOSFETs Push-Pull Transistor

Provides the design of an efficient 300W amplifier with
high power gain, compact physical layout and operation
on a 50V power supply. It uses the TP1940, a high
power, high gain, broadband push-pull Power MOSFET
withlow Reverse Transter Capacitance. Includes circuit,
parts list, PCB artwork and component layout.

AN531 MC 1596 Balanced Modulator

The MC1596 Monolithic Balanced Modulator is aversatile
HF communications building block. It functions as a
broadband, double-sideband suppressed-carrier
balanced modulator withoutthe needfor transformersor
tuned circuits. This article describes device operation
andbiasing, and givescircuitdetails for typical modulator/
demodulator applications in AM, SSB and suppressed-
carrier AM. Additional uses as an SSB Product Detector,
AM Modulator/Detector, Mixer, Frequency Doubler,
Phase Detector and others are also illustrated. An
appendix gives detailed AC and DC analysis.

AN535 Phase-Locked Loop Design
Fundamentals

The fundamental design concepts for phase-locked
loops implemented with integrated circuits are outlined.
The necessary equations required to evaluate the basic
loop performance are given in conjunction with a brief
design example.

AN545A  Television Video IF Amplifier Using
Integrated Circuits

This application note considers the requirements of the
video IF amplifier section of a television receiver, and
gives working circuit schematics using integrated circuits
which have been designed specially for consumer
oriented products. The integrated circuits used are the
MC1350 MC1352 and the MC1330.

AN556  Interconnection Techniques for
Motorola’s MECL 10,000 Series Emitter
Coupled Logic
The MECL 10,000 Series is designed to be the most
usable very high speed logic available. It satisfles the
growing need for high clock rate capability and short
propagation delays with minimum layout constraints.
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This comprehensive note describes some characteris-
tics of high speed digital signal lines and the wiring rules
forMECL 10,000. Discussionsinclude PCB interconnects
and wirewrapping techniques..

AN721 Impedance Matching Networks Applied
to RF Power Transistors

This note covers the basics of interstage and output
impedance matching of RF power transistors. Graphical
and numerical methods of solution are clearly described
along with sample problems. Photos, schematics and
charts are generously provided throughout.

AN761  Video Amplifier Design: Know Your
Picture Tube Requirements

This note describes video amplifier design considerations
for unitized gun and conventional picture tubes. Some
unique design techniques are discussed taking advan-
tage of Motorola’s MC1323 chromademodulator. Design
objectives of video amplifiers are discussed.

AN779  Low-Distortion 1.6 to 30MHz SSB Driver

Designs

A general discussion for broadband drivers and their
requirements for linear operation. Design examples are
given using Motorola plastic transistors and high-gain
hybrid modules designed for operation in the 1.0 to
250MHzrange. The amplifiers range in power gainfrom
25 to 55dB and are capable.of driving power amplifiers
to levels up to several hundred watts.

AN791 A Simplified Approach to VHF Power
Amplifier Design
The design of 35W and 75W VHF linear amplifiers. The
construction technique features printed inductors, the
design theory of which is fully described. Complete
constructional details, including a printed circuit layout,
facilitate easy reproduction of the amplifier.

AN827 The Technique of Direct Programming
by Using a Two-Modulus Prescaler

The technique and system described here offer a new
approach to the construction of a phase-locked loop
divider.

AN829  Application of the MC1374 TV Modulator
The MC1374 was designed for use in applications
where separate audio and composite video signals are
available, which need converting to a high quality VHF
television signal. It is ideally suited as an output device
for subscription TV decoders, video disc and video tape
players.

ANB847  Tuning Diode Design Techniques

Tuning diodes are voltage-variable capacitors employ-
ing the junction capacitance of a reverse-biased PN
junction. A simplified theory of tuningdiodes is presented,
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and a number of considerations to be employed in
designs using tuning diodes are also discussed.

ANB60 Power MOSFETs versus Bipolar
Transistors

This application note discusses the characteristics of
FETs and bipolar devices. Both have the same basic
geometry butwith some mask changes. Oneis processed
as a MOSFET and the other as a bipolar. It is doubtful
thatthe power FET will ever replace the bipolartransistor
in all areas of communications equipment. ltwillhave its
applications in low and medium power VHF and UHF
amplifiers, eliminating the need for internal matching,
and up to medium power low band and VHF SSB, where
the high order IMD is beginning to be more significant
due to the crowded frequency spectrums.

AN878 VHF MOS Power Applications

The construction characteristics and advantages of RF
power FETs are described with emphasis on the VHF
frequency range. Particular attention is given to the
excellent gain control characteristics of these devices.

AN879 Monomax: Appiication of the MC13001
Monochrome Television Integrated Circuit

This application note presents a complete 12" black and
white line-operated television receiver including artwork
for the printed circuit board. It is intended to provide a
good starting point for the first-time user. Some of the
mostcommon pitfalls are overcome and the significance
of component selections and locations are discussed.

AN921 Horizontal APC/AFC Loops
The most popular method used in modern television
receivers to synchronize the line frequency oscillator is
the phase locked loop. The operating characteristics
and parameters of the loops are discussed.

AN923 800MHz Test Fixture Design

Techniques for the general case of UHF-800MHz circuit
design are presented. Emphasis is placed specifically
on test fixture design for the 800MHz. Text fixtures, the
most valuable tools available for measuring and main-
taining device consistency, are also presented.

AN932  Application of the MC1377 Colour

Encoder

The MC1377 is and economical, high quality, RGB
encoder for NTSC or PAL applications. It accepts RGB
and composite sync inputs, and delivers a 1V p-p
composite NTSC or PAL video outputinto a 75Q load. It
can provide its own colour oscillator and burst gating, or
it can easily be driven from external sources. Perfor-
mance virtually equal to high-cost studio equipment is
possible with common colour receiver components.
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AN955 A Cost Effective VHF Amplifier for Land
Moblile Radlos

This application note describes a two-stage, 30 watt
VHF amplifier featuring high gain, broad bandwidth and
outstanding ruggedness to load mismatch, achieved by
the use of the new MRF1946A power transistor.

AN969  Operation of the MC145159 PLL
Frequency Synthesizer with Anaiog Phase
Detector

The MC145159 is a phase-locked loop frequency
synthesizer with an improved sample-and-hold phase
detector. It incorporates a range of features making it of
particular interest in 2-way radios, cellular radio-
telephones and avionics equipment. This notediscusses
its open loop characteristics, and shows that it reduces
VCO modulation sidebangs while allowing wider loop
bandwidths than are possible with digital phase detectors.

AN980  VHF Narrowband FM Recelver Design
Using the MC3362 and the MC3363 Dual
Conversion Recelvers

The MC3362 and MC3363 narrow-band FM dual con-
version receivers feature excellent VHF performance
with low power drain, making them ideal for cordless
telephones, narrowband voice and data receivers and
RF security devices. This note provides a detailed
description of the operation of the two devices, plus
circuits and descriptions for four applications: A single
Channel VHF FM Narrowband Receiver; A Ten Channel
Frequency Synthesized Cordless Telephone Receiver;
A 256 Channel Frequency Synthesized Two Metre
Amateur Band Receiver; and A Single Chip Weather
Band Receiver.

AN1019 Decoding Using the TDA3330, with
Emphasis on Cable In/Cable Out Operation

The TDA3330 is a Composite Video to RGB Colour
Decoder originally intended for PAL and NTSC colour
TV receivers and monitors — so its data sheet concen-
trates on picture tube drive. This practical application
note supplements the data sheet by providing circuits for
video cable drive as used in video processing, frame
store and other specialized applications, and expands
on TDA3330 functional details. Includes PCB artwork
and layout of an evaluation board.

AN1040 Mounting Considerations for Power
Semiconductors

The operating environment is a'vital factor in setting
current and power ratings of a semiconductor device.
Reliability is increased considerably for relatively small
reductions in junction temperature. Faulty mounting not
only increases the thermal gradient between the device
and its heat sink, but can also cause mechanicaldamage.
This comprehensive note shows correct and incorrect
methods of mounting all types of discrete packages, and
discusses methods of thermal system evaluation.
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AN1041

AN1044

AN1051

AN1076

Mounting Procedures for Very High
Power RF Transistors

High power (200-600W) RF semiconductors such as the
MRF153... and MRF141G... series dissipate an abnor-
mally large amount of heat within a small physical area.
Heat sink material, surface finish, mounting screws,
washers and screw torque are extremely important
factors in ensuring reliability. This note explains why

The MC1378 — A Monolithic Composite
Video Synchronizer

The MC1378 provides an interface between a remote
composite colour video source and local RGB. On-chip
circuitry can lock a local computer to the remote source,
switching between local and remote signals to generate
composite video overlays. This detailed note describes
local and remote operation, picture-in-picture applications
and the design of test fixtures to help system develop-
ment. Printed circuit artwork for an evaluation board is
provided. The NTSC/PAL colour encoder is similar to
the MC1377, discussed in detail in AN932.

Transmission Line Effects in PCB
Applications

As rise and fall times become faster in order to achieve
high operating speeds, transmission line effects on
PCBs can be very significant, with the possibility of
unpredictable behaviour. This note presents aguideline
as to when to analyse, discusses the characteristics of
different types of PCB trace, describes Lattice Diagram
and Bergeron Plot analysis, and summarises termina-
tion methods. Includes 10 worked examples.

Speeding up Horizontal Outputs

Motorola’s SCANSWITCH transistors are designed
specifically asfastdrivers for horizontal outputs. Optimum
performance is achieved when 5 base drive conditions
are met. This successfulbase drive circuit starts with the
output transistor's physics and works back to the
horizontal oscillator.

AN1080 External-Sync Power Supply with

Universal Input Voitage Range for Monitors

As the resolution of colour monitors increases, the
performance and features of theif power supplies be-
comes more critical. EMI/RF| generated by switching
power supplies can adversely affectresolution if switching
frequency is not synchronised to horizontal scanning
frequency. This 90W flyback switching supply demon-
strates the use of new high-performance devices in a
low-cost design, and includes a new universal input
voltage adapter.

AN1103 Using the CR3424 for High Resolution

CRT Applications

The CR3424 hybrid video amplifier solves the problem
of video amplifier speed that has hitherto limited the
performance of ultra-high resolution CRT monitors. The
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amplifier achieves less than 2.9ns rise and fall time for
a 40V output swing. This note discusses the effect of the
video amplifier on CRT picture quality, input characteris-
tics of the CR3424, and two example drive circuits.

AN1106 Considerations in Using the MHW801

and MHW851 Series RF Power Modules

The MHW801 and MHW851 series of power modules
are designed for use in cellular portable radios. A
considerable amount of applications information is inc-
luded in the data sheet; this note provides additional
information concerning general electrical considerations,
noise characteristics, gain control, circuitconsiderations
and mounting.

AN1107 Understanding RF Data Sheet

Parameters

The data sheet is often the only source of information
about the characteristics and capability of a product.
This is especially true of RF devices, which have many
unique specifications. It is therefore important that the
manufacturer and designer speak acommon language.
This paper reviews the significance of the quoted values
and highlights critical characteristics. Descriptions cover
the procedures used to obtain impedance and thermal
data, the importance of test circuits, low noise consid-
erations and linearity requirements.

ANE416 MC68HCO05B4 Radio Synthesizer

Synthesis of the local oscillator in a superheterodyne
radio provides many advantages over mechanical tun-
ing, including accuracy, stability and storing often-used
frequencies. In this application, an MC145157 CMOS
Synthesizer is controlled by an MC68HC05B4 MCU —
the software is mask programmed in parts marked
‘MC68HC05B4 DEMO’, but could alternatively be pro-
grammed into an MC68HC805B6. A 6-digit LCD driver
is controlled through the Serial Communications Inter-
face, while the standby mode is used to eliminate
interference with the radio.

ANHKO02 Low Power FM Transmitter System

MC2831A

This application note provides information concerning
the MC2831A, a one-chip low-power FM transmitter
system designed for FM communication equipment
such as FM transceivers, cordless telephones, remote
control and RF data link.

ANHKO7 A High Performance Manual-Tuned

Recelver for Automotive Application Using
Motorola ICs MC13021, MC13020 and MC13041

This design is intended to provide radio engineers with
a good start in automotive manually-tuned AM stereo
receiver design. After discussing the most important
principles of this type of receiver, a design is presented
complete-with circuit, PCB. artwork and performance
curves.
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EB104 Get 600 Watts RF from Four Power FETs

This unique push-pull/parallel circuit produces the power
output of four devices without the loss and cost of power
splitters and combiners. Full circuit details and PCB
masters are provided for this MRF50 RF power FET
design, including transformer details and performance
analysis.

EB109 Low Cost UHF Device Gives Broadband
Performance at 3.0 Watts Output

The package is the major cost in low to medium power
RFtransistors. Motorola introduced the common emitter
TO-39 some years ago to limit cost increases. Good
design and construction techniques can extend its use
to broadband UHF ampilifiers, like this broadband ap-
plication of the low-cost MRF630, atransistor capable of
3W output power with 10dB gain at 512MHz. Emphasis
is placed on mounting techniques.
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ANA433

TV on-screen display using the MC68HCO05T1

By Peter Topping
Motorola Ltd., East Kilbride, Scotland

INTRODUCTION

The " T" members of the MC68HCO05 family of MCUs provide
aconvenientand cost effective method of adding on-screen-
display {OSD)to TVsandVCRs. Aswell as the OSD capability,
they include 8 Kbytes of ROM (adequate for Teletext,
frequency-synthesis, stereo and OSD), 320 bytes of RAM, a
16-bit timer and 8 pulse-width-modulated D/A converters.
The MC68HC(7)05T7/8 also includes IIC hardware and, by
using a 56/64 pin package, 4 ports of I/O independent of the
OSD, serial and D/A outputs. Itis thus suitable for large fuil-

feature chassis The MCB8HCO05T1 is in the middle of the
price/performance range and includes most of the features
of the MC68HC05T8butina40-pinpackage Thisisachieved
by sharing /O with the other pin functions (SP1, OSD, D/A)
Even if all these features are used there 1s sufficient 1/O for
most applications The low cost MC68HC05T4 has 5 Kbytes
of ROM and 96 bytes of RAM making it suitable for ssmpler
{(mono, non-Teletext) applications

68HC05T10SD FEATURES

e Programmable display of 10rows of 18 characters

e 24byte(18data + 6 control) single row architecture

e Settablein software to any one of four standaras

e Zeronter-rowand inter-column spacing

e 64 user-defined mask-programmable 8 x 13 characters

e Programmable horizontal position

e Character colour selectable from 4 colours/row

* Software programmabie (start, stop and co:ou’} window
® 4character sizes (normat, doubie height ana/or width)

s Half-dotcharacterrounding

e Selectable haif-dot black outiine

OSD CHARACTERISTICS

The HCO5TX series have an OSD capability of 10 rows of 18

cnaracters. Each row can contain characters of four colours
selected from the eight available colours (black. biue, green,
cyan, red, magenta, yellow and white) The rows can :nde-
pendently select double height and/or double width and the
start and stop positions of a background window of any
colour The signals sentto the TV are Red, Green, Blue, fast-
planking and half-tone. Separate horizontal and vertcal syn-
chronisatian inputs are required

The OSD architecture employed includes only a single line of
display RAM. This makes the software more complicated but
reduces the silicon area required to implement the OSD
function. The software is required to update the display RAM
on a regular basis. When operating in the 625-line PAL
standard the updates must occur at 1 66 ms (26 fines)
intervalsinorder todisplay adjacentlines. The OSD hardware
cangenerate an interrupt when an update is required There
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are 18 data registers {one for each character) and 6 control
registers arranged as shown below The taole is for the 71,
some of the contro! its are differentinthe T4/7/8

$20-$31 OSD Dataregisters

$32 CAS Read status, Wrte colours 1 & 2 arc
outline enable

$33 C34 Colours3&4

$34 RAD Row address, character size, int enable,
RGBinvert.

$35 WCR OSD &'PLL enable, Window enable and
startcolumn

$36 CCP Window colourandend column

$37 HPD Honzontal position, standard selection



The OSD display is timed from an on-chip 14 MHz oscillator
which is phase locked to the TV's line synchronisation pulses.
The vertical synchronisation depends on the standard in use.
Four standards are available (15.75 kHz/60 Hz, 31.5 kHz/120
Hz, 15.625 kHz/50 Hz and 31.25 kHz/100 Hz). The standard is
selected by control bitsinthe T1/2 butis automaticinthe T4 and
the T7/8.

64 OSD characters are mask programmed along with the user
ROM. The spacing and full size of the characters is the same at

8x 13 (for 625-line standard). This allows continuous graphics.
Half-dot interpolation hardware doubles the apparent resolu-
tion to-produce smoother characters. A software selectable
black outline (a half-dot wide) is also implemented in the
hardware. Because the half-dot circuitry has to know the
information for the next line of pixels, a 14th line is available in
the character generator ROM to facilitate look ahead. The
vertical height of a character is 26 lines (52 including interlace)
and the horizontal width is 2 2/7 us (1/7 us per half pixel)

SOFTWARE

There are several approaches to writing OSD software to
operate with the single line architecture. The choice will affect
the amount of ROM and RAM used. One principle is to have a
separate interrupt routine for each type of row to be displayed.
This method will use little RAM but will be inefficientin its use
of ROM. The other approach is to write a single interrupt
routine which transfers display information from a block of
normal RAM to the display RAM as itis required for each new
line. This method will be more ROM efficient but requires a
RAM location for every display character. The amount of RAM
used depends onthe maximumamount of datawhich has tobe
displayed at any one time. The choice between these two
methods will depend on the type of data to be displayed The
first method may be better if much of the displayed data 1s
fixed. This could be, for example, a series of menus. The
second method will however be more appropriate if the data is
mostly variable. This will usually be the case in conventional TV
applications.

This application note describes an implementation of the
second of the above approaches. A block of RAM is used to
contain a copy of all the data to be displayed. The size of this
block can be changed to reflect the number of rows and the
number of characters perrow. The choice made in the example
described here is 8 rows of 16 characters. This is slightly less

than the maximum available and was chosen because the total
number of characters (128) corresponds to the available page 1
RAMinthe MCB8HCO5T?. Thechoice of 16 characters perrow
also slightly simplifies the software. The software allows any
eight of the ten available rows to be used but only the first 16 of
the 18 available characters. This choice does not prevent
access to the right-hand-side of the screen as the display can
be movedtothe rightunder software control. The use of page 1
for the RAM does not incur any significant compromise in
execution time. It also leaves free the page 0 RAM for the rest
of the TV control software, which would be made less efficient
if 1t had to use page 1 RAM, where direct addressing and bit
manipulation instructions cannot be used This choice slightly
increases the ROM used by the OSD code, as 3-byte extended
store instructions sometimes need to be used to write data to
the RAM used for OSD characters.

The 1-byte indexed addressing mode can however be used in
page 1. This addressirg mode can access up to address $1FE
and is made use of in the example software For example the
OSDCLRroutine used toinitialise RAM locations used for OSD
employs a CLR DRAM-1 X instruction. DRAM is the start of
page 1 RAM at $100 so DRAM-1 evaluates as $FF a 1-byte
offset

INTERRUPT ROUTINE

The OSD update interrupt routine (NLINE) shown in the
program listingtransfers data frompage 1 RAM to display RAM
each time an interrupt occurs. The first operation is to incre-
ment the pointer which selects the next row number  This
pointer (OSDL) is subsequently used to transfer the appropri-
ate data from page 1 RAM to the OSD RAM. So that any row
number can be used the pointer selects the number from a
table unique to each type of display. The appropriate table is
determined by the value of LIND. The pointer 1s incremented
untl the corresponding row number is zero when the pointer is
reset to zero. This allows any sub-set of up to 8 of the 10
available rows to be used. The next row number (ORed with
the character size information containedin RAM) is written into
the appropriate register ($34). The row number in this register
1s compared by the OSD hardware with the current position of
the raster. When they match, an interruptis generated and the
nextinterruptroutineis performed. The other control registers
are then updated from the page 0 RAM locations, which are
used for this purpose
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To save RAM only three (RAD, CAS _& CCR) of the six control
registers are loaded in this way. The pointer OSDL is multiplied
by 3 using the table M3, as this is quicker than shifting and
adding. In this example the other registers are loaded by the
main programand therefore have fixed values for each display.
The fixed registers are Colour 3/4 ($33), Window enable/start
column ($35) and Horizontal position delay ($37). As this choice
would not allow windows to be enabled on individual rows,
window enable is controlled by the un-used bit (6) in the RAM
byte used to update the Colour 1/2 register (CAS). This choice
offixed registers limits the flexibility of the display but clearly &ll
registers can be updated on a line-by-line basis if more RAM is
used. The limitations imposed by this choice are that colours 3
&4, the window start column and the horizontal position apply
to a whole display rather than.to individual lines In practice
these constraints were not found to be significant restrictions
for the displays required for TV use.



Theinterruptroutine then transfers the relevant OSD data from
page 1 RAM into the OSD data registers. This is done using
linear, repetitive code in order to minimise the time taken by
the interrupt routine. The code used uses 8 cycles (4 us) for
each byte transferred. Less ROM space would be utilised if a
loop was employed but this would use 28 cycles per byte. The
best choice depends on whether time or ROM use is more
critical. The example code includes a cycle count to calculate
the length of the interrupt routine. The time takenis 121 + 4 us.
This includes the time taken by the interrupt itself. An alterna-
tve method of OSD data transfer (TOSD2) using a loop is

included as comments in the listing. It would take an additional
165us.

Thelasttask performed by the interruptroutineis to control any
character or window flashing. The software allows one or two
characters (on a selectedrow) and one window (on the same or
adifferentrow)tobeflashed atarate determined by the MCU's
timer. This function could be performed outwith the interrupt
routine in the main program and the time taken to performitis
notincludedin the figure given above

MAIN OSD PROGRAM

The remainder of the OSD control program does not write
directly to most of the display registers. It simply puts the
requireddisplay and controlinformation into the blocks of RAM
allocated for this purpose, together with supplying the co-
ordinates of any required flashing characters or windows. It
must, however, write to the display control registers not
updated by the interrupt routine; in this example these are $33,
$35and $37. The program has 4 main parts. These are theidle,
channel name table, program/channel number and analogue
displays. The idle display applies when no transient display (eg
program number and channel number or name) ison The OSD
idle condition is selectable between blank and a small program
number at the bottom right hand corner of the screen.

The OSD example program (assembler listing included) is just
part of the code required to control a TV set. This program was
incorporated in HCO5T1 software along with four other mod-
ules. These were the base module (idle loop, transient control,
locai keyboard, IR, lIC and 'reset), the tuning module (PLL,
analogue and NVM control), the stereo module (stereoton and
Nicam) and the Teletext module (FLOF level 1.5)

The microprocessor in a TV application will usually need to
handle the reception of IR commands. Polied methods of IR
reception are most effective if the time made unavailable to
them by interrupts is minimised. It is for this reason that the
illustrated OSD interrupt routine was written to execute as fast
as possible. This is, however, not so much of a problem if the
TCAP facllity is used for IR reception. When a falling edge
occurs, the timer value is saved and it does not matter if the
interrupt which processes this informationis not serviced until
several hundred microseconds later. The allowable size of this
delay will of course depend on the IR protocol in use. The bi-
phase protocol used with the example OSD software (trans-
mitter chip: MC144105) has a minimum spacing of 1 ms
between consecutive edges

The next section describes the OSD features of this software
Some of the data used in the OSD is passed from other
modules (particularly the tuning module) The same RAM
allocation file was used in all modules so this part of the listing
shows the locations used to pass data between them

OSD FEATURES PROVIDED IN THE EXAMPLE PROGRAM

Program change

When keys 0-9, PC- or PC+ are pressed, the new program
number appears (in cyan) at the bottom-right-hand corner of
the screen in double height/double width characters and stays
for 5 seconds after the last change. Above this display either
the channel name (if one has been defined) or the channel
number is shown (normal size). After 5 seconds this display
times out and there is either no display or a permanent normal
size program number display. This is selectable using the
Teletext MIX key.

For program numbers of 10 and over, three keys are required
They are selected by first pressing “—" Two flashing dashes
are displayed, the first 0-9 key (only 0-4 valid) will be taken as
the tensdigitand the second asthe units digit. If anewprogram
number has not been selected within 30 seconds, the TV
returns to the previous display (nothing or the old program
number).
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Channel mode

When the P/Ckey is pressed, the program number and channel
name (or number) is displayed for 5 seconds as an indication of
the current status. If it is pressed again during this period, the
TV changes to channel mode. This will remain for 30 seconds
after the last key-press. The display (in yellow) shows the
program number as in program mode along with the channel
number The channel number flashes to show that it will be
changed if a number or PC- or PC+ key is pressed. New
channelscanbe selected. If the STOREkey is pressed then the
current channelis stored against the current program number
If no key 1s pressed for 30 seconds, the TV returns to program
mode. If the channel has been changed but STORE not
pressed then the TV will retune back to the channel stored
against the current program number



Automatic search

When SEARCH is pressed the TV goes into the channel
mode and the on screen display is as described above. The
channel number is incremented at a rate of 2 per second until
a signal is found. The search then stops. A press of STORE
returns the TV to program mode, storing the new channel
against the current program number.

Analogues

When any of the analogues are selected the appropriate logo
is displayed along with a horizontal bar indicating the current
value in the D/A convertor (full-scale 63). Display returns to
default (nothing or program number) 5 seconds after the last
change. If no analogue is selected the volume is shown (and
adjusted) whenthe ANALOGUE +/- keys are used.

Channel name table

Up to 24 channels can have a 4 character name and standard
bitassociated with them. If the channel number and standard
of one of these entries in the table correspond to those
selected by the current program number then the name is
displayed along with the program number when the program
1s selected or when P/C is pressed. Entry of names is done
usingthe Teletext INDEXkey. Whenitispressedatable of six

lines is displayed. Each line (identified by a “ station” number
in the leftmost column) contains a channel number, standard
and the associated name. All of this data is user definable.

One character on the screen flashes to indicate the current
position of the cursor. The character at the cursor position
can be changed through 0-9, A-Z and space by pressing PC+
or PC- (0-9 for channel number digits and PAL/SECAM for
standard). When a character (or the standard) is changed, its
colourchanges fromyellowtored. The cursoris moved tothe
leftand rightby the Teletext RED and GREEN keys and upand
down by thé BLUE and YELLOW keys. The current line
appears in a light blue (cyan) window as opposed to the dark
blue window used for the other lines. The whole table scrolls
when the cursor is required to go beyond the bottom (or top)
of the current display.

To save aname the STORE key is pressed. This will save the
name and standard on the current line against its channel
number. This is indicated by the colour of any changed
characters returning to yellow. Any changes which have
been made to lines other than the one being stored are lost.
Channel 00 cannot have aname. The procedure for removing
a name from the table is to set the channel number to zero
and then to save the line. Any name left on the line will not be
used. The table display is exited by pressing the Teletext
INDEX key. The function of each key is shown at the bottom
of the display



EXAMPLE PROGRAM

COLANE WN

KRR AR R AN AN R AN AN AN RN R AR AR R AR R R AR R A R AR RN AR AR R AR R RN AR AR R AR AN R AN AN AR N RN
* *
* TV/Teletext/OSD/Stereo program (MC68HCOS5T1/8). :
*
* On-Screen-Display module *
. -
* This software was developed by Motorola Ltd. for demonstration purposes. *
* No liability can be accepted for its use in any specific application. *
* Original software copyright Motorola - all rights reserved. *
* N *
* P. Topping 25th May ‘90 *
* *
R AR AR R R AR AR AR R AR R R R KR RN R RN AR AR R AR R RN RN R R AR AR KN R RN R RN RN R R R RN R R
IMPORT CHEX, CBCD,READ,WRITE,CDISP2
EXPORT NLINE, PCOSD,DRAM, ANOSD,PRDSP, CHST
EXPORT CUP,CDWN,CLFT, CRGT, PLUS, MINUS, SAVE, OSDLE, OSDEF
LIB RAMT1.S05
SECTION.S .RAM, COMM
AR A R AR AR KRR R AR RN AR AR AR KRR R R KR AR RN RN R RN AR R
* *
* Teletext RAM allocation. *
* *
AR R R R A RN AR AR AR AT AR AR E AR AR AN R AR T IR AR R R RN ARE
00000000 SUB1 RMB 1
00000001 R1 RMB 1 mode register
00000002 R2 RMB 1 page request address register
00000003 R3 RMB 1 page req. data reg. col. 0 : mag.
00000004 Cl RMB 1 " " " " " 1 : pgt.
00000005 c2 RMB 1 " " " " 2 : pgu.
00000006 c3 RMB 1 " " " " " 3 ht.
00000007 c4 RMB 1 " " " " " 4 : hu.
00000008 cS RMB 1 " " " " " 5 : mt.
00000009 cé RMB 1 " " " " " 6 : mu.
0000000a SUB2 RMB 1
0000000b R4 RMB 1 display chapter register
0000000c RS RMB 1 display control register (normal)
0000000d R6 RMB 1 display control register (news/sub)
0000060e R7 RMB 1 display mode register
0000000f SUB3 RMB 1
00000010 R8 RMB 1 active chapter register
00000011 R9 RMB 1 active row register
00000012 R10 RMB 1 active column.register
00000013 R11 RMB 1 active data register
00000014 PH RMB 1 2nd " "
00000015 PT RMB 1 3rd " "
00000016 PU RMB 1 4th " "
00000017 LIFO RMB 9 LINKED PAGE Nc..LIFO BUFFER
00000020 PAGE RMB 7 PAGE No. INPUT BUFFER
00000027 PAGO RMB 3 ACO PAGE No.
0000002a PAG1 RMB 3 ACl PAGE No.
00000024 PAG2 RMB 3 AC2 PAGE No.
00000030 PAG3 RMB 3 AC3 PAGE No.
00000033 PAGC RMB 3 CYAN PAGE No.
00000036 PAGI RMB 3 INDEX PAGE No.
00000039 PDP RMB 1 PAGE DIGIT POINTER
0000003a ACC RMB 4 DISP, RED, GREEN, YELLOW AC. CIR.
0000003e WACC RMB 1 WORKING ACC No.
0000003 € ADDR RMB 1 IIC ADDRESS
00000040 DPNT RMB 1 IIC DATA POINTER FOR WRITE
00000041 SUBADR RMB 1 IIC SUB-ADDRESS
00000C42 IOBUF RMB L IIC BUFFER, +2 & +3 RSRVD FOR PLL
00000046 STAT2 RMB 1 0: ROW24 FETCH FLAG
* 1: REMOTE REPEATING
* 2: SEARCH/STANDBY IIC LOCK
* 3: STANDBY STATUS
* : UPDATE PENDING
* : DIFFERENCE FOUND
* : NO TELETEXT TRANSMISSION
* 7: MIXED
00000047 LINKC RMB 1 LINK OPTIONS
00000048 STAT3 RMB 1 0: CYAN LINK ON
* 1: YELLOW LINK ON
* 2: GREEN LINK ON
* 3: LINKS/ROW24 ON
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00000049
0000004a
0000004b
0000004c
00000044
0000004e
0000004 f
00000050
00000051

00000052
00000053
00000054
00000055
00000056

00000057

00000058
00000059
0000005a
0000005b
0000005¢c
0000005d
0000005e
0000005f
00000063
00000064
00000065
00000066
00000067
00000068
00000069
00000C6a
0000006b
0000006c
0000006d
0000006e

0000006 £
00000070
00000071
00000072
00000073
00000074
00000075
00000076
00000077
00000078
00000079
0000007a

0000007b

0000007¢c
0000007d
0000007e
0000007f
00000080
00000081

00000082

R AR AR AR R R RN RN AR AR R R R AR R AR R AR AR R R R R R RRRRR AR RN RS

*
*
*

e Ty

PLLHI
PLLOW

*
*
*
*
*
*
STAT4
*
*
*
*
*
*

DISP
FTUNE
AVOL
KEY
NUMO
IRRAL
IRRA2
IRRA3
IRRA4
DIFFH
DIFFL
IRH
IRL
IRCODE
IRCNT
IRCMCT
OLDIR

AR R AR AR RN E A AR A KA RN AR A AR RN AR K KR RR KRR R AR RR KRR

*
*
*

AR KA AR KA AR R XA R R R R R AR R AR AR R AR AR RR AR R R KRR R AR

POLLTM

VAV

MONCNT
STECNT
DULCNT
ERRCNT
RCOUNT
RANGE

TEMP

General RAM allocation.

RMB
RMB
RMB
RMB
RMB
RMB
RMB
RMB
RMB
RMB
RMB
RMB
RMB
RMB
RMB

RMB
RMB
RMB
RMB
RMB

P e b b b b e e b e b

R N e L L T

PLL DIVIDE RATIO MSB
PLL DIVIDE RATIO LSB
WORKING

"

"
LOOP COUNTER

LOCAL KEYBOARD COUNTER
12.8mS (inc, free running)

12.8mS (inc, reset every 1S during transient)

3.25 s (inc, store timeout)

3.25 s (dec, automatic standby timeout)
12.8mS (cleared for row24 delay when page arrives)

12.8mS (inc, transient mute)

TRANSIENT DISPLAY SECONDS COUNTER

0: TV/TELETEXT

IIC R/W

HOLD

IR REPEAT INHIBIT
TRANSIENT DISPLAY ON
TIME HOLD

SUB-PAGE MODE

IR TASK PENDING

KEY FUNCTION PERFORMED
LOCAL REPEATING

P/C PROG : O, CHAN : 1
MUTE (TRANSIENT)

OSD STATUS TRANSIENT
MUTE (BUTTON)
COINCIDENCE MUTE
SEARCH

$55 AT RESET, $AA NORMALLY
CURRENT PROGRAM NUMBER
CURRENT CHANNEL NUMBER
CURRENT DISPLAY NUMBER
FINE TUNING REGISTER
VOLUME LEVEL

CODE OF PRESSED KEY (LOCAL)
LED DISPLAY RAM

IR INTERRUPT TEMP.

" ) "

6
7
[
1
2
3
4
5
6
7

" " "

IR TIME DIFFERENCE
" " "

IR CODE BIT
COLLECTION

RAM allocation for Stereoton.

RMB
RMB
RMB
RMB
RMB
RMB
RMB

B e

-

b e

Poll timer

Tone (unadjusted for loudness)

Loudspeaker balance variable
Loudspeaker left volume
Loudspeaker right volume
Headphone volume left
Headphone volume right

Tone variable (Bass/Treble)
Current matrix

Present mode (mono/stereo/lan 1/11.12/12
Workspace 1 (no interrupt useage
Workspace 2 for these please..)

Mono ident count

Stereo ident count

Dual lang ident count
Error ident count

Ident countdown

Total ident poll number

(reg 1)
(reg 2)
(reg 3)
(reg 4)
(reg 5)
(reg 6)
.11)

Ident detection
variables



00000083

00000084

00000085

00000086
00000087
00000088
00000089
0000008a
0000008b
0000008¢
0000008d
0000008e
0000008¢£
00000090
00000091
00000092
00000093
00000094
00000095
00000096
00000097
00000098
00000099
0000009a

0000009b"

0000009¢c
0000009d

0000009%e
0000009f
000000a0
000000a1
000000a2

000000a3
000000a4

000000a5s
000000a6

000000a9
000000bf

00000000
00000000
60000000
00000003

0000000a
0000000b
0000000c
0000000d

00000005
00000006
00000004
00000005
00000006
00000005
00000003

00000080
00000019

STATS
*

LRI T S

STAT6

TMPRG

*
*
*

RMB

RMB

RMB

: LOUDNESS
: VCR

2: OSD NAME TABLE
3: OSD DEFAULT P/C NUMBER
4: ANALOGUE OSD ON

5: NAME-TABLE

STANDARD

6: STANDARD CHANGED

7: RE-INITIAL

ISE TELETEXT

0: 2-DIGIT PROGRAM ENTRY

TEMPORARY PROGRAM NUMBER

AR AR AR R R AR AR AR AR RN R AN R KRR AR KR AR R R RN A RN KA AR

0OSD RAM allocation.

*
*
*

AR AR AR R R R R AR AR R A AN R AR AR AR RRA AR KR X AR RN A RN A AR KR A X

CAS1
RAD1
CCR1
CAs2
RAD2
CCR2
CAS3
RAD3
CCR3
CAs4
RAD4
CCR4
CASS
RADS
CCRS
CAS6
RAD6
CCR6
CAS?
RAD?7
CCR7
CAs8
RADS8
CCR8

OsDL
LIND
BROW
BCOL
WROW
*ROW1

ANAL
ANAF

TEMP2

STACK
SP

KEYI
KEYO
KEYIO
SERO

VOLU
CONT
BRIL
SATU

Ll
L2
WIDE
PST
VCR
LOuUD
MUT

STADR

EQU
EQU
EQU
EQU

EQU
EQU
EQU
EQU

EQU
EQU
EQU
EQU
EQU
EQU
EQU

EQU

NORMVOL EQU

P b b b b b e b b e b b e e b b B b e

s b

e

$00

23

ROW 1, colour
Row address &
Window colour
ROW 2, colour
Row address &
Window colour
ROW 3, colour
Row address &
Window colour
ROW 4, colour
Row address &
Window colour
ROW 5, colour
Row address &
Window colour
ROW 6, colour
Row address &
Window colour
ROW 7, colour
Row address &
Window colour
ROW 8, colour
Row address &
Window colour

CURRENT OSD R
ROW TABLE IND
CHARACTER FLA.
CHATACTER FLA.
WINDOW FLASH

FIRST ROW No.

UNUSED

23 BYTES USED

1/2 & outline enable
character size

& end column

1/2 & outline enable
character size

& end column

1/2 & outline enable
character size

& end column

1/2 & outline enable
character size

& end column

1/2 & outline enable
character size

& end column

1/2 & outline enable
character size

& end column

1/2 & outline enable
character size

& end column

1/2 & outline enable
character size

& end column

OW POINTER
EX
SH ROW
SH COLUMNS
ROW

(NAME TABLE)

FOR STACK

(1 INTERRUPT AND 9 NESTED SUBS)

D/A 2 JPOB
D/A 3 JPO9
D/A 4 JP1O
D/A S JP1ll

Lang. 1 indic
Lang. 2 indic
Wide matrix b
Pseudo-stereo
VCR active bi
LOUDness effe
Mute indicato

Stereoton add
normal volume

IN EVB

IN EVB

IN EVB

IN EVB

ator bit (LEDOUT)

ator bit (LEDOUT)

it (MATRIX+LEDOUT)
matrix bit " )
t (STAT3+LEDOUT)

ct active bit (STAT3)

r bit (MATRIX+LEDOUT)

ress (IIC)
(mid balance)



00000000
00000001
00000002
00000003
00000004
00000005
00000006
00000007

00000012
00000013
00000014
00000015
00000016
00000017
00000018
00000019
0000001c

00000020
00000032
00000033
00000034
00000035
00000036
00000037

00000039
0000003a
0000003b
0000003c¢
0000003d
0000003e
0000003¢

00000000

00000000
00000002
00000003
00000005
00000007
00000008
6000000b
0000000d
0000000£
00000012
00000014
00000016
00000018
0000001a
0000001c
0000001d
0000001e
00000020
00000022
00000024
00000026
00000028

0000002b
0000002d
0000002f
00000031
00000033
00000035
00000037

>b600
4c
>b700
>bb00
97
>d60000
27f6
>be00
>de0000
>eal0
b734
>e600
b732
1£35

>de0000

>e6£0
b720
>e6fl
b721
>e6£2
b722
>e6f3

AR R R AR R AR R R R AR R AR R A AR RN A AR NI AR RRRR KR RN R KRR

-
*
*

Equates.

*
*
*

AR AR RN RN KRR AR RN R AR AR KR AAR KA AR RN RRK KRR KRR

PORTA
PORTB
PORTC
PORTD
DDRA
DDRB
DDRC
DDRD

TCR

TSR

ICRH
ICRL
OCRH
OCRL
TDRH
TDRL
MIsC

osD
CAS
c34
RAD
WCR
CCR
HPD

DRAM

*
*
*

NLINE

STAG

SKIPW

LLOK

TOSD1

EQU
EQU
EQU
EQU
EQU
EQU
EQU
EQU

EQU
EQU
EQU
EQU
EQU
EQU
EQU
EQU
EQU

EQU
EQU
EQU
EQU
EQU
EQU
EQU

EQU
EQU
EQU
EQU
EQU
EQU
EQU

$00
$01
$02
$03
$04
$05
$06
$07

$12
$13
$14
$15
$16
$17
$18
$19
s1c

$20
$32
$33
$34
$35
$36
$37

$39
$3A
$38
$3C
$3D
$3E
$3F

SECTION .RAM2

RMB

128

SECTION .ROM2

R R R R R KR KRR KRR R KR KK AR A AR KRR R A ARAAAARAAAAAAAAAAAAAAAAAAAA

Port A address

Port B "

Port C "

Port D "

Port A data direction reg.
Port B " " "
Port C " " "
Port D " " "

Timer control register.

Timer status register.

Input capture register, high.
Input capture register, low..
Output compare register, high.
Output compare register, low.
Timer data register, high.
Timer data register, low.
Misc. register

18 OSD data registers

Color & status register
Color 3/4 register

Row address & character size
Window/Column register
Column/color register
Horizontal position delay

M-bus address register
M-bus frequency divider
M-bus control register
M-bus status register
M-bus data register
Test 1, OSD/Timer/PLM
Test 2, EPROM

*

0SD update routine - row number & data. *
*
AR AR AR AR R R R R R KRN KR KRN RN IR RN AR AR AR RARRRA RN
LDA 0OSsDL 3 INCREMENT
INCA 3 6 LINE POINTER
STA OsDL 4 10 27
ADD LIND 3 13 30
TAX 2 15 32
LDA LTABO, X 5 20 37
BEQ STAG 3 23 ORrR 40 32 +/- 8
LDX OSDL 3 LINE POINTER
LDX M3, X 5 8 MULTIPLY BY 3
ORA RAD], X 4 12 CHARACTER SIZE INFO.
STh RAD 4 16
LDA CASl, X 4 20
STA CAS 4 24
BCLR 7,WCR 5 29
ROLA 3 32 GET BIT 6
ROLA 3 35 OF CASx
BCC SKIPW 3 38
BSET 7,WCR 5 43 USE IT TO ENABLE WINDOW
LDA CCR1, X 4 47
STA CCR 4 51 83 +/- 8
LDX OSDL 3 ? LINE POINTER
LDX M16,X 5 12 MULTIPLY BY 16
LDA <DRAM-16, X 4 GET DATA AND WRITE
STA 0SD 4 8 IT TO OSD REGISTER
LDA <DRAM-15,X
STA 0SD+1
LDA <DRAM-14,X FAST OSD DATA TRANSFER
STA 0SD+2 TAKES ONLY 128 (8x16)
LDA <DRAM-13,X CYCLES.
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126

00000039
0000003b
0000003d
0000003 £
00000041
00000043
00000045
00000047
00000049
0000004b
0000004d
0000004 £
00000051
00000053
00000055
00000057
00000059
0000005b
0000005d
0000005 £
00000061
00000063
00000065
00000067
00000069

0000006b
0000006e
00000070
00000072
00000074
00000076
00000078
0000007a
0000007¢
0000007e
0000007€
00000081
00000083
00000084
00000085
00000086
00000087
00000089
0000008b
0000008d
0000008£
00000091
00000093
00000095
00000097
00000099
0000009b

0000009¢
0000009%e
000000a0
000000a2
000000a4d
000000a6
000000a8
000000aa
000000ab
000000ad

b723
>e6£4
b724
>e6£5
b725
>e6£6
b726
>e6£7
b727
>e6f8
b728
>e6£9
b729
>e6fa
b72a
>e6fb
b72b
>e6fc
bl2c
>e6fd
b72d
>ebfe
b72e
>e6ff
b72f

>09001f

>b600
2719
bé634
adof

*TOSD2
*

*
*OSDOOP
*

* % % % %

STX
LDX
STX
LDX
LDA
DEC
LDX
STA
DEC
BNE

<DRAM-7, X
0SD+9
<DRAM-6, X
0SD+10
<DRAM-5, X
0sD+11
<DRAM-4, X
0sD+12
<DRAM-3,X
0SD+13
<DRAM-2, X
oSD+14
<DRAM-1, X
0SD+15

TMP1

WO wUaWaN &

1
W

40 223 +/- 8
ITH INT 242 (121 +/- 4 Us)

ALTERNATIVE OSD DATA
TRANSFER USING A LOOP.
THIS HAS THE ADVANTAGE
OF USING 44 BYTES LESS
ROM BUT IT USES TWO MORE
TEMPORARY RAM LOCATIONS
AND TAKES 330 CYCLES
(165uS) LONGER.

28x16+10=458=128+330

R e e e ]

*
*
*

Character and window flash.

*
*
*

R T e e e ]

CHBLK

NCHBK
WBLK

NOBLK

SPFL

NTSP

BRCLR

LDA
BEQ
LDA
AND
CMP

4, CNT, WBLK

BROW
NCHBK
RAD
#$0F
BROW
NCHBK
BCOL
$90F

SPFL
BCOL

NCHBK
SPFL
NOBLK
WROW
NOBLK

#$0F
WROW
NOBLK
7,835

0sD, X
#53F
NTSP
0sD, X
#sco
#S0E
0sD, X

0OsD, X

25

w

W
WEWWWWWWAENOVWWWNWWWL

©

AUNN & WN &

CHARACTER BLINK

1st CHARACTER (LS NIBBLE)

IF MS NIBBLE ZERO THEN NO
2nd CHARACTER

WINDOW BLINK

371 +/- 8
with INT 381 +/- 8 cycles
ie 190.5 +/- 4 us



000000ae
000000b1
000000b3

000000b5

000000b7
000000b8
000000ba

000000bc
000000be
000000c0O
000000c1

000000c3
000000c6
000000c8
000000ca
000000cd
00000040
00000042
00000045
00000047
000000d8
000000da

000000dc
000000de
000000e0
000000e2
000000eS
000Q00e7
000000e9
000000eb

000000ed
000000ef
000000£1
000000£3
000000£5
000000£6

000000£7
000000f£8
000000fa
000000 £b
000000£d
000000£f
00000101

>060004
>1600
2002

>1700

9b
>1900
>1500

aeld
>6fff

5a

26fb

>cd0000
3£30
3£31

>06000a

>c6000c

AR AR AN R AR R AR R AR R AR R AR IR R AR RN AR R AR R RN R RRRNNN R

*
*
*

-

0sD idle condition. *

*

AR A AN AR R AR R AR RN R A AN RN R AR AR IR RRRRRARRR AR AR

OSDEF

DOFF

OSDLE

DOOP

SKPDEF

PMD

OSDCLR
DCLR

BRSET
BSET
BRA

BCLR

RTS

INCA
STA
INCX
CLR
CPX
BNE
RTS

3, STATS, DOFF
3, STATS
OSDLE

3, STATS

4, STATS NOT ANALOGS
2, STATS NOT NAME TABLE

#29 CLEAR PAGE 0

CAS1-1,X OSD CONTROL
BYTES

DOOP

CDISP2

$30

$31

3, STATS, SKPDEF

DRAM+12 PROGRAM NUMBER
$30

DRAM+14

$31

4127
OSDCLR

4300100000 HORIZONTAL POSITION : ZERO

BPD

#%10100011 COLOR 1,0 = RED, CYAN, EDGE ON
2,STAT4, PMD PROGRAM MODE ?

#%10100110 NO, COLOR 0 = YELLOW

CAs1

#%00010000 SINGLE WIDTH/HIGHT

RAD1

#$0C DEFAULT TO VOLUME
ANAL
#AVOL
ANAF

DRAM-1, X

DCLR

26



279
280

282
283
284
285
286
287
288
289
290
291
292
293
294

296
297
298
299
300

00000102
0000010a
00000113
0000011b

00000124
00000127
00000129
0000012b
00000124
0000012f
00000131
00000133
00000135
00000137

00000139
0000013b
0000013d
0000013f

00000141
00000143
00000145
00000147
00000148
00000149
0000014a

0000014c
0000014e
00000150
00000152
00000153
00000154
00000155

00000157
00000159
0000015b

00000154
0000015f
00000161
00000163
00000165
00000167
00000169
0000016b

0000016d
0000016f
00000171
00000172

00000174
00000175
00000178
0000017a
0000017¢
0000017£
00000180

00000182
00000184
00000186
00000188

3334002328003334
240e00002e212d25
005c009e003c00fe
008b008d006d00a’

>040090

>1400
aéla
b733
aéel
b735
a621
b737
3£30
3£31

aée5
>b700
aéeé
>b700

a610

>e7fd
5a
5a
5a
26£9

>3£00
a609
>b700

a603
>b700
a603
>b700
a600
>b700
a601
>b700

ae80
>6fff

Sa

26fb

5¢f
>d60000
alcO
2706
>d70000
Sc
20£3

aelO
>1d00
>b600
>b700

P s eI e s i ]

*
*
*

Program/Channel/Name display.

-
-
*

AR R AR RA R AN A AR R AR A RR A KA AR KRR A RANR R R RN RN R R RRRR R AN

BNTAB

MTAB

PRDSP

STLP

STLP2

ACLR

BNPL

FINBN

FCB
FCB
FCB
FCB

BRSET
BSET
LDA
STA
LDA
STA
LDA
STA
CLR
CLR

LDA
STA
LDA
STA

LDA
LDX
STA
DECX
DECX
DECX
BNE

LDA
LDX
STA
DECX
DECX
DECX
BNE

CLR
LDA
STA

LDA
STA
LDA
STA
LDA
STA
LDA
STA

LDX
CLR
DECX
BNE

CLRX
LDA

BEQ
STA
INCX
BRA

LDX
BCLR
LDA
STA

$33,$34,0,$23,$28,0,533,$34 ST CH ST
$24,50E, 0,0, $2E, $21, $2D, $25, $CO D. NAME
0,$5C, 0, $9E, 0, $3C, 0, SFE ><y A
0,$8B,0,$8D,0,56D,0,5A9,$CO +-MI

2, STATS, OSDLE

2,STATS

4300011010 COLOR 2 = GREEN

c34 COLOR 3 = CYAN

#311100001 osD & PLL ON,

WCR WINDOW ON (COLUMN 1)
4300100001 HORIZONTAL POSITION : ONE
HPD

$30 PUT A SPACE AT 17th AND 18th
$31 CHARACTERS

#%11100101 COLOR 1,0 = RED, MAGENTA, EDGE ON
CAS1

#%11100110 AND WINDOW ON (USING BIT 6)
CAs8

#300010000 sINGLE WIDTH/HIGHT, INTERRUPTS ON
#24
RAD1-3,X

STLP
#%11100110 COLOR 1,0 = RED, YELLOW, EDGE ON
418

CAS2-3,X

STLP2

0sDL
#LTAB3-LTABO
LIND THIRD TABLE

#3 START AT ROW 3
BROW

#$03 START AT COLUMN 3
BCOL

40

WROW

[ 38

COUNT

#128 CLEAR 1lst THRU 8th ROWS
DRAM-1, X

ACLR

BNTAB, X
#sco
FINBN
DRAM, X

BNPL
416
6, STATS CLEAR STANDARD CHANGE FLAG

COUNT
W2

27



0000018a
0000018¢c
0000018e
00000191
00000193
00000195
00000197
00000199
0000019¢
0000019%e
0000019f
000001a0
000001al
000001a2
000001a4
000001a6
000001a8
000001ab
00000lad
00000laf
000001bl
000001b3
000001b5
000001b8
000001ba
000001bc
000001bf
000001cl
000001c3
000001c5
000001c?
000001ca
000001cc
000001cd
000001ce
000001cf
000001d0
000001d2

000001d5
000001d7
000001da

000001dc

000001d£
000001el
000001e4
000001e5
000001e7
000001e8
000001ea
000001ec
000001ee

000001£1
000001£2
000001£5
000001£7
000001£9
000001 fc
000001£d

000001€f
00000202
00000204
00000206
00000208

>b600
>b£00
>cd0000
>b700
adof
ablo
>be00

>d70003

>1a00
>0e0102
>1b00

>cd0000

>b600
>cd0000

9f
ablo
97
>3c00
a360
2203
>cc0000

5f
>d60000
alcO
2706
>d70070
5¢
20£3

>cd0000

>1800
aéle

>b700
81

P e e e T Y

*
*
*

R e L e ey

BNLP

NOTZR
STLSN

R R e e e s L)

*
*
*

B R R e T2

PALS

NOJIMP
MTL

ANFIN
SEC30

Program/Channel/Name main loop.

LDA
STX
JSR

ADD
STA

W2 STATION No.
W3

CBCD

W1

#$0F

#3510

W3

DRAM+1, X

W1

NOTZR

#SFO LEADING ZERO BLANK
#510

DRAM, X

w2 STATION No.

#S$DF

SUBADR

#SA0

ADDR

READ

IOBUF+1 CHANNEL No.
#S7F

CBCD

Wl

#SOF

#$10

w3

DRAM+4, X MSD

Wl

#510
DRAM+3, X LSD

Standard and bottom line.

BSET

BRSET

BCLR

JSR

28

5, STATS
7, IOBUF+1, PALS
5, STATS

CHGST

W2
GNAME2

#16

W2
#96
NOJIMP
BNLP

MTAB, X
#$CO

ANFIN
DRAM+112, X

MTL

WIND
4, STAT
#30

TMR



383

00000209
0000020c¢
0000020e
00000210
00000212

00000214
00000216
00000213
0000021b
0000021e
00000221

00000223
00000226
00000228
0000022b
0000022d
0000022f£
00000231
00000233
00000235
00000237
00000239
0000023b
0000023d
0000023 f
00000242
00000244
00000247
00000249
0000024a
0000024b
0000024c
0000024d
0000024 €
00000252
00000254
00000256
00000258

0000025b
0000025d
00000260
00000262
00000265
00000267
0000026a
0000026d
00000270
00000272
00000275
00000277
0000027a
0000027¢
0000027€

00000280
00000282
00000284
00000285
00000286
00000288
0000028a
0000028d
0000028f
00000291
00000294
00000296
00000299
0000029b
0000029d
000002a0
000002a2
000002a4
000002a7
000002a9
000002ac

>04002¢f
a6a0

>b700
aéel

>b700

>b600
>cd0000
>b700
030205
0b0202
>1e00

>cd0000
>b601
020202
ad7f
2704
>b100
2744
>3c00
>b600
alf?
23e8
>be00
a623
>d70008
a628

>d7000b

a630
>d7000d
a621
>d7000e
aé2c
>d7000f
030212

a625
>d70C0e
a623
>d7000f
81

>b600
aodf
48
48
ab7c
>b700
>cd0000
>be00
>b601
>d7000c
>b600
>d7000d
>3c00
>3c00
>cd0000
>be00
>b6C1l
>d7000e
>b600
>d7000f
81

A AR A AR R R AR R AR AR R R AR AN R R AN A A AR KRR AR ANNN R AR AR AR NR

*

* Look for channel name.

*

*
*
*

P S E e e e e

FNAME BRSET
LDA
STA
LDA
STA

LDA
JSR
STA
BRCLR
BRCLR
BSET

OLOOP JSR
LDA
BRSET
AND
IF38 BEQ
CMP
BEQ
CHO INC
LDA
cMP
BLS
NONAME LDX
LDA
STA
LDA
STA
LDA
LSRA
LSRA
LSRA
LSRA
ADD
STA
LDA
AND
ADD
STA

LDA
STA
LDA
STA
LDA
STA
BRCLR
BRSET

NOFND LDA

GNAME2 LSLA

2, STAT4, NONAME

#3A0
ADDR
#3SE0
SUBADR

CHAN

CHEX

COUNT

1, PORTC, OLOOP
5, PORTC, OLOOP
7, COUNT

READ
IOBUF+1
1, PORTC, IF38
#S7F
CHO
COUNT
NOFND
SUBADR
SUBADR
#5F7
OLOOP
w3

523

DRAM+15, X
1,PORTC, SPAL
5, PORTC, SPAL
#$33

IOBUF+1
DRAM+12, X
IOBUF
DRAM+13, X
SUBADR
SUBADR
READ

w3
IOBUF+1
DRAM+14, X
IOBUF
DRAM+15, X

29

x2
x4

CHANNEL MODE

38.9 MHz 2
NO, SECAM ?
NQ, PAL

38.9 MHz ?
YES, SO IGNORE STANDARD

CHAN

NO NAME SO DISPLAY Ch. No.

3rd CHAR (NAME)

4th CHAR (NAME)

38.9 MHz ?
NO, PAL ?
NO, SECAM

1st CHAR (NAME)

2nd CHAR (NAME)

3rd CHAR (NAME)

4th CHAR (NAME)



468 R e T T T Y

469 * *
470 * Cursor control (left & right). *
471 * *
472 AR AR A R AR AR A AR R R R R A AR R A AR A AR R AR R R RN A RN R R R MR RO RN
473

474 000002ad 03040c0dOeOf CURTAB FCB 3,4,12,13,14,15

475

476 000002b3 adl9 CLFT BSR FCUR

477 000002b5 a305 CPX 45

478 000002b7 2502 BLO NRAP1

479 000002b3 aeff LDX #SFF

480 000002bb 5c¢ NRAP1 INCX

481 000002bc >d60000 NEWC LDA CURTAB, X

482 000002bf >b700 STA BCOL

483 000002c1 >cc0000 SEC32 JMP SEC30

484

485 000002c4 ados8 CRGT BSR FCUR

486 000002c6 5d TSTX

487 000002c¢c7 2602 BNE NRAP2

488 000002c9 ael6 LDX #6

489 000002chb Sa NRAP2 DECX

490 000002cc 20ee BRA NEWC

491

492 000002ce >b600 FCUR LDA BCOL

493 000002d0 >b700 STA w1

494 000002d2  aeff LDX $SFF

495 000002d4 Sc CRNF INCX

496 000002d5 >d60000 LDA CURTAB, X

497 000002d8 >b100 CMP Wl

498 000002da 26f8 BNE CRNF

499 000002dc 81 RTS

ggg 000002dd a631 WIND LDA 4300110001 WINDOW BLUE, OFF AT 1/
502

503 000002df ael2 LDX #18

504 000002el >e7fd STLP3 STA CCR2-3,X

505 000002e3 5a DECX

506 000002e4 5Sa DECX

507 000002e5 Sa DECX

508 000002e6 26£f9 BNE STLP3

509

510 000002e8 a6ll LDA #%00010001 WINDOW BLACK, OFF AT 17
511 000002ea >b700 STA CCR1

512 000002ec >b700 STA CCR8

513 000002ee >be00 LDX BROW

514 0G0002f0 Sa DECX

515 000002f1 Sa DECX

516 000002f2 >de0000 LDX M3, X

517 000002f5 >e600 LDA CCR1, X

518 000002£7 >b700 STA W2

519 000002£f9 >1c00 BSET 6, W2

520 000002fb >b600 LDA W2

521 000002fd >e700 STA CCR1, X

522 000002ff 81 RTS

523

524 R RN AR AN A AR RN RN AR R A R AR AR AR A AR R AN AN AR KRR RARR
525 * *
526 * Cursor control (up & down). *
527 * *
528 AR A A A AR A R AR AN A RN R R R A AR R KRR R AR AR A AR KRR AR RN AR RN RN
529

530 00000300 >b600 cup LDA BROW

531 00000302 al03 CcMP 3

532 00000304 2304 BLS TOOSM

533 00000306 >3a00 DEC BROW

534 00000308 20d3 BRA WIND

535 0000030a >b600 TOOSM LDA COUNT

536 0000030c alOl CMP 1

537 0000030e 27bl SEC31 BEQ SEC32

538 00000310 >3a00 DEC COUNT

539 00000312 2012 BRA FIN30

540

541 00000314 >b600 CDWN LDA BROW

542 00000316 al08 CMP 48

543 00000318 2404 BHS TOOBG

544 0000031a >3c00 INC BROW

545 0000031c 20bf BRA WIND

546 0000031le >b600 TOOBG  LDA COUNT

547 00000320 all3 CMP #19

548 00000322 27ea BEQ SEC31

549 00000324 >3c00 INC COUNT

550 00000326 >cd0000 FIN30 JSR SEC30

551 00000329 >cc0000 JMP FINBN

30



600
601
602
603
604
605
606
608

0000032¢
0000032e
00000330
00000331
00000332
00000333
00000336
00000339
0000033b
0000033d
0000033¢
00000341
00000343

00000346
00000348
0000034b
0000034d
00000350
00000352
00000355
00000357
0000035a
0000035d
00000360
00000363
00000365
00000368
0000036a
0000036d
0000036f
00000372
00000374
00000377
00000379
0000037¢

0000037f
00000380
00000382
00000384
00000387
00000389
0000038c¢c
0000038d
0000038f

00000391

00000392
00000394
00000395

00000397
00000399
0000039b
0000039d
0000039f
000003al
000003a3
000003a5

'000003aT

000003a9
000003ab
000003ad

000003af
000003b1
000003b4

000003b7
000003b9
000003ba

>1b00
>be00

>de0000
>d60006
a43f
al3o
2702
>1a00
>1c00
>cd0000

a630
>d70006
‘a621
>d70007
aé2c
>d70008
a600
>d70009
>d7000a
03021c
>0a0019
a633
>d70006
a625
>d70007
a623
>d70008
a621
>d70009
a62d
>d7000a
>0d40012

9f
ab05
>b700
>d60006
ab40
>d70006
5c
>b300
26£3

81

ad40
4c
a43f

all9
2208
allo
2410
a610
200c
al2l
2202
a621
al3a
2302
a600

aa4o
>d70000
>cc0000

adlb
4a
a43f

AR AR AR AR AR KRR R AR K A AR AR AR R AR AR RN R AR R A RRRRRR

*
*
*

Standard change.

*
*
*

PR e Y

CHST

SZER

CHGST

SECAM

PAL

XLP

NSTCH

BCLR
LDX
DECX
DECX
DECX
LDX
LDA
AND
cMP
BEQ
BSET
BSET
JSR

LDA
STA
LDA
STA
LDA
STA
LDA
STA
STA
BRCLR
BRSET
LDA
STA
LDA
STA
LDA
STA
LDA
STA
LDA
STA
BRCLR

5, STATS
BROW

M16, X
DRAMI 6, X
#$3F
#530
SZER

5, STATS
6, STATS
SEC30

#3530
DRAM+6, X
#521
DRAM+7, X
#$2C
DRAM+8, X

40

DRAM+9, X
DRAM+10, X
1, PORTC, PAL
5, STATS, PAL

DRAM+10, X
6, STATS, NSTCH

#5

COUNT
DRAM+6, X
$s40
DRAM+6, X

COUNT
XLP

DEFAULT TO SECAM

PAI. ?

NO, MAKE IT PAL
STANDARD CHANGED

LR R NI

-
*
*

Character change.

*
*
*

R R R R R R S

PLUS

LTES

MTA
SPACE

NLTO

MINUS

BSR
INCA
AND

CMP
BHI
CMP
BHS

BSR
DECA
AND

GETIT
#$3F

#519
MT9

#s10
NLTO
#3510
NLTO
#521
MTA

#3521
#3$3a
NLTO
#500

#3540

DRAM, X
SEC30
GETIT

#$3F

31
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SPACE



639 000003bc al2l CMP $521 A

640 000003be 2508 BLO LTA

641 000003cO0 al3a GTEA CMP #$3A z
642 000003c2 23eb BLS NLTO

643 000003c4 a63a LDA #$3A Z
644 000003c6 20e7 BRA NLTO

645 000003c8 all9 LTA CMP #519 9
646 000003ca 2302 BLS LT9

647 000003cc a619 LDA #519 9
648 000003ce all0 LTS CMP #$10 0
649 000003d0 24dd BHS NLTO

650 000003d2 20d9 BRA SPACE

651

652 000003d4 >b600 GETIT LDA BROW

653 000003d6 a002 SUB $2

654 000003d8 48 LSLA x2
655 000003d9 48 LSLA x4
656 000003da 48 LSLA %8
657 000003db 48 LSLA x16
658 000003dc >bb00 ADD BCOL

659 000003de 97 TAX

660 000003df >d60000 LDA DRAM, X

661 000003e2 81 RTS

663 AR A A AR R AR AR AR AR R KRR R KRR R AR AR IR R R IR K KRR R XA AR R RRR
664 * *
665 * Name store. *
666 * *
667 AR AR AR AR AR AR AR AR R AR AR R K AR R AR R AR AR KRR AR KR F AR KRR AR
668

669 000003e3 a6al SAVE LDA #SA0

670 000003e5 >b700 STA ADDR

671 000003e7 >b600 LDA COUNT

672 000003e9 >bb00 ADD BROW

673 000003eb 48 LSLA

674 000003ec 48 LSLA

675 000003ed ab70 ADD #8570

676 000003ef >b700 STA SUBADR

677 000003f1 a603 LDA 43

678 000003£3 >b700 STA Wl

679 000003£5 >b700 STA W2

680 000003f7 >be00 LDX BROW

681 000003f9 5a DECX

682 000003fa Sa DECX

683 000003fb 58 LSLX

684 000003fc 58 LSLX

685 000003fd 58 LSLX

-686 000003fe 58 LSLX

687 000003ff >bf00 STX w3

688 00000401 >d6000c LDA DRAM+12,X

689 00000404 a43f AND #$3F

690 00000406 >b700 STA IOBUF

691 00000408 >d6000d LDA DRAM+13, X

692 0000040b a4d3f AND #$3F

693 0000040d >b701 STA IOBUF+1

694 0000040f >ae00 LDX #SUBADR

695 00000411 >cd0000 JSR WRITE

696

697 00000414 >3c00 INC SUBADR

698 00000416 >3c00 INC SUBADR

699 00000418 >be00 LDX W3

700 0000041a a603 LDA 43

701 0000041c >b700 STA Wl

702 0000041e >b700 STA w2

703 00000420 >d6000e LDA DRAM+14, X

704 00000423 a43f AND #$3F

705 00000425 >b700 STA IOBUF

706 00000427 >d6000f LDA DRAM+15, X

707 0000042a a43f AND #S3F

708 0000042¢ >b701 STA IOBUF+1

709 0000042e >ae00 LDX #SUBADR

710 00000430 >cd0000 JSR WRITE

32



712
713
714
715
716
717
718
719
720
721
722
723
724
725
726
727

729
730
731

733
734
735
736
737
738
739
740

742
743
744
745
746
747
748
749
750
751
752
753
754
755
756
757
758
759
760
761
762
763

00000433
00000435
00000438
00000439
0000043a
0000043b
0000043c
0000043e
00000441
00000443
00000445
00000448

0000044a
0000044c
0000044 £
00000451
00000453
00000455

00000457

00000459
000004 5b
0000045d
0000045f
00000461
00000463
00000465
00000467

0000D46a
0000046d

00000470
00000472
00000475
00000479

00000482
0000048a

>ae00
>cd0000

>cd0000
>cc0000

0a00

090800

07080a00
0203040506070809

1020304050607080
000306090c0£1215

AR R R R AR AR A AN AR AN R R AR AR AR R AR A IR ANRN AR RN KR

*
*
*

Name - store (continued)

*
*
*

P O T R e R e Y

STSEC

LDX
LDA
LSLA
LSLA
LSLA
LSLA

LDX
JSR

JSR
JMP

W3
DRAM+3, X

W1
DRAM+4, X
#SOF

Wl

CHEX
IOBUF

w3
DRAM+6, X
#33F
#533
STSEC

7, I0BUF

COUNT

R R e R R e

*
*
*

OSD line number tables.

*
*
*

LR e e e e e et

LTABO
LTAB1
LTAB2
LTAB3

M1l6
M3

FCB
FCB
FCB
FCB

FCB
FCB

10,0
9,8,0
7,8,10,0
2,3,4,5,6,7,8,9,0

$10,$20,%$30,5$40,$50,$60,$70,$80

0,3,6,9,12,15,18,21

33

IDLE DISPLAY

PR/CH DISPLAY
ANALOGUE DISPLAY
PR/CH/STD/NAME TABLE

MULT x

MULT x 16

3



00000492
00000494
00000496
00000498
0000049%a
0000049¢
0000049%e
00000420
000004a2
000004a4
000004a6
000004a8
000004aa
000004ac
000004ad
000004af
000004b2

000004b4 -

000004b6
000004b9
000004bb
000004bd
000004bf
000004cl
000004c4
000004c6
000004c8
000004ca
000004cc
000004ce
000004d1
000004d3
000004d5
000004d7
000004d9
000004db
000004dd
000004df
000004el
000004e3

000004e5
000004e7
000004e9
000004ec
000004ef
000004 €1
000004£3

a6lf
>cd0000
a610
>b700
>b600
2703
>cd0000
a601
>b700
a602
>b700
aéa3
>050002
a6a6
>b700
>b700
a6do
>b700
a610
>b700
a612
>b700
>b700

>1800
a6le

>040005%

>000002

AR RN R AR AR AR AR AN AR AR R AR RRR IR AR RN R AR R ARR AR

*
*
*

*

Bottom corner Program/Channel no. display. *
*

R e e e s

PCOSD

PNAME

SKPGN

PMD2

SECS

s30

LDA
STA
LDA
STA
BCLR
LDA
STA
LDA
STA
LDA
STA
CLR
CLR
CLRX
LDA
JSR
LDX
LDA
JSR
LDA
STA
LDA
BEQ
JSR
LDA
STA
LDA
STA
LDA
BRCLR
LDA
STA
STA
LDA
STA
LDA
STA
LDA
STA
STA

BSET
LDA
BRSET
BRSET
LDA
STA
RTS

#30C

ANAL

#AVOL
ANAF

4, STATS
#%00001010
Cc34
#301110000
WCR
4300100010
HPD

$30

$31

49

0SDL
4LTAB1-LTABO
LIND
#%10100011
2, STAT4, PMD2
4310100110
CASl

CAS2
4%11010000
RAD1

#%00010000
RAD2
#%00010010
CCR1
CCR2

4, STAT

#30

2, STAT4, 530
0, STAT6, $30
$6

T™MR

NOT ANALOGS

COLOR 2 = GREEN

COLOR 3 = BLUE

OSD & PLL ON,

WINDOW OFF (COLUMN 16)
HORIZONTAL POSITION : TWO

PUT A SPACE AT 17th AND 18th
CHARACTERS

CLEAR UNUSED CHARACTERS

CLEAR UNUSED CHARACTERS

START AT 1 TO PREVENT
DOUBLE-HIGHT-LINE-SHIFT FLASH

FIRST TABLE

COLOR 1,0 = RED, CYAN, EDGE ON
PROGRAM MODE ? .

NO, COLOR O = YELLOW

DOUBLE WIDTH/HIGHT

SINGLE WIDTH/HIGHT

WINDOW CYAN

CHANNEL MODE ?
NO, 2-DIGIT PROG No. ENTRY ?
NO, SO 6 SECONDS ONLY



820
821
822
823
824
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000004£8
00000500

00000508
0000050a
0000050d
0000050f
00000510
00000512
00000515
00000517
00000519
0000051a

0000051c
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00000520
00000522
00000524
00000526
00000528
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00000530
00000532
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00000538
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00000540
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00000548
0000054a
0000054c¢

0000054e
00000550
00000553
00000556
00000557
0000055a
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0000055e
00000561
00000564
00000565
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0el21113

636f6e74a2b2a%ac
63b321f4f6efects

>b700
>080041
>1800
Sf
a67f
>cd0000
aeld
>Bfff
S5a
26fb

a60a
b733
a6el
b735
a622
b737
3f30
3£31
aéeé
>b700
>b700
a6aé
>b700
a610
>b700
>b700
>b700
aée3
>b700
>b700
aéll
>b700

>3£00
a605
>b700

>be00
>d60000
>c70000
Sc
>d60000
>c70001
Sc
>d60000
>c70010
Sc
>d60000
>c70011

AR A AR AN AR AR R RN R AR AR AR AR R AR AR RN R AN RN AR A AR R A RN AR N

* *
* Bottom row analogue bar. *
* *

AR RN AR RN RN AR RN R A AR IR KRR AR AR AR AR R R AN

CHAR FCB $0E, $12,$11,313 BARGRAPH CHARACTERS
ANCH FCB $63,$6F, $6E,$74,$A2, $B2, $A9, SAC ANALOG

FCB $63,$B3,$21, $F4, $F6, SEF, SEC, $FS LOGOS
ANOSD STA W3

BRSET 4, STATS, LOGO ANALOGS

BSET 4, STATS SET-UP SKIP FLAG

CLRX

LDA $127

JSR OSDCLR CLEAR ALL CHARACTERS

LDX #29
CooP CLR CASl-1,X

DECX

BNE COoP

LDA #%00001010 COLOR 2 = GREEN

STA C34 COLOR 3 = BLUE

LDA #%11100001 OSD & PLL ON,

STA WCR WINDOW ON (COLUMN 1)

LDA #300100010 HORIZONTAL POSITION : TWO

STA HPD

CLR $30 PUT A SPACE AT 17th AND 18th

CLR $31 CHARACTERS

LDA 4311100110 COLOR 1,0 = RED, YELLOW, EDGE ON

STA CAsl AND WINDOW ON (USING BIT 6

STA CAS2

LDA #%10100110 COLOR 1,0 = RED, YELLOW, WINDOW OFF

STA CAS3

LDA #300010000 SINGLE WIDTH/HIGHT, INTERRUPTS ON

STA RAD1

STA RAD2

STA RAD3

LDA #%¥11100011 WINDOW WHITE, OFF AT 3

STA CCR1

STA CCR2

LDA #%00010001 WINDOW BLACK, OFF AT 17

STA CCR3

CLR OsDL

LDA #LTAB2-LTABO

STA LIND SECOND TABLE

AR AR IR R R AR R R AR R AR RN RN KA AR KRR AR R R R K A AR KRR AN
*
*

*
* Analogue logos.
*

A KRR AR R R R AR AR AR R R AR AR R KRR AR A KRR AR R AR KRR RN RN

*

LOGO LDX ANAL
LDA ANCH, X
STA DRAM
INCX
LDA ANCH, X
STA DRAM+1
INCX
LDA ANCH, X
STA DRAM+16
INCX
LDA ANCH, X
STA DRAM+17
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0000057a
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0000057e
00000580
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AR RN F AR AR R RN AR R R AR AR AR R R AN RRRRRK AR RNR

*
*
*

Analogue bar.

*
*
*

T e e e

Sa LRAN

a60e DOT

>bf00 STAR

>d70020 SKST

>cc0000

LDA
CLR
LSRA
ROL
LSRA
ROL
STA
LDX
DECX
CPX
BEQ
BHI
LDA
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300w, 88-108 MHz Amplifier using the
TP1940 MOSFETs Push-pull Transistor

By Georges Chambaudu
Motorola Semiconducteurs Bordeaux SA

INTRODUCTION

The TP1940 is a high power, high gain and broadband
device with low Reverse Transfer Capacitance, C, .
It makes possible fully solid-state transmitters of
above 5 kW for FM broadcasts.

Like allMOS devices, it is susceptible to damage from
electrostatic discharge. Observe reasonable
precautions in handling and packaging it.

The 300 W amplifier described in this Application Note
has these features:

e Operates from a 50 V supply
¢ High power gain

¢ Compact physical layout

¢ High efficiency

Typical data for the circuit in Figure 2 are given below.

FUNCTIONAL TESTS (V5 = 50V, Py = 300 W, |4, = 2 x 200 mA)

i Option 1 (with C9p and without C9s) Option 2 (with C9s and without CSp)
f (MHz2) | Gp (dB) n{%) Gy (dB) n (%)
108 i 19.2 62 18.3 65.4 ;
98 19.7 626 19.1 68
88 19.4 64 19.6 66.6
Note:

. Bias increases counter-clockwise with R4.
. Bias shown is set for 200 mA at 50 V.

1
2
3. A copper heat spreader must be mounted on, or laid on tdp of, a heat sink with thermal grease interface.
4

. Drain efficiency can be increased by:

a. Lowering Drain Idle current (power gain will be reduced by 1-2 dB).
b. Increasing the value of feedback resistors R8 and R9. This will change the Gain-Frequency slope and

Input VSWR. The value of C1 must be raised.

5. In addition to the normal cooling of the units, some air flow is recommended over the top side of the amplifier

boards.
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Figure 1. Component layout of 300W amplifier (not full size)
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R7

4 —‘—‘VW\/—-—-I Cos*
" T2 OUTPUT
INPUT 13 ( . T
— ) T -
j .J. j /
C9p*
7 1 FIET ,
l RR= = 7 =C5
C2 7 . ;;. * see Table on page 1
7 /% ( ' _L ’ Pag
L4 c11
—-WN‘J .
R9

Ci 24pF Ceramic Chip R5 6.8 - 8.2 KQ 1/4W (depending on FET gy,)
C2 1000pF Ceramic Chip R6 Thermistor, 10KQ at 25°C/2 5KQ at 75°C
C3, C10, R7 2KQ 1/2W
€1 0.1uF Ceramic Chip R8,R9  KDI Pyrofilm PPR15-20-3 or EMC Technologie
C4,C5 1000pF Ceramic Chip model 56310 or equivalent 100Q
Cc7 5000pF Ceramic Chip L1 10 turns AWG #16 enamelled Wire, 0.2" |.D.
c8 0.47uF Ceramic Chip or lower values in parallel L2 Ferrite beads, 1.5 pH Total

to reach the value indicated. L3, L4  Lead lengths of R8 and R9, 0.6" total.
C9p ARCO 404, 8—60pF‘or equivalent FET TP1940
Cos ARCO 425, 40-200pF or equivalent T 9:1 impedance ratio (input transformer)
Note 1:  All ceramic capacitors of 5000pF or less in 256Q, 0.062° O.D. semi rigid co-ax., with

value are ATC type 100 or equivalent. L=28mm, | =11 mm (see Figure 3)
Note 2:  The Table on Page 1 shows the effect of T2 4:1 impedance ratio (output transformer)

operating with C9p only or C9s only. 258, 0.090" O.D. semi rigid co-ax., with
R1 1KQ 1/2W L =19 mm, | =9 mm (see Figure 3)
R2 -15KQ 1/2W (m t.ransforn.ﬁer mu§t be Igaded wrth ferrite

toroids of suitable dimensions and pi of 35-40,

R3 1.5KQ 2W or other type ferrite cores, such as Fair-Rite
R4 1KQ Trimmer Potentiometer Products Corporation E and | types 9467012002

and 9367021002 respectively.)

Figure 2. 300 W, 88-108 MHz amplifier schematic and parts list
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RATIO

Connections to
Low Impedance windings

Figure 3. Constructional details of transformers

Epoxy glass 1/16"

Figure 4. Printed circuit board (not full size)
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AN-331

MC1596 BALANCED MODULATOR

Prepared by
Roy Hejhall

The MC1596 monolithic circuit is a
highly versatile communications building
block. In this note, both theoretical and
practical information are given to aid the
designer in the use of this part. Applica-
tions include modulators for AM, SSB,
and suppressed carrier AM; demodulators
for the previously mentioned modulation
forms; frequency doublers and HF/VHF
double balanced mixers.
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MC1596 BALANCED MODULATOR

INTRODUCTION

The: Motorola MC1596 monolithic balanced modula-
tor makes an excellent building block for high frequency
communications equipment.

The device functions as a broadband, double-sideband
suppressed carrier balanced modulator without a require-
ment for transformers or tuned circuits. in addition to its
basic application as a balanced modulator/demodulator,
the device offers excellent performance as an SSB product
detector, AM modulator/detector, FM detector, mixer,
frequency doubler, phase detector, and more.

The article consists of a general description of the
MC1596, its gain equations, biasing information, and cir-
cuits illustrating typical applications. It is followed by an
appendix containing a detailed mathematical ac and dc
analysis of the device.

Many readers may find ‘that one of the circuits de-
scribed in the article will fill the needs of their application.
However, it is impossible to show typical circuits for every
possible requirement, and the detailed analysis given in the
appendix will assist the designer in developing an optimum
circuit for any application within the basic capabilities of
the MC1596.

MC1596 GENERAL DESCRIPTION

Figure 1 shows a schematic diagram of the MC1596.
For purposes of the analysis, the following conventional

assumptions have been made for simplification: (1) Devices
of similar geometry within a monolithic chip are assumed
identical and matched where necessary, and (2) transistor
base currents are ignored with respect to the magnitude of
collector currents; therefore, collector and emitter cur-
rents are assumed equal.

Referring to Figures 1 and 2, the MC1596 consists of
differential amplifier Q5 — Q6 driving a dual differential
amplifier composed of transistors Q1, Q2, Q3 and Q4.
Transistors Q7 and Q8 and associated bias circuitry form
constant current sources for the lower differential ampli-
fier Q5 — Q6.

The analysis of operation of the MC1596 is based on
the ability of the device to deliver an output which is pro-
portional to the product of the input voltages V and Vy.
This holds true when the magnitudes of Vyx and Vy are
maintained within the limits of linear operation of the
three differential amplifiers in the device. Expressed math-
ematically, the output voltage (actually output current,
which is converted to an output voltage by an external
load resistance), V( is given by

Vo=KVxVy (1)

where the constant K may be adjusted by choice of ex-
ternal components. A detailed description of how the
MC1596 circuit configuration performs the basic func-

)9
l 0 V. Output
O
(+)6
Q1 Q2 Q3 a4
8(-)
Carrier o]
Input  C
FIGURE 1 — 74 >
MC1596 Schematic o———————as Qa6
4(-) \
Signal v 2
Input r— 0
1(+) Gain Adjust
3
Q7
Bias 5 O / |/os
500 SQ 500
V100 ‘ Pin 10 is connected to case.
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FIGURE 2 — Analysis Model

tion of multiplication as expressed by Equation (1) is con-
tained in the references.

An example of a four-quadrant multiplier utilizing these
principles is the Motorola MC1595, which has been de-
scribed in a previous article.4 The MC1595 multiplier con-
tains the basic circuit configuration of the MC1596 plus
additional circuitry which results in linear multiplier oper-
ation over a large input voltage range. However, the less
complex MC1596 has higher frequency response, greater
versatility and is less expensive than the MC1595. For
these reasons the MC1596 is preferred in many communi-

cations applications such as those to be described later in
this note.
DEVICE OPERATION

The most common mode of operation of the MC1596
consists of applying a high level input signal to the dual
differential amplifiers, Q1, Q2, Q3, and Q4, (carrier input
port) and a low level input signal to the lower differential
amplifier, QS and Q6, (modulating signal input port). This
results in saturated switching operation of carrier dual dif-
ferential amplifiers, and linear operation of the modulating
differential amplifier.

The resulting output signal contains only thé sum and
difference frequency components and amplitude informa-
tion of the modulating signal. This is the desired condition
for the majority of the applications of the MC1596.

Saturated operation of the carrier-input dual differen-
tial amplifiers also generates harmonics (which may be
predicted by Fourier analysis, see Appendix). Reducing
the carrier input amplitude to its linear range greatly re-
duces these harmonics in the output signal. However, it
has the disadvantages of reducing device gain and causing
the output signal to contain carrier signal amplitude vari-
ations.

The carrier input differential amplifiers have no emit-
ter degeneration. Therefore, the carrier input levels for
linear and saturated operation are readily calculated. (See
Appendix.) The crossover point is in the vicinity of 15 —
20 mV rms, with linear operation below this level and
saturated operation above it.

The modulating-signal differential amplifier has its emit-
ters brought out to pins 2 and 3. This permits the designer
to select his own value of emitter degeneration resistance
and thereby tailor the linear dynamic range of the modu-
lating-signal input port to a particular requirement. The
resistor also determines device gain.

The approximate maximum level of modulating signal
input for linear operation is given by the expression:

Vm(peak) = I} RE P
@ +12 Vdc
1k 1k
_L AAA—
= 2P
$39k
51
{E——e DsB Output
Carrier Ve 0.1 uF 0.1 uF
A - [ MC1596G
Modulating ®
Signal VS 1 9
—
Input
<L <L <L < ¢ - -
10kg 10xg Q51 51 f
AA 10 5
v p e 's
{ 50 k = 6.8k
. \'a
Carrier Null l
8 Vdc

FIGURE 3 — Balanced Modulator Circuit

43



where R = resistance between pins 2 and 3, and I refers
to the notation in the analysis model shown in Figure 2.
Since base currents were assumed to be zero and transistors
identical,

Il =1 5 (3)

where Ig = current flowing into pin 5. Therefore, Equa-
tion (2) becomes

Vy(peak) = Is Rg O]

Device voltage gain (single ended output with respect
to modulating signal input) is given by the expression (also
see Appendix):

Rp
Ay =— f(m) )
RE
-m_em
where f(m) = L
(1 +eMy(1+e™)

Vx
m=-—
kT

q

t(m) may be approximated for the two general cases of
high and low level carrier operation, resulting in the fol-
lowing gain expressions: High level case (Vy > 100 mV
peak):

f(m) =~ 1 (6)
i Ry
therefore. [Av] = ;{_[; @)
The low-level case (Vyx < 50 mV peak) is given by:
-m

f(m) =~ -2— (8)

therefore IAVI ~ Rﬂl )
2RE

The foregoing expressions assume the condition Rg >
re, Where 1, is the dynamic emitter resistance of transistors
Q5 and Q6. When I = 1 mA, 1, is approximately 26 ohms
at room temperature.

There are numerous applications where it is desirable to
set Rg equal to some low value or zero. For this condition,
Equations (7) and (9) can be expanded to the more gen-
eral form:

high-level Vy:

|a |~ L (10)
vi RE +2r¢
low-level Vy:*
Rim
lav| an

T AR+ 2re)
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Equations (10) and (11) summagrize the single ended
conversion voltage gains of the MC1596 with a dc input
voltage (V) at the carrier port. Operation with a differen-
tial output would increase the gains by 6 dB.

Equations (10) and (11) may be combined with Equa-
tions (26) and (29) in the Appendix to compute the con-
version gain of the MC1596 operating as a double sideband
suppressed carrier modulator {ac carrier input).

For a high level carrier input signal, the expressions for
output voltage and voltage gain become

RLVy &
Vo= . ZA cos(Nwy +wy )t +cos(Nwy -wy )t
(6] RE+2re 4 n[ s( X y) S( X y)]
n=1 12
nm
sin —
2
where Ap =
nm
2

Solving Equation (12) for the sidebands around fy (n = 1)
yields:

Rp Vy
Vo= R+ 7r, (0.637)[cos(wx+wy)t+cos(wx-wy)t]
(13)

Equation (13) may be further simplified to give the voltage
gain for the amplitude of each fundamental sideband:

Vo 0.637 R
—=AE——— 14
Vy Y Rgtore a9
For the low level V case:
Vy(cos wy)t
-Rp Vy(cos wy)t kT/q
Vo= (15)
2ARE + 2r¢)
‘R Vy Vi [cos(wy +wy)t+cos(wy-wy)t]
Vo= . (16)
4<k— (RE + 2r¢)
q
And the voltage gain for each sideband becomes:
Vo Ry Vy(rms)
= |Av (17)
VY

22 (k—T>(RE +2r¢)
q

Equations (14) and (17) summarize the single ended
conversion voltage gains of the MC1596 for low and high
level ac carrier inputs. Note that these gain expressions are
calculated for the output amplitude of each of the two de-
sired sidebands. The composite output signal consists of
the sum of these two sidebands in the low level case and



in the high level case it is the sum of the sidebands of the
carrier and all the odd numbered harmonics of the carrier.

Laboratory gain measurements have shown good corre-
lation with Equations (10), (11), (14) and (17).

DC BIAS

A significant portion of the DC bias circuitry for the
MC1596 must be supplied externally. While this has the
disadvantage of requiring several external components, it
has the advantage of versatility. The MC1596 may be oper-
ated with either single or dual power supplies at practically
any supply voltage(s) a semiconductor system has avail-
able. Further, the external load and emitter resistors pro-
vide the designer with complete freedom in setting device
gain.

The DC bias design procedure consists of setting bias
currents and 4 bias voltage levels, while not exceeding ab-
solute maximum voltage, current, and dissipation ratings.

The current levels in the MC1596 are set by controlling
I5 (subscripts refer to pin numbers). For bias current de-
sign the following assumption may be made:

1
15=l6=19 ';—0

Since base currents may be neglected, I5 flows through
a forward biased diode and a 50052 resistor to pin 10.

When pin 10 is grounded, I5 is most conveniently ad-
justed by driving pin 5 from a current source.

When pin 10 is connected to a negative supply, I5 may
be set by connecting a resistor from pin 5 to ground (RS).
The value of RS may be computed from the following
expression:

_[Viol -¢

- 50082 (18)

Is

where ¢ = the diode forward voltage, or about 0.75Vdc at
Ty =25°C.
The absolute maximum rating for I5 is 10mA.

For all applications described in this article, bias cur-
rent I5 has been set at 1 mA. The MC1:596 has been char-
acterized at this bias current and it is the recommended
current unless there is a conflict with power dissipation
requirements.

The 4 bias voltage levels that must be set up exter-
nally are:

pins 6 and 9 most positive.

pins 7 and 8 next most positive.
pins 1 and 4 next most positive.
pin 10 most negative.

The intermediate voltage levels may be provided by a
voltage divider(s) or any other convenient source such as
ground in a dual power supply system.
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It is reccommended that the voltage divider be designed
for a minimum current of 1mA. Then Iy, I4, I7, and Ig
need not be considered in the divider design as they are
transistor base currents.

Guidelines for setting up the bias voltage levels include
maintaining at least 2 volts colléctor-base bias on all tran-
sistors while not exceeding the voltages given in the abso-
lute maximum rating table;

30 Vde > [(Vg, Vo) - (V7, Vg)] > 2 Vde
30 Vde = [(V7, Vg) - (V1, Va)l > 2.7 Vde
30 Vde > [(V), V4) - (V5)] > 2.7 Vde

The foregoing conditions are based on the following as-
sumptions:
Vg=Vg,” V7=Vg, Vi=Vy4

The other consideration in bias design is total device
dissipation, which must not exceed 680 mW and 575 mW
at Tp = 250C, respectively, for the metal and ceramic dual
in-line packages.

From the assumptions made above total device dissi-
pation may be computed as follows:

PD=2[5(V6-V10)+15(V5~V10) (19)
For examples of various bias circuit designs, refer to
Figures 3, 8 and 9.

BALANCED MODULATOR

Figure 3 shows the MC1596 in a balanced modulator
circuit operating with +12 and -8 volt supplies. Exceilent
gain and carrier suppression can be obtained with this cir-
cuit by operating the upper (carrier) differential amplifiers
at a saturated level and the lower differential amplifier in
a linear mode. The recommended input signal levels are
60 mV rms for the carrier and 300 mV rms for the maxi-
mum modulating signal levels.

For these input levels, the suppression of carrier, car-
rier harmonics, and sidebands of the carrier harmonics is
given in Figures 4 and 5.

The modulating signal must be kept at a level to insure
linear operation of lower differential amplifier Q5 — Q6.
If the signal input level is too high, harmonics of the mod-
ulating signal are generated and appear in the output as
spurious sidebands of the suppressed carrier. For a maxi-
mum modulating signal input of 300 mV rms, the suppres-
sion of these spurious sidebands is typically 55 dB at a car-
rier frequency of 500 kHz.

Sideband output levels are shown in Figure 6 for vari-
ous input levels of both carrier and modulating signal for
the circuit of Figure 3.

Operating with a high level carrier input has the ad-
vantages of maximizing device gain and insuring that any
amplitude variations present on the carrier do not appear
on the output sidebands. It has the disadvantage of in-
creasing some of the spurious signals.

Fourier analysis for a 50% duty cycle switching wave-
form at the carrier differential amplifiers predicts no even
harmonics of the carrier (Appendix). However, the second
harmonic of the carrier is suppressed only about 20 dB in
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TABLE 1 T ‘2f 3, (2 e 3 k¢,

[ High Level Carrier

43 d8 19d8
i Input 60 mV(rms) 66 dB | 3598 | 70dB i

Low Level Carrier

fnput 10 mV(rms) 66 yB | 45dB | 70 d8B 5348 4698

Suppression in dB of spurious outputs below each desired sideband
(fe + f5) for high and low level carrier injection voltages.

Carrier Frequency = 500 kHz.

Modulating Signal = 1 kHz at 300 mV(rms)

Circuit of Figure 3.

the LF and HF range with a 60 mV carrier injection level,
apparently due to factors such as the waveform not being
a perfect square wave and slight mismatch between tran-
sistors. If the sine wave carrier signal is replaced with a
300 mV peak-to-peak square wave, an additional 15 dB of
carrier, second-harmonic suppression is a¢hieved. Attempt-
ing to accomplish the same result by increasing carrier sine-
wave amplitude degrades carrier suppression due to addi-
tional carrier feedthrough with, however, no increase in
the desired sideband output levels.

Operation with the carrier differential amplifiers in a
linear mode theoretically should produce only the desired
sidebands with no spurious outputs. Such linear operation
is achieved by reducing the carrier input level to 15 mV
rms or less.

This mode of operation does reduce spurious output
levels significantly. Table I lists a number of the spurious
output levels for high (60 mV) and low (10 mV) level car-
rier operation. Reduction of carrier injection from 60 mV
to 10 mV decreased desired sideband output by 12.4 dB.
This is in excellent agreement with the analysis in the Ap-
pendix, which predicts 12.5 dB.

Spurious levels during low level operation are so low
that they are affected significantly by the special purity of
the carrier input signal. For example, initial readings for
Table I were taken with a carrier signal generator which
has second and third harmonics 42 and 45 dB below the
fundamental, respectively. Additional filtering of the car-
rier input signal was required to measure the true second
and third carrier-harmonic suppression of the MC1596.

The decision to operate with a low or high level carrier
input would of course depend on the application. For a
typical filter-type SSB generator, the filter would remove
all spurious outputs except some spurious sidebands of the
carrier. For this reason operation with a high level carrier
would probably be selected to maximize gain and insure
that the desired sideband does not contain any spurious
amplitude variations present on the carrier input signal.

On the other hand, in a low frequency broadband bal-
anced modulator spurious outputs at any frequency may
be undesirable and low level carrier operation may be the
best choice.

Good carrier suppression over a wide temperature range
requires low dc resistances between the bases of the lower
differential amplifier (pins 1 and 4) and ground. It is rec-
ommended that ‘the values of these resistors not be in-
creased significantly higher than the S1 ohms utilized in
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the circuit shown in Figure 3 in applications where carrier
suppression is important over full operating temperature
range of -550C to +125°C. Where operation is to be over
a limited temperature range, resistance values of up to the
low kilohm range may be used.

AMPLITUDE MODULATOR

The MC1596 balanced modulator circuit shown in Fig-
ure 3 will function- as an amplitude modulator with just
one minor modification. All that is necessary is to unbal-
ance the carrier null to insert the proper amount of carrier
into the output signal. However, the null circuitry used for
balanced modulator operation does not provide sufficient
adjustment range and must be modified. The resulting am-
plitude modulator is shown in Figure 7. This modulator
will provide excellent modulation at any percentage from
zero to greater than 100 percent.

PRODUCT DETECTOR

Figure 8 shows the MC1596 in an SSB product detec-
tor configuration. For this application, all frequencies ex-
cept the desired demodulated audio are in the RF spectrum
and can be easily filtered in the output. As a result, the
carrier null adjustment need not be included.

Upper differential amplifiers Q1 — Q2 and Q3 — Q4
are again driven with a high level signal. Since carrier out-
put level is not important in this application (carrier is
filtered in the output) carrier input level is not critical. A
high level carrier input is desirable to maximize gain of the
detector and to remove any carrier amplitude variations
from the output. The circuit of Figure 8 performs well
with a carrier input level of 100 to 500 mV rms.

The modulated signal (single-sideband, suppressed car-
rier) input level to differential amplifier pair Q5 — Q6 is
maintained within the limits of linear operation. Excellent
linearity and undistorted audio output may be achieved
with an SSB input signal level range up to 100 mV rms.
Again, no transformers or tuned circuits are required for
excellent product detector performance from very low
frequencies up to 100 MHz.

Another advantage of the MC1596 product detector is
its high sensitivity. The sensitivity of the product detector
shown in Eigure 8 for a 9 MHz SSB signal input and a 10
dB signal plus noise to noise [(S + N)/N] ratio at the out-
put is 3 microvolts. For a 20 dB (S + N)/N ratio audio out-
put signal it is 9 microvolts.

For a 20 dB (S + N)/N ratio, demodulated audio out-
put signal, a 9 MHz SSB input signal power of -101 dBm
is required. As a result, when operated with an SSB re-
ceiver with a 50 ohm input impedance, a 0.5 microvolt RF
input signal would require only 12 dB overall power gain
from antenna input terminals to the MC1596 product de-
tector.

Note also that dual outputs are available from the prod-
uct detector, one from pin 6 and another from pin 9. One
output can drive the receiver audio amplifiers while a sep-
arate output is available for the AGC system.
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AM DETECTOR

The product detector circuit of Figure 8 may aiso be
used as an AM detector. The modulated signal is zpplied
to the upper differential amplifiers while the carrier signal
is applied to the lower differential amplifier.

Ideally, a constant amplitude carrier signal would be
obtained by passing the modulated signal through a lim-
iter ahead of the MC1596 carrier input terminals. How-
ever, if the upper input signal is at a high enough level
(>50 mV), its amplitude variations do not appear in the
output signal. For this reason it is possible to use the prod-
uct detector circuit shown in Figure 8 as an AM detector
simply by applying the modulated signal to both inputs at
a level of about 600 mV on modulation peaks without
using a limiter ahead of the carrier input port. A small
amount of distortion will be generated as the signal falls
below 50 mV during modulation valleys, but it will prob-
ably not be significant in most applications. Advantages of
the MC1596 AM detector include linear operation and the
ability to have a detector stage with gain.

MIXER

Since the MC1596 generates an output signal consisting
of the sum and difference frequencies of the two input
signals only, it can also be used as a double balanced mixer.

Figure 9 shows the MC1596 used as a high frequency
mixer with a broadband input and a tuned output at 9
MHz. The 3 dB bandwidth of the 9 MHz output tank is
450 kHz.

The local oscillator (LO) signal is injected at the upper
input port with a level of 100 mV rms. The modulated
signal is injected at the lower input port with a maximum
level of about 15 mV rms. Note that for maximum con-
version gain and sensitivity the external emitter resistance
on the lower differential amplifier pair has been reduced
to zero.

For a 30 MHz input signal and a 39 MHz LO, the mixer
has a conversion gain of 13 dB and an input signal sensi-
tivity of 7.5 microvolts for a 10 dB (S + N)/N ratio in the
9 MHz output signal. With a signal input level of 20 mV,
the highest spurious output signal was at 78 MHz (2 ] ()
and it was more than 30 dB below the desired 9 MHz out-
put. All other spurious outputs were more than 50 dB
down.

As the input is broadband, the mixer may be operated
at any HF and VHF input frequencies. The same circuit
was operated with a 200 MHz input signal and a 209 MHz
LO. At this frequency the circuit had 9 dB conversion gain
and a 14 microvolt sensitivity.

Greater conversion gains can be achieved by using tuned
circuits with impedance matching on the signal input port.
Since the input impedance of the lower input port is con-
siderably higher than 50 ohms even with zero emitter re-
sistance, most of the signal input power in the broadband
configuration shown is being dissipated in the 50 ohm re-
sistor at the input port.

The circuit shown has the advantage of a broadband
input with simplicity and reasonable conversion gain. If



greater conversion gain is desired, impedance. matching at
the signal input is recommended.

The input impedance at the signal input port is plotted
in Figures 10 and 11. The output impedance is also shown
in Figure 12. Both of these curves indicate the complex
impedance versus frequency for single ended operation.

The nulling circuit permits nulling of the LO signal and
results in a few dB additional LO suppression in the mixer
output. The nulling circuitry (the two 10 kS2 resistors and
50 k2 potentiometer) may be eliminated when cperating
with a tuned output in many applications where the com-
bination of inherent device balance and the output tank
provide sufficient LO suppression.

The tuned output tank may be replaced with a resis-
tive load to form a broadband input and output doubly-
balanced mixer. Magnitude of output load resistance be-
comes a simple matter of tradeoff between conversion gain
and output signal bandwidth. As shown in Figure 12, the
single ended output capacitance of the MC1596 at 9 MHz
is typically 5 pF.

With a 50 ohm output load, a 30 MHz input signal level
of 20 mV, and a 39 MHz LO signal level of 100 mV the
conversion gain was -8.4 dB (loss). Isolation was 30 dB
from input signal port to output port and 18 dB from LO
signal port to output port.

DOUBLER

The MC1596 functions as a frequency doubler when
the same signal is injected in both input ports. Since the
output signal contains only wj] t w7 frequency compo-
nents, there will be only a single output frequency at
2w] when wy = w).

For operation as a broadband low frequency doubler,
the balanced modulator circuit of Figure 3 need be modi-
fied only by adding ac coupling between the two input
ports and reducing the lower differential amplifier emitter
resistance between pins 2 and 3 to zero (tieing in 2 to pin
3). The latter modification increases the circuit sensitivity
and doubler gain.

A low frequency doubler with these modifications is
shown in Figure 13. This circuit will double in the audio
and low frequency range below 1 MHz with all spurious
outputs greater than 30 dB below the desired 2fj) output
signal.

For optimum output-signal spectral purity, both upper
and lower differential amplifiers should be operated within
their linear ranges. This corresponds to a maximum input
signal level of 15 mV rms for the circuit shown in Figure
13.

If greater signal handling capability is desired the cir-
cuit may be modified by using a 1000 ohm resistance be-
tween pins 2 and 3 and a 10:1 voltage divider to reduce the
input signal at the upper port to 1/10 the signal level at
the lower port.

The MC1596 will also function very well as an RF
doubler at frequencies up to and including UHF. Either a
broadband or a tuned output configuration may be used.

Suppression of spurious outputs is not as good at VHF
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and UHF. However, in the broadband configuration, the
desired doubled output is still the highest magnitude out- +1 L—-l — +1
put signal when doubling from 200 to 400 MHz, where Input 1 :‘:’:
the spurious outputs are 7 dB or more below the 400 A L R
MHz output. Even at this frequency the MC1596 is still
superior to a conventional transistor doubler before out- 1 _ 1
put filtering. Input 2 _—1

Figure 14 shows a 150 to 300 MHz doubler with out- S L p I I I
put filtering. All spurious outputs are 20 dB or more be-
low the desired 300 MHz output.

— +1
FM DETECTOR AND PHASE DETECTOR Output
The MC1596 provides a dc output which is a function B A ! s
of the phase difference between two input signals of the Inputs In Phase Inputs Out of Phase
same frequency, and can therefore be used as a phase de-
tector. This characteristic can also be utilized to design an FIGURE 15 — Phase Detector Waveforms, High Level Inputs
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FM detector with the MC1596. All that is required is to
provide a means by which the phase difference between
the signals at the two input ports vary with the frequency
of the FM signal.

Phase dependent FM detector operation can be ex-
plained by considering input and output currents for a
high level signal at both input ports. These waveforms are
shown in Figure 15 with inputs in phase at A and out of
phase at B.

Since the output current is a constant times the product
of the input currents, Figure 15 illustrates how a shift in
phase between the two input signals causes a dc level shift
in the output.

SUMMARY

A number of applications of the MC1596 monolithic
balanced modulator integrated circuit have been explored.
The basic device characteristics of providing an output sig-
nal at the sum and difference of the two input frequencies
with options on gain and amplitude characteristics will un-

doubtedly lead -to numerous other applications not dis-
cussed in this article.
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APPENDIX

AC AND DC ANALYSIS
With reference in Figure 2 of the text, the following
equations apply:
V.

ly=—y (when Rg >> 1, the transistor (1A)
RE  dynamic emitter resistance.)
I +1y I +1y
I= I3=——
Vy Vg
l+e— I+e —
a a
(24)
Iy-ly I -ly
Iy= Ig=——
‘Vx- vx
1+e — 1+e —
a a
where
kT
a=— (3A)
q
I +1, Ij-1
[A=12+l4= y"’ y
1+eM | +em
(4A)
ll +1 ll -1
IB=[3+IS= y+ Y
[+eM | +em
where
Vx
m=—
a

1 1
[A-IB=(|1+1) -
Y 1+eM [+em

1 1
+(1y-1 -
a y)[l +em l+em]

l+em.q.em
=(|1+1y)[——]
(1+eM)(1+e™m)

l1+eM.].em
1y - — (5A)
(1+eM)(1+eM)
_ (I +1) (eM-eM) + (I - Iy) (eM- ™)
(1 +eM) (1 +e™)
} Lje™-[1e™M +1ye™-Iye™ +1je™ - Iiem. lyem + lye'm
(A +eM(1+em
Ay(e™ - e™)
(1 +eMy(] +e)
&Vo=(Ia-IB)RL (6A)
21, Ry (e ¢m)
(1+eM(1+em™)
B I Vin (7A)
ut, =—
y Rg
AV, 2Rp em_em
Therefore, —= — | ——— (8A)
Vin RE [(1+em)(1+em)



Vx  Vx
ms=—=—

a kT
q

recalling that

From this it can be seen that voltage gain is a function of
the input level supplied to the upper four transistors:

&V, 2R
=Ay=—— [f(m)], 9A)
Vin Rg
2R Vy
and Vo= [f(m)] , (10A)

A curve of f(m) versus input level supplied to the upper
quad differential amplifier is shown in Figure 16 of the
text.

0 .
E kT
q a=—
\ a
0.2 Hi ———a =18.9 (-55°C) ——|
H ! ----a=26.0(+25°C) |
“'., N BRI a =347 (+125°C)
0.4 B em_gm
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FIGURE 16 — Vy versus [fm]

The MC1596 is therefore a linear multiplier over the
range of Vy for which [f(m)] is a linear function of V.
This range of x can be obtained by inspéction of Figure 16
and is approximately zero to 50 millivolts.

Examining the case of a small signal V, input level
mathematically yields-

Assume Vy <<a (11A)
Then: eM<Q.1 (124)
eM=~]+m (13A)
eMx~].-m
(1-m)-(1+m) -2m
[fm) ~ | ———| = — (144)
Crm@e-m) - \4 m2
-2m 2m -m
—— )= === (154)
4-m2) 4 2
Vo 2Rp f(-m)\ -Rpm
Therefore Ay=—=—\—)=— (16A)
Vy Rg 2 Rg
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_ -Rp Vym _ -Rp Vy Vg

7
Re (174)

° Rga

Equation (17A) shows that the MC1596 is a linear multi-

plier when Vy < 2.6 mV. However, as was observed by in-

spection of Figure 16 earlier, the device is capable of ap-

proximate linear multiplier operation when Vy, < 50 mV.
For the case of a large signal V, input level:

Vy>>a (18A)
em>> 1 (19A)
e <]
2Ry [em] -2RL
CEEE -
2Ry Vy
0= Rg (21A)

Equation (20A) indicates that in this mode the output
level is independent of the level of V. This characteristic
is useful in many communications applications of the
MC1596.

e ()
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Lower
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e, (1S(1) U Vn‘ e
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FIGURE 17 — input and Output Waveforms for a High Level
Upper Input and Low Level Lower Input Signals

Mathematical analysis for ac input signals is given below
for two modes of operation which cover most applications
of the MC1596. These modes are (1) Vy and Vy both low
level sine waves, and (2) low level sine wave for Vy and a
large signal input for V, (either a high level sine wave or a
square wave input) giving rise to a symmetrical switching
operation of the upper differential amplifier quad, Q1,Q2,
Q3, and Q4.



For sine wave input signals,
(22A)

(23A)

Vx = Ex cos wyt
Vy = Ey C0s wyt
where Ey and Ey are the peak values of the x and y input

voltages, respectively. Therefore,

Vo=KEy Ey (cos wyt) (cos wyt) (24A)

Performing this multiplication yields:
_ KEy Ey

Vo=

cos (wy + wy)t + cos(wy - wy)t (25A)

The second mode of operation can be analyzed by as-
suming square wave switching function in the upper dif-
ferential amplifiers and applying Fourier analysis.

The Fourier series form for the symmetrical square
wave signal shown in Figure 17 is
oo
s()=2 X Apcosnwyt

n=1

(26A)
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where the Fourier coefficients are

. mn
sin—
2

Ap= (27A)

mn

2

The output voltage is therefore:
Vo =KEy 2‘ Aplcos(nwy +wy)t+cos(nwy - wy)t] (28A)
n=1
Note that Equation (25A) predicts that for low level input
signals, the output signal consists of the sum and difference
frequencies (wy * wy) only, while Equation (28A) pre-
dicts that operation with a high level input for V, input
will yield outputs at frequencies wy * Wy, 3wy t wy,
Swy * wy, etc.
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PHASE-LOCKED LOOP
DESIGN FUNDAMENTALS

Prepared by
Garth Nash

Applications Engineering

The fundamental design concepts for
phase locked loops implemented with inte-
grated circuits are outlined. The necessary
equations required to evaluate the basic
loop performance are given in conjunction
with a brief design example.
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PHASE-LOCKED LOOP DESIGN FUNDAMENTALS

INTRODUCTION

The purpose of this application note is to provide the
electronic system designer with the necessary tools to
design and evaluate Phase Locked Loops (PLL) configured
with integrated circuits. The majority of all PLL design
problems can be approached using the Laplace transform
technique. Therefore, a brief review of Laplace is included
to establish a common reference with the reader. Since
the scope of this article is practical in nature all theoretical
derivations have been omitted hoping to simplify and
clarify the content. A bibliography is included for those
who desire to pursue the theoretical aspect.

PARAMETER DEFINITION

The Laplace Transform permits the representation of
the time response f(t) of a system in the complex domain
F(s). This response is twofold in nature-in that it contains
both the transient and steady state solutions. Thus, all
operating conditions are considered and evaluated. The
Laplace transform is valid only for positive real time linear
parameters; thus, its use must be justified for the PLL which
includes both linear and nonlinear functions. This justifi-
cation is presented in Chapter Three of Phase Lock
Techniques by Gardner.!

The parameters in Figure 1 are defined and will be used
throughout the text.

els)
8i(s) Gls) 0o(s)
H(s)
8;(s) Phase input
Oqls) Phase error

8o(s) Output phase
G(s) Product of the individual feed
forward transfer functions

Product of the individual feed-
back transfer functions

H(s)

FIGURE 1 — Feedback System

Using servo theory, the following relationships can be
obtained.2

Oe(s) = 0i(s) (1)

1
1+ G(s) H(s)

Bo(s) = G

1+ GG Hey) i) @

These parameters relate to the functions of a PLL as
shown in Figure 2.

f,s) Ph els) 1o(s)
P ase . ¢
i Detactor Filter VCO/VCM o
fo fotsI/N Programmable
~ Counter (+N)

FIGURE 2 — Phase Locked Loop
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The phase detector produces a voltage proportional to
the phase difference between the signals 8; and 8/N. This
voltage upon filtering is used as the control signal for the
VCO/VCM (VCM - Voltage Controlled Multivibrator).

Since the VCO/VCM produces a frequency proportional
to its input voltage, any time variant signal appearing on
the control signal will frequency modulate the VCO/VCM.
The output frequency is

fo = Nfj 3)

during phase lock. The phase detector, filter, and VCO/
VCM compose the feed forward path with the feedback
path containing the programmable divider. Removal of
the programmable counter produces unity gain in the feed-
back path (N = 1). As a result, the output frequency is
then equal to that of the input.

Various types and orders of loops can be constructed
depending upon the configuration of the overall loop
transfer function. ldentification and examples of these
loops are contained in the following two sections.

TYPE — ORDER

These two terms are used somewhat indiscriminately
in published literature, and to date there has not been an
established standard. However, the most common usage
will be identified and used in this article.

The type of a system refers to the number of poles of
the loop transfer function G(s) H(s) located at the origin.
Example:

10

let G(s) H(s) = E(STT())

)

This is a type one system since there is only one pole at
the origin.

The order of a system refers to the highest degree of
the polynomial expression

1+G(s)H(s)= 02 CE. 5)

which is termed the Characterislic @g@i@ (C.E.). The

roots of the characteristic equation become the closed loop
poles of the overall transfer function.

Example:
G(s) H(s) = __B;. (6)
s(s +10)
then
l+G(s)H(s)=l+-~£—— =0 (7)
s(s + 10)
therefore
CE.=s(s+10)+ 10 (8)
CE.=s2+10s+10 9)

which is a second order polynomial. Thus, for the given
G(s) H(s), we obtain a type 1 second order system.
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ERROR CONSTANTS

Various inputs can be applied to a system. Typically
these include step position, velocity, and acceleration. The
response of type 1,2, and 3 systems will be examined with
the various inputs.

Be(s) represents the phase error that exists in the phase
detector between the incoming reference signal 6i(s) and
the feedback 6o(s)/N. In evaluating a system, O¢(s) must
be examined in order to determine if the steady state and
transient characteristics are optimum and/or satisfactory.
The transient response is a function of loop stability and is
covered in the next section. The steady state evaluation
can be simplified with the use of the final value theorem
associated with Laplace. This theorem permits finding the
steady state system error 8¢(s) resulting from the input
6;(s) without transforming back to the time domain.3

Simply stated

Lim [6(t)] = Lim [s8e(s)] (10)
t— o0 $—0
Where
1
6 = .
e(s) I+ Gis) Hs) 0i(s) (11)
The input signal ;(s) is characterized as follows:
Step position: 6i()y=Cp t=0 (12)
) ) Cp
Or.in Laplace’notation: 8i(s)= -— (13)

N

where Cp is the magnitude of the phase step in radians.
This corresponds to shifting the phase of the incaming
reference signal by Cp radians:

Step velocity: #i(t)=Cyt t 20 (14)

Or.in Laplace notation: 8i(s) = (15)

S~
where Cy is the magnitude of the rate of change of phase
in radians per second. This corresponds to inputing a fre-
quency that is different than the feedback portion of the
VCO frequency. Thus. Cy is the frequency difference
in radians per second seen at the phase detector.

Step acceleration:  0j(1)'=Cyt2 t >0 (16)

: 2 Gy
Or.in Laplace notation: 8i(s) = -

o a7
>
C, is the magnitude of the frequency rate of change in
radians per second per second. This is characterized by a
time variant frequency input.

Typical loop G(s) H(s) transfer functions for types 1.
2,and 3 are:

Type I G(s)H(s) = (18)

s(s + u_)



K(s +a)
Type 2 G(s)H(s) = — 19
2
Type 3 G(s) H(s) = EW (20)
N

The final value of the phase error for a type 1 system
with a step phase input is found by using Equations 11
and 13.

1 C
fe(s) = (_:?“) (;E)
1+
s(s+a)

(s+a)Cp

==~ 21
(s2+as +K) @b
Belt =)= Li ( T2 eyl =0 @)
t=oo)=LIM |S{ ———— = 22
¢ soo]| \s2+as+K/ P

Thus the final value of the phase error is zero when a
step position (phase) is applied.

Similarly applying the three inputs into type 1. 2 and
3 systems and utilizing the final value theorem. the follow-
ing table can be constructed showing the respective steady
state phase errors.

TABLE | — Steady State Phase Errors for Various System Types

Type 1 Type 2 Type 3
St.o? Zero Zero Zero
Position
Step
Velocity Constant Zero Zero
Step N Con’tinu'lllv Constant Zero
9

A zero phase error identifies phase coherence between
the two input signals at the phase detector.

A constant phase error identifies a phase differential
between the two input signals at the phase detector. The
magnitude of this differential phase error is proportional to
the loop gain and the magnitude of the input step.

A continually increasing phase error identifies a time
rate change of phase. This is an unlocked condition for
the phase loop.

Using Table | the system type can be determined for
specific inputs. For instance, if it is desired fora PLL to
track a reference frequency (step velocity) with zero phase
error, a minimum of type 2 is required.

STABILITY

The root locus technique of determining the position of
system poles and zeroes in the s-plane is often used to
graphically visualize the system stability. The graph or plot
illustrates how the closed loop poles (roots of the character-
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istic equation) vary with loop gain. For stability all poles
must lie in the left half of the s-plane. The relationship of
the system poles and zeroes then determine the degree of
stability. The root locus contour can be determined by
using the following guidelines.2

Rule 1 - The root locus begins at the poles of G(s) H(s)
(K =-0) and ends at the zeroes of G(s) H(s)
(K =o0). Where K is loop gain.

Rule 2 - The number of root loci branches is equal to
the number of poles or number of zeroes,
whichever is greater. The number of zeroes at
infinity is the difference between the number
of finite poles and finite zeroes of G(s) H(s).

Rule 3 - The root locus contour is bounded by asymp-
totes whose angular position is given by
(n+1)
#P - #Z
Where #P (#Z) is the number of poles (zeroes).

mn=0,1,2.... (23)

Rule 4 - Theintersection of the asymptotes is positioned
at the center of gravity C. G.
_SP-3Z

#_#7 (24)

Where TP (ZZ) denotes the summation of the
poles (zeroes).

Rule 5 - On a given section of the real axis. root loci
may be found in the section only if the #P + #Z
to the right is odd.

Rule 6 - Breakaway points from negative real axis is
given by:

dK _

ds @5

Again where K is the loop gain variable factored from
the characteristic equation.
Example:

The root locus for a typical loop transfer function
is found as follows:

G(s)H(s) =

s(s+4) (26)

The root locus has two branches (Rule 2) which begin
at's = 0 and s = 4 and ends at the two zeroes located at
infinity (Rule 1). The asymptotes can be found according
to Rule 3. Since there are two poles and no zeroes the
equation becomes:

forn=0

]
B
+
o

[}
w
3

forn=1



The position of the intersection according to the Rule
4is:
2-0
(28)

The breakaway point as defined by Rule 6 can be found
by first writing the characteristic equation.

CE.-1+G(s)H(s)=0

=14+ ——=s2+45+K = 29
G s2+4s+K=0 (29)

Now solving for K yields
K=-s2-4s (30)

Taking the derivative with respect to s and setting it
equal to zero then determines the breakaway point.

Ko o

as s T :

K e .

LoTks-4s (32)
or

s=-2 (33)

is the point of departure. Using this information, the root
locus can be plotted as in Figure 3.

This second order characteristic equation given by
Equation 29 has been normalized to a standard form2
(34)

s2+2¢ wps + w2y

where the damping ratio ¢ = Cos ¢ (0°< ¢ <90°) and wp,
is the natural frequency as shown in Figure 3.

Asymptote = /2
\ “n

Center of gravity
K=0 @ g

-4 -2

Breakaway point

./

Y Koo

Asymptote =

FIGURE 3 — Type 1 Second Order Root Locus Contour
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The response of this type 1, second order system to
a step input is shown in Figure 4. These curves represent
the phase response to a step position (phase) input for
various damping ratios. The output frequency response
as a function of time to a step velocity (frequency) input is
also characterized by the same set of figures.

1.9

1.8

1.7

NEEEA

0o(t), NORMALIZED OUTPUT RESPONSE
o = -
© o =
\‘OU
oo
oo N\
\

o
w
NGO

o
0 10 20 3040506.0 708090 10 11 12 13

Wt

FIGURE 4 — Type 1 Second Order Step Response

The overshoot and stability as a function of the damp-
ing ratio § is illustrated by the various plots. Each response
is plotted as a function of the normalized time wpt. For a
given { and a lock-up time t. the wp required to achieve the
desired results can be determined. Example:

Assume {=0S5
error < 107

fort>1ms

From ¢ = 0.5 curve the error is less than 10% of final
value for all time greater than wpt = 4.5. The required
wp can then be found by:

wpt=4.5 35)

or

(36)



¢ is typically selected between 0.5 and 1 to yield opti-
mum overshoot and noise performance.
Example:

Another common loop transfer function takes the form

+
G sy = 12K @7)
s2
This is a type 2 second order system. A zero is added

to provide stability. (Without the zero the poles would
move along the jw axis as a function of gain and the system
would at all times be oscillatory in nature.) The root locus
shown in Figure 5 has two branches beginning at the origin
with one asymptote located at 180 degrees. The center of
gravity is s = a: however. with only one asymptote there is
no intersection at this point. The root locus lies on a circle
centered at s = -a and continues on all portions of the nega-
tive real axis to left of the zero. The breakaway point
iss=-2a.

jw

s-plane

FIGURE 5 — Type 2 Second Order Root Locus Contour

The respective phase or output frequency response of
this type 2 second order system to a step position (phase)
or velocity (frequency) input is shown in Figure 6. As
illustrated in the previous example the required wp can
be determined by the use of the graph when ¢ and the lock
up time are given.

BANDWIDTH
The -3 dB bandwidth of the PLL is given by

( %
w-3dB=wn(l-2'g3+ 2-4g2+4;4) (38)
for a type | second order4 system, and by

]/:
w3 dB=wn(x+3§3 +~/z+4§2+4§4) (39)

for a type 2 second order! system.

PHASE-LOCKED LOOP DESIGN EXAMPLE

The design of a PLL typically involves determining the
type of loop required, selecting the proper bandwidth, and
establishing the desired stability. A fundamental approach

18 1 1] 1
17 Fa ik,
1.6 / \ 0.2
\)(" Lo.3
1.5 //\LI‘
5 14 /a 0.5
z a 0.6
8 1.3 = ;07 /
T 12 N
Lo Lf AN
& 10
3 oo —11{)X| "*‘I 3
5 ° 2o W7 \
@ o8 / \/,
3 0.7
Z os \\ /
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30 0.4 :
3 !
0.3
0.2 !
0.1 % .
0 i j

0 1.0203040506.07.0809010 11 12 13 14
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FIGURE 6 — Type 2 Second Order Step Response

to these design constraints is now illustrated. It is desired
for the system to have the following specifications:

Output frequency 2.0 MHz to 3.0 MHz

Frequency steps 100 kHz
Phase coherent frequency

output
Lock-up time between

channels I ms
Overshoot <20%

NOTE: These specifications characterize a system
function similar to a variable time base generator or a
frequency synthesizer.

From the given specifications the circuit parameters
shown in Figure 7 can now be determined.
The devices used to configure the PLL are:
Frequency-Phase Detector  MC4044/4344

Voltage Controlled
Multivibrator (VCM)

Programmable Counter

MC4024/4324
MC4016/4316

The forward and feedback transfer functions are given
by:

G(s)=Kp KfKo  H(s)=Kp (40)

where Kn=1/N 41)



Filter
K¢

Phase
Detector K

VCM
Ko

o

Counter

Programmable

Kn

FIGURE 7 — Phase Locked Loop Circuit Parameters

The programmable counter divide ratio Ky, can be found
from Equation 3.

N = fo min_fomin _ 2MHz _ @2)
min g fsrep 100 kHz
f() max 3 MHz
Nmax = —— = 43
M foep 100 kHz “3)
1 |
Kn=35 1 30 @4)

A type 2 system is required to produce a phase coherent
output relative to the input (see Table I). The root locus
contour is shown in Figure 5 and the system step response
is illustrated by Figure 6.

The operating range of the MC4024/4324 VCM must
cover 2 MHz to 3 MHz. Selecting the VCM control capacitor
according to the rules contained on the data sheet yields
C = 100 pF. The desired operating range is then centered
within the total range of the device. The input voltage
versus output frequency is shown in Figure 8.
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3 4.0
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a
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0
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fout. OUTPUT FREQUENCY (MHz)

FIGURE 8 — MC4324 Input Voltage versus Ou!put
F y (100 pF F k Cap

dh

The transfer function of the VCM is given by

K
Ko= = @s)
s
Where Ky is the sensitivity in radians per second per
volt. From the curve in Figure 8. Ky is found by taking the
reciprocal of the slope.

4MHz - 1.5 MHz _ dsIv
VI TSV 3oy Al
Ky =112 X 100 rad/s/V (46)
Thus
1.2 X 106
= ——— - rad/s/V (47)

N

The s in the denominator converts the frequency charac-
teristics of the VCM to phase. i.e.. phase is the integral
of frequency.

The gain constant for the MC4044/4344 phase detector

is found by 3
DF High-UF Low 23V-09V
Kp= =5 == ———=0.111V rad (48)
2(2m) 4n

4

Since a type system is required (phase coherent
output) the loop transfer function must take the form of
Equation 19. The parameters thus far determined in-
clude Kp. K. Ky leaving only Ky as the variable for
design.  Writing the loop transfer function and relating
it to Equation 19

Ky Kp K K(s +a)
G(s) H(s) = ___u_} = (49)
§2
Thus K¢ must take the form
sta _
Kf= _S (50)

in order to provide all the necessary poles and zeroes for
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the required G(s) H(s). The circuit shown in Figure 9 yields
the desired results.

Kf is expressed by

R2Cs + 1
Kf RCs for large A 51
where A is voltage gain of the amplifier.

Rj. R2. and C are then the variables used to establish
the overall loop characteristics.

The MC4044/4344 provides the active circuitry required
to configure the filter Kf. An additional low current high
B buffering device or FET can be used to boost the input
impedance thus minimizing the leakage current from the
capacitor C between sample updates. As a result longer
sample periods are achievable.

Since the gain of the active filter circuitry in the
MC4044/4344 is not infinite. a gain correction factor K¢
must be applied to Kf in order to properly characterize the
function. K is found experimentally to be K¢ =0.5.

RoCs + 1
- (52)

Kfe =KfKe =05 -
fe = Kf Ke (RICS

( For large gain. Equation 51 applies. )

The PLL circuit diagram is shown in Figure 10 and its
Laplace representation in Figure 11.
he loop transfer function is

G(s) H(s) = Kp Kfe Ko Kn (53)

G5 Hs = Kp (0.5) [ () (L) (s
s) H(s) = Kp (0.5) Rics s N )

The characteristic equation takes the form

CE.=1+G(s)H(s)=0
L2, 05 KoKvR2 | 05Ky Ky

C P 55
Ry T T RCN 653)

Relating Equation S5 to the standard form given by
Equation 34

0.5 Kp Ky R2 0.5 Kp Ky
[ S - s + e

RN RjCN
=24 2 ¢ wps + wp- (56)

Equating like coefficients yields

0.5 Kp Ky

Rioy ~ e 67

Ry c
AN It
VWA {6

_au_

FIGURE 9 — Active Filter Design

0.5 Ky Ky R2

p v

and —_— =2 W 58
RIN §wn 8

With the use of an active filter whose open loop gain (A)
is large (K¢ = 1), Equations 57 and 58 become

Kp K,
pKv _
= 4 59
RICN " 69
Kp Ky R
p RvR2
RN §wn (60)

The percent overshoot and settling time are now used
to determine wp. From Figure 6 it is seen that a damping
ratio § = 0.8 will produce a peak overshoot less than 20%
and will settle to within 5% at wpt = 4.5. The required
lock-up time is | ms.

45 45

— =45k rad/s 1)

Rewriting Equation 57

62)

_(0.5)(0.111) (112X 106)
(4500)2 (30)

R1C=0.00102
(Maximum overshoot occurs at Nmax which is minimum
loop gain)
Let C=0.5uF
0.00102

Then Rj= ———
0.5X 106

= 2.04kQ

Use R}=2kQ
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Rj is typically selected greater than 1 kQ2.
Solving for R> in Equation 58

_2fwpRIN _ 2¢

Ry=o—— = = ~—— 63
2% KpKy(©0.5) ~ Coom (63)
_ 2(0.8)
(0.5 X 1070)(4.5k)
=711 Q
use Ry = 680 2

All circuit parameters have now been determined and
the PLL can be properly configured.

Since the loop gain is a function of the divide ratio
K. the closed loop poles will vary is position as K
varies. The root locus shown in Figure 12 illustrates the
closed loop pole variation.

The loop was designed for the programmable counter
N = 30. The system response for N = 20 exhibits a wider
bandwidth and larger damping factor. thus reducing both
lock-up time and percent overshoot (see Figure 14).

N =30
— Wp =4.61k rad/s
N = 20 §=0.785
wn = 5.64 k rad’s -
£ =00961
- — — — ————

quency change as the programmable counter is stepped
from 21 to.20.

Since the output frequency is proportional to the VCM
controlvoltage, the PLL frequency response can be observed
with an oscilloscope by monitoring pin 2 of the VCM. The
average frequency response as calculated by the Laplace
method is found experimentally by smoothing this voltage
at pin 2 with a simple RC filter whose time constant is
long compared to the phase detector sampling rate but
short compared to the PLL response time. With the
programmable counter set at 29 the quiescent control volt-
age at pin 2 is approximately 4.37 volts. Upon changing
the counter divide ratio to 30 the control voltage increases
to 4.43 volts as shown in Figure 14. A similar transient
occurs when stepping the programmable counter from 21
to 20. Figure 14 illustrates that the experimental results
obtained from the configured system follows the predicted
results shown in Figure 13. Linearity is maintained for
phase errors less than 2, i.e. there is no cycle slippage at
the phase detector.

N =30
L/

N stepped from 29 to 30

3.0

r=— Step Input

N stepped from 21 to 20

|
N IZ’Ok

‘ |
(L/lﬁ ) 0.5 1.0 1.5 2.0

TIME (ms)

OUTPUT FREQUENCY (MH2)

FIGURE 13 — Frequency-Time Response

FIGURE 12 — Root Locus Variation

NOTE: The type 2 second order loop was illustrated
as a design example because it provides excellent perform-
ance for both type 1 and 2 applications. Even in systems
that do not require phase coherency a type 2 loop still
offers an optimum design:

EXPERIMENTAL RESULTS

Figure 13 shows the theoretical transient frequency
response of the previously designed system. The curve
N =30illustrates the frequency response when the program-
mable counter is stepped from 29 to 30 thus producing a
change in the output frequency from 2.9 MHz to 3.0 MHz.
An overshoot of 18% is obtained and the output frequency
is within 5 kHz of the final value one millisecond after the
applied step. The curve N = 20 illustrates the output fre-
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*THE PARAMETERS LISTED BELOW APPLY TO THE FOLLOWING PLOT

PHASE DETECTOR GAIN CONSTANT P1= 0.111 VOLTS PER RADIAN
VCM GAIN CONSTANT V1= 1.12E+7 RADPER VOLT
FILTER INPUT RESISTOR R1= 3900 OHMS (R1; = 2 k)
FILTER FEEDBACK RESISTOR R2= 680 OHMS

FILTER CAPACITOR C1= 0.5MICROFARADS
DIVIDER VALUE N1-N2= 29-30

REFERENCE FREQUENCY F1= 100000 CPS

OUTPUT FREQUENCY CHANGE F5= 100000 CPS

P2= 0111 C2= 05

V2= 1.12E+7 N3-N4=21-20

R3= 3900 (R1.=2k) F2(F6) = 100000 (100000)

R4 = 680

PLOT OF FUNCTIONS

(NOTE: Y(T)!ISPLOTTED '+’ Z(T)I1S'*" AND '@ IS COMMON)
FOR T: TOP =0 BOTTOM = 0.0015 INCREMENT = 0.00005
FOR FCTS: LEFT =0 RIGHT = 0.12 INCREMENT - 0.002

TIME (ms)

VCM CONTROL SIGNAL (VOLTS)

FIGURE 15 — VCM Control Signal Transient
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Figure 15 is a theoretical plot of the VCM control volt-
age transient as calculated by a computer program. The
computer program is written with the parameters of Equa-
tions 58 and 59 (type 2) as the input variables and is valid
for all damping ratios of { < 1.0. The program prints or
plots the control voltage. transient versus time for desired
settings of the programmable counter. The lock-up time
can then be readily determined as the various parameters
are varied. (If stepping from a higher divide ratio to a lower
one the transient will be negative.) Figures 14 and 15 also
exhibit a close correlation between the experimental and
analytical results.

SUMMARY

This application note describes the basic control system
techniques required for phase-locked loop design. Criteria
for the selection of the optimum type of loop and methods
for establishing the desired performance characteristics are
presented. A design example is illustrated in a step-by-
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step approach along with the comparison of the experimen-
tal and analytical results.
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AN-545A

TELEVISION VIDEO IF AMPLIFIER
USING INTEGRATED CIRCUITS

Prepared by
Applications Engineering

This applications note considers the
requirements of the video IF amplifier
section of a television receiver, and gives
workingcircuit schematicsusing integrated
circuits which have been specifically de-
signed forconsumeroriented products. The
integrated circuits used are the MC1350,
MC 1352, and the MC1330.

67



TELEVISION VIDEO IF AMPLIFIER USING INTEGRATED CIRCUITS

INTRODUCTION

The very stringent requirements of the television video
IF amplifier can now be met using integrated circuits while
giving a substantial increase in performance and cost saving
over conventional discrete components. Circuit techniques
that would not have been technically or economically
possible with discrete components, can now be utilized
with integrated circuits.

Figure 1 indicates the signal levels and degree of auto-
matic gain control (AGC) required if a television receiver is
to function correctly throughout the range of input signal
conditions commonly encountered. In some locations, all
TV channels may provide high level signals, or conversely,
all channels appear as low level signals. However, in most
practical situations, each channel has its own amplitude.
Some signals are nearly lost in noise, while others approach
overload strength. This range of field intensity at the

antenna requires AGC compensation in the television re-
ceiver over a dynamic range greater than 90 dB. Some of
this control can be accomplished in the tuner, since a good
solid-state TV tuner has an AGC reduction capability
usually greater than 36 dB. The difference of at least
60 dB must be provided by the video IF amplifier.

The detected video output level will depend on the video
amplifier and picture tube drive requirements. In the ex-
treme case of a single stage, tube video amplifier, as used
in inexpensive monochrome receivers, the level could be
as high as- 6 V. But in most hybrid and all solid-state
receivers a one to two volt composite video and sync signal
is sufficient. Figure 2 shows a block diagram using two
integrated circuits, which gives the required IF gain, more
than adequate AGC gain reduction, and a detected com-
posite video output signal level of up to six volts, if
required.

: I IF Amp
H 200 uVv N
| T. V. Tuner And Video
i 6 uv Gain = 30 dB Detector [ 2V
80 dB
X 30 X 10 k
X 66 k { * AGC
T. V. Tuner IF Amp
200 mv .
Gain = 30 d8 Gain = 80 dB
400 mv AGC = -36 dB AGC = -60d8 2v
Result = -6 Gain Result = 20 dB Gain

-2

X 10

FIGURE 1 — Signal Levels and AGC Reduction Requirements
for a Typical Television Receiver

4

Bandpass
Transformer

MC1360 [
Low Level .
1F tnput > 5&:": ';0 :;"9 % g Video Detector |——mm Video Out
i 7VvM™M
45 MHz Gain Reduction | Conversion Gain ax

MC1330

34 d8

AGC Control Voltage

FIGURE 2 — Block Diagram of an IC Television
Video IF Amplifier
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FIGURE 3 — Circuit Schematic
CIRCUIT DESCRIPTION — MC1350

Figure 3 is a schematic diagram of the MC1350. video In later paragraphs a more complex. keyed or gated
IF amplifier. QI., Q2. Q3, and Q6 form a differential AGC system will be discussed.
cascade amplifier. When Q4 and QS are not conducting.
the amplifier is at maximum gain. With a positive AGC
bias voltage applied to the bases of Q4 and QS, they will
conduct and shunt away the signal current of Q3 and Q6. 0
This will attenuate the gain of the amplifier. although the

IaGC = o.1va\\
N

collector currents of Q1 and Q2 will remain constant pre- 20
venting a large input impedance change. The output \
amplifiers. Q7, Q8, Q9. and Q!10, are supplied from an 40 N

active current source that maintains a constant quiescent
bias keeping the output admittance nearly constant over 60

the AGCPraige. The%ifferential output is taken from the 'lA_oc ) OJ—:"\A\‘
collectors of Q8 and Q9. however single-ended output may a?‘ 0 5.0 6.0 7.0
be taken from either collector, provided the unused col-
lector is connected to the positive supply (V*). Operation

Gain Reduction (dB)

in this latter mode reduces the circuit gain. Either differ- —AW Pin5
ential or single-ended inputs may be applied to Q1 and Q2. Vace = Sk
For single-ended input, there will be no loss in g&in pro- -
vided the unused input is grounded through a capacitor.
Figure 4 is a graph of the AGC gain reduction character-.
istics versus the voltage applied to Pin 5, through a 5 kQ =
resistor. FIGURE 4 — Typical Gain Reduction
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FIGURE 5 — Last Video IF and Diode D

THE FINAL VIDEO IF AMPLIFIER AND DETECTOR

The final video IF amplifier and video detector must be
linear. if the video waveforms are to be undistorted. If the
detector or final video IF amplifier limits the video carrier,
either the sync pulses or the white region of the video
may be clipped.

Inpresent day TV receivers, a germanium diode is often
used for the video detector. While the germanium diode
functions exceedingly well. it is inherently non-linear. The
non-linearity is the result of the forward impedance char-
acteristics of germanium. When the collector current of
the final video IF transistor reaches a certain level, hFE
may begin to decrease resulting in non-linear amplification.
Both of these effects are illustrated in Figure 5. These non-
linearities generate unwantedsumanddifference frequencies
(“tweets). The high frequency tweets may radiate into
either the receiver antenna input. or into the low level

Transfer Ch

istics

stages of the IF amplifier, causing instability. The low
frequency products may mix with the video signal and
produce unwanted patterns on the picture tube. Television
manufacturers incorporate filters and shields to eliminate
these effects, however, a low level detection system not
utilizinga germanium diode would eliminate these problems.

The MC1330, low level detector (LLD), is a doubly
balanced, full wave, synchronous detector featuring very
linear detection and excellent frequency response. The
linearity is displayed in Figure 6. Carrier rejection for this
type of detector is typically 60 dB. The synchronous
detector functions by multiplying the signal to be detected
by the same’signal which has been amplified and limited.
(See Figure 7.) Further information on low level detectors
may be obtained in Motorela Application Notes AN-489
and AN-490.

Detected Output

-} -
o
B MC1330P Output
F— — b ——

B+

Video Modulated
Carrier

FIGURE 6 — MC1330P Linear Transfer Characteristics
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CIRCUIT DESCRIPTION —

Figure 8 is a simplified circuit diagram of the MC1330.
Q7 is a constant current source, Q1 and Q2 form a differ-
ential amplifier, while Q3, Q4, QS, and Q6 are carrier
operated switches. When positive half cycles of the ampli-
tude modulated carrier appear at the base of Q1, it begins
to conduct. The in-phase, clipped carrier signal will turn
on Q3 causing current flow through R1 to increase. No
current will flow through 04, because it is switched off.

MC1330

Video Modulated
Carrier

f Low Pass

v Filter

indinQ

Ampilifier
And
Limiter

Detected Video And
Even Harmonic Of
The Carrier

03pIA

FIGURE 7 — Block Diagram of Low Level Detector
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When negative half cycles appear at the base of Q1, Q2 will
conduct through differential action. The reverse phase
carrier pulse will turn on Q4, causing the current through
R1 toincrease. No current will flow through Q3, since the
in-phase carrier pulse is négative at this time. The current
flow through R1 increases for either positive or negative
half cycles of the carrier producing a negative voltage
change at the collectors of Q3 and Q4.

The reverse action takes place in R2 due to Q5 and Q6.
Figure 8(a) is the amplitude modulated carrier appearing
at the base of Q1. Q2 would see the same waveform in-
verted. The two clipped carrier waveforms required as
switching pulses are shown in Figures 8(b) and 8(c). The
detector is switched at twice carrier frequency. with Q3
conducting on the positive half cycles and Q4 conducting
on the negative half cycles. Figure 8(d) is the voltage wave-
form across R1. Notice that the original carrier no longer
exists and that the detected modulation is constructed of
pulses of double the carrier frequency.

The stages which follow the basic detector in Figure 9
have limited frequency response, amplifying only lower
frequency components. i.e. the modulation, and making
the detector self filtering for the high frequency products.
Therefore. shielding the detector to prevent spurious radia-
tion of the IF and harmonics of the IF is not necessary.

Itis essential that the switching waveform contains only
the carrier and not sideband information. To prevent spuri-
ous switching. an external tuned circuit is connected be-
tween the bases of the switching transistors. This is
composed of L3 and C10 in Figure 10.

The Q of this tuned circuit directly-affects two char-
acteristics of the detector. First. the higher the Q, the more
critical and difficult tuning becomes. Secondly, the magni-
tude of the sum and difference products of two modulating
frequencies decreases as Q is increased. This is indicated
in, the data in Figure 11 along with the test circuit used to
obtain the data. It is obvious that some compromise must
be achieved. The inter-modulation product between the
chroma subcarrier (3.58 MHz) and the sound subcarrier
(4.5 MHz) must be kept to a minimum, to avoid the 920 kHz
beat pattern, without making the tuning excessively critical.
The compromise value of Q is usually between 15 and 25.
Within these values of Q, tuning is not critical, in fact, mis-
tuning by 1 MHz gives acceptable pictures, while the
920 kHz beat is 14 dB below the level of the sound sub-
carrier. If the sound subcarrier trap (41.25 MHz) cuts the
subcarrier by 40 dB, the ‘beat frequency will be 54 dB
below the video signal level, or 200 mV, when the video
drive is 100 V. At the same time, there will be 2 mV of
4.5 MHz information at the detector producing one volt
of detected video output which is adequate to drive most
sound IF integrated circuits. The conversion gain of the
MC1330 is typically 34 dB.

The circuit requires about 33 mA from the 18 V supply.
Some regulation of the supply is desirable as gain and the
output dc reference level change with the supply voltage.
The required regulation depends on the changes in these
parameters which can be tolerated.
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A PRACTICAL TELEVISION IF AMPLIFIER
AND DETECTOR

Figure 10 shows a complete practical circuit for an inte-
grated circuit, video IF amplifier. This circuit employs the
two integrated circuits previously discussed. This circuit
has a typical voltage gain of 84 dB and a typical AGC range
of 80 dB. It gives very small changes in bandpass shape,
usually less than 1 dB tilt for 60 dB compression. There
are no shielded sections. The detector uses a single tuned
circuit (L3 and C10).

Coupling between the two integrated circuits is achieved
by a double tuned transformer (L1 and L2). No block
filters or traps have been designed for the front end of this
amplifier, as different television manufacturers may have
their own preferences and rejection requirements. The
sound intercarrier information may be taken from the
detected video output.

ALIGNMENT PROCEDURE
The following equipment is required for alignment:
1. Signal generator—tuned to video carrier frequency

2. Sweep generator that will sweep IF band and supply
markers

. VHF attenuator

. 5 MHz bandwidth, dual trace oscilloscope
. Power supply to deliver 100 mA at 18 V

. Power supply adjustable 0-12 V (AGC)

. Resistive mixing pad

e NV B SN}

If the amplifier is swept in the conventional manner,
the resultant display will be misleading due to the absence
of a fixed frequency carrier. The detector tuned circuit
will follow the sweep generator and indicate a high ampli-
tude response at the resonant frequency of C10 and L3 as
shown in Figure 12. A block diagram of the alignment
operation is given in Figure 15. The signal generator tuned
to the video carrier frequency of 45.75 MHz (no modula-
tion) is connected to the input. The scope probe is attached
to the output, Pin 4 of the MC1330, and L3 is tuned to
give a maximum dc output. The only method of tuning
the open core inductor L3 is stretching or compressing the
windings. After L3 has been correctly tuned by distorting
the windings, it should not be retuned in later stages
of alignment.

TUNING L1 AND L2

In order to tune L1 and L2 connect the scope probe to
Pin 4 of MC1330 and sweep generator to input through an
attenuator and a mixing pad. Apply 10 to 20 dB of AGC
compression by adjusting the AGC power supply. With-
draw tuning cores of L1 and L2 as far as possible before
beginning adjustment. Adjust L1 and L2 roughly to obtain
response trace similar to Figure 12. Adjust the signal gener-
ator output level to give approximately 3 dB greater output
than the sweep generator level and apply signal generator
output to the mixing pad. This will give the detector the
fixed carrier frequency it requires to operate. The AGC
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Loaded Q | 920 kHz | 2.68 MHz | 3.58 MHz | 4.5 MHz | 6.3 MHz | 7.16 MHz | 84 MHz |45.75 MHz | 91.5 MHz
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FIGURE 11 — Test Circuit for intermodulation Products
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[Zero Beat]

FIGURE 12 — Bandpass Displayed by Conventional Sweep System FIGURE 13 — Bandpass as in Figure 12, But With the Addition
indicating Narrow Bandwidth and Uneven Peaks of Carrier Injection. Zero Beat is Evident
on Right Side of Picture.

may also be adjusted. if required. The display on the scope
should now be similar to Figure 13, with the zero beat be-
tween the sweep generator and the signal generator appear-
ing within the modulation envelope. Adjust the second
trace of the scope to display the marker frequencies, and
adjust L1 and L2 to give bandpass shape as required. (See
Figure 14.) L1 and L2 should be tuned to the first peak
as the cores are turned into the windings to avoid over
coupling.

A full-sized (1:1) printed circuit board layout is given in
Figure 16. The components are identified as in the
schematic diagram.

FIGURE 14 — Bandpass as in Figure 12, But With
the Addition of Marker Frequencies
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FIGURE 15 — Alignment Schematic
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FIGURE 16 - Printed Circuit Board Layout for Circuit of Figure 10 (not full size)

AUTOMATIC GAIN CONTROL - MC1352

The IF amplifier previously described will require AGC
from an external source. However, there is another inte-
grated circuit for IF amplifier applications which replaces
the MC1350 and has built-in keyed AGC. The MC1352
has a positive-going AGC output. The schematic is given
in Figure 17. A gating pulse, a reference level, and the
composite video signal to be controlled are required tfor
correct operation of this AGC system. If positive-going
video (with negative sync) is available, apply it to Pin 6
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and apply the reference voltage to Pin 10. However, if
negative-going video (with positive sync) is used. apply
it to Pin 10 and the reference voltage to Pin 6. The
magnitude of the reference voltage determines the AGC
threshold.

CIRCUIT DESCRIPTION —MC1352

A negative keying pulse of eight volts amplitude and
timed to each sync pulse is taken from the horizontal time
base. This pulse is applied to Pin 5. Q2, normally in



Keyer and AGC Amplifier

Keying Section

RF-AGC Amplifier and
Delay Section

(AGC Storage Capac.) (IF-AGC Filter)
PR T S PG T A
? ¢V ¥ oy
16k $7.5k 4k 6.2k 6.2k 2k
Fas
Keyer D1 a6 h\ 200
Pulse o > Qa Q2 a7 j_ .—Eg
s { as
200 100 | 100
10 a1 %2 a3 Q10| ge. aGC Line
Video And —"«;—T—oTo
Reference | Tuner
OC Inputs
R 16k315k 3109 .c3
K ]
~N |
’K’ /{ =
1‘J 300
300 300 600 ) 4
RF-AGC Delay '°
Voltage
FIGURE 17 — Circuit
saturation.is turned off by this pulse. permitting the anode ‘[ i T [ T ] 8.0 3
1 1 1t1 P I It 3 : a
of diode D,l to rise lt?ward tl1e posmv.e supply volt.dge. The _ SRNRBHERETS i 703
level to which this point rises is delgrmmed by the dnffe}rence g - eteig e 1318 2 LAGE - _lsos
between the reference and video input voltages applied to 5 oo lle N [NIN[] 5o 8
N . ~q = : -4 + B a— | ¢ Y
Pins 6 and 10. An external capacitor C2 is charged through g 0 ; . >
D1. When Q2 returns to saturation, D1 will be back-biased 3 20 } X } + t 4.0 2
. . o i : : s
preventing current flow from C2. The voltage on C2 is < 40 ; 7T4|~—A¥-—¢—4———‘ 303
P i 3 ! : ! ! Q
amplified by Q4' and Q§ and filtered by R1 and C1. The S o i L Tuner AGC Detay 2.0 O
filtered voltage is supplied to the bases of Q12 and Q14 = runer i ) . | <
. . . . . . . in R i o
controlling the IF gain as described in the previous section 80ftaGC |F Gain Reductionys o 5
. ] .
on the MC1350. Q6 and Q7 form a differential amplifier. 100T I o F

The amplified voltage from the capacitor is also applied to
the base of Q6. while a delay voltage is applied to the base
of Q7 through Pin 13. The delay voltage is used to deter-
mine the AGC threshold of the tuner. The output of the
differential amplifier is taken from the collector of Q6
giving positive AGC action. Q8, Q9, and Q10 amplify the
difference voltage (delayed AGC voltage) permitting gain
control in the tuner. The full RF amplifier AGC compres-
sion is obtained with a much smaller change in video input

76

35 40 45 50 55 6.0 65 70 7.5 8.0 85
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FIGURE 18 —MC1352 AGC Characteristics

voltage than required for full AGC ccompression in the IF
amplifier. Figure 18 displays the AGC characteristics of
the MC1352.
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ADJUSTMENT OF RF AMPLIFIER BIAS

Figure 20 is a schematic diagram of a video IF amplifier
for use at 45 MHz using an MC1330 low level detector
and a MCI352. If the RF amplifier transistor in the
tuner is an NPN device. a MC1352 is used. To set the
maximum gain pre-bias on a forward AGC NPN tran-
sistor. a fixed resistor Rpb must be selected. This forms a
voltage divider with the 6.8 k§2 resistor (R3). In the max-
imuin gain condition. the voltage on Pin 12 would be zero
volts without the voltage divider. To pre-bias a forward
AGC PNP transistor, Rpb is set at 6.8 k(2 and R3 is selected
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for proper pre-bias. To obtain maximum gain without
AGC control. for alignment purposes connect a 22 k2
resistor between Pins 9 and 11 of the MC1352. Con-
necting a 200 k& variable resistor between Pin 14 and
ground and also the 22 kS2 resistor between Pins 9 and 11
provides a method of obtaining any particular gain desired.
The alignment procedure for Figure 20 is the same as de-
scribed earlier for the MC1350. Additional information on
the MC1352 can be obtained from the data sheet.
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AN-336

INTERCONNECTION TECHNIQUES
FOR MOTOROLA’'S MECL 10,000 SERIES
EMITTER COUPLED LOGIC

Prepared by
Tom Balph
Applications Engineering

This application note describes some of
the characteristics of high speed digita)
signal lines and gives wiring rules for MECL
10,000 emitter coupled logic. The note
includes discussions of printed circuit
board interconnects, board-to-board inter-
connects, and wirewrapping techniques.
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INTERCONNECTION TECHNIQUES FOR MOTOROLA'S
MECL 10,000 SERIES EMITTER COUPLED LOGIC

INTRODUCTION

As the digital integrated circuit market has become
more mature, the need for very high speed logic elements
has grown. Future machine designs demand a logic family
with high clock rate capability, short propagation delays,
and a minimum of layout constraints. From this need,
the MECL 10,000 family of emitter-coupled logic has
evolved - designed to be the most usable very high speed
logic family available.

The 2.0 nanosecond gate propagation delay of MECL
10,000 gives the family a speed range between the older
4.0 nanosecond MECL Il and 1.0 nanosecond MECL 111
families. Additional characteristics, such as low power
dissipation (25 mW per gate function), and slow rise and
fall times have eased the difficulties encountered in trying
to balance system speed versus ease of design.

A MECL 10,000 system has the capability for clock
rates in excess of 100 MHz. To permit such high speed
operation, gate propagation delays must necessarily be
short. However, to simplify wiring techniques and to mini-
mize the use of transmission lines. rise and fall times have
been kept to slower values.

MECL HI still remains the industry standard as the
highest speed logic family available. However the 1 nano-
second rise time of MECL Il demands a transmission line
environment. On the other hand. MECL 10,000 has been
designed to approach the higher speed rates of MECL 111,
but with simpler wiring requirements.

The operational behavior of a MECL I gate with 4 rise
time of 1 nanosecond (10%4-907) is shown in tigure 1 for
comparison. Figure la shows the difference in rise times
when either gate is driving only a pulldown resistor. Figure
1b shows the same outputs driving an & inch signal line
to a gate input. The MECL 1l gate shows severe ringing.
This necessitates the use of a transmission line. The effect
of the slower rise time of the MECL 10,000 gate is obvious
in that ringing is not as severe. Herein, lies an advantage
for the system designer using MECL 10,000 that is, he
may realize a very high speed system using only a minimum
of transmission lines.

When driving long lines or large fanouts at maximum
frequency, transmission lines are needed. MECL 10,000
has the capability to drive such lines. Also, the family is
specified to be completely compatible with MECL [l in
the 16-pin dual-in-line packages. As a result, MECL 10,000
can be used to obtain maximum versatility with low power
and ease of layout design.
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The following discussion is intended to give the system
designer insight into these problem areas: The use of non-
transmission line interconnections; the characteristics of
transmission lines which affect MECL interconnections;
and the techniques used for transmission lines. Other
considerations to be made for system interconnections are
also discussed, such as noise margins, clock driving, wire
wrapping, and party line techniques.

SIGNAL LINE CONSIDERATIONS

The purpose of an interconnection line in any digital
system is to transmit information from one point of the
system to another. When information on a signal line
changes, a finite amount of time is necessary for the infor-
mation to travel from the sending end to the receiving end
of the line. As the circuit speed becomes faster and clock
rates increase, the dynamic behavior of the interconnection
line becomes increasingly important. The rise and fall
times of the logic elements, loading effects, delay times of
the signal paths, and the various other transient character-
istics. all affect reliable operation of the system. The effects
of these factors and the advantages of the dynamic charac-
teristics of MECL 10,000 are perhaps best shown by briefly
investigating the transmission line qualities of a signal path.

In figure 2a is shown a simple interconnection circuit.
AMECL 10,000 gate is shown driving a line of length €. to
another gate with a pulldown resistor, Rp. If the loading
effect of the receiving gate is disregarded for the moment
(input impedance i~ very large with respect to Ry ). the
same line could be modeled as shown in figure 2b.

The driving gate is modeled as a voltage source with
output impedance. Ry,  The signal line will exhibit an
impedance to a transient signal which is called its character-
istic impedance. Z,. If the line is not a regular transmission
line. Zy will vary somewhat. However. tor this example
let us assume Z, is constant.

When the output of the driving gate changes state. the
voltage at point A is a function of the internal voltage
swing. VINT, output impedance. and line impedance:

v =v‘-m( ‘)
A(t) INT R + Zo

For MECL 10.000, Ry, is small with respect to the line
impedance, so the output swing is nearly the same as the
input transition  typically 800 mV. The signal will prop-
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agate down the line and be seen at point B time Tp later.
The signal, when reaching the end of the line (point B),
" may be reflected and returned toward the sending end of
the line. The reflected voltage is:

VA’ =PL VA,

where P is the reflection coefficient,

In the special case where R = Z,, then A = 0 and the
reflected voltage is zero. In this situation the load resistor
exactly matches the characteristic impedance of the line,
so no reflection occurs.

When reflection does occur, it returns to point A at
time 2 Tp, where Tp is the one-way line propagation delay.
The sending end will again reflect this voltage with a re-
flection coefficient, Pg, given by:

The reflected signal will continue to bounce back and
forth between the ends of the signal line, gradually dimin-
ished in amplitude by reflection coefficients and the resis-
tance in the line.

Now consider a second line in which the load resistor
has been moved to the sending end of the line (figure 3a).
This model is altered from the first only in that the load
resistor is seen at the driver output. When the output of
the driving gate changes state. the output swing, VA, will
be typically 800 mV.

The signal reaching point B will be reflected (as dis-
cussed). The coefficient, P| . becomes worst case (= 1)
because the input impedance of the receiving gate is high.
In such a case the reflection will be large. As the reflection
returns to point A at time 2 Tp, the reflection coefficient,
Pg, comes into play. Its value will be very close to the
previous case:

RoRL

SRotRL  Ro-Zo
RoRL Ro+Zo
Ro + RL ©

since Rg is small compared to R[..

The reflections, as before, continue to bounce back and
forth on the line getting successively smaller in amplitude.
The result is that ringing appears on the signal line (figure
3c).

Rise time effects may be understood by considering the
delay time of the line. If the line length € is sufficiently
short, the first reflections are seen at the sending end of
the line while the driver is still changing state. The reflec-
tions are hidden by the rising edge of the pulse, and ringing
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is reduced. Therefore, the slow rise time of MECL 10,000
permits longer line lengths to be used before trouble with
ringing is encountered.

This second signal line example is called an open line
or an unterminated line. To limit undershoot to about 12
percent of the logic swing, the maximum open line length
permitted would be:

b

Lmax =
2pd
where: ty = Rise time of driving gate (ns) (207 - 80'%)
tpd = Propagation delay per unit line length
(ns/in).

The above expression may also be used to show the
effect of loading on an interconnection. tpd is dependent
on the rate of signal propagation on the line; the rate is
controlled by the type of line and the loading on the line.
MECL inputs are high impedance and capacitive in net
reactance (3 to S pF per input). Increased loading slows
the rate of propagation of the line and decreases allowable
open line length. That is, as fan-out increases, the maxi-
mum open line length decreases for acceptable undershoot.

To understand how ringing and undershoot affect sys-
tem operation, it is helpful to define guaranteed noise mar-
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FIGURE 3 — MECL 10,000 Interconnection with Load
Resistor at Sending End of Line



gins. Noise margin is defined as the difference between a
worst case input logic level (VOHAmin ©f VOLAmax) and
the worst case threshold (VIHAmin of VILAmax) for the
corresponding logic level. Guaranteed noise margins (N.M.)
for MECL 10,000 at 25°C are:

Logic 1 N.M. = VOHAmin - VIHAmin
=-0.980 - (- 1.105) = 125 mV;

Logic ® N.M. = VIL Amax - VOLAmax
=-1.475-(-1.630)=155mV.

However, using typical logic levels of - 0.900 volts and
-1.700 volts, the nominal voltage margins are greater than
200 mV for both logic levels.

For system design, worst case conditions should be con-
sidered. If so,a 125 mV noise margin becomes the design
limit. This voltage margin protects against signal under-
shoot, power supply variations, and system noise. Good
circuit interconnections should limit maximum undershoot
to less than 100 to 110 mV to provide a design safety
margin.

Other factors — such as line impedance and placement
of loads on the line — also affect ringing of signals. A long
and elaborate discussion would be necessary to describe
all of the varying effects, and the description here is only
intended to give a brief idea of the many factors involved.
When line lengths and fanout go beyond limits (which will
be defined), techniques such as twisted pair lines and term-
inated lines may be used.

PRINTED CIRCUIT BOARD INTERCONNECTS

Layout rules needed for designing with MECL 10,000
depend mainly on the design goals of the system user.
MECL 10,000 may be used in layouts ranging from single
layer printed circuit (PC) board with wired interconnects,
to the most elaborate multilayer board with a complete
transmission line environment. Optimization of system
layout will include considerations of the system size, de-
sired performance, and cost.

Use of a ground plane is a suggested procedure when-
ever possible. A ground plane is beneficial for maintaining
a noise free voltage plane for the VcC supply, and for
maintaining constant characteristic impedance whenever
transmission lines become necessary. A ground plane may
be established by using single sided board with wired inter-
connects, or by using double or multilayer PC board.
WITHOUT GROUND PLANE

In small systems where the number of interconnects and

the package density are high, it is difficult to reserve a large
ground plane area without the use of multilayer board, a
costly approach. However, MECL 10,000 may still be used
with good system performance if certain guidelines are
followed:
(1) Vcc should be bussed to the V( pins of each pack-
age. ‘Bus lines should be as wide as possible with a width
of 0.1 inch minimum per row of packages. If an edge
connector is used, VCC should be pinned out to several
connector pins.
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MECL 10,000 Devices

Back Side

Front Side

FIGURE 4 — Printed Circuit Board for MECL 10,000
System Without Ground Plane

(2) VEE should also be bussed, if possible, to pin 8 of
each package (pin 12 of the 24 pin package). When VEE
is brought onto the board via an edge connector, the VEE
line should be in close proximity to a V¢ pin for easy
bypassing.
(3) Each device should be bypassed between the VcC
and the VEE pins with a low inductance 0.01 uF capacitor.
(4) Logic interconnecting lines should be kept to mini-
mum length. A maximum line length of 6 inches is sug-
gested; ringing will begin to get too severe with longer line
lengths. For line lengths greater than 6 inches, signal lines
with series damping resistors are necessary (similar to those
shown in figure 13).
(5) For high fanout (8 or greater) and high speed clock
distribution, twisted pair lines or coaxial cable should be
used. Both of these techniques are described in detail later.
Figure 4 shows a double-sided PC board in which the
above rules are illustrated. Several MECL 10,000 devices are



FIGURE 5 — MECL 10,000 PC Board With Ground Plane
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used with MTTL in a high speed counter, in which the
MECL and MTTL are operated by a common voltage sup-
plv. Notice that VEE and V(¢ are both bussed to the
package and that bus lines are as wide as conveniently
possible. Two 0.1 uF capacitors are used for low frequency
bypassing on the board. Each MECL 10,000 device is by-
passed with a 0.01 uF capacitor. and additional bypassing
is scattered through the MTTL circuitry. Note that signal
lines are short and no transmission lines are used.

WITH GROUND PLANE

A ground plane allows best performance for a MECL
10.000 system. The ground plane serves two purposes.
First. it provides a constant characteristic impedance (Z)
to signal interconnections: secondly. it provides a low in-
ductance path for ground currents on the V¢ supply.
As with systems which have no ground plane. certain de-
sign guidelines are recommended as tollows:
(1) The ground plane (V) need not cover 1007 of
the board surface. Approximately 30 to 40% of the ground
area may be removed for signal interconnections. as illus-
trated infigure 5. When using edge connectors, the ground
plane should be pinned out to about every seventh connec-
tor pin.
(2)  The VEE supply should be bussed if possible. to pin
8 of each package. Bus iine width at any point should be
a minimum of 0.1 inch. Where possible, the VEE supply
should be extended to a plane under the signal lines etched
on the ground plane side of a two-sided circuit board. If
VEE is a plane under these lines. they will exhibit a con-
stant characteristic impedance. This technique is also
shown in figure 5.
(3) Bypassing need not be as extensive as on a board
without a ground plane. Provide a low inductance 0.01
MF capacitor every two to six packages, depending upon
how extensive the ground plane is. As a rule if the ground
plane covers less than 509 of the board area. then bypass
every two packages. On two-sided systems or multilayer
systems where 100% ground plane is present, only one
capacitor for every four to six packages is needed.
4) In praé“tice, the majority of board interconnects are
shorter than six inches, with fanouts four or less. As dis-
cussed, the rise and fall times of MECL 10.000 allow these
lines to be treated as unterminated transmission lines re-
quiring only a pull-down resistor. Normally, a 510-ohm
resistor to VEE is used. (Detailed limits for interconnections
are provided as a function of line impedance and fanout
in the following section).
(5) For high fanout and high speed clock distribution,
terminated transmission lines or iwisted pair lines should
be used. These techniques are discussed in the following
sections.

TRANSMISSION LINE GEOMETRIES

With a ground plane present, three types of transmission
line geometries are feasible: wire over ground; microstrip
line; and strip line. The following sections summarize the
characteristics of each type of line.

(1) Wire over ground  The cross section of a wire over
a ground is shown in figure 6a. The characteristic impe-
dance of the wire is:

60 4h
Zy= In < )
fer d

N

where e; is the effective dielectric constant surrounding
the wire. The wire over ground plane is useful for bread-
board layouts (as with single-sided board) and for back-
plane wiring. The characteristic impedance of a wire over
ground plane will be about 120 ohms with variance depend-
ing on the wire size. type of insulation, and distance from
the ground plane.

(2)  Microstrip lines A microstrip line {figure 6b) is a
strip conductor separated from a ground plane by a dielec-
tric medium. Two-sided and most multilayer boards use
this type of transmission line. If the thickness, width, and
height of the line above the ground plane are controlled,
the line will exhibit a characteristic impedance of:
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FIGURE 6 — Tr ission Line G ies



Here er is the dielectric constant of the board. For standard
G-10 fiberglass epoxy boards the dielectric constant is

" about 5.0.
The signal line is obtained by etching unwanted copper
from the board using photo resist techniques. A character-

istic impedance can easily be controlled to within 10 percent.

As mentioned above, board thickness and dielectric
constant affect line impedance. Figure 7 gives a table of
values for characteristic impedance versus line width for
0.031" and 0.062"" G-10 board with one ounce copper
(widths for two ounce copper are nominally 1 to 2 mils
narrower).

The propagation delay of microstrip line may be calcu-
lated by:

td=1017 J0475¢, + 0.67 ns/ft.

Note that the propagation delay of the line depends only
on the dielectric constant and is not a function of line
width or spacing. For G-10 fiberglass epoxy boards (e} =
5.0) the propagation delay of the microstrip line is calcu-
lated to be 1.77 ns/ft.

FIGURE 7 — Microstrip Characteristic Impedance versus Line
Width for One Ounce G-10 Fiberglass Epoxy Board

LINE WIDTH (MILS)
Zs {Dimension w of Figure 6bj
(OHMS) [ 0.062 BOARD 0.031" BOARD
50 103 47
55 89 41
60 77 35
65 66 30
70 57 26
75 49 22
80 a2 19
85 36 16
90 31 14
95 27 1
100 23 10

(3) Strip Line - Astrip line (figure 6¢) is a copper ribbon
centered in a dielectric medium between two conducting
planes. This type of line is used in mutlilayer boards and
isnot seen in most systems. Multilayer boards are justified
when operating MECL 10,000 at top circuit speed, and
when high density packaging is a system requirement. Since
most designers need not concern themselves with strip lines,
little is presented here about them. A detailed discussion
of strip lines is presented in the “MECL System Design
Handbook,” reference 1.

UNTERMINATED LINE LIMITS

As previously mentioned, a MECL signal line may be
considered asan unterminated transmission line. Rise time,
characteristic impedance of the line, and loading affect
the maximum interconnection length for unterminated
lines. Figure 8 shows a tabulation of suggested maximum
open line lengths for various fanouts and line impedances.

The tabulated values were calculated for limiting over-
shoot to 357 of the logic swing, or undershoot to 12%
(whichever was the limiting factor under specified condi-
tions). Severe overshoot can slow down clock rates, and
severe undershoot can result in reduced noise immunity.
The transmission line model of figure 3 was used in calcula-
tions.

As an example of how the table of line limits may be
used. consider a system layout using 0.062" board (G-10
fiberglass epoxy). Assume that signal interconnection
widths may be from 25 to 40 mils wide. If a ground plane
is used on one side of the system PC hoard. all system
interconnects would show a corresponding characteristic
impedance.  The wide line (40 mils) is preferable since
Z, would be 82 ohms which is lower than that for a 25
mil line (Zy, = 97 ohms) and the lower impedance allows
a longer maximum length iine. The lower impedance line
with a fanout of 4 would then have a suggested maximum
length of about 4.2 inches. On normal system-sized PC
boards (5"'x7""). the majority of signal line interconnections
will be less than 4 inches in length it the system layout is
well planned.

FIGURE 8 — Maximum Unterminated Line Length for MECL 10,000 to Maintain Less Than 12% Undershoot

Zo FANOUT 1 FANOUT 2 FANOUT 4 FANOUT 3
(OHMS) (29 pF) 58 pF) (116 pF) 1232 pFi

¢ MAX (IN) ¢ MAX (IN) ¢MAX (IN) CMAX (IN)
50 8.3 75 67 57
MICROSTRIP 68 7.0 62 50 a0
(Propagation 75 6.9 59 a6 3.6
Delay 82 6.6 5.7 a2 33
0148 ns/in ) 90 65 54 39 30
100 6.3 51 36 2.6
BACKPLANE 100 6.6 54 38 28

(Propagation

Delay 140 5.9 a3 28 19
0140 ns/in) 180 5.2 3.6 2.1 1.3
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An interconnection with the pulldown resistor at the
sending end of the line is the worst case situation for an
unterminated line. If unterminated interconnection lengths

are extended beyond the suggested limits, overshoot and

(a) 510-ohm Resistor at Sending End

T

Z5=500hms

i

(b) 510-ohm Resistor at Receiving End

Z,=500hms

510

VEE

(c) 330-ohm Resistor at Receiving End

undershoot are increased. The lengths given are calculated
so that undershoot never exceeds the guaranteed noise
margins, although typically noise margins are much greater

than specified.

[ et
/F\E L~
T
'
N
Scale: Horizontal = 5 ns/div., Vertical = 200 mV/div.

Scale: Horizontal = 5 ns/div., Vertical = 200 mV/div.

Scale: Horizontal = 5 ns/div., Vertical = 200 mV/div.

FIGURE 9 — Gate Driving 8-Inch 50-ohm Line with Fanout of 4
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Overshoot and undershoot may also be reduced by lo-
cating the pulldown resistor at the receiving end of the
line. If the pulldown resistor is moved to the receiving end,
the reflection coefficient (P ) is reduced. This reduces
ringing.

Figure 9 shows the signal at the receiving end of an
8-inch 50-ohm line with a fanout of 4. In figure 9a, a
510-ohm pulldown is at the sending end of the line. Figure
9b has a 510-ohm pulldown at the receiving end, while
figure 9¢ has a 330-ohm pulldown at the receiving end.
The overshoot and undershoot are successively reduced in
the latter two cases.

For worst case. the reflection coefficient is approxi-
mately equal to one (P =~ 1). For the best case shown,
using a 330-ohm pulldown, A = (330 - 50)/330 + 50) =
0.74. which represents an improvement of about 25%. In
comparing the waveforms, notice that overshoot is reduced
by roughly the same percentage (9¢ versus Ya).

The tabulated values of figure 8 are not necessarily
absolute limits for unterminated lines.  Longer untermi-
nated lines may be used if the pulldown resistor is moved
to the receiving end of the line, or i increased overshoot
and undershoot are acceptable.

TRANSMISSION LINE TERMINATION TECHNIQUES

Proper transmission line termination prevents reflections
on the line. so ringing does not oceur. As g result, inter-
connection lengths are only limited by attenuation, band-
width. ete. MECL transmission line interconnections utilize
several techniques.

(1) Parallel Termination A transmission line will have
a reflection coetticient, (P of zero when driving a load
impedance equal to its characteristic impedance. MECL
10.000 can source current tor driving a 50-ohm character-
istic impedance line with the line terminated by 50 ohms
to =2 volts. The termination voltage (VTT = -2 volts) is
necessary since SO ohms Joaded to VEE would use exces-
sive current.  Figure 10 illustrates parallel termination.

Gate inputs may be distributed along the transmission
line (10h). and do not have to be lumped at the end of the
line (10a). The gate inputs appear as high impedance stubs
to the transmussion line and should be as short as possible.
While inputs may appear anywhere along the line, the
terminating resistor should be at the end of the line. As
fanout with this contiguration increases, the edge of the
wavetform slows down. since the signal drives an increasing
amount of capacitance. The wavetorm is undistorted along
the full length of the line.

For large systems where total power is a consideration,
all Tines should be parallel terminated to a -2 volt supply.
This is the most power-efficient manner for terminating
MECL circuits.  The drawback is of course. the require-
ment for an additional power supply.

An alternate approach is to use two resistors  as shown
in figure 11. The Thevenin equivalent of the resistor net-
work is a resistor equal to the characteristic impedance of
the line, terminated to -2 Vde. R1and R2 may be calcu-
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Vertical Scale = 200 mV/div.
{c) Waveform at Receiving End of Line

FIGURE 10 — Parallel Termination

Vee

THEVENIN EQUIVALENT RESISTORS
FOR TERMINATION

Zo R1 R2
(OHMS) (OHMS) (OHMS)
50 81 130
70 113 182
75 121 195
80 130 208
S0 146 234
100 162 260
120 194 312
150 243 390

FIGURE 11 — Parallel Ter Usinga Th

Equivalent Resistor Network




lated as follows:

R2=2.62Z:
R2
RI= . .
1.6
(2) Series damping and series termination A series

terminated line eliminates reflections at the sending end of

the line. Series termination is accomplished by inserting
a resistor in series with the output of the gate as shown in
figure 12. The resistor value plus the circuit output im-
pedance is made equal to the impedance of the transmis-
sion line.

: !
Voltage C / :
LV -
i i L
Horizontal Scale = 5§ ns/div.
Vertical Scale = 500 mV/div.

FIGURE 12 — Series Termination and Waveforms

The dc output impedance is 7 ohms for a Mt (L 1) s
gate. Therefore, the value of Rg should by oL s
minus 7 ohms.

At time t = 0, the internal voltage switche (. th2 i w
state which represents a change of 0.8 to ) ..« ¢ %
=-0.8 to - 0.9 voits). The voitage change - i

be expressed as:
ZU

AVR=AVINT
Rg+ Ry +Z,

where Ry, is the output impedance of the gate.

Since Rg + Ry, is made equal to Z,. the voltage change
at Biis 1/2 the voltage, AVINT. [t takes the propagation
delay time of the transmission line. Tp. tor the waveform
to reach point C. where the voltage doubles due to the
unity reflection coefticient at the end of the line. The
reflected voltage. which is equal to the sending voltage,
arrives back at point B at ime 2 Tp. No more reflections
oceur if Rg 4 Ry is equal to Z,. Similar wavetorms occur
when the driving gate switches to the high state.

An advantage of using series terminated lines is that
only one power supply is required. The Thevenin equiva-
lent parallel termination technique also uses only one sup-
ply. but requires more overall power. A disadvantage of
series termination is that distributed loading along the line
cannot be used because of the halt-voltage wavetorm travel-
ing down this line (see figure 12, wavetorm B). A number
of lumped loads may be placed at the end of the terminated
line as far as reflection at the receiving end is concerned.
since a tull inttial signal transition is observed at this point
and all subsequent reflections will be absorbed at the source.

The disadvantage of using only lumped loading at the
end of a series terminated line can be eliminated at the
expense of more lines (figure 13). As shown, there are n
transmission lines. for parallel fanout. The value of Rg
should be the same as discussed previously for the emitter
pulldown resistor. in which case n was equal to one.

The value of Rg. will be determined by the number of
lines in the following wayv. Rp must be small enough to
supply each transnussion line with the proper voltage level.
If RE is too large. the output transistor will turn off when
switching from the high to the low voltage state. The
maximum value of RE is given by:

10Z,-Rg

RE(max) = N

= number of lines

FIGURE 13 — Parallel Fanout with Series Termination



Figure 14a shows the gate output fall time (voltage A)
and the fall time at the end of the line (voltage C) when
N =1, Zp,= 50 ohms, RE = I k ohms, Rg =43 ohms, and
fanout = 3. The “steps” in the fall time waveform are due
to the output device turning off because RE is too large.
Figure 14b shows the fall time when Rg = 290 ohms
(RE <RE(max))-

The fanout at the end of a series terminated line is
limited by the value of the series resistor, Rg. In the high
state a voltage drop occurs across the series resistor:

Vs = (fanout) x (input current) x Rg

The input current to a MECL 10.000 gate is typically about
160 uA. If the fanout were 4 and Rg were 43 ohms for a
50 ohm line, Vg would equal about 28 mV. Noise margin
would typically be cut by that amount. As fanout or the
value of Rg increases. V§ increases and results in lower
noise margins.

Series damping may also be used to reduce overshoot
and ringing. Series damping is similar to series termination
in that a small series resistor is used to reduce ringing

$ Vol(aée A t

F——+—— Voltage C —

Htt+daees

| i

Horizontal Scale = 5 ns/div.
Vertical Scale = 500 mV/div.

(a) REg Too Large

b ETaet

I ; .

1 : v | ;

H . | | '

Voltage C + -
\ .

! . .

| P ‘ !

| [ |

Horizontal Scele = 5 ns/div.

Vertical Scale = 500 mV/div.

(b) RE Less Than RE (max)

FIGURE 14 — Series Termination Fall Times

90

Z5 MIN Rg

(OHMS)| (OHMS)
50 9
68 18
FIGURE 15 — Minimum Values of Rg 75 21
for Any Length Line, for Less Than 35% 82 25
Overshoot or 12% Undershoot 90 29
100 34
120 43
140 83
160 63

rather than to completely terminate ringing. The resistor
is smaller than the characteristic impedance of the line and
it may be used to increase line length for the worst case
open line (that is, R§ = 0) as shown in figure 8.

Series damping may also be used for greatly extended
line lengths while remaining within calculated limits of
overshoot and undershoot. Figure 15 gives minimum values
of Rg needed for various line impedances to limit over-
shoot to 35% of signal swing. or undershoot to 12%. Using
these values of minimum Rg, very long lines may be used.
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(b) 510-ohm to Vg

FIGURE 16 — Rise and Fall Time (10 to 90%) versus Fanout



(a) Time Parameters versus Emitter-Dots (b) Time Parameters versus Emitter-Dots for
~ MC10102 (50 ohms to -2 volts) MC10102 (510 ohms to -5.2 volts)
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50 -+
|
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|
High Level
(c) Emitter-Dot Test Circuit for MC10102
FIGURE 17
OTHER CONSIDERATIONS inated lines driven from a single gate output (figure 13),

Additional factors other than line length and transmis-

sion line terminations must be considered in system design.
Some of these are discussed here:
(1) Fanout — The dc fanout capability of MECL 10,000
is very high since its high impedance inputs require little
current (typically 160 uA). System speed requirements
will ordinarily be the limiting factor for ac fanout. Capa-
citance increases with fanout and can cause rise and fall
times to slow down.

Figure 16 shows the rise and fall times of an MC 10,000
gate as a function of fanout, both for 50 £ and 510 Q
terminations. As fanout increases, load capacitance (both
device and interconnection capacitance) increases, result-
ing in longer rise and fall times.

Larger fanout will normally result in longer intercon-
necting lines with their longer line delays, so ringing can
become excessive. Under these conditions, use of properly
terminated lines will result in best performance. A low
impedance (50 ) parallel terminated line has a shorter
propagation delay than a series damped or series terminated
line with equivalent fanout. However, multiple series term-
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with lower fanout per line. will show shorter delay times
than a single parallel terminated line with an equivalent
total fanout. Multiple series terminated or damped lines
also show greater flexibility in line routing than a single
parallel terminated line. The choice between the two
schemes will depend on the fanout number and physical
layout of the system.
(2)  Wired-OR - The outputs of several gates may be tied
together to perform the Wired-OR or emitter dot function.
One resistor is normally used to pulldown the outputs.
Figure 17 graphs typical rise and fall times and propa-
gation delays versus the number of emitter dots for both
50 © to - 2 volts termination and 510 ohms to VEE
termination. Rise and fall times are not greatly affected
by emitter dotting, with the exception of fall times with
the 510 2 loading. The reason for this is that the discharge
path for load capacitance has a longer time constant with
the 510 £ resistor. The most significant effect of Wired-
ORing is increased propagation delays. As for ac fanout,
desired system speed is the basic limiting factor for the
emitter dot. -



(a) Load Lines for Termination to VgE (-5.2 Vde) at 25°C
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FIGURE 18 — MECL 10,000 Operating Characteristics

A second limiting factor in the case of the emitter dot
is a dc level shift as the number of dots increase. The
wired emitter-followers share current through the pulldown
resistor and each additional wired output causes the current
in every output to decrease. The logic levels shift upward
as device current decreases. As the @ level shifts upward.
noise margin may be lost. Figure 18 shows loading curves
for a typical MECL 10,000 output and illustrates the shift
in-logic levels with output current. The @ level shift and
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resulting reduction of noise margin may be a greater limit-
ing factor than ac considerations, depending on system
requirements.

When using Wire-OR, interconnections should be held
to minimum lengths for unterminated lines and parallel
terminated lines. For larger numbers of distributed emitter-
dots and longer interconnections, a doubly terminated line
called a ‘‘data bus™ may be used. Figure 19 shows an
example of a 100-ohm data bus system. The dc loading
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FIGURE 19 — 100-ohm Data Bus Line
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FIGURE 20 — 50-ohm Data Bus Line

on the line is SO €2 as the 100 Q terminating resistors are
in parallel. However. for a transient waveform driven from
any point on the line. the waveform travels to either end
of the line and is properly terminated. so reflections are
eliminated.

A lower impedance system is better for driving the high
capacitive loading of a bus system. A 50 € system similar
to the 100 £ system is shown in figure 20. Notice that
the drivers for the 50 © line must have two outputs in
parallel to drive the 25 §2 dc load of the paralleled 50 Q
terminating resistors. The MC10110 or MC10111 multiple
output gates may be used conveniently in this application.

When considering system timing. it must be noted that

a long bus will add delay time to a data path. The worst
case length on the bus. plus the effects of capacitive load-
ing. should be considered for delay time. More will be
said on bussing in the following section on board-to-board
interconnections.
(3)  Clock distribution  Clock lines usually handle the
highest frequency in a system. For large fanout. a distribu-
tion tree should be used for maximum frequencies (figure
21). A good rule of thumb is to limit fanout to 4 per
line and use as low an impedance line as possible. Parallel
terminated lines or series damped lines (as in figure 13)
may be used. A parallel terminated 50 € line with a fanout
of 4 will drive a clock line to a frequency ofabouL 110 to
120 MHz.

For higher clock frequencies. series terminated lines with
fanout limited to 1 or 2 may be used: line lengths should
be kept short and of equal length. A MECL IlI gate with
faster edges will provide highest clock frequency capability.
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BOARD-TO-BOARD INTERCONNECTS

Signal connections among logic cards, card panels, and
cabinets are important for maintaining the best possible
system performance. Ringing and crosstalk can appear
when line lengths are long, or when characteristic impe-
dance varies due to lack of a good ground. Ringing and
crosstalk, along with power supply variations and system
noise, can seriously affect system operation. To be within
system noise margins (as previously mentioned, 125 mV
worst case ). maximum undershoot should be less than 100
to 110 mV.

The most practical means for limiting undershoot to less
than 100 mV is either to limit line lengths. or else to use
matched terminated transmission lines. Line lengths in
board-to-board applications are necessarily long; therefore,
some kind of terminated line should be used. The edge
speeds of MECL 10.000 permit a choice among several
methods for producing nominally constant impedance in-
terconnections.  Coaxial cable, mother-daughter boards,
striplines. and wire over ground may be used. ‘

When designing system interconnections, four parame-
ters must be taken into consideration.

(a)  propagation delay per unit length of line:

(h) attenuation of the line:

(¢)  crosstalk between lines:

(d) reflections due to mismatched impedance between
the line and the line termination.

Propagation delay of the line is significant because un-
equal delays in parallel lines cause timing errors. Moreover,
on long lines the total deiay time will seriously affect
system speed. Since the propagation delay of one foot of
wire is approximately equal to the propagation delay of a
MECL 10.000 Series gate. line lengths must be minimized
when total system propagation time is of concern.

Attenuation is a characteristic of the line which increases
for high frequency signals. due to higher impedance in the
line. Attenuation first appears as a degradation in edge
speed. then as a loss of signal amplitude for high frequen-
cies on long lines. Within a backplane attenuation seldom
is a problem. but is must be allowed for when intercon-
necting panels or cabinets.

Crosstalk is the coupling of a signal from one cable to
a nearby cable. A coupled pulse in the direction of under-
shoot gives a reduction of noise immunity and should be
avoided. A good ground system together with shielding
is the best method for limiting crosstalk. Differential twist-
ed pair line connections avoid problems of crosstalk by
virtue of the common mode rejection of line receivers.

Reflections due to mismatched lines also cause loss of
noise immunity. Successful termination of a line depends
on how constant the impedance is maintained along the
line. Coaxial cable is easier to terminate than open wire
because of its constant impedance. In many cases twisted
pair cable and ribbon cable may be purchased with speci-
fications on the impedance of the line.
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Conventional edge connectors may be utilized to get on
and off PC boards with little mismatch in line impedances.
Coaxial cable connectors which have excellent character-
istics across the bandwidth exhibited by MECL 10,000
exist in a variety of types. The most popular types are
BNC, and subminiature types such as SMA, SMB, or SMC.

SINGLE-ENDED LINES

Single ended lines are interconnections such as coaxial
cable or other single path transmission line as opposed to
a twisted pair of lines over which a differential signal is
sent. To maintain some kind of constant impedance, a
ground must be present. A ground plane may not be
present for board-to-board interconnects, and so a ground
must be run together with the signal line.

Types of single ended lines are discussed in the follow-
ing paragraphs.
(1) Coaxial Cable The well defined characteristic im-
pedance of coaxial cable permits easy matching of the
line. and the ground shield internal to the cable minimizes
crosstalk between lines. In addition, low attenuation at
high frequencies allows the cable to transmit the rise times
associated with MECL signals.

Bandwidth and attenuation are the limiting factors in
using coaxial cable. The bandwidth required for MECL
10,000 is:

0.37

N bl
rise time

=~ 125 MHz bandwidth for 50 §2 load.

Attenuation is due mainly to skin effect in the cable.
The loss in signal amplitude due to attenuation will limit
the maximum usable length of line. For a maximum signal
reduction of 100 mV from the logic 1 and @ levels (800 mV
p]p to 600 mV p/p) the permissible attenuation is 2.5 dB:

Vin 0.8
dB=201log ( ——-—-) =20log| — }=2.5dB.
Vout 0.6

The maximum line length which will produce no more
than 2.5 dB attenuation will be:

~ (25dB
max length =100 ft. [ —— ._
Atten.

where Atten. is the cable attenuation in dB/100 ft. at the,
operating frequency.
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FIGURE 22 — Coaxial Cable Length versus Operating Frequency:
Constant 2.5 dB Loss Curves

Figure 22 shows curves for maximum line lengths versus
operating frequencies for a 2.5 dB loss. Data for three
cable typesare plotted. A high bandwidth line is necessary
to preserve fast signal edges regardless of the hit rate ot a
system.

In figure 22 it is assumed that the coaxial line is proper-
ly terminated with a resistive load equal to the character-
istic impedance of the line. Standard carbon I 8 or 1 4
watt resistors work well for all line terminations. However
when using precision wire-wound or film resistors. care
should be taken to determine the high frequency properties
of these devices since they may become highly inductive
at high frequencies. and thus be unusable.

Coaxial cable should be used for sending single-ended
signals over long lines. The constant impedance and low
attenuation of such cable allows transmission of signals
with minimum distortion.

(2) Parallel Wire Cable  Multiple conductor cable as
purchased. or as constructed by lacing interconnecting wires
together.-is not normally used with MECL or other high
speed logic types because of crosstalk. Such crosstalk is
due to the capacitive and inductive coupling of signals
between parallel lines. Such cable is also susceptible to
external signals coupling to the entire cable. Multiple con-
ductor, single-ended cable is not recommended for use
with MECL unless individual shields on each wire are em-
ployed.

(3) Ribbon Cable  Systems requiring large numbers of

board-to-board interconnections may take advantage of
multiconductor ribbon cable (figure 23). Rihbon cable

Ground Line Signal Line

}‘@0’@0@0@1

FIGURE 23 — Cross-Section of a Typical Multiconductor
Ribbon Cable

is easily wired to connectors because of its in-line wire
arrangement. Its tlexibility permits easy routing and board
removal. The side-by-side arrangement of signal lines pro-
duces a defined characteristic impedance because of the
presence of alternate ground wires.

Commercial ribbon cable is available with a wide variety
of characteristic impedances. and the manufacturer should
be consulted for information on such cable parameters as
attenuation, characteristic impedance, and number of con-
ductors.

With ribbon as with coaxial cable the maximum permis-
sible attenuationis 2.5 dB. Attenuation per toot is general-
ly higher for ribbon cable than for coaxial cable. Conse-
quently maximum line lengths tor ribbon are limited by
operating frequency
(4)  Point-to-point Wiring A system made up of several
logic cards may be assembled using edge connectors to
torm a card file. Point-to-point wiring via the board con-
nectors may then be used for system interconnections.

A ground plane is often formed by a large printed circuit
hoard to which the card connectors are mounted.  The
eround plane may be connected to the frame holding the
card connectors. Metal is left on one side ot the PC hoard
to form the backplane system ground. or metal may be
left on both sides of the board to supply power to the
system logic cards. These card tile systems are commercially
available from a number of manutacturers.

When a solid ground plane is not practical. a ground
screen should be constructed on the backplane. A ground
screen may be made by connecting bus wires (wire size
compatibic with connector) to the edge connectors in
erid pattern. prior to signal wamg (figure 24). About

Card Fle

Ground Screen

FIGURE 24 — Ground Screen Construction

every sixth pin on -the card edge connectors is used as a
ground. providing connection points for the ground grid.
This interconnection of ground points forms a grid net-
work of approximately | inch squares over which the
signal lines are wired. A characteristic impedance of about
140 ohms can be expected for a wire over ground screen.
depending upon the exact routing and distance from the
screen.



To provide maximum signal purity, a motherboard com-
posed of multilayer or two layer board may be used to
mount the card connectors. Striplines or microstrip lines
are designed on the circuit board, along with ground and
voltage planes. Connectors are available to interface be-
tween cards and the motherboard with little line discontin-
uity. The motherboard technique is normally used when
the system design is sufficienty determined that changes in
the backplane wiring will be few.

When using point-to-point wiring with a ground plane
or screen, soldered connections or wire wrap techniques
may be used. In general one good terminating technique
is to parallel terminate with approximately 100 to 120 Q
to - 2 volts. The resistor will be near the characteristic
impedance of the line and so minimize ringing. Series
damping or termination may be used, following the rules
presented previously. An unterminated line with a fanout
of 4 may be up to 15 inches long when a ferrite bead is
placed at the sending end of the line.

For high speed lines, such those for clock distribution,
coaxial cable and twisted pair lines should be used between
cards. Maximum signal integrity of clock signals should be
maintained for best system performance.

DIFFERENTIAL TWISTED PAIR LINES

Twisted pair lines, differentially driven into a line re-
ceiver (figure 25), provide maximum noise immunity. Any
noise coupled into a twisted pair line appears equally on
both wires (common mode). Because the receiver senses
only the differential voltage between the lines. crosstalk
noise has no detrimental effect on the signal up to the
common mode rejection limit of the receiver. The line
receivers MC10115 and MC10116 have a common mode
rejection limit of 1 volt to a positive-going common mode
signal, and 2.5 volts to a negative-going common mode
signal.

The partial schematic of an MCI0115 line receiver is
shown in figure 26. Each receiver is a differential amplifier
whose output level is dependent on the input voltage dif-
ferential. If the inputs, IN1 and IN2, are at the same
voltage, the output will be at the mid point of a MECL
10,000 logic swing; that is, at - 1.3 V = Vg (note that a
pulldown resistor on the output is necessary). The output
voltage will go more positive as input IN2 goes more posi-
tive than input IN1; that is when the differential voltage
from IN2 to IN1 is plus to minus. The inverse is also true.
The output goes more negative than VBB when the polarity
of the differential voltage from IN2 to IN1 is minus to
plus (cf figure 26b). -

The output voltage change of the receiver is equal to
the input voltage differential times the voltage gain of the
amplifier. To have a full MECL swing, the output must
swing +400 mV about VBB. Therefore. with the voltage
gain of the differential amplifier typically 6 V/V, the mini-
mum input differential must be approximately: 0.4 V/6 =
67 mV (either plus to minus or minus to plus.)

For system design, other factors affect the minimum
differential input voltage. Decreasing voltage gain with
increasing frequency (figure 27), offset voltage of the am-
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FIGURE 25 — Twisted Pair Line Driver and Receiver
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FIGURE 26 — 1/4 MC10115 Circuit Schematic
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FIGURE 27 — Typical Gain and Phase Characteristics for MC10115
Line Receiver
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FIGURE 28 — DC Equivalent Circuit of Line Driver and Receiver

plifier, noise, and other system parameters demand a larger
input differential voltage. A minimum differential input
voltage of 150mV at maximum frequency is recommended
for system design.

Except at slow bit rates, attenuation will be the limiting
factor for twisted-pair line length. The dc equivalent of
the twisted pair line of figure 25 is shown in figure 28.
Ignoring the dc resistance in the line, the voltage across
the terminating resistor is:

(5.2V-09 V) (100 Q)
VRT= "oaviooa

=0.705V.

Note that if VR becomes as large as 800 mV and begins to
go below a logic @ level of - 1.7 V, the NOR output will
clamp the voltage at node B.

The voltage across the terminating resistor decreases as
frequency increases due to attenuation in the line. Figure
29 tabulates the maximum differential voltage appearing
across the termination resistor, versus frequency for a 50
ft. line as shown in figure 25. Maximum line length will
be determined by operating frequency.

A different termination method for a twisted pair line
is shown in figure 30. The pulldown resistors terminate
the line. As a result, full output levels are presented to
the receiver. Attenuation data for this line is shown in
figure 31. Waveforms for input and output signals for both
termination methods are pictured in figure 32.

FIGURE 29 — Attenuation of 50 Ft. of Twisted Pair Line with
MC10102 and MC10115

MAX DIFFERENTIAL
FREQUENCY VOLTAGE AT RT
(MHz) (mV)
25 520
50 420
75 325
100 235
126 165
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FIGURE 30 — Twisted Pair Line with Pulldown Resistors
As Equival Termination Resi

FIGURE 31 — Attenuation of 50 Ft. of Twsited Pair Line
Driven By an MC10102 with 50-chm Pulldowns

MAX DIFFERENTIAL
FREQUENCY VOLTAGE AT Ry
(MH2) (mV)
25 600
50 475
75 350
100 240
125 175
TN\ tnput /[ \ yd
A /
y.
Output . \
S /
\ \
o~ \o.

Horizontal Scale = 5 ns/div.
Vertical Scale = 500 mV/div.

(a) 510-ohm Pulidowns (cf Figure 25)

Input \

Output

Horizontal Scale = 5 ns/div.
Vertical Scale = 500 mV/div.

(b) 5G-ohm Pulldowns (cf Figure 30)

FIGURE 32 — Waveforms for 50 Feet of Twisted Pair
Lines at 50 MHz



A variety of cable types can be used with differential
twisted pair lines:
(1) Bundled twisted pair cable  Cable with several bun-
dled twisted pairs is commercially available. When running
MECL signals in parallel with higher voltage analog or logic
signals, shielded twisted pair lines should be used. Shielded
twisted pair lines have foil shield on each twisted pair that
may be tied to the system ground.
(2) Ribbon cable - Ribbon composed of several twisted
pairs is one type of ribbon cable available. Conventional
side-by-side cable (figure 23) may also be used with difter-
entially driven signal lines (figure 33). With every other
wire grounded. the signal lines will have a constant charac-
teristic impedance.

¥
| -

FIGURE 33 — Using Ribbon Cable as Twisted Pair Line

=

Vee

Differential twisted pair lines offer several advantages
under adverse conditions compared to single ended lines.
For example. power supply and temperature variations
might occur between panels or between cabinets of a sys-
tem. Corresponding shifts in logic levels within the system
will subtract from noise margins when driving single ended
lines between these points in the system. However, differ-
ential lines are unatfected by variation in logic levels. since
the receiver detects only the differential voltage between
the driver outputs, rather than detecting absolute logic
levels.

With single ended lines, noise generated on the signal
line by crosstalk and inductive coupling directly reduces
noise’ immunity. Noise is coupled equally onto both wires
of a twisted pair line, so the differential voltage is unaffec-
ted. As a result, the receiver will not detect noise as long
as it is within the common mode range of the receivers.

DATA BUSSING AND PARTY LINE TECHNIQUES

Data bussing usually requires large fanout, long lines,
and several driving points. A MECL 10,000 bus or *“‘party
line™ may be made by emitter-dotting gates together, with
the restriction that only one driver is allowed to go high at
one time.

Figures 19 and 20 illustrate data bus lines which may
be extended for board-to-board use. The characteristic
impedance of board-to-board interconnections will gener-
ally be from 100 to 150 ohms so the termination resistors
must be adjusted accordingly.

Another scheme for bussing is the twisted-pair party
line of figure 34. The driving gates are emitter-dotted. It
is required that all their outputs be held low when not
sending data. (VBB is available from the MC10115 and
MC10116, and may be buftered as shown in figure 35 to
handle the necessary termination current).

In both bussir{g schemes the driving lines are operating
single ended. However. the twisted pair bus retains the
advantage of the common mode rejection of the line re-
ceivers.  As previously mentioned. the limiting factors for
emitter-dotting also apply to the party lines shown.

WIREWRAPPING TECHNIQUES

The versatility of MECL 10.000 allows the use of this
logic family with wirewrapping techniques. Wirewrapping
is popular for breadboarding large system prototypes and
for interconnecting system logic boards. The ability to
change system interconnections easily has made wirewrap
extremely usable for breadboarding new system designs.

Drivers
A
r N\
Vge 600 600 VEE
AT S S RT
vgs < Vgs
[0 S—— L———o
- ~ J
Receivers

FIGURE 34 — MECL 10,000 Twisted Pair Party Line
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FIGURE 35 — Vgg Generator

MECL 10,000 systems may be wirewrapped using high
density dual-in-line packaging boards. In addition, wire-
wrapping may be used for board-to-board interconnec-
tions when the logic boards are mounted in a card file in
edge connectors. Some general guidelines for use of MECL
10,000 with wirewrap follow:

SYSTEM PROTOTYPING  Several types of wirewrap
boards for dual-in-line packages are commercially available.
For MECL 10,000 systems, a board should be used that
has voltage planes on both sides of the board and low-pro-
file device mounting. Device mounting via pins set in the
boards is the most satisfactory method.

The V¢ pins of the device mounting should be soldered
to the V( voltage plane (the voltage plane on the device
side of the board is the best choice.) When the VC( pins
are wirewrapped to the V( voltage source, a ferrite bead
on a wire between the VcC] and the Ve pins of the
same package will help avoid high frequency noise and will
prevent possible oscillation. Long leads from the ground
plane to the Vo pins Help induce oscillation and noise,
due to their added inductance. VEE pins may be wire-
wrapped to the VEE voltage plane with no detrimental
effects. Bypassing on the board should be provided in a
manner similar to that mentioned for a two-sided PC board
with a ground plane.

Wiring rules for wirewrapped interconnections are simi-
lar to those for a wire over ground. If a voltage plane is
present, the characteristic impedance of a wirewrap inter-
connection is 100 to 150 ohms. Parallel termination, series
damping, and unterminated lines may all be used, and the
unterminated line lengths of figure 8 (backplane) also apply
to wirewrap. However, in prototyping and breadboarding
these lengths may be extended if low bit rates are present
or if greater ringing is acceptable. When doing prototype
breadboarding, the designer is often concerned with the
“workability”” of the design, as opposed to operation with
best noise margins and signal waveforms.

With wirewrap, the pulldown resistors may be provided
by commercial resistor networks in a dual-in-line package
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or via adaptor plugs. “Many manufacturers are marketing
resistor networks in a variety of values suitable for MECL
10,000 terminations. Resistor networks with good. high
frequency characteristics should be used. Networks com-
posed of discrete resistor chips mounted in a package, or
thick-film cermet resistors with a minimum of interconnect
metal within the package, provide the best high frequency
characteristics. Wirewrap equipment manufacturers have
made dual-in-line adaptor plugs available, to allow discrete
components to be mounted for use on the wirewrap board
(cf figure 36).

An example of a wirewrap system is shown in figure 37.
A 4 x 4 bit multiplier (figure 38) was constructed using
MECL 10,000. The delay line oscillator has a frequency
of 30 MHz and the total multiplication cycle time is about
175 ns. The multiplier uses an add-shift algorithm.

The clock distribution for this system used a parallel
terminated wirewrap line (Thevenin equivalent). Twisted
pair lines may also be used for clock distribution, and are
helpful for higher clock rates. With wirewrap, maximum
clock rates are in the neighborhood of 100 MHz, when
using twisted pairss

To get signals on and off the board, commercially avail-
able multiconductor ribbon cable was utilized. Commer-
cial cable adaptors, which plug into the wirewrap board,
are available. Alternate lines are grounded to minimize
crosstalk and generate a characteristic impedance for the
signal lines.

BACKPLANE WIREWRAP A card file composed of sev-
eral logic cards may use wirewrap for board-to-board inter-
connection. The same rules as discussed in the section,
SINGLE-ENDED LINES #4 for board-to-board intercon-
nects, apply to wirewrap. A ground plane or ground screen
is recommended; termination techniques and line lengths
should follow the rules previously presented.

FIGURE 36 — Dual-in-line Adaptor Plug for Mounting
Discrete Components.
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FIGURE 37 — 4 x 4 Bit Multiplier Prototype Showing Wirewrap with MECL 10,000 Logic
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FIGURE 38 — 4 x 4 Bit MECL 10,000 Multiplier

CONCLUSION

This application note has been written to present infor-
mation which a designer may use to construct a reliable,
high performance MECL 10.000 system. Much of the
transmission line theory that explains the effects of high
speed signals on interconnects has not been presented here
because the application note is directed toward usage rules
rather than a detailed theoretical discussion.  For more
detailed information on transmission line theory and other
MECL system considerations such as power supply varia-
tions and thermal considerations. the designer is directed
to the MECL System Design Handbook. published by Moto-
rola Semiconductor Products Inc.
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IMPEDANCE MATCHING NETWORKS
APPLIED TO R-F POWER TRANSISTORS

1. INTRODUCTION

Some graphic and numerical methods of imped-
ance matching will be reviewed here. The examples
given will refer to high frequency power amplifiers.

Although matching networks normally take the
form of filters and therefore are also useful to
provide frequency discrimination, this aspect will
only be considered as a corollary of the matching
circuit.

Matching is necessary for the best possible energy
transfer from stage to stage. In RF-power transistors
the input impedance is of low value, decreasing as
the power increases, or as the chip size becomes
larger. This impedance must be matched either to a
generator — of generally 50 ohms internal impedance
— or to a preceding stage. Impedance transform-
ation ratios of 10 or even 20 are not rare. Interstage
matching has to be made between two complex
impedances, which makes the desigr sthl more diffi-
cult, especially if matching must be accomplished
over a wide frequency band.

2. DEVICE PARAMETERS
2.1 INPUT IMPEDANCE

The general shape of the input impedance of RF-
power transistors is as shown in Figure 1. It is a large
signal parameter, expressed here by the parallel
combination of a resistance Rp and a reactance Xp
(Ref. (1)).

Xp

/
/
f

Rp
\./ \
. +
Ts A s X
Cap |
]
I

Fig. 1 — Input impedance of RF-power transistors as
a function .of frequency

1
i
I
|
|
| Ind
l
t
i

The equivalent circuit shown in Figure 2 accounts
for the behaviour illustrated in Figure 1.
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With the presently used stripline or flange pack-
aging, most of the power devices for VHF low band
will have their Rp and Xp values below the series
resonant point fs. The input impedance will be
essentially capacitive.

Ls Rgg' Where
l 1] D Rg ~ emitter diffusion resistance
Cpg - Cyg = diffusion and trans:
Z, C, C . C R DE - “TE
N ¢ O TE € non capacitances of
the emitter Junction

Rgg' base spreading resistance

Cc = package capacitance

L

5 - base lead inductance

RF—power transistors

l Fig. 2 - Equivalent circuit for the input impedance of

Most of the VHF high band transistors will have
the series resonant frequency within their operating
range, i.e. be purely resistive at one single frequency
fs, while the paraliel resonant frequency fp will be
outside.

Parameters for one or two gigahertz transistors will
be beyond fg and approach fp. They show a high
value of Rp and Xp with inductive character.

A parameter that is very often used to judge on the
broadband capabilities of a device is the input Q or
Q|N, defined simply as the ratio Rp/Xp. Practically
QN ranges around 1 or less for VHF devices and
around 5 or more for microwave transistors.

QN is an important parameter to consider for
broadband matching. Matching networks normally
are low-pass or pseudo low-pass filters. If QN is
high, it can be necessary to use band-pass filter type
matching networks and to allow insertion losses. But
broadband matching is still possible. This will be
discussed later.

2.2. OUTPUT IMPEDANCE

The output impedance of the RF-power transis-
tors, as given by all manufacturers’ data sheets,
generally consists of only a capacitance CQUT. The
internal resistance of the transistor is supposed to be
much higher than the load and is normally neglected.
In the case of a relatively low internal resistance, the
efficiency of the device would decrease by the factor:

R
1+ L/RT



where R is the load resistance, seen at the collector-
emitter terminals,- and Ry the internal transistor
resistance equal to:

[N S

w_.(C C

7 TC + DC)
defined as a small signal parameter, where:
wT = transit angular frequency

CTC +C = transition and diffusion capacitances

DC at the collector junction

The output capacitance CQUT, which is a large
signal parameter, is related to the small signal para-
meter Ccpg, the collector-base transistion capa-
citance.

Since a junction capacitance varies with the
applied voltage, CoyT differs from Ccpg in that it has
to be averaged over the total voltage swing. For an
abrupt junction and assuming certain simplifications,
Cout = 2 Cca:

Figure 3 shows the variation of CouT with
frequency. Coyt decreases partly due to the
presence of the collector lead inductance, but mainly
because of the fact that the base-emitter diode does
not shut off anymore when the operating frequency
approaches the transit frequency fy.

Cour

Fig. 3 — Output capacitance COUT as a function
of frequency

3. OUTPUT LOAD

In the absence of a more precise indication, the
output load RL is taken equal to:

[ Vec—=VCE (sat) Iz
t 2Pout
with VCE (sat) €qual to 2 or 3 volts, increasing with
frequency.

The above equation just expresses a well-known
relation, but also shows that the load, in first approx-
imation, is not related to the device, except for VCE
(sat)- The load value is primarily dictated by the
required output power and the peak voltage; it is not
matched to the output impedance of the device.

R

At higher frequencies this approximation becomes
less exact and for microwave devices the load that
must be presented to the device is indicated on the
data sheet. This parameter will be measured on all
Motorola RF-power devices in the future.
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Strictly speaking, impedance matching is accom-
plished only at the input. Interstage and load
matching are more impedance transformations of the
device input impedance and of the load into a value
R\ (sometimes with additional reactive component)
that depends essentially on the power demanded and
the supply voltage.

4. MATCHING NETWORKS

In the following, matching networks will be
described by order of complexity. These are ladder
type reactance networks.

The different reactance values will be calcutated
and determined graphically. Increasing the number
of reactances broadens the bandwidth. However,
networks consisting of more than four reactances are
rare. Above four reactances, the improvement is
small.

4.1 NUMERICAL DESIGN
4.1.1 Two-Resistance Networks

Resistance terminations will first be considered.
Figure 4 shows the reactive L-section and the
termiriations to be matched.

—0
X2
Ry
Ry Xy Ry = —

Fig. 4 — Two-Reactance Matching Network

Matching or exact transformation from Ry into Ry
occurs at a single frequency fg.

At f , X_and X are equal to:
o 1 2
R
2 1
X, =*R =R
1 1 F(‘;R2 1vn -1
- _ vn -1
X2—+ RZ(RI—RZ)—R1 A

Atfo: X1.X2:R1AR2

X7 and X2 must be of opposite sign. The shunt
reactance is in parallel with the larger resistance.

The frequency response of the L-section is shown
in Figure 5, where the normalized current is plotted
as a function of the normalized frequency.

If X1 is capacitive and consequently X inductive,
then:

X = foR R2 _ foR 1
1 f Ft1 —R2 A1
f f Vvn -1
==/ _ = -
and X2 o R2(R1 Rz) R1 -



The normalized current absolute value is equal to:
i

2| 2+/n
i =
0 -2 207+ e 1)?
o o]
where lo = YnE , and is plotted in Figure 5 (Ref. (2) ).
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Fig. 5 — Normalized frequency response for the
L—section in low—pass or high—nass form

If X1 is inductive and consequently X, capacitive,
the only change required is a repacement of f by fg
and vice-versa. The L-section has low pass form in
the first case and high-pass form in the second case.

The Q of the circuit at f is equal to:

For a given transformation ratio n, there is only one
possible value of Q. On the other hand, there are two
symmetrical solutions for the network, that can be
either a low-pass filter or a high-pass filter.

The frequency f, does not need to be the center
frequency, f1 (2, of the desired band limited by f4

and fy. 2

In fact, as can be seen from the low-pass con-
figuration of Figure 5, it may be interesting to shift fo
toward the high band edge frequency f5 to obtain a
2 (f‘l + f2)

larger bandwidth w, where w = ——
271

This will, however, be at the expense of poorer
harmonic rejection.

Example:
For a transformation ratio n = 4, it can be deter-
mined from the above relations:
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Bandwidth w 0.1 03
Max insertion losses 0.025 0.2
X1/Rq 1.730 1.712

If the terminations R and Ry have a reactive com-
ponent X, the latter may be taken as part of the
external reactance as shown in Figure 6.

Ry X

4

T

' Xy X
gL T

'y

Fig. 6 — Te i R C

This compensation is applicable as long as

X|NT R‘I
or —

Q = < n-1

INT R

2 XINT

Tables giving reactance values can be found in
Ref. (3) and (4).
4.1.1.1 Use of transmission lines and inductors

In the preceding section, the inductance was
expected to be realized by a lumped element. A
transmission line can be used instead (Fig 7).

R, L

i
'
|
|
(a) (o)

Fig. 7 — Use of a transmission line in the L—section

i
i
|
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As can be seen from the computed selectivity
curves (Fig. 8) for the two configurations, trans-
mission lines result in a larger bandwidth. The gain is
important for a transmission line having a length
L=X/4 (©=90°) and a characteristic impedance

Zo=\/ R1.Rp. It is not sigpificar_n for lines short
with respectto A /4. One will notice that there is an

infinity of solutions, one for each value of C, when
using transmission lines.

4.1.2 Three-reactance matching networks

The networks which will be investigated are shown
in Figure 9. They are made of three reactances
alternatively connected in series and shunt.



A three-reactances configuration allows to make Network (a): -

the quality factor Q of the circuit and the transform- X = R./Q Qmust be first selected
R c1 1
ation ratio n = -—2— independent of each other and
R 1 R 1 R2
consequently to choose the selectivity between XC2=R2 2 1
certain limits. (Q7+1) R
For narrow band designs, one can use the 2
following formulas (Ref. (5) AN-267, where tables are QR1 + (R1R2/Xc2)
given): XL‘ = —
Q +1
4\ PouT
1.0 o
0 AL
T
an \ \\
8
7 / / \% \
! \ (b)
L s
6 7
5 7 ‘\\
V4 \
4 ) \(a)
3 ne N
P q
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1
> f/f,
0.2 0.4 0.6 0.8 1 1.2 14 1.6
Rg L Rg z/®
c— )
: ]- ] |RL HL
® S
(a) (b}
Transformation ratio n = 10
Fig. 8 — Bandwidth of the L-section for n = 10
(a) with lumped constants
(b} with a transmission line (M4)
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X XL XL2
Ll TI Xca T"c; Rz Ay I"m R2
fc) X, Xc2
’—’UUB"—I—-"——*'
R Xc R2 Ry 2Ry
Fig. 9 - Three--reactance marc.hmg networks
Network (b) : Q must first be selected
XL1 = R,‘O
X = R,.B A = R, (1+ O2 )
L2 2
A -
- B=
Xc1 " Gre
Network (c) :
XL1 = ('J.R1
X .=AR
C2 2
B
X1 " @ A

The network which yields the most practical com-
ponent values, should be selected for a given
application.

The three-reactance networks can be thought of
as being formed of a L-section (two reactances) and
of a compensation reactance. The L-section
essentially performs the impedance transformation,
while the additional reactance compensates for the
reactive part of the transformed impedance over a
certain frequency band.

Figure 10 shows a representation in the Z-plane of
the circuit of Figure 9 (a) split into two parts
R1-C1-L1 and C2-Ra.

Exact transformation from R into Rp occurs at the
points of intersection M and N. Impedances are then
conjugate or Z’=R’ +jX’ and Z'=R"’ +jX"* with R'=R"
and X'=—X".

The only possible solution is obtained when X’ and
-X' are tangential to each other. For the dashed
curve, representing another value of Ly or Cq, a
wider frequency band could be expected at the
expense of some ripple inside the band. However,
this can only be reached with four reactances as will
be shown in section 4.1.3.
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With a three-reactance configuration, there are not
enough degrees of freedom to permit X'= —X"" and
simultaneously obtain the same variation of
frequency on both curves from M’ to point N’.

Ry

|
L1l b
. 1
% LY

T

all
7 4w
1ew?Rr?c?

R2

) 2
R C
1
L - 1 |- e
1. w? R,z C""

jw Co Ry?

1e w? CZZ azl

te w? c2 B2

= RUe X

Ix| [

’ \C| Ry?

Ry Ry
—| =
R,/ Ir

. o . 5
Ix| = \]nnz—n?

Ry Ry

Fig. 10 — Z--plane representation of the circuit of Fig 9 (a)

Exact transformation can,
obtained at one frequency.

The values of the three reactances can be calcu-
dx”

lated by making X' = -X"",R" = R anddR, IR

therefore, only be

The general solution of these equations leads to
complicated calculations. Therefore, computed
tables should be used.

One will note on Figure 10 that the compensation
reactance contributes somewhat to impedance
transformation, i.e. R’ varies when going from M to
Ra.

The circuit of Figure 9 (b) is dual with respect to
the first one and gives exactly the same results in a
Y-plane representation.

Circuit of Figure 9 (c) is somewhat different since
only one intersection M exists as shown in Figure 11.
Narrower frequency bands must be expected from
this configuration. The widest band is obtained for
C = o

Again, if one of the terminations has a reactive
component, the latter can be taken as a part of the
matching network, provided it is not too large (see
Fig. 6).
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Fig. 11 Y-plane representation of the circuit of fig. 9(c)

4.1.3 Four-reactance networks

Four-reactance networks are used essentially for
broadband matching. The networks which will be
considered in the following consist of two two-
reactance sections in cascade. Some networks have
pseudo low-pass filter character, others band-pass
filter character. In principle, the former show
narrower bandwidth since they extend the
impedance transformation to very low frequencies
unnecessarily, while the latter insure good matching
over a wide frequency band around the center
frequency only (see Fig. 14).

a) X2 1 m X3 o) X, M Xy —I
R, Xy _[_IxJ Ry ]

i

4 Xy Xy w Xa H

Hmwv—l—fmrw |

| 1

Ry FX3 M |

. |

Fig. 12 — Four-reactance networks ]
The two-reactance sections used in above

networks have either transformation properties or
compensation properties. Impedance transformation
is obtained with one series reactance and one shunt
reactance. Compensation is made with both
reactances in series or in shunt.

If two cascaded transformation networks are used,
transformation is accomplished partly by each one.

With four-reactance networks there are two
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frequencies. f1 and f2, at which the transformation
from Rq into R2 is exact. These frequencies may also
coincide.

For network (b) for instance, at point M, Rq or R2
is transformed into \[R{R2 when both frequencies
fall together. At all points (M), Zy and Z are
conjugate if the transformation is exact.

In the case of Figure 12 (b) the reactances are
easily calculated for equal frequencies:

X = R X =R V-1
1 T2 n
NN I XX, =R Ry=X, X
R R

For network (a) normally, at point (M), Z1 and Z3
are complex. This pseudo low-pass filter has been
computed elsewhere (Ref. (3)). Many tables can be
found in the literature for networks of four and more
reactances having Tchebyschetf character or maxi-
mally-flat response (Ref. (3), (4) and (6)).

Figure 13 shows the transformation path from R4
to Ry for networks (a) and (b) on a Smith-Chart (refer
also to section 4.2, Graphic Design).

Case (a) has been calculated using tables
mentioned in Ref. (4).

Case (b) has been obtained from the relationship
given above for Xq . . . X4. Both apply to a trans-
formation ratio equal to 10 and for Ry .= 1.

28 + j0.45
0 - jre

Q 0.1 + 016
/ 128 - ja.5) a)
o0 4o

normalised imp.

Qa 0.
normalised adm.

(28 + j1.4)
(b)

0.316 = j0.465

Q1 4 iran

R‘= 1
R2=0|

(a) X, = 0624 X3 =0.169 (b} Xy = 0.68 X'3 =0215
( { (

(

- P . = 465
By=16  By=59 By =147 By
X2 = 0.59 X4 = 0.160 )('2 = 0.465 X'4 = 0.147
0, =16=0q, Q, =0, =147
(a) X X4 A X3 X4
Ry .L"u -I":t Ry R X3 -[":'a Rz

ks (a) and (b)

Fig. 13 — Transfc




There is no simple relationship for X1 . . . X'4 of
network (b} if f1 is made different from f for larger
bandwidth.

Figure 14 shows the respective bandwidths of net-
work (a) and (b) for the circuits shown in Figure 13.

arten
-0
1 7 >~

af 4 MY
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3 A1/ \
_a | N
5 / \
s Jis \ [
. [ \
-8
9 i
10 f

3456789111 13 15 17 19 I
3

Fig. 14 — Selectivity curves for networks (a} and
b) of Fig. 13

If the terminations contain a reactive component,
the computed values for X4 or X4 may be adjusted to
compensate for this.

For configuration (a), it can be seen from Figure
13, that in the considered case the Q's are equal to
1.6.

For configuration (b) Q'1, which is equal to Q’2, is
fixed for each transformation ratio.

n |2_J4) 8| 10] 16
Q' = Q’,[0.65 |1 ]1.35 [1.46 |1.73 o=Wh-1

The maximum value of reactance that the termin-
ations may have for use in this configuration can be
determined from the above values of Q'.

If R1 is the load resistance of a transistor, the
internal transistor resistance may not be equal to Rj.
In this case the selectivity curve will be different from
the curves given in Figure 14. Figure 15 shows the
selectivity for networks (a) and (b) when the source
resistance Ry is infinite.

rel  atten
Py S
44+
Py =
1}
Py =
-3 R
a1 LA 1
:: :5;:‘ / ! l‘i _fm\‘ ®
B ht I Bl e ol
-8 - d t
-2 l’ I ‘\ IL \
. || }
| [
4 17 13 15 17 T
Fig. 15 — Selectivity curves for networks (a} and (b) '°
of Fig. 13 with infinite Ry
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From Figure 15°it can be seen that network (a) is
more sensitve to Ry changes than network (b).

As mentioned earlier, the four-reactance network
can also be thought of as two cascaded two-
reactance sections; one used for transformation, the
other for compensation. Figure 16 shows commonly
used compensation networks, together with the
associated L-section.

The circuit of Figure 16 (a) can be compared to the
three-reactance network shown in Figure 9 (c). The
difference is that capacitor C, of that circuit has been
replaced by a L-C circuit. The resulting improvement
may be seen by comparing Figure 17 with Figure 11.

{a) compensation network
—fmr\r BT A =
R, Ry
1 .
(b} cn
— — T T
Ry .[ Ry
L. I
R; = nR
() cn cn 1 2
— — mT —AFTTT—
R2 .I .[ Ry
)
Fig. 16. - Compensation networks used with a L—section
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R L
YU =G e = “T—w}—!‘*""‘cz' —2—37—2 !
Ry v+ L, Ry + Wiy
. _+ |G .2
B =t - - G
1 Ly
B" = ( 1/kR, = G" )y [— -1 k= ——
2 "
G'R, C,Ry
8
G G
1 2 G
Yy >
W // 8
NeZ
G
/7 w.
-l
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Fig. 17 - Y—plane representation of the circuit of Fig.16 (a)




By adding one reactance, exact impedance trans-
formation is achieved at two frequencies. It is now
possible to choose component values such that the
point of intersection M’ occurs at the same
frequency fq on both curves and simultaneously that
N’ occurs at the same frequency f2 on both curves.
Among the infinite number of possible intersections,
orly one allows to achieve this.

When M’ and N’ coincide in M, the new (_5_)_('; i)f'
condition df df
can be added to the condition X' = —X" (for three-
networks) and similarly R'=R"”" and dR’ _dR".

df = df

If f1 is made different from f3, a larger bandwidth
can be achieved at the expense of some ripple inside
the band.

Again, a general solution of the above equations
leads to still more complicated calculations than in
the case of three-reactance networks. Therefore,
tables are preferable (Ref. (3), (4) and (6)).

The circuit of Figure 16 (b) is dual of the circuit of
of Figure 14 (a) and does not need to be treated
separately. It gives exactly the same results in the
Z-plane. Figure 16 (c) shows a higher order compen-
sation requiring six reactive elements.

The above discussed matching networks
employing compensation circuits result in narrower
bandwidths than the former solutions (see para-
graph 4.1.3) using two transformation sections. A
matching with higher order compensation such as in
Figure 16 (c) is not recommended. Better use can be
made of the large number of reactive elements using
them all for transformation.

When the above configurations are realized using
short portions of transmission lines, the equations or
the usual tables no longer apply. The calculations
must be carried out on a computer, due to the
complexity. However, a graphic method can be used
(see next section) which will consist essentially in
tracing a transformation path on the Z-Y-chart using
the computed lumped element values and replacing
it by the closest path obtained with distributed con-
stants. The bandwidth change is not significant as
leng as short portions of lines are used (Ref. (13)).

4.1.4 Matching networks using quarter-wave
transformers

At sufficiently high frequencies, where X /4-long
lines of practical size can be realized, broadband
transformation can easily be accomplished by the
use of one or more \/4-sections.

Figure 18 summarizes the main relations for (a)
one-section and (b) two-section transformation.
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{a)

—
Ry = nH;
Ry z R, R,
z = VR, Ay = Ry Vi = —
R s S 1 F2= R v
{b) | a
—
! zZy = \/R‘S Ry
t
R Z r4 R 4
2 2 1 1
! z, = VR, RS

- VR RS
. at A R = VRy Ry

Fig. 18 — Transformation networks using }/4—long
transmission lines

A compensation ‘network can be realized using
a A/2-long transmission line.

Figures 19 and 20 show the selectivity curves for
different transformation ratios and section numbers.

Ag/A
Fig. 19 - Selectivity curves for two Mg-section networks
at different transformation ratios

09

08

07

06

Fig. 20

Selectivity curves for one, two and three

Mg -sections

Exponential lines

Exponential lines have largely frequency indepen-
dent transformation properties.

The characteristic impedance of such lines varies
exponentially with their length |:

Z2=2 .e Kl
()

where k is a constant,
but these properties are preserved only if k is small.



4.1.5 Broadband matching using band-pass filter
type networks. High Q case.

The above circuits are applicable to devices having
low input or output Q, if broadband matching is
required. Generally, if the impedances to be matched
can be represented for instance by a resistor R in
series with an inductor L (sometimes a capacitor C)
within the band of interest and if L is sufficiently low,
the latter can be incorporated into the first inductor
of the matching network. This is also valid if the
representation consists of a shunt combination of a
resistor and a reactance

Practically this is feasible for Q's around one or
two. For higher Q's or for input impedances
consisting of a series or parallel resonant circuit (see
Fig. 2), as it appears to be for large bandwidths, a
different treatment must be followed.

Let us first recall that, as shown by Bode and Fano
(Ref. (7) and (8)), limitations exist on the impedance
matching of a complex load. In the example of Figure
21, the load to be matched consists of a capacitor C
and a resistor R in shunt.

Re
Matching l
v Z)n Network c R
(lossless) T
L

Fig. 21 — General matching conditions

The reflectionn coefficient between transformed
load and generator is equal to:

zZ —-R
__IN g

l‘Z+F(
9

IN
I" = 0, perfect matching,

I' =1, total reflection.

The ratio of reflected to incident power is:
Pr =i rl2
Pi |

The fundamental limjtation on the matching takes
the form:

1 m
— < -
,/‘m(lrl)d"'J RC

w=0
and is represented in Figure 22.
The meaning of Bode equation is that,the area S
under the curve cannot be greater than ac and there-
fore, if matching is required over a certain
bandwidth, this can only be done at the expense of
less power transfer within the band. Thus, power

Bode equation
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Fig. 22 - Representation of Bode equation

transfer and bandwidth appear as interchangeable
quantities.

Itis evident that the best utilization of the area S is
obtained when |ri is kept constant over the
desired band w¢ and made eqm;TaI to 1 over the rest of

the spectrum. Then|I*| = e “W,RC  within the band
and no power transfer happens outside.

A network fulfilling this requirement cannot be
obtained in practice as an infinite number of reactive
elements would be necessary.

If the attenuation a is plotted versus the frequency
for practical cases, one may expect to have curves
like the ones shown in Figure 23 for a low-pass filter
having Tchebyscheff character.

- Attenuation versus angular frequency for

Fig 23

different bandwidths with same load

For a given complex load, an extension of the
bandwidth from wj to wy is possible only with a
simultaneous increase of the attenuation a. This is
especially noticeable for Q's exceeding one or two
(see Figure 24).

Thus, devices having relatively high input Q's are
useable for brecadband operation, provided the
consequent higher attenuation or reflection intro-
duced is acceptable.

The general shape of the average irsertion losses
or attenuation a (neglecting the ripple) of a low-pass
impedance matching network is represented in
Figure 24 as a function of 1/Q for different numbers
of network elements n (ref. (3)).

0 1 17Q

Fig 24 Insertion losses as a function of 1/Q




For a given Q and given ripple, the attenuation
decreases if the number n of the network elements
increases. But above n = 4, the improvement is
small.

For a given attenuation a and bandwidth, the
larger n the smaller the ripple.

For a given attenuation and ripple, the larger n the
larger the bandwidth.

Computations show that for Q< 1 and n < 3 the
attenuation is below 0.1 db approximately. The
impedance transformation ratio is not free here. The
network is a true low-pass filter. For a given load, the
optimum generator impedance will result from the
computation.

Before impedance transformation is introduced, a
conversion of the low-pass prototype into a
band-pass filter type network must be made. Figure
25 summarizes the main relations for this conversion.

a Band - pass |
i
I
\.mrx[\/ |
21 |

A ! -~y
. | | !
L i
A o Gpo |
fo e sw 1
Aw !
|
N Ly CL3C Rg Ly ¢y |
T 17 " 131"
weL |
ct1 . 1 |
AN max = bl G = ;
Ro @l Ly i
“Wo Ly . 1 |
QOIN max = —— Cz = rCy L2 = —; |

o @ C2'
etc. i
|
Fig. 25 — Conversion from low—pass into band—pass filter !

r is the conversion factor.

For the band-pass filter, Q)y max or the maximum
possible input Q of a device to be matched, has been
increased by the factor r (from Figure 25, Q'
= r.QIN max!)

Impedance inverters will be used for impedance
transformation. These networks are suitable for
insertion into a band-pass filter without affecting the
transmission characteristics.

Figure 26 shows four impedance inverters. It will
be noticed that one of the reactances is negative and
must be combined in the band-pass network with a
reactance of at least equal positive value. Insertion of
the inverter can be made at any convenient place
(Ref. (3) and (9)).

When using the band-pass filter for matching the
input impedance of a transistor, reactances L'y C'y
should be made to resonate at w, by addition of a
convenient series reactance.

As stated above, the series combination of Ro, L'y
and C’1 normally constitutes the equivalent input
network of a transistor when considered over a large
bandwidth. This is a good approximation up to about
500 MHz.

IN max
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Inverter Equivalent to

[
——

117n  1n° -in
——ll»—l-—ﬂ’-—
a) nC c
I I

nC
T Lo L.
b) 0 me LnZoac

Li1-1/n) L(an—\-nb
c éun L%
n
L/n

d)

n 1

Fig 26 — Impedance inverters

In practice the normal procedure for using a band-
pass filter type matching network will be the
following:

(1) For a given bandwidth, center frequency and
input impedance of a device to be matched e.g.
tc 50 ohms, first determine Q' from the data

w v
o 1

sheet as after having eventually added a

o
series reactor for centering,

(2) Convert the equivalent circuit Roly " Cq"into a
low-pass prototype Ry Lq and calculate Q)
using the formulas of Figure 25,

(3) Determine the other reactance values from
tables (Ref. (3)) for the desired bandwidth,

(4) Convert the element values found by step (3)
into series or parallel resonant circuit para-
meters,

(5) Insert the impedance inverter in any convenient
place.

In the above discussions, the gain roll-off has not
been taken into account. This is of normal use for
moderate bandwidths (30% for ex.). However,
several methods can be employed to obtain a
constant gain within the band despite the intrinsic
gain decrease of a transistor with frequency.

Tables have been computed elsewhere (Ref. (10))
for matching networks approximating 6 db/octave
attenuation versus frequency.

Another method consists in using the above
mentioned network and then to add a compensation
circuit as shown for example in Figure 27.
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R = Z;y = constant vs. f.

LGy = LyCy

Ry = R

2 -
W2 = LGy = LGy
(high band edge)

Qy = Wly/R = Q) =
W, Cy4R

Fig. 27 — Roll-off compensation network

Resonance wy, is placed at the high edge of the
frequency band. Choosing Q correctly, roll-off can be
made 6 db/octave.

The response of the circuit shown in Figure 27 is
expressed by:

1

, @ w, " where w<wb
1+Q (QT —'-‘-'J—,
b w
This must be equal to = for 6db/octave compen-
sation. y

.At the other band edge a, exact compensation can

be obtained if: W,
(—)" =1
“a
Q= w w,
a ( b)2
wb wa

4.1.6 Line Transformers

The broadband properties of line " transformers
make them very useful in the design of broadband
impedance matching networks (Ref. (11) and (12)).

A very common form is shown by Figure 28. This is
a 4:1 impedance transformer. Other transformation
ratios like 9 : 1 or 16 : 1 are also often used but will
not be considered here.

Fig. 28 — 4:1 line transformer
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The high frequency cut-off is determined by the
length of line which is usually chosen smaller than
A min/8. Short lines extend the high frequency
performance.

The low frequency cut-off is determined first by
the length of line, long lines extending the low
frequency performance of the transformer. Low
frequency cut-off is also improved by a high even
mode impedance, which can be achieved by the use
of ferrite material. With matched ends, no power is
coupled through the ferrite which cannot saturate.

For matched impedances, the high frequency
attenuation a of the 4 : 1 transformer is given by:

L (+3cos2n' M2+ asin’ 2n'x

4(1 + cos 21r'/7\)2
For I =X/4,a=1250r 1db ;for | =A/2,a=®

The characteristic impedance of the line trans-
former must be equal to:

Zo = VRg.R

Figures 29 and 30 show two different realizations
of 4 : 1 transformers for a 50 to 12.5 ohm-trans-
formation designed for the band 118-136 MHz.

The transformers are made of two printed circuit
boards or two ribbons stuck together and connected
as shown in Figures 29 .and 30.

Epoxy 0 2mm thik

l Psu

Fig. 29 - 4:1 line transformer ori p.c. board




Line transformer on p.c. board (Fig. 29)

Cu

5 Ribbon thickness
66U
Electrical tape
EE3990

holation Perinacel  New Brunswick

Isotation

Cu

Ferrite

Suck one tibbon (1 Smm wide) against the other (2 5}
Total fength per ribhon 9em
Turns 35
Fig 30 41 copper ribbon hne transformer with ferrite

Line transformer on ferrite (Fig. 30)

4.2 GRAPHIC DESIGN

The common method of graphic design makes use
of the Impedance-Admittance Chart (Smith Chart).

It is applicable to all ladder-type networks as
encountered in matching circuits.

Matching is supposed to be realized by the suc-
cessive algebraic addition of reactances (or suscept-
ances) to a given start impedance (or admittance)
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until another end (or admittance) is
reached.

Impedance chart and admittance chart can be super-
imposed and used alternatively due to the ‘fact that
an immittance point, defined by its reflection coefficient
I" with respect to a reference, is common to the Z-chart
and the Y-chart, both being representations in the
I'" -plane.

impedance

= _ —
r —‘Z TR, Tt
r-8-Y R -1 _ Characteristic
Gg+Y Gy  impedance of the line

More precisely, the Z-chart is a plot in the I" -plane,
while the Y-chart is a plot in the —I" -plane. The change
from the T" to —I" -plane is accounted for in the con-
struction rules given below.

Figure 31 and 32 show the representation of normal-
ized Z and Y respectively, in the I" -plane.

I - plane x
j i
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1-y2-92 :
r=
—
a-y? « 7?
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L I
=70 + 7? T
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V=T 7
r e ex

Radius 1/(1 + 1)
r circles

Center at * 7y, = '—"' .Y, =0

Radius @ 1/x
x circles

Center at -y, = 1.7 = Vx

Fig. 31 ~ Rep ion of the
in the T-plane

Z values




inductive
b < 0

short

o J
L S 2

Radiss 1/ (149)
9 circles
Center at Y, = —gi(149)0 Y, 0

Radius  1b
b circles

Center at  y, =1

Rectangular coordinates

Fig. 32 - R

n the I’ plane

of the Y —values

The Z-chart is used for the algebraic addition of
series reactances. The Y-chart is used for the alge-
braic addition of shunt reactances.

For the practical use of the charts, it is convenient
to make the design on transparent paper and then
place it on a usual Smith-chart of impedance type (for
example). For the addition of a series reactor, the
chart will be placed with “short” to the left. For the
addition of a shunt reactor, it will be rotated by 180°
with ““short” (always in terms of impedance) to the
right.

The following design rules apply. They can very
easily be found by thinking of the more familiar Z and
Y representation in reactangular coordinates.

For joining two impedance points, there are a
infinity of solutions. Therefore, one must first decide
on the number of reactances that will-.constitute the
matching network. This number is related essentially
to the desired bandwidth and the transformation
ratio.
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. Chdrt to R Using curve
Addition of be used Direction of constant
series R z open x
(in terms of
admittance)
series G Y short b
(in terms of
admittance)
1
series C (+—) z ccw r
jwC
shunt C (+jwC) Y cw [*]
series L (+ jwlL) Z cw r
1
shunt L “j_wL) v cow g

Secondly, one must choose the operating Q of the
circuit, which is also related to the bandwidth. Q can
be defined at each circuit node as the ratio of the
reactive part to the real part of the impedance at that
node. The Q of the circuit, which is normally referred
to, is the highest value found along the path.

Constant Q curves can be superimposed to. the
charts and used in conjunction with them. In the
" -plane, Q-curves are circles with a radius equal to

1 . 1
1+ —~9 and a center at the point + a on the
p ~

imaginary axis, which is expressed by:

2 12 1
Toryrgl st

—_— 5
T=ry, - Q

The use of the charts will be illustrated with the
help of an example.
The following series shunt conversion rules also

apply:

X
R =
R’ 1 R
R= G = — =
2 R’ 2
L R +X
X’
X= -3%r ol X
1+X2 X~ 22
R’
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Fig 33

Narrow band VHF power amplifier

Figure 33 shows the schematic of an amplifier
using the 2N5642 RF power transistor. Matching has
to be achieved at 175 MHz, on a narrow band basis.

The rated output power for the device in question
is 20 W at 175 MHz and 28 V collector supply. The
input impedance at these conditions is equal to 2.6
ohms in parallel with -200 pF (see data Sheet). This
converts to a resistance of 1.94 ohms in series with a
reactance of 1.1 ohm.

The collector load must be equal to:

[Vcc—Vce(sat)]2 or (28—3)2

2xP ’ 40
out

15.6 ohms.

The collector capacitance given by the data sheet
is 40 pF, corresponding to a capacitive reactance of
22.7 ohms.

The output impedance seen by the collector to
insure the required output power and cancel out the
collector capacitance must be equal to a resistance
of 15.6 ohms in parallel with an inductance of 22.7
ohms. This is equivalent to a resistance of 10.6 ohms
in series with an inductance of 7.3 ohms.

The input Q is equal to, 1.1/1.94 or 0.57 while the
output Q is 7.3/10.6 or 0.6S.

It is seen that around this frequency, the device
has good broadband capabilities. Nevertheless, the
matching circuit will be designed here for a narrow
band application and the effective Q will be
determined by the circuit itself not by the device.

Figure 34 shows the normalized impedances (to
50 ohms).

‘ 0022 0146
| 0039 0212

Normalized input impedance Load impedance

Fig 34 - Normalized input and output impedances

for the 2N5642
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Figure 35 shows the diagram used for the graphic
design of the input matching circuit. The circuit Q
must be larger than about 5 in this case and has been
chosen equal to 10. At Q = 5, Cq would be infinite.
The addition of a finite value of Cy increases the
circuit Q and therefore the selectivity. The normal-
ized values between brackets in the Figure are
admittances (g + jb).

At f = 175MHz, the following results are obtained:

wlL, = 50x3 =50 (0.39 — 0.022) = 18.5 ohms

3. Ly =168nH
wC =—1~b =l(25—042)=00416mhos
27502 50 < (¢, =378 0F
2 =50x, =50.1.75=87.5 ohms
wC, L %€, =10.4 pF

Figure 36 shows the diagram for the output circuit,
designed in a similar way.
Here, the results are ( f = 175MHz ) :

wL . =50.x, =50 . (0.4 +0.146) = 27.3 ohms
4 4 L, =24.80H

1 1
wCs = 5—0 b5 = % .
The circuit Q at the output is equal to 1.9.

1.9 =0.038 mhos .. C5 =345 pF

_ paraliz) capacitance C,
#70039+10 39 Tl

)
2.
/1025225 N

Q
cucle

- o 144175
K seres !
(101 7

(025-,0.42)

/’ Jinductance Ly
ix3) seres
capacitance C,

{ )

0 0039+)0022 1+0 =

Fig. 35 — Input circuit design

Ot

0212+,0146

seces nductance Ly oy o varanet capacitance Cg
del |)5|

-
0212 ,04
e, 19

Fig 36 *Output circurt design
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The selectivity of a matching circuit can also be
determined graphically by changing the x or b values
according to a chosen frequency change. The
diagram will give the VSWR and the attenuation can
be computed.

The graphic method is also useful for conversion
from a lumped circuit design into a stripline design.
The immittance circles will now have their centres on
the 1 + jo point.

At low impedance levels (large circles), the differ-
ence between lumped and distributed elements is
small.

5. PRACTICAL EXAMPLE

The example shown refers to a broadband ampli-
fier stage using a 2N 6083 for operation in the VHF-
band 118-136 MHz. The 2N 6083 is a 12.5 V-device
and, since amplitude modulation is used at these
transmission frequencies, that choice supposes low
level modulation associated with a feedback system
for distortion compensation.

Line transformers will be used at the input and
output. Therefore the matching circuits will reduce to
two-reactance networks, due to the relatively low
impedance transformation ratio required.

5.1 DEVICE CHARACTERISTICS

Input impedance of the 2N 6083 at 125 MHz:
R =0.9 ohms
p

C = -390 pF
o p

Rated output power:

30W for 8W input at 175MHz. From the data sheet
it appears that at 125MHz, 30W output will be
achieved with about 4W input.

Output impedance:

vV -V 2

[ cc ce (sat)]” _ 100 _
5xP —-——60—1.67ohms
out

C =180 pF at 125 MHz
out
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5.2 CIRCUIT SCHEMATIC

5002
—0
Cy= 300 pF (chip) T, v2 see Figure 30
L,= 42 oH (adjust) REC, = 7 turns
L3= 8 nH  (adjust) 6.3 mm col diameter
ce: 130 pF (chip) 08 mm wire diameter
Cg= 750 pF (chip) RFC, = 3 turns on ferrite bead
Cg= 22 pF C,= 068 uF
Fig. 37 — Circuit schematic
L
w
30 4— t +
yw/t—ﬁ\l,\ﬁl
20
/'W/Jr/—ﬂ%\
Pour
10
s —
0 MH2z
18 124 128 132 136
1
Fig. 38 — Poyr vs frequency
%0
70 | Pin=2W
60
W I
50
40
n 0.5W —
30
20
10
MHz
" 124 128 132 136

f

Fig. 39 — n vs frequency
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AN- 61

VIDEO AMPLIFIER DESIGN:
KNOW YOUR PICTURE TUBE REQUIREMENTS

Prepared by:
Steve Tainsky,
Applications Engineering

This note describes video amplifier de-
sign considerations for unitized gun and
conventional picture tubes. Some unique
design techniques are discussed taking ad-
vantage of Motorola’s MC1323 chroma.
demodulator. Finally, design objectives of
video amplifiers are discussed.
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VIDEO AMPLIFIER DESIGN:
KNOW YOUR PICTURE TUBE REQUIREMENTS

INTRODUCTION

The advent of the unitized gun picture tube brought
with it many claims of superior performance over the con-
ventional delta gun configurations. Among these advan-
tages were: improved gray scale tracking, better spot size
and improved highlight resolution. These advancements
were made possible because of the better grid-to-cathode
cutoff ratios between guns. Although the combined gun
structure (common Gl and G2 for all three. guns)
improved the grid-cathode cutoff ratio between guns, it
now required the video amplifier output stage to com-
pensate for any remaining differences in individual gun
cutoffs. Thus, a simplification of the picture tube has
resulted in a complication of the video stages driving it.

The video systems described in this note were designed
to alleviate the design compromises normally associated
with driving a unitized gun picture tube. These include
interaction between driver and cutoff control, high power
dissipation needed to obtain bandwidth, setup adjust-
ment, dc stability and supply ripple rejection. Some of the
designs can also be employed in conjunction with a con-
ventional picture tube as very high-quality. wide-
bandwidth, video systems.

BIASING REQUIREMENTS OF UNITIZED GUN TUBE

Cutoff characteristics for a typical unitized gun picture
tube are presented in Figure 1. The two solid lines repre-
sent the spread in electron gun spot cutoff for all tubes.
This variation is shown to be a ratio of 1.8-to-1 in Gl-to-
cathode voltage for any given G2 voltage. This ratio is
greatly reduced for electron guns within a given tube to
1.2-to-1, as depicted by Tube A or Tube B. The shaded
area marked Tube A shows the range of cutoff voltage for
the three guns, assuming the one gun is a worst-case for
maximum spot cutoff. Similarly, the shaded area marked
Tube B shows the range of cutoff voltages assuming it
contains a gun which is a worst-case for a minimum spot
cutoff gun. The important point to be obtained from
these curves is that the range of adjustment required by
the video output stages to adjust spot cutoff will be the
1.2-to-1 ratio for any tube. For example, if it is desired to
use a 150 Volt Gl-to-cathode voltage, then a 25 Volt
adjustment range is required. Notice the same range is
required for Tube A as for Tube B, the only difference
being the required G2 voltage. Thus, the large variation
expected in cutoff ratios between tubes can be compen-
sated for by adjusting the G2s.
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\Y Cutofts from Tube
100 v 7 to Tube
v /4 | |
// Typical Cutoff Curves for
Unitized Gun Tubes
o | i

100 150 200
Cathode to Grid No. 1 Voltage

250

FIGURE 1

The cutoff ratio between guns in a given tube are com-
pensated for by adjusting the cathode voltages. This
method has the added advantage of using higher G2 volt-
ages on tubes which do not have high cutoffs and thus
obtain improved spot size. If, on the other hand, all tubes
were biased at a fixed G2 of 420 Volts and the video
amplifier used to compensate for cutoffs over the 1.8-to-1
ratio, the spot size on all tubes would be degraded to the
worst-case condition. Also, in this case, the requirements
on the video amplifier are more demanding.

Drive characteristic curves (Figure 2) show that with a
cutoff of 150 Volts grid-to-cathode, a peak beam current
of 6 mA per gun is possible. A gun with a 125 Volt. EGk |
will still deliver S mA of peak current. Average current is
limited between 1.0 and 3.0 mA, depending on the sys-
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tem, by the Automatic Bn'g,htness Limiter (@L) circuit [ Anode Vortage 20 to 27 KV
to prevent damage to the picture tube. The high peak-to- g0l 83 For Best Focus
average beam currents are necessary to reproduce peak Tre? :,‘:"g:‘:zdsg:;f”"’" ”
whites and produce good highlight resolution. - Exgy = 0 //

To help design a video amplifier output stage consis- 3.0 /£
tent with the above requirements, it is useful to show the //:
cathode and grid voltage on a diagram, as in Figure 3a. The 20 !
Gl voltage should be selected as low as possible to keep V | Pesk
the video output stage supply voltage low. This minimizes < / |,-Video
the power dissipation and voltage breakdown require- [ f 1 Drive
ments of the video output devices. A lower limit on the .8 10 / -
Gl voltage is imposed by the saturation knee at high gg 08 £ H
frequencies of the output stage. A common problem as- B / ¢

H : : ~ . SO o06lEkG1 (for Spot |
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band signals addition to the luminance in the output stage ’ 7 ' [

I
causes the luminance transients of one gun to be at a 02 / H !
different level than the other gun, causing output stage ’ | Average |
saturation as shown in Figure 3b. Unitized gun tubes tend Lar‘[’)i‘?e° .

o X r
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FIGURES 3a and 3b — Video Output Stage Waveforms
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enough EGg such that each gun has the capability of
supplying enough anode current before being driven into
grid conduction. As can be seen by referring back to
Figure 2. for a 150 Volt Egk, a peak-anode current of 6
mA per gun can be obtained, even in the case of the 125
Volt Egk (other gun in same tube) a peak current of 5
mA is obtainable. Note also that the gun with the lower
Egk will require less video drive to produce the same
amount of peak-anode current. This tends to compensate
for the effect of the color bleeding discussed above, pro-
vided the high Egk gun has the required peak current
capability.

In Figure 3a, a Gl voltage of 40 Volts and a correspond-
ing black level voltage of 190 Volts for the design example
was used. A video drive (Figure 2) of 120 Volts will
guarantee a minimum of 3.5 mA peak-anode current per
gun. The average video drive required for a 1.5 mA anode
current (0.5 mA per gun) will be approximately 55 Volts.
It is good design practice to allow enough dynamic range
to be able to handle overshoots of 25%.

VIDEO AMPLIFIER REQUIREMENTS

The requirements for video output stages tor unitized

gun picture tube should include the follow mg:

a) Bandwidth should be at least 3.5 MHz. cither with
or without peaking components. It peaking compo-
nents are used, they should be common to all three
outputs so no differential peaking between stages
oceurs due to tolerances on these components. Lay-
out should be symmetrical so that stray capaci-
tances do not cause differential peaking. and
radiation between stages is minimized. The large
signal rise time should be less than 150 ns and the
differential rise time should be limited to 20 ns.

b) DC voltage stability of the cathodes should be main-
tained to < 6 Volts, and differential voltage drifts
between cathodes caused by temperature and aging
effects should be limited to < 2 Volts.

¢) A low overall output stage gain is desirable to mini-
mize bias drifts. Ideally, the gain should be suffi-
cient to provide the required drive to the cathode
with the signal available from the demodulator. The
gain should be adjustable over a 30% range without
affecting the black level voltage. Bandwidth and rise
time changes caused by gain adjustment should be
consistent with the above requirements.

d) Each output should have a black level adjustment
sufficient to cover the range required by the varia-
tion in picture tube gun spot cutoffs (25 Volts). In
addition, the dc coupled outputs from the chroma
demodulator can vary over a 2—3 Volt range giving
a 72 Volt variation in cathode voltage. If a demodu-
lator device with a luminance/brightness input is
used (MC1323 or MC1324), this cathode voltage
variation can be reduced to 15 Volts (0.6 x 24).
Thus, the black level adjustment control must
accommodate at least a 40 Volt range and should

124

not have any significant effects on gain or output
stage bandwidth.

¢) The transfer characteristics should be linear and
independent of operating point and cutoff adjust-
ment within the usable range (from black level to 0
Volts Egg).

f) In order to maintain signal integrity, the rejection to
power supply ripple should be maintained at > 40
dB down from output signal. To obtain this, it is
sufficient to either: 1) filter and regulate the
power supply, or 2) design video output stages
which have the required rejection to power supply
modulation, or 3) a combination of both, to obtain
the desired objective. Also note that the sensitivity
of the output stages to power supply voltage should
not cause more variation than the limits set for dc
stability.

BRUTE FORCE APPROACH TO OBTAIN DESIGN
OBJECTIVES

To begin the discussion, it is convenient to analyze a
circuit for driving a unitized gun picture tube as illustrated
in Figure 4. The design chosen requires operation with a
220 Volt B+ and a voltage gain of 24 to supply a 120 Volt
drive with 5 volts of signal from the demodulator. As
noted carlier. black level voltage of 190 Volts with a 40
Volt range on black level adjustment is required. Equa-
tions for the design of this circuit are included.
As can be seen from the equations, any modulation on the
220 Volt supply will appear directly at the cathode. Also,
modulation on the 24 Volt supply (or tolerance) is
coupled to the cathode via the resistor connecting the
cutoff adjustment potentiometer- to the emitter of the
output stage. Even with the low 6.8 k§2 collector load
(high power dissipation), the 3 dB bandwidth of this
stage, working into the 10 pF load is less than 2.5 MHz.
Therefore, peaking components must be used in order to
obtain the required 3.5 MHz bandwidth.

Select load resistor R = 6.8 k€2 (assuming maximum power
dissipation of Q1 is 1.6 Watts).
Maximum Gain= R /RE = 6.8 k§2/270 Select RE and
=25.2*% Ip<<Ig Rdrive from
Minimum Gain =R (RE+R ive control) desired max
~6.8k§2/(270+81)=19.4 and min gain
requirements.
For a black level voltage of 190 Volts
Ic=(Vce - Vo)/RL =(220 -190)/6.8 k2 =4.41 mA
For 40 Volt black level adjustment range
Alc=AVC/RL=40/6.8kS2 =5.88 mA
assuming AlC = AIE and AIE is to be obtained via cutoff
control from 24 Volts.
RE] = 24/Alc =24/Alg = 24/5.88 = 4 kQ
Quiesent dc voltage at demodulator output adjusted to 15

* Closest gain resulting from standard component values.
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FIGURE 4

Volts on R-Y output via set-up adjustment.

7 VBl =15 Vdc (Ig] smally and VE] = 14.3 Vdc
For Q1 on and VBE = .7 Vdc
1E] =(24 - VE)/RE] =2.43 mA

(Note: if wiper is grounded Ig] =(0-VE)/RE] = -3.58.

LAIE) =243 -(-3.58) = 5.8 mA as predicted).

IE=1g] +Ic>=4.41+2.43>6.84 mA assuming

Ig << Ig
Maximum Gain (drive control arm connected to emitter
of video driver)

VE| - VE2 = IE RE =(6.84 mA) (270) = 1.85

VE2 = VE] - IERE =143 -185=125

VB2 = VE2 -VBE2 = 125 -0.7=11.8

. Bias network on base of video driver (VB2) should

be adjusted for 11.8 Vdc.

Minimum Gain (drive control arm connected to top of
bridge resistor, R)
To prevent dc shift at cathode with drive control, main-

tain I @ 6.84 mA. Select R such that 6.84 mA will
result in 12.5 Volts at “V”

R=125/6.84 mA = 1.8 kQ

Ig"= (V - VE2)/Rdrive control = (12.5 - 12.5)/81=0
&Ig=1+ IE'= 684 +0 = 6.84 mA

It should be emphasized that a demodulatpr with
ability to set dc output must be used. A very serious
drawback of this circuit is the inability to handle the
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variations in dc output voltage from one demodulator to
the next. Typically, absolute output levels on demod-
ulators vary 3 Volts from unit-to-unit, which would result
in a 72 Volt tolerance at the cathode (3 Volts x gain of
output stage). To correct this problem, a demodulator
with a luminance input is employed and a potentiometer
is used to adjust” the quiescent output voltage to the
required 15 Volts. An additional output variation between
any two outputs to 0.6 Vdc can exist on a given de-
modulator. This variation, as previously discussed, can be
compensated for at the cathode by the cutoff control, and
at the expense of range on those controls. The 0.6 Volt
offset also has the adverse effect of unbalancing the drive
control bridge, thereby producing interaction between
drive and cutoff controls. Motorola now has an MC1323
triple chroma demodulator with individually adjustable d¢
outputs, thus eliminating the necd to compensate for the
0.6 Volt delta between outputs with the output stage. The
range on control of the MC1323 dc outputs is also
sufficient to compensate for picture tube cutoff vari-
25 Volts

gain of output stage
the need for cutoff controls on the output stages. Refer to
Application Note AN-763 for complete details on
MC1323.

A quick computer analysis (using the Motorola Spice
Circuit analysis program) of this basic circuit will aid in
determining how well it meets design objectives. The
model used and input documentation for this analysis is

ations = ] Volt, thus eliminating



Computer Input File

Name of Circuit

Source V¢ Connected between Nodes 0 and 1
ac Signal = 0 V(p-p) dc Signal = 15 Vdc

Resistor RC Connected between Nodes 1 and 2

Value = 1 k

Capacitor CC Connected between Nodes 2 and 0

Value = 100 pF

Transistor Q0 Collector Connected to Node 7

Base Connected to Node 2
Emitter Connected to Node 3
Device Model Name "Output’”

Transistor Parameters (Defauited to Ideal Transistor
when not Listed)

Value used to Effectively Short Peaking Coil

Y IDEO1
01 AC 0 DC 1S
2 nsS AC 1 D o1E.S
3 .
2,000
Q000
10,000
11.000
12. 000
13,000
14,000 c
15,000 7
1o, 000 =
17.000 00 7 &2 T OUTPUT
{2,000 (DEY OUTFUT MFN
J SR
g (100 k) ——
Rp

Ve

——— Value used when ""Sweeping’’ to Show Effects
of Peaking

Varied from 24 Vdc to 0 Vdc for Cutoff
Control Range

V¢ Chroma Sideband Source

Vi Luminance Signal Source

Rg1 & Rgy Gain Control
Max Gain Rgq =1, Rgp = 80
Min Gain Rgq = 80, Rgp = 1

FIGURE 5a — Circuit Model and Input File Description

shown in Figure Sa. The computed node voltages, supply
currents, transistor operating point, and element sensi-
tivity chart are included in Figure Sb. The sensitivities are
expressed in volts per unit (change in output voltage fora
one unit change in element value) and volts per percent
(change in output voltage for a one percent change in
element value). This table will help in selecting tolerances
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on components as well as setting requirements for our 220
Volt power supply. For example, if our minimum (low
contrast) output signal is 60 V(p-p), and we desire a
power supply ripple rejection of > 40 dB in our output
signal, the output ripple must be < 0.6 V(p-p). The Vg
supply sensitivity results in a 1 Volt change in output
voltage for a 1 Volt change in supply, thus the Vg supply
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FIGURE 5b — Black Level dc Characteristics

ripple must be < 0.6 Volts. The sensitivity of the V24
supply is 1.63 Volts per Volt, requiring a ripple of <
0.6/1.63 or 0.37 V(p-p) to maintain signal integrity. The
absolute value of the supplies must be regulated against
line and load, due to the high sensitivity.

The computed dc transfer characteristics are shown in
Figure Sc for minimum and maximum cutoff settings.
Notice that in each case the solid and dotted lines are
parallel, illustrating that the cutoff adjustment does not
change the gain. Also, the solid and dotted lines Cross at
black level, indicating the gain adjustment does not affect
the cutoff. The range of cutoff adjustment from the
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curves is 192 Volts minus 153 Volts, or 39 Volts. The gan:
control range varies from a maximum of 23.4 (slope o
solid lines) to a minimum of 17.9 (slope of dotted hues)
It is always reassuring to compare these computed 1osuity
with those of the initial design.

The computed response curves for hath the luminance
and chroma sideband signals are shown in Figure 34 The
discrepancy in dc gain is caused by the voltage dvider
formed by Rgy and R when driving from the luminance
input, but which does not attenuate the chroma sideband
signal. This effect is minimal as long as Ry >> Rg. In
both cases, the effective emitter resistance is the paralicl



250}

192 Volt @' P
N A
Black Level 27
(1 } ~% P
g‘ Min Gain 192 Volt Cutoff —_ 74
9 Max Gain 192 Voit Cutoff ___ | 2 v
> 150} Min Gain 153 Voit Curoft R
2 Max ‘Gain 153 Volt Cutotf 2 > 1153 Vois @
3 ; , 127 77 | | Black Level !
o | i A & | ! i
~1 T P s 1 {
3 1
3 /‘f’ : l
Z 4 y o 1nput
50 s t——— —+-+——Black Level
A . ¥ Voltage
o125 v
N 1
[} H . . N N f
2 a 6 8 10 12 14 16
Node 1 Luminance Input Voitage
FIGURE Sc
30, .
T Lp = 232 uH
DC Gain = 25 n=2 '
p ! Lp 174 uM
i) 0CG13»0=234 hne 18
=116 uH
1
Lp=0
n=490

Chrota ~'Re!£:onse B ‘-U'ﬂ\“"i"ca\i\
i with Lp = 232 uH \ gasponse :
N . urves N
1Ob————f—with Lp = ‘u'a/'_a_ g
| ! \ 435
H h
5 N |
ol ke B N
100 200 400 1
kHz kH2z kM2 MH2
FIGURE 5d

<ombination of Rgj and Rg. The video response is shown
for various values of Lp where Lp = n Ry 2 Cy/4 and
n=0,1,1.5,2. As can'be seen from the curves. maximuin
bandwidth with no tesponse peaking occurs for n = 1.
(The poles of the transfer function are real and equal for
n = 1). In practice. for valuesof n > 2. it is common 1o use
some dainping resistance across Lp to prevent ringing. The
effect of the peaking inductance on the chroma response
is shown for the extreme values of n.

In summmaty, this type of output stage will satisfy the
requirements for drivinga unitized gun picture tube but it
does ‘put some rather ‘stringent requirements on the power
supply. 1t also requires a high power output device
‘because of the low value of Ry -

NOVEL SOLUTIONS TO DESIGN OBJECTIVES

An operational amplifier with feedback has many prop-
erties which lend themselves very nicely to video output
stages. These include: wvery Jow output impedance,
accurately defined gain, high power supply rejection ratio,
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summing input capability and performance characteristics
generally independent of the amplifier parameters. Unfor-
tunately, operational amplifiers are not suited for 250
'Volt operation with 150 Volt swing capability. The ob-.
jective here is to use components normally used in video
output stages, arrange them in a high gain configuration
(pseudo operational amplifier) and apply operational
amplifier theory to take advantage of the above men-
tioned characteristics.

In it’s simplest form, the pseudo operational amplifier
of the improved video system is shown in Figure 6a. The
voltage gain of this section is very high and can be shown

to be Ay = ﬁe_+-r; where 1, = 26 mV/Ig at room

temperatures. With the values shown Ay = 435.

IE

RL
ViR

Where t, = 26 mV/l, ® 25°C

FIGURE 6a

It the above figure is redrawn in operational amplifier
configuration, it can be utilized as a summing amplifier.
By selecting the ratio of Rg to Ry, the gainto each input
cin be individually selected.
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Replacing V1 with the luminance signal Y1 and V2 with
the demodulated-R-Y chroma sideband signals will result
in the required matrix for red, required to drive the red
cathode.

Two other similar stages are used to obtain the blue
and green outputs respectively. The third input V3 is used
to establish the black level voltage at V, which is con-
nected to the picture tube cathodes. As can be seen from

Equation 2 in Figure 6b, the dc voltage at V,, can be changed
by varying Rjp(3) with a dc reference voltage substituted
for V3. Also the gain to V1 and V2 can be ganged together
by the use of a common variable resistor in their signal
path. Figure 6c illustrates these modifications.

Substituting some typical values in Figure 6c¢, gain, dc
output voltage and output impedance can be calculated.
Refer to Figure 6d for values.

| Equivalent Input Circuit
| for Min Gain Calculation
I of V°/V

Equivalent Input Resistance

Rin it Rjp3

ForRy =0IsRgg=_"" """
2

|
|
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I
L

-
|
|

RV |

W— I

—

R, !

e Y |2 1

Rin (Rin2 * R :

V°= RFI |
\" R R

Gain = Lo BF in2 |

Y |

Rin Rin2 * Ry

FIGURE 6d
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Assuming sources V1 and V2 are ac ground and there-
fore do not contribute a dc current in Ry, the output
voltage is established by current 11, flowing in Rg. There-
fore, 11 is equal to V,ef/Rin(3 =10.2/5.1 k2 =2.0 mA.
This current results in a 182 Volts developed across Rg
(2.0 mA x 91 k) and is the output voltage V. Note that
this voltage is independent of both the amplifier gain and
the supply voltage. The luminance and chroma gain is
defined by RE/R;, or (RE/Rjp) x Rip/(Rj, + 2 Ry) and
is 25.3 and 17.5 respectively for maximum and minimum
setting of gain adjustment Ry. Output impedance may be
calculated, using the Equation R,o = l,?‘?/ﬁ where R,
is the output resistance without feedback. Substituting
into this equation yields R’y of 1.36 k2 where R, = 10
k2, A=435and B = REQ/RF~ Where RE() is effective
input resistance with Ry = 0.

The effect of this low output resistance working into a
10 pF capacitive load (output capacity of transistor plus
picture tube cathode capacity plus stray of wire from out-
put stage to picture tube) gives a bandwidth well in excess
of the 4 MHz required. This gives the advantage of not
needing to peak the low level video amplifiers to com-
pensate for frequency roll-off in the video output stage. It
is also easier to produce high-frequency peaking which
will give narfower overshoots and a crisper picture. This
circuit can also be used in monitors where as much as 10
MHz of bandwidth may be required.
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Rg =91k T
——AW————¢
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V1
R
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36k 800
v2 |
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7.5 k 10
8.8
FIGURE 6e

Figure 6e reverts from the “fictional world” of the
operational amplifier to reality. The reference input volt-
age to the output amplifier is elevated from zero to 10.2
Volts via the zener diode the voltage drop across the 10

Ohm resistor, and the two Vgg drops of the darlington
output. The reference voltage connected to Rjn(3)
becomes ground and the same current will flow as in
Figure 6d. The output voltage is the 182 Volt drop
across Rg plus the 10.2 Volts at the input or 192.2 Volts.
The output voltage can be varied by inserting a variable
resistor in series with Rin(3)~ This will have the effect of
decreasing 11 with increasing resistance and therefore de-
creasing the voltage across R yielding decreasing V,, from
the predetermined value of 192.2 Volts. Note that this has
no effect on the gain of the stage nor will the gain have
any effect on the dc output voltage if V1 and V2 are
referenced to 10.2 Volts so no dc current can flow in Ry,.

The MC1323 triple chroma demodulator incorporates a
unique power supply which enables the setting of V1 dc.
or no signal output voltage, to precisely 10.2 Volts with-
out the use of a “setup” potentiometer. Basically, as
shown in Figure 6f, the dc output of the MC1323 is set
1.6 Volts above the voltage applied to Terminal 14 by ref-
erencing the three demodulator loads back to Pin 15.
(See MC1323 data sheet for complete description of
power supply operation.) Using the 8.8 Volt zener diode
as a reference to the MC1323 power supply (Pin 14), the
demodulated R-Y, B-Y and G-Y signals will be referenced
1.6 Volts above the zener. In practice, the two Vg volt-
age drops plus the drop across the 10-Ohm resistor will be
approximately 1.6 Volts so the bridge voltage will be 10.4
Voilts. (This ensures that no dc current will flow through
the 3.6 kQ and Ry, resistors.)

An alternative scheme for ‘providing the 10.2 Volts at
the output of the MC1323 is to connect the demodulator
load resistor back to Pin 16. In this case. the dc voltage at
the demodulator outpuis will be precisely the same as that
applied to Pin 14 (dc applied must be low impedance). Pin
14 voltage can be obtained via a voltage divider between
the zener and the regulated supply. This method has the
added advantage of allowing the designer to establish
external to the MC1323. the voltage required for the Vgg
drops of the transistors being used. It also eliminates the
tolerance introduced by the demodulator for this offset.
An even more eftective scheme would be to utilize a« PNP
small-signal driver in the output stage instead of the NPN
driver. This would eliminate the need to provide an oifset
voltage across the MC1323 and give temperature com-
pensation as an added benefit.

Two other features of the MC1323 enabling it to
operate in conjunction with this “operational amplifier
output stage” are low output impedance and the ability to
filter the outputs at relatively high impedance levels prior
to the emitter-follower output. This reduces the amount
of subcarrier (due to switching pair unbalance in the de-
modulator) present at the input to the wideband ammplifier.

A computer analysis of the operational amplifier out-
put stage is a good vehicle for appreciation of its opera-
tion. Figure 7a shows the circuit, with the documentation
required by the analysis program. In this model only one
input, the luminance, is considered because the response
to the chroma sidebands will be identical due to the cir-
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cuit symmetry. Figure 7b shows the dc operating point,
power supply currents, transistor operating points and
small-signal transfer function. The dc component of Vi
and Vc were obtained by first running the analysis pro-
gram with Ry = 1 M2, and then using the computed node
6 voltage for V| and V. This insures that at the oper-
ating point, no current will flow in Rin(l) and Rin(2)‘
The value of Ry was then adjusted back to one Ohm and
the analysis of Figure 7b resulted. Note that some of the
calculation presented earlier will yield slightly different
results than those of the computer analysis. These differ-
ences result from the assumption that the output stage
was a perfect operational amplifier. The computer analysis
does show, however, that only small errors resulted from
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the approximations and that this is a very useful video
output stage. (The major cause of the discrepancies is the
change in input voltage at Pin 6 due to Vg changes with
Ic in the output transistor. Note that the effect of this
becomes small as the output stage current increases.)

The sensitivity of the output dc voltage to element
values is tabulated in Figure 7c. Comparison of these
values with those computed for the previous circuit show
a significant decrease in power supply sensitivity. Stable
resistors with similar temperature coefficient should be
used to minimize output drift. The absolute value is not
critical as Rin(3 will have a variable resistor in series with
it for black level adjustment. Sensitivity to the zener is
somewhat compensated for by the black level adjustment
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potentiometer and also by referencing the dc¢ component
of V¢ to the zener voltage via the demodulator as dis-
cussed previously. The high sensitivity to the zener might
be a concern and will be given more rigorous treatment
later.

The analysis was repeated for Rin(}) equal to 6.6 k2
and the node voltages. transistor operating points. etc.. are
tabulated in the computer printout in Figure 7d. Compar-
ison of the data for the two different values of Rin)
shows a change in gain V1/V| at the operating point. This
is a result of the low current in the output transistor in
the case of Rijp(3y = 5.1 kQ. As the signal V| is applied
and current increases in the output stage. the gain will
increase to the same value as that shown for Rip(3)=66
k€. This effect is indicated in Figure 7¢, which represents
the transfer characteristic of the amplifier for the two
values of Rip(3). The data used to plot these curves along
with the small-signal gain and impedance levels are pre-
sented in Figure 7f. The lower gain at low-current levels,
again represent the departure of the configuration used
from a true operational amplifier. The voltage gain is
decreasing and the gain is no longer a function of the ratio
of the resistors. This effect and the decrease in sensitivity
to supply voltage is explained as follows: Gy = 1g/26 mV
at room temperature increases with increasing Ig. Both
lower output voltage and/or higher supply voltage will
cause an increase in Ig. The increase in I causes the
voltage sensitivity at the base of QI to decrease (gm =
Alg/AVBE or AVgg = Alg/gm) therefore, reflecting a
decrease in sensitivity at the base of Q2 and finally at the
output after being multiplied by ihe ratio of the fecdback
resistors. The supply voltage can be raised above 220
Volts to improve gain linearity and decrease supply sensi-
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tivity. Rjn(y and Rijp(2y have current flowing in them due
to the increased voltage at the base of Q2 causing their sen-
sitivities to increase from the previous computer run in
which Rip(3) = 5.1 k2. Note, however, that the sensi-
tivities are still quite small.

A computer analysis of the frequency response of this:
stage substantiates the claims previously made for it.
Figure 7g shows the effects of gain and bias point varia-
tion on the frequency response. The capacitor C is in-
cluded to show that the feedback resistor cannot be
chosen arbitrarily high. in order to minimize current
through the load resistor required for the feedback. The
end-to-end capacity of a 1/2-Watt resistor is = 0.4 pF
warst-case. The 91 k€ resistor used will cause a trans-
mission zero to oceur at (f = 1/2 7 RC) 4.4 MHz. Higher
values of Rg will bring the 7ero into the video passband.
Smaller values of C will yield response curves somewhere
between the limits shown. The computer data is tabulated
in Figure 7h.

It is important to note that the C_y, of the small-signal
driver transistor is not in parallel with Rp but is reflected
as a capacity to ground because of the common collector
cenfiguration. Appendix A indicates the small-signal
current gain transfer characteristics for the model used for
the output transistor. The purpose for including this mate-
rial is twofold: a) to justify that the model used accu-
rately predicts the response characteristics of a typical
high-voltage transistor used for output stages in TV re-
ceivers and, b) to compare with the results of the
response shown in Figure 7g.

A sweep response of this amplifier was performed in
the laboratory and the results are shown in Figure 7i, with
a 10 kHz and | MHz square wave response. Notice that



both the rise and fall times of the square wave are < 100
ns without peaking components used. Some of the values
used in the actual circuit are slightly different from the
preceding analy sis in order to satisfy the requirements of a
particular chassis. The variations will not cause any signi-
ticant differences in results. As a comparison, Figure 7j is

included to show the response of a “standard” output
stage. As.can be seen, the response even with peaking does
not have sufficient bandwidth for a high-grade system and
peaking in the low-level video amplifier is normally em-
ployed to compensate for the output stage roll-off.
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ANOTHER NOVEL APPROACH

Motorola’s European Division has developed an out-
put stage for the European market which has all the prop-
erties of our preceding discussion plus some added
advantage and trade-offs. The basic configuration again
uses a pseudo operational amplifier configuration as
shown in Figure 8a. Here, an emitter-follower output is
used (instead of the darlington), thus allowing a large load
resistor on QI, providing both high-voltage gain and low-
output impedance. One very interesting property of this
design is that it can be made to draw a constant current
from the power supply if R| and R are the same value.
This becomes apparent if one assumes the input is approx-
imately at ground and the output is at supply. Q2 (ignore
base current) collector current is determined by Rp
(Vsupply/RF) and a Q1 is cut-off. However, if the output
is at ground, Q1 must be saturated and current is deter-
mined by Ry, (Vgypply/Rp) and Q2 is cut-off. This fea-
ture, plus the fact that the output voltage is independent
of supply voltage (apparent from previous discussions)
makes the power supply requirement virtually nil.
Another advantage is the low power dissipation of each
device due to the large load resistors. Of course, both
devices must be capable of Vg breakdowns in excess of
the maximum supply voltage. This circuit was built using
the Motorola BF393 (MPS-A42) transistor without heat-
sinking. This is a high-voltage, low-capacitance, TO-92,
650-mW device.

FIGURE 8a — Basic Circuit

A practical circuit using this configuration is shown in
Figure 8b.

The equation for output voltage and gain are included
in Figure 8b. The diode D1 provides a pulldown capability
using Q1 as a current sink while driving capacitive loads at
high slew rates. This is necessary since Q1 turning on
tends to cut Q2 off when Q2 is driving a capacitive load.
(Remember, output impedance of this configuration is
low only while the amplifier is active.) Slewing in the
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opposite direction is no problem because the capacitive
load tends to turn Q2 on harder as its base voltage in-
creases during Q1 turnoff. During small-signal operation,
the voltage across D1 is zero, due to the drop across D2
and the base-emitter drop of Q2, and therefore, no cur-
rent will flow in it. The non-linearity introduced by the
diodes in transition from small-signal to large-signal opera-
tion is greatly reduced by the large amount of feedback.
With the values shown, the worst-case power dissipation
per transistor is 312 mW.

200/260

Vy + Ve (m)] Re
—®

[6.8+0.7] 47k =198 v
s«

]

Peaking If Required
May Be Obtained By
Splitting Input Resistor

FIGURE 8b — Practical Circuit

The analysis of this stage will not be analyzed here
because of its similarity to the preceding stage. The mea-
sured response and rise times are shown in Figure 8¢ for
comparison with the other configurations. Note, the roll-
off in the response which is caused by Q1 collector
capacity, Q2 base capacity and stray working against the
47 kS load resistor of Q1. A 3 pF total effective capacity
at that point will give a break frequency of 1.12 MHz.
Lower value resistors may be used at the expense of
transistor dissipation and power supply current required
to extend bandwidth. The lack of voltage feedback at this
internal point makes it susceptible to the transistor param-
eters and strays. This circuit offers excellent performance
with minimal demand on supply and transistors and
should prove to be a very advantageous circuit. Peaking in
either the low-level video or splitting Ry, (Figure 8b) and
introducing a pole in the response at 1.12 MHz will yield
3 dB bandwidth in excess of 5 MHz. Total supply current
per stage is 5.3 mA at a supply of 250 Volts. Variation of
dc output voltage with a supply range of 200—250 Volts
is 1.5 Volts, or less than 3%.
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The use of this output stage and the stages previously
discussed will be covered in the next section. Although
the previous configuration will be shown, everything
described will apply to this output stage as well. As has
already been perceived, this stage is also able to sum the
chrominance signal by adding another input resistor.

THE SYSTEM

The circuit shown in Figure 6f is reproduced in Figure
9a for convenience. This circuit will be used as a vehicle
for describing some system considerations. because it is
already familiar to the reader.

The luminance signal voltage source V1 is opened dur-
ing black level adjustment, or picture tube gun cutoff, via
service switch S1. This guarantees that no current flows in
Ry during setup, assuming the voltage between Pin 14
and Pin 6 compensates for two Vg drops plus the drop .
across the 10 € resistor. Under this condition, the 5.1 k2
resistor and cutoff adjustment R determines the current in
the feedback resistor R and therefore the output voltage.
For a conventional picture tube, R would not be needed
as the screen grids could be used to adjust spot cutoff
of each gun. The procedure for setting up a unitized
gun tube would be as follows: 1) Set R equal to zero
Ohms in all three output amplifiers. 2) Adjust screen
control bias (all three screens common) until all guns are
turned off. (Last color just extinguished.) 3) Increase

value of R in each output stage independently until each
gun turns on. As value of R is increased, current 11 is
decreasing, causing a’ corresponding decrease in voltage
across Rg and thereby reducing V,,.

As a final step in completing the setup procedure, service
switch S1 is closed, applying the luminance signal to the
output stage. To ensure not having Ry (gain control for
adjusting color temperature) change gun cutoffs, it is only
necessary to ensure the black reference level of the video
signal (V1) be shifted through 10.2 Volts, via the bright-
ness control in the low-level video amplifier. This guaran-
tees that no current will flow in Ry at black level. A
low-impedance drive source for V1 also eliminates drive
control interaction and chroma matrixing.

Figure 9b is a schematic of the entire system as de-
scribed with the addition of an MC1396 video amplifier.
The features of this amplifier include dc contrast and
brightness, dc restorer for black level clamping, ganged
contrast and color gain controls and ABL. Use of the 8.8
Volt zener as a reference for the MC1396 ensures (as men-
tioned earlier) that the brightness control has enough
dynamic range to vary black level through 10.2 Volts.
Note also the zener reference is filtered before it is used as
a reference voltage for the MC1323. This is necessitated
due to the dynamic impedance of the zener diode during
the blanking interval causing a pulse to appear on the
reference line.
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It is beyond the scope of this paper to go into any
detail on the TBA396. More information may be obtained
by contacting the Consumer Applications Department.
Another important consideration in the design of video
systems is to maintain enough dynamic range in the out-
put stages to prevent black ‘““‘wash-out.” This phenomenon
occurs when either the output stage or the low-level video
amplifier cuts off, at or below the required cathode
voltage required for picture tube gun cutoff. In Figure 9b,
the 11 k§ emitter resistor (connected to service switch)
serves to prevent this problem. Assume that the service
switch was just closed, and a particular dc voltage had
been established on each cathode prior to closing. Also
assume that the brightness control is turned down such
that the video driver transistor base-emitter junction is
reversed biased. The input voltage to the three video out-
put amplifiers always remains at 10.2 Volts, therefore the
common 11 k& resistor to ground in series with each 3.6
kS resistor causes an additional 0.27 mA to flow in each
output stage feedback resistor Rg. This causes a 24.5 Volt
increase in V, from the black level voltage, guaranteeing
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cutoff. The resulting voltage on top of the 11 kS resistor
due to the 0.27 mA from each output stage is 8.9 Volts.
As the brightness control is now turned up, the drive
transistor starts to conduct at 8.9 Volts at the emitter,
well below the black level voltage of 10.2 Volts, thus
ensuring that both the output and low-level video ampli-
fiers are active and linear at black level.

SUMMARY

This note has discussed the unitized gun picture tube
and has made comparisons with conventional tubes. The
drive requirements for the unitized gun tube were estab-
lished and several approaches to handle these require-
ments were suggested. The particular video output design
chosen will be a function of many factors which must be
considered during the design cycle such as quality, cost
effectiveness, hot/cold chassis, regulated chassis and many
others. The information presented in this note should aid
the designer in selecting the appropriate video system to
satisfy his design objectives.
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AN-779

LOW-DISTORTION 1.6 TO 30 MHz
SSB DRIVER DESIGNS

Prepared by
Helge O. Granberg
RF Circuits Engineering

A general discussion for broadband
drivers and their requirements for linear
operation. Design examples are given
using Motorola plastic transistors and
high-gain hybrid modules designed for
operation in the 1.0 to 250 MHz range.
The amplifiers range in power gain from
25 to 55 dB and are capable of driving
power amplifiers to levels up to several
hundred watts.
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LOW-DISTORTION 1.6 TO 30 MHz SSB DRIVER DESIGNS

GENERAL CONSIDERATION

Two of the most important factors to be considered in
broadband linear amplifier design are the distortion and
the output harmonic rejection.

The major cause for intermodulation distortion is
amplitude nonlinearity in the active element. The non-
linearity generates harmonics, and the fundamental
odd-order products are defined as 2fj_f2. 2f2-f1,
3¢2-2f2. 3f2-2f1, etc., when a two-tone test signal is
used. These harmonics may not always appear in the
amplifier output due to filtering and cancellation effects,
but are generated within the active device. The amplitude
and harmonic distortion cannot really be distinguished,
except in a case of a cascaded system, where even-order
products in each stage can produce odd-order products
through mixing processes that fall in the fundamental
region.? This, combined with phase distortion—which in
practical circuits is more apparent at higher frequencies —
can make the distortion analysis extremely difficult;%?
whereas, if only amplitude distortion was present, the
effect of IMD in each stage could easily be calculated.

In order to expect a low harmonic output of the power
amplifier, it is also important for the driving source to be
harmonic-free. This is difficult in a four-octave bandwidth
system, even at 10-20 watt power levels. Class A biasing
helps the situation, and Class A push-pull yields even better
results due to the automatic rejection of even harmonics.

Depending on the application, a full Class A system is
not always feasible because of its low efficiency. The
theoretical maximum is 50%, but practical figures are not
higher than 25% to 35%. It is sometimes advantageous
to select a bias point somewhere between Class AB and A
which would give sufficiently good results, since filtering
is required in the power amplifier output in most
instances anyway.

In order to withstand the high level of steady dc bias
current, Class A requires a much larger transistor die than
Class B-or AB for a specific power output. There are
sophisticated methods such as generating the bias
voltage from rectified RF input power, making the dc
bias proportional to the drive level.! This also yields
to a better efficiency.

20 W, 25 dB AMPLIFIER
WITH LOW-COST PLASTIC DEVICES

The amplifier described here provides a total power
gain of about 25 dB, and the construction technique
allows the use of inexpensive components throughout.
The plastic RF power transistors, MRF475 and MRF476,
featured in this amplifier, were initially developed for the
CB market. The high manufacturing volume of these
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TO-220 packaged parts makes them ideal for applications
up to 50 MHz, where low cost is an important factor.

The MRF476 is specified as a 3-watt device and the
MRF475 has an output power of 12 watts. Both are
extremely tolerant to overdrive and load mismatches,
even under CW conditions. Typical IMD numbers are
better than -35 dB, and power gains are 18 dB and 12 dB,
respectively, at 30 MHz.

The collectors of the transistors are electrically con-
nected to the TO-220 package mounting tab which must
be isolated from the ground with proper mounting
hardware (TO-220 AB) or by floating heat dissipators.
The latter method, employing Thermalloy 6107 and 6106
heat dissipators, was adapted for this design. Without
an airflow, the 6106 and 6107 provide sufficient heat
sinking for about 30% duty cycle in the CW mode.
Collector idle currents of 20 mA are recommended for
both devices, but they were increased to 100 mA for
the MRF475 and to 40 mA for the MRF476 to reduce
the higher order IMD products and to achieve better
harmonic suppression.

FIGURE 1

Biasing and Feedback

The biasing is achieved with the well-known clamping
diode arrangement (Figure 2). Each stage has it own
diode, resistor, and bypass network, and the diodes are
mounted between the heat dissipators, being in physical
contact with them for temperature-tracking purposes.
A better thermal contact is achieved through the use of
silicone grease in these junctions.
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The bias currents of each stage are individually adjust-
able with RS and R6. Capacitors C4 and C10 function as
audio-frequency bypasses to further reduce the source
impedance at the frequencies of modulation.

This biasing arrangement is only practical in low and
medium power amplifiers, since the minimum current
required through the diode must exceed Ic/hfe.

_ Gain leveling across the band is achieved with simple
RC networks in series with the bases, in conjunction with
negative feedback. The amplitude of the out-of-phase
voltages at the bases is inversely proportional to the
frequency as a result of the series inductance in the feed-
back loop and the increasing input impedance of the
transistors at low frequencies. Conversely, the negative
feedback lowers the effective input impedance presented
to the source (not the input impedance of the device
itself) and with proper voltage slope would equalize it.
With this technique, it is possible to maintain an input
VSWR of 1.5:1 or less from 1.6 to 30 MHz.

Impedance Matching and Transformers

Matching of the input and output impedances to 50
ohms, as well as the interstage matching, is accomplished
with broadband transformers (Figures 3 and 4).

151

Normally only impedance ratios such as 1:1, 4:1,9:1,
etc., are possible with this technique, where the low-
impedance winding consists of metal tubes, through
which an appropriate number of turns of wire is threaded
to form the high-impedance winding. To improve the
broadband characteristics, the winding inductance is
increased with magnetic material. An advantage of this
design is its suitability for large-quantity manufacturing,
but it is difficult to find low-loss ferrites with sufficiently
high permeabilities for applications where the physical
size must be kept small and impedance levels are relatively
high. Problems were encountered especially with the out-
put transformer design, where an inductance of 4 uH
minimum is required in the one-turn winding across the
collectors, when the load impedance is

2 2
2(VCE - VCEsa)® _2(136-25)" _ |, 5 1 cap
Pout 20

Ferrites having sufficiently low-loss factors at 30 MHz
range only up to 800—1000 in permeability and the
inductance is limited to 2.5—3.0 uH in the physical size
required. This would also limit the operation to approxi-
mately 4 MHz, below which excessive harmonics are



FIGURE 3

Examples of broadband transformers. Variations of these are
used in all designs of this article (see text). All ferrites in trans-
formers are Fair-Rite Products Corp. #2643006301 ferrite beads.*
The turns ratios shown in Figure 4 are imaginary and do not
necessarily lead to correct design practices.

generated and the efficiency will degrade. One possible
solution is to increase the number of turns, either by
using the metal tubes for only part of the windings as
in Figure 4B, or simply by winding the two sets of
windings randomly through ferrite sleeves or a series of
beads (Figures 3C and 4C). In the latter, the metal tubes
can be disregarded or can be used only for mounting
purposes. T3 was eventually replaced with a transformer
of this type. although not shown in Figure 1.

Below approximately 100 MHz, the input impedances
of devices of the size of MRF475 and smaller are usually
capacitive in reactance, and the Xg is much smaller than
the Rg, (Low Q). For practical purposes, we can then use
the formula V(Rg?> + X?) to find the actual input
impedance of the device. The data-sheet numbers for
30 MHz are 4.5, -j2.4 ohms, and we get V(4.5 + 2.4%) =
5.1 ohms. The base-to-base impedance in a push-pull
circuit would be four times the base-to-emitter impedance
of one transistor. However, in Class AB, where the base-
emitter junction is forward biased and the conduction
angle is increased, the impedance becomes closer to twice
that of one device. The rounded number of 11 ohms must
then be matched to the driver output. The drive power
required with the 10 dB specified minimum gain is

Pout/Log™ (Gpg/10)=2.0W

and the driver output impedance using the previous
formula is 2(11.12)/2 = 123 ohms. The 11 ohms in series
with the gain-leveling networks (C8, R8 and C9, R11) is
17 ohms. The closest practical transformer for this inter-
face would be one with 9:1 impedance ratio. This would
present a higher-than-calculated load impedance to the
driver collectors, and for the best linearity the output load

*Waltkill, N.Y. 12589

Ferrite Sleeves

A Metal Tubings

Ferrite Sleeves

B Metal Tubings

Ferrite Sieeves
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FIGURE 4

should be lower than required for the optimum gain and
efficiency. Considering that the device input impedance
increases at lower frequencies, a better overali match is
possible with a 4:1, especially since the negative feedback
is limited to only 4 dB at 2 MHz due to its effect on the
efficiency and linearity.

The maximum amount of feedback a circuit can
tolerate depends much on the physical layout, the
parasitic inductances, and impedance levels, since they
determine the phase errors in the loop. Thus, in general,
the high-level stages should operate with lower feedback
than the low-level stages.

The maximum amount of feedback the low-level driver
can tolerate without noticeable deterioration in IMD
is about 12 dB. This makes the total 16 dB, but from the
data sheets we find that the combined gain variation for
both devices from 2 to 30 MHz is around 29 dB. The
difference, or 13 dB, should be handled by the gain-
leveling networks.

The input impedance of the MRF476 is 7.55, -j0.65
ohms at 30 MHz resulting in the base-to-base impedance
of 2 x V(7.55% + 0.652) = 15.2 ohms. This, in series with
networks R1, C1 and R4, C3 (2 x 4.4 ohms), gives
24 ohms, and would require a 2:1 impedance ratio trans-
former for a 50-ohm interface. However, due to the
influence of strong negative feedback in this stage, a
better overall matching is possible with 4:1 ratio. The
input networks were designed in a manner similar to
that described in Reference §
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of Low-Cost 20 W Amplifier

The leads of R7 and R12 form the one-turn feedback windings in T2
and T3. Ferrite beads in dc line can be seen located under T1 and T2.

Measurements and Performance Data

At a power output of 20 W CW, all output harmonics
were measured about 30 dB or more below the funda-
mental, except for the third harmonic which was only
attenuated 17 dB to 18 dB at frequencies below 5 MHz.
Typical numbers for the higher order distortion products
(dg and dj ) are in the order of -60 dB above 7 MHz and
-50 dB to -55 dB at the lower frequencies. These both
can be substantially reduced by increasing the idle
currents, but larger heat sinks would be necessary to
accommodate the increased dissipation.

The efficiency shown in Figure 6 represents the overall
figure for both stages. Currents through the bias networks,
which are 82/(13.6 - 0.7) = 0.16 A each, are excluded.
Modified values for RS and R6 may have to be selected,
depending on the forward voltage characteristics of D1
and D2.

Although this amplifier was designed to serve as
a 1.6 to 30 MHz broadband driver, it is suitable for the
citizens band use as well. With some modifications and
design shortcuts, the optimization can be concentrated to
one frequency.

POWER GAIN (d8)

INPUT VSWR
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20 W, 55 dB HIGH PERFORMANCE DRIVER
12-Volt Version

The second amplifier employs the MHW591 hybrid
module to drive a pair of larger devices which can be
operated Class A or AB, depending on the requirements.
Transistors such as MRF449 and MRF455 are recom-
mended for Class A and MRF433 for Class AB operation.
A 24-28 volt version with MHWS592 and a pair of
MRF401s was also designed, and some of the test data
will be presented. For Class A, the power parts should be
replaced with MRF426s.*

These amplifiers are a good example of how a good
gain flatness can be achieved across the four-octave band,
with simple RC input networks and negative feedback,
while maintaining a reasonable input VSWR.

The MHWS591 is employed as a predriver in this unit.
The MHWS91 and its counterpart, MHW592, were
developed for low-level SSB driver applications from
1.0 MHz to 250 MHz. The Class A operation results in
a steady-state current drain of approximately 0.32 A,
which does not vary with the signal level. At an output
level of 600 mW PEP, the IMD is typically better than
-40 dB, which can be considered sufficiently good for
most purposes. Since the power gain is specified as 36.5
dB, the maximum drive level for the 600 mW output is
0.13 mW, or -9 dBM. For the final power output of 20 W,
a power gain of 15.2 dB minimum is required at the
highest operating frequency for the power transistors.
A good, inexpensive device for this is the MRF433, which
has a 20 dB minimum gain and -30 dB IMD specification
at an output level of 12.5 W PEP. The push-pull configura-
tion, due to inconsistent ground planes and broadbanding
due to matching compromises usually results in 2 dB to
3 dB gain losses from figures measured in a test fixture.
Assuming a transistor power gain of 18 dB, the total will
be 54.5 dB, representing an input power of -11 dBM.
Later measurements, however, indicated a gain of 56 dB
(20.5 dB) at the specified power output, making the input
level around -13 dBM.

FIGURE 7

Biasing and Feedback

The bias circuit employed with this amplifier is
basically similar to the one described earlier, with the
exception of having an emitter follower output. A second

*To be introduced.

diode in series with the one normally seen with the
clamping diode method compensates for the voltage drop
in the base-emitter junction of the emitter follower,
Q1 (Figure 8). The minimum current through D1 and D2
is (Ic/hfg) (Q2+Q3)/hpg(Ql), and in this case
(2.5/40)/40 = 1.5 mA. Typical hFg for the MRF433 is

40, and with the devices biased to 200 mA each, the

standby base current is 10 mA. In operation the load
current of Q1 then varies between 10 and 62 mA.
A Case 77 transistor exhibiting low variations in base-
emitter saturation voltage over this current range is
MIJE240. Base-emitter saturation voltage determines the
bias source impedance, which should not exceed approxi-
mately 0.3 ohm, representing a 20 mV variation in voltage
from idle to full drive conditions. If source impedance
exceeds 0.3 ohms, a capacitor of 5001000 uF should be
connected from the emitter of Q1 to ground.

The peak dissipation of Q2 is under one watt, making
it possible to mount the transistor directly to the circuit
board without requiring any additional heat sinking.

Diodes D1 and D2 are located on the lower side of the
board, near Q2 and Q3 (Figure 9). The leads are formed
to allow the diodes to come into contact with the tran-
sistor flanges. The thermal contact achieved in this
manner is not the best possible, even when the gaps are
filled with silicone compound, but the thermal time
constant is lower than with most other methods. Both
diodes are used for temperature tracking, although the
voltage drop of only one is required to compensate
for the VBE forward drop of Q1. The advantages of this
circuit are simplicity, low standby current drain, and
ease of adjustment with a small trimpot.

The voltages for the negative feedback are derived
separately from the collectors of Q2 and Q3 through L6,
R6 and L7, R7. Capacitors C5 and C6 are used for dc
isolation. Because of the high RF voltage levels on the
collectors, this method is only feasible in low- and
medjum-power amplifiers. At higher power levels, the
power-handling requirements for the series resistors
(Figure 8), which must be noninductive, become
impractical. A feedback voltage source with lower
impedance must be provided in such cases.®

The MRF433 has a higher figure of merit (emitter
periphery/base area) than the MRF475, for example.
This results in smaller differences in power gain per given
bandwidth, since the device is operating farther away
from the 6 dB/octave slope.” Disregarding the package
inductances, which affect the Q, the higher figure of merit
makes such devices more suitable for broadband opera-
tion. The 2 MHz to 30 MHz AGPE of the MRF433 is
8 dB, which is divided equally between the negative
feedback and the leveling networks C3, R4 and C4, RS.
The 2 MHz and 30 MHz impedance values are 9.1, -j3.5
and 2.5, -j2.2 ohms, respectively, although the 2 MHz
values are not given in the data sheet.

At 30 MHz we can first determine what type of trans-
former is needed for the 50-ohm input interface. The
effective transformer load impedance is 2v/(2.5% + 2.2%)
+ 2(2.4) ohms (leveling networks) = 11.5 ohms, which
indicates that a 4:1 impedance ratio is the closest possible
(see Figures 3B, 4A, and 8). These values are accurate
for practical purposes, but they are not exact, since part
of the capacitive reactance in C3 and C4 will be cancelled,
depending on the transformer characteristics.
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L1, L4, L5 — Ferrite Beads (Fair-Rite Products Corp.
#2643000101 or Ferroxcube #56 590 65/3B or equivalent)
L2, L3 — 10 uH Molded Choke
R1 — 1 Ohm Trimpot L6, L7 — 0.1 uH Molided Choke
R2 — 1 k Oh
2 -1k Ohm, 1/4 W Q1 — MJE240
R3 ~ Optional Q2, Q3 ~ MRF433
R4, R5 — 5. 6 Ohms, 1/4W ' -
R6, R7 — 47 Ohms, 1/4 W H1 — MHW591
€1,C2,C5,C6,C7 — 0.01 uF Chip T1, T2 — 4:1 and 1:4 Impedance Transformers, respectively.
C3, C4 — 1800 pF Chip (See discussion on transformers.) Ferrite Beads are
C8 — 10 uF/35 V Electrolytic Fair-Rite #2643006301 or equivalent)
FIGURE 8

The output matching is done with a transformer
similar to that described in the first part of this paper
(Figures 4B, 4C). This transformer employs a multi-turn
primary, which can be provided with a center tap for the
collector dc feed. In addition to a higher primary
inductance, more effective coupling between the two
transformer halves is obtained, which is important
regarding the even-order harmonic suppression.

28-Volt Version

A 28-V version of this unit has also been designed with
the MHWS92 and a pair of MRF401s. The only major
change required is the output transformer, which should
have a 1:1 impedance ratio in this case. The transformer
consists of six turns of RG-196 coaxial cable wound on
an Indiana General F-627-8-Q1 toroid. Each end of the
braid is connected to the collectors, and the inner con-
ductor forms the secondary. A connection is made in the
center of the braid (three turns from each end) to form
the center tap and dc feed.

The MRF433 and MRF401 have almost similar input
characteristics, and no changes are necessary in the input
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circuit, except for the series feedback resistors, which
should be 68 —82 ohms and 1 W.

In designing the gaip-eveling networks, another
approach can be taken, which does not involve the com-
puter program described in Reference 8. Although the
input VSWR is not optimized, it has proved to give
satisfactory results.

The amount of negative feedback is difficult to deter-
mine, as it depends on the device type and size and the
physical circuit layout. The operating voltage has
a minimal effect on the transistor input characteristics,
which are more determined by the electrical size of the
die. High-power transistors have lower input impedances
and higher capacitances, and phase errors are more
likely to occur due to circuit inductances.

Since the input capacitance is an indication of elec-
trical size of the device, we can take the paralleled value
(Xp) at 2 MHz, which is Xg + (Rs?/X;) and for MRF433
3‘3) +(9.1%/3.5) = 27 ohms. The Xp of the largest devices
available today is around 10 ohms at 30 MHz, and
experience has shown that the maximum feedback should
be limited to about 5 dB in such case. Using these figures



as constants, and assuming the GPE is at least 10 dB, we
can estimate the amount of feedback as: 5/(10%/27) + 5 =
6.35 dB, although only 4 dB was necessary in this design
due to the low AGPE of the devices.

The series base resistors (R4 and RS) can be calculated
for 4 dB loss as follows:

[(Vin x A4dB) - Vin] _ [(0.79 x 1.58) -0.79)]
0.04

lin
=11.45 ohms, or
11.45/2 =5.72 ohms each.
Zin(2 MHz) =/(9.1% + 3.5?) = 9.75 ohms, in Class AB
push-pull 19.5 ohms.
Pin =20 W -28 dB =20/630=0.032 W
VRMS (base to base) =+/(0.032x 19.5)=0.79 V
Iin = Vin/Rin =0.79/19.5 =0.04 A
AV4dB =+[Log™ (4/10)] =1.58 V

The parallel capacitors (C3 and C4) should be selected
to resonate with R (5.7 ohms) somewhere in the mid-
band. At 15 MHz, out of the standard values, 1800 pF
appears to be the closest, having a negligible reactance
at 2 MHz, and 2.8 ohms at 30 MHz, where most of the
capacitive reactance is cancelled by the transformer
winding inductance.

X

FIGURE 8

POWER GAIN (dB)

INPUT VSWR

@ = Board Standoffs

® = Terminal Pins

= Feedthrough Eyelets

Measurements and Performance Data

The output harmonic contents of this amplifier are
substantially lower than normally seen in a Class AB
system operating at this power level and having a 4.5-
octave bandwidth. All harmonics except the third are
attenuated more than 30 dB across the band. Between 20
and 30 MHz, -40 to -55 dB is typical. The third harmonic

58 30
57 Gpe 35
56 [T dy =] 40
e T i REZICIIIIN e
85 poervestor .-
54 e L fofod 5
Ve = 136V, Poyy = 20W PEP
20 "
n
15 "
VSWR
— - d=i=FFFF--=a==9===4
volo=1 .
15 2 3 5 7 10 15 20 30

f, FREQUENCY (MH2)

FIGURE 10

Intermodulation Distortion and Power Gain versus Frequency
(Upper Curves). Input VSWR and Collector Efficiency (excluding
MHWS591) (Lower Curves).

Layout Diag
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20 W, 58 dB High-Performance Driver

The leads of D1 and D2 are bent to aliow the diodes to contact
the : ing fI

ges.
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Note that the mounting pad of Q1 must be connected to the lower
side of the board through an eyelet or a plated through-hole.
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has its highest amplitude (-20 to -22 dB), as can be
expected, below 20 MHz. The measurements were done
at an output level of 20 W CW and with 200 mA collector
idle current per device. Increasing it to 400 mA improves
these numbers by 3—4 dB, and also reduces the ampli-
tudes of ds, d7, dg, and dj) by an average of 10 dB,
but at the cost of 2-3 dB higher d3.
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2 50+
g N d5 i
-60 / Vec=136V —
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- == = 16 MHz l I
-70 1 | 1
0 4.0 8.0 12 16 20
POWER OUTPUT (W PEP)
FIGURE 11 — IMD versus Power Output
CONCLUSION

The stability of both designs (excluding the 28 V unit)
was tested into reactive loads using a setup described in
Reference 8. Both were found to be stable into 5:1 load
mismatch up to 7 MHz, 10:1 up to 30 MHz, except the
latter design did not exhibit breakups even at 30:1 in
the 20-30 MHz range. If the test is performed under two-
tone conditions, where the power output varies from zero
to maximum at the rate of the frequency difference, it is
easy to see at once if instabilities occur at any power level.

The two-tone source employed in all tests consists of
a pair of crystal oscillators, separated by 1 kHz, at each
test frequency. The IMD (d3) is typically -60 dB and the
harmonics -70 dB when one oscillator is disconnected
for CW measurements.

HP435 power meters were used with Anzac CH-130-4
and CD-920-4 directional couplers and appropriate
attenuators. Other instruments included HP141T analyzer
system and Tektronix 7704A oscilloscope-spectrum
analyzer combination.
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The PCB layouts below are a supplement to Figures 5 and 9 and may be used for generatinﬁ printed
circuit artwork.

FIGURE 12 - PCB Layout of Low-Cost 20W Amplifier (not full size)
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FIGURE 13 - PCB Layout of Low-Cost 20W, 55dB High-Performance Driver (not full size)
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AN-791

A SIMPLIFIED APPROACH TO
VHF POWER AMPLIFIER DESIGN

Prepared by

Helge O. Granberg

RF Circuits Engineering

This note discusses the design of 35-W and 75-W VHF linear
amplifiers. The construction technique features printed induc-
tors, the design theory of which is fully described. Complete
constructional details, including a printed circuit layout, facilitate

easy reproduction of the amplifiers.

Solid-state VHF amplifier design can be simplified by
employing printed or etched lines for impedance match-
ing. The lines, having a distant ground-plane reference
and high Z, can be treated as lumped constant induc-
tors, and make design and duplication easier than with
wire-wound inductors.

An example is an optimized 35-W amplifier which
yields over 10 dB of power gain across the 2-meter
amateur band. It employs an inexpensive, non-internally
matched transistor, the MRF240, which has good linear

characteristics for SSB operation.

A higher power version with the same board layout is
concentrated around the MRF247, although this results
in some compromise in the impedance matching.

A carrier operated T/R switch (COR) is incorporated,
allowing applications such as a booster amplifier for
hand-held and mobile radios.

Both designs are biased class AB for linear operation,
but are suitable for FM operation as well. Figure 1 shows
the two amplifiers.

FIGURE 1 — 35-watt and 75-watt Engineering Models
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GENERAL

VHF solid state amplifier design is almost exclusively
done with, lumped constant LC matching networks.
Broadband transformer matching is feasible when ex-
tremely wide bandwidths-are required. Transmission lines
for impedance transformation usually require quarter-
wave electrical lengths and make designs bulky at VHF
unless materials with high dielectric constant are used.
Transmission lines can be realized with coaxial cable or
printed lines (strip-lines) on a circuit board with a con-
tinuous ground plane, separated by a suitable dielectric
material. The printed airlines discussed here are, in fact,
high characteristic impedance transmission lines which,
for the purposes of design calculation, are treated as
inductors; therefore the quality of the board material is
less critical. The printed airlines also have the advantage
of repeatability and easy access for designing multi-
element networks. The network calculations can be done
in the same manner as if lumped-constant, round-wire
inductors were used.

Input and output impedance matching in transistor
amplifiers is required to transform the source impedance
(usually 50 ohms) to the low complex input impedance
of the device. The output load impedance, which is a
function of the supply voltage and power level, must
also be matched to a 50-ohm load except in multistage
driver designs.

At VHF, the input and output impedances of a power
transistor are both usually inductive in reactance (desig-
nated as +JX in data sheets), becoming capacitive (-JX)
at lower frequencies. For transistors such as MRF240,
2N6084 and 2NSS591, the crossover point is around
100 MHz. This is determined by the transistor die size,
geometry and package type, and smaller devices can be
capacitive up to UHF frequencies.

Since the bandwidth required here is only a fraction
of an octave, (140-150 MHz) the impedance matching
can be adequately done with two section networks. In
Figure 2, Xy, which represents the +J input of the
MRF240 transistor is not part of the external input
matching network. Cy and Cg are dc blocking capacitors
with measured parasitic inductances of close to 12 nH at
the center frequency when the lead lengths are 0.1 inch.

These inductances, as well as the relay inductance, are
added to the values of L} and Ls.

If the relay were used in a 50-ohm system, it would
result in 0.3 dB power loss due to impedance mismatch
and losses. This can be minimized if the relay inductance
is used as part of a resonant circuit, but the series in-
ductance (37 nH per contact pair) obviously places an
upper frequency limit.

The simplest approach to matching network design is
with a purely resistive source and load. This can be
accomplished by compensating the +J with an equal
amount of capacitance (—J). C3 and Cy4 are used to
accomplish the compensation in Figure 2. This isnot
always practical, however, especially when maximum
bandwidths are required. In this case, only part of the
inductive component may be cancelled, leaving the base
and collector still inductively reactive. In either case, it
may be considered that part of the impedance-matching
occurs within the device package itself; this is more
obvious with internally matched devices, which are dis-
cussed later.

35-W LINEAR AMPLIFIER

The MRF240 was chosen for this application due to
its ruggedness against load mismatch and inherently high
power gain for a non-internally matched device. The
transistor is rated for an output power of 40 W and
a power gain of 8 dB at 175 MHz. A typical power gain
at 145 MHz is 10 to 11 dB. At this frequency the input
and output impedances of the MRF240 are 0.6 +J 0.8
ohms and 2.0 +J 0.1 ohms respectively (Pyy¢ = 35 W).

Before designing the matching networks, the values
of C3 and C4 must be established to cancel the inductive
reactance components at the base and the collector. For
the input, the series numbers 0.6 +J 0.8 must be con-
verted to parallel equivalent values, either by using a
Smith chart or equations in references 3 and 4. The re-
sulting equivalent values are: Rp = 1.67 ohms, Xp = 1.25
ohms or 880 pF.

All capacitors have a series inductive reactance com-
ponent, normally called parasitic inductance. It could be
only a fraction of a microhenry, but at VHF its effect is
large enough to be taken into consideration. The para-

k for 35 watt VHF Amplifier
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sitic inductance results in an increased effective value
of capacitance, and is frequency and impedance-level
dependent.

_The unencapsulated mica capacitors, widely used in
VHF power applications, range from 1 to 2 nH in para-
sitic inductance for a single plate type, (up to 360 to
390 pF nominal values) depending on the mounting
technique. Assuming a parasitic inductance of 1.5 nH,
the equivalent low-frequency value can be calculated
with Equation 1 as:

(",, . = C
Equiv ™ ) 4 [2r)? LC) 107°

(1)

where C = effective capacitance required in pF
L = parasitic inductance in nH
f = frequency in MHz

Substituting the values in equation (1):

Co = 880
Equiv™ | 4+ [(910)2 X 1.5 X 880] 10°°

=420 pF

Thus, for the required 880 pF, a capacitor of this
type with equivalent low-frequency value of 420 pF, or
the closest standard (390 pF), should be used.

Similarly, converting the output impedance (2.0 +J
0.1 ohms) to parallel form, Rp = 2.01 ohms and Xp =
+J 26.8 ohms. The X represents a capacitance value of
47 pF for C4 (from Equation 2), or a 43 pF nominal
value.

c=/.1\10°
<E> o)
2nf

where X = capacitive reactance in ohms
C = capacitance in pF
f = frequency in MHz

This high reactance in parallel with the low collector
impedance had no noticeable effect and was completely
omitted in later functional tests of the unit. It would be
easy to see from a Smith chart that the resistive com-
ponents of 1.67 ohms and 2.01 ohms remain unchanged,
and can be treated as a purely resistive load and source
for the matching network calculations.

At high frequencies the base-emitter impedance of
the transistor die itself is always lower than the collector
output impedance. With power devices, both can be
only a fraction of an ohm. The input impedance is in-
creased by the base and emitter bonding wire and package
lead frame inductances, which are effectively in series
with the transistor base (Figure 2, X and Xj). The
collector has normally much less series inductance since
it is attached directly to the package bonding pad.

From this it can be seen that part of the matching
network is actually built into the transistor package, and

it is obvious that the amplifier bandwidth cannot be
accurately determined by calculating the Q values of the
external matching networks. (See the discussion of a
75-W linear amplifier.)

As an approximation, the 3 dB bandwidth can be used
to obtain a starting point. Assuming a 15 MHz band-
width at +1.5 dB is desired at 145 MHz center frequency,
a loaded Q of approximately 9 is required. For sim-
plicity this number is applied to both input and output
network design.

In Figure 2, X} and X, represent the inductive im-
pedance component of the transistor and are shown only
to give an idea of the transistor internal structure. The
values of Lj, Ly and Cy can be obtained from the
Appendix, or calculated by using Equation 3:

XL = RgB
XLy =R Q
- _A :
XCy = Q+B 3)
A=Rp(1+Q%)
B = \/A -1
Rg
where  Rg = source impedance
R = load impedance
ForQ=9:
XL} = RgB =50 X 1.32 = 66 ohms
XLy =R Q=1.67 X9 =15 ohms
_ A _ 137  _
XCy Q+B 9+132 13.3 ohms
A=1.67(1+9%)=137
B = J_A 1.32
50-1 -
where  Rg =50 ohms, Ry =1.67 ohms
. _ /XL \10®
Since L= ( oaf ) 4)

where XL = inductive reactance in ohms
L = inductance in nH

f = frequency in MHz

we have from Equations 3 and 4;

L; =73 nH
Ly=16nH
C,=82pF



Subtracting the relay inductance (37 nH) and the
parasitic inductance of the blocking capacitor C; (12 nH)
from the total value of L, L]' =24 nH. This means the
total printed line inductance must be Ly’ + Ly =24 + 16
=40 nH.

Calculating the values of the output network in a
similar manner, the values for L4, Ls and Cs are ob-
tained as 20 nH, 83 nH and 70 pF, respectively, and Lg’
becomes 34 nH.

The capacitors employed for Cy and Cs are of the
same unencapsulated mica type as C3, but smaller in
size, and their parasitic inductance is only about 1 nH.
The equivalent values for Cy and Cg would then be
77 pF and 66 pF according to Equation 1. These are
nonstandard values, and considering a 5% tolerance, a
68 pF marked value can be used for both.

Inductors Ly, Ly, L4 and Lg are comprised of etched
lines on the circuit board. To determine their widths
and lengths, the inductance of each line per unit length
must be established. From the tables in the Reference
section, it can be extrapolated that the inductance of
#25 round wire is 24 nH per inch and #26 wire nearly
26 nH per inch. When a ground plane is 0.15 inch below,
which in this case is the heat sink, and the side grounds
are off an equal distance, the inductance is about one-
half of this, which has been verified by measurement.

If the circuit board is made of 1-ounce, copper-clad
material, (one ounce of copper per one square foot) the
copper thickness is 1.4 mils. With a one mil solder
plating, the total thickness is 2.4 mils, and a 100-mil-wide
strip would be equivalent to a #26 round wire having a
240 square mil cross sectional area. Similarly, a 130-mil-
wide strip would be equivalent to a #25 round wire with
312 square mil area. A wider line would have lower
losses but would also be physically longer for a given
inductance. As a compromise, a narrow line was used for
the input in this design, and a wider line for the output,
where the losses due to the high RF currents are more
evident. Bends in the line have a minimal effect to the
inductance compared to the presence of the ground
plane.

From the above, the resulting inductances for the
100 mil and 130 mil lines are 13 nH per inch and 12 nH

per inch, respectively. This means that for L} + Ly a
total length of 3.1 inches is required, and 4.4 inches for
Ly + Ls'. Then, for Ly = 16 nH, C; should be located
1.3 inches from the transistor base along the input line.
For Ly = 20 nH, Cs should be 1.6 inches from the
collector along the output line. The Power Output and
Efficiency vs. Power Input of the 35-W amplifier is
shown in Figure 3.

FIGURE 3 — Power Input vs. Power Output and
Collector Efficiency of 35-W Amplifier
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75-W LINEAR AMPLIFIER

The MRF247 employed in this design is a version of
the well-known MRF245, which has been reprocessed to
improve the linear characteristics. It is a much larger
device than the MRF240, resulting in lower input and
output impedances. However, it employs internal base
matching with a built-in MOS capacitor to bring the
base impedance up to a level where external low loss
matching networks can be realized.

In Figure 4 the dashed line encircles the specially
designed T matching network, including the metal oxide
capacitor X4. Xj, Xp, and X3 represent the bonding
wires whose inductances can be varied by controlling
the loop heights. This network will be part of the total
matching network designed to mateh the transistor to
function in a practical circuit.

FIGURE 4 — 75-Watt A
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Underside View of 76-W Amplifier

The internal matching still leaves the input impedance
inductively reactive.

The MRF247 input impedance under forward biased
conditions (100 mA) is 0.45 +J 0.85 ohms at 145 MHz,
which translates to 2.06 +J 1.08 ohms in parallel form.
A capacitive reactance of -J 1.08 ohms, converting to
1018 pF is required for C3. The nominal value equiva-
lent value, using Equation 1, is obtained as 450 pF.

Since the remaining resistive component of the base
impedance (2.06 ohms) is only slightly higher than that
of the MRF240, only minor changes in the input match-
ing network are necessary. When L) + Ly is fixed, and
only their ratio can be varied, the resulting Q will be
lower for the increased Ry. Ifonly Ly + Ly is known,
the Q can be calculated with Equation 5 as:

o= [X1* + RS/ + XT*/Ry - Rg)4(Rs - R )" 2X7
2(Rg-Rp)
(5)

where
Xt =XLj + XLy or XIL4 + XLs
Rg = source impedance Reverse for output

Ry, =load impedance network calculations

Therefore,
Q= /[26244 + (1214 + 3185 - 50) (192)] - 162
95.88
_928-162 _

Q=958 ¥

Q=8

where

X = XL} + XL, = 81 ohms

RS =50 ohms
RL = 2.06 ohms
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Then, with Equations 1, 2, 3 and 4, the values for Ly,
Ly and C; canbe calculated as: Ly = 71 nH, L = 18 nH,
C; =63 pF (56 pF nearest standard). The position of Cy
will be approximately 1.6 inches from the transistor base.
(See line inductance calculations in the discussion for
the 35-watt amplifier.)

The measured output impedance of MRF247 is 0.65
+J 0.45 ohms, which is much lower and more reactive
than the values shown for MRF240. The output match-
ing must also be done with the existing total line in-
ductance, (L4 + Ls) and it can be expected that a higher
factor of compromise in the output matching is evident
regarding the network bandwidth.

The above impedance numbers convert to 0.96 ohms
resistive and -J 1.39 ohms reactive in parallel form. Since
-J 1.39 ohms = 790 pF, a nominal value of 400 pF (C4)
is required at the collector. To find the Q:

XT =94 ohms (XL4 + XL5)
Rg =0.96 ohms
Ry =50 ohms

Then:
Q=13.7 (Eq. 5), and:
L4 = 13 ohms = 14 nH
Ls =81 ohms = 89 nH
C5 =11.8 ohms =93 pF

A practical value of 82-91 pF can be used for Cs,
and it should be located 1.1 inches along the output line
from the collector, to give the above inductance values
for L4 and Ls.

Although the output Q is higher than the value calcu-
lated earlier for the 40 W unit, the total bandwidth of
this version is increased as shown in Figure 7. The input
matching network is usually dominant in determining
the total bandwidth since the impedance transformation
required is greater than the output requires, although the
output circuit also has secondary effect. The internal
matching elements of the device further make the total



effective Q even lower than the calculated value, which
in this case was 8. The higher output Q usually results in
higher collector efficiency and better harmonic suppres-
sion, but at the same time the circulating RF currents
will increase, resulting in higher overall circuit losses
which is especially noticeable at increased power levels.
These factors are difficult to determine without know-
ing all the internal transistor parameters.

FIGURE 5 — Power input vs. Power Output and
Collector Efficiency of 75-W Amplifier
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CLASS AB BIASING AND
OTHER CONSIDERATIONS
The biasing system, as seen in Figure 6, uses a forward

FIGURE 6

biased transistor, Qj, to provide a voltage source of 0.6
to 0.7 volts. When the collector is connected to the base,
a second current path is formed, decreasing the base
current according to the hgg, and thus lowering the
voltage drop across the base-emitter junction. In this
manner the voltage drop can be adjusted by selecting
the appropriate hgg for Q;. For the 2N5190 series hpg
is typically in the range of 80-100, although the mini-
mum spec is 20-25.

Typical hgg’s for the MRF240 and MRF247 are
50-60, and the worst case collector currents around 4A
and 9A respectively. The minimum base currents re-
quired, Ig(Qy) are 80 mA and 180 mA (Ic/hgE).

_ Vcc- VBE (@)

Ig(Qp)
The bias, which should not exceed 50 mA for MRF240
and 150 mA for MRF247, can be further adjusted by
varying the value of Ry, but the minimum Ig(Q,) should
be maintained.

It should be noted that since Q, is attached to the
heat sink for temperature tracking purposes, its collector
must be electrically isolated from the ground. The ano-
dized surface of the heat sink is normally sufficient, or a
separate insulating washer can be employed.

The 0.3 dB relay insertion loss mentioned earlier
amounts to a VSWR of 1.7:1. However, the reflected
power is only 0.2% (VSWR = 1.1:1) in a straight-through
mode (receive), indicating that most of the relay losses
are due to contact resistance and the dielectric insula-

Ry =160 ohms and 75 ohms.

PARTS LIST -

Elecromotive Corp. (ELMENCO) *Type MCM01/010
Lauter Avenue **Type EMJ10
Florence, S.C. 29501

Standex Electronics * Type 3HS0006
P.O. Box 67
Casey, I1i. 62420

Cl, CG' C13 — 1000 pF, 300 V dipped mica
C2 — 56 pF or 68 pF *, see text

C3, C4 — 390 pF or 470 pF **, see text
Cg — 68 pF or 91 pF *, see text

C7 — 1000 pF ceramic chip or smali disc
Cs — .01 uf ceramic disc

C9 — .1 uf ceramic disc

C‘IO — 220 uf/6 V tantalum

C11 — 3 pF dipped mica

C12 — 10 uf/25 V tantalum

R; — 10 ohms/% W carbon

R, — 120 to 200 ohms/3 W

R3 — 3.3K/% W carbon

Q, — see text

Q, —2N5190
Qg — 2N4401
D, — IN914 or 1IN4148
D, — 1N4001

L. Lo Ly, Lg — see text

L3 — 12T AWG #16 enameled wire,
% 1.D.

LG — 10 ph, molded choke

L7 — .33-1.0 uh, molded choke

RL — Arrow M, NF2-12 or equivalent-
‘OMRON, LZN2-UA-DC12
or equivalent

**Type J-101
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tion resistance, rather than impedance mismatch.

Both amplifier designs may be employed in FM appli-
cations without modification. The bias networks may be
omitted and Lg connected to ground, which modifies
the operation to Class C. The increased input impedance
of the device operating class C results in increased input
VSWR, but it will still remain less than 1.5:1 for the
145-150 MHz band.

FIGURE 7 — IMD vs. Power Output
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The two amplifiers may be connected in cascade to
provide a total power gain of around 20 dB; however,
an attenuator of 4 to 6 dB is required between the two
units to prevent overdrive of the MRF247. Since 10 to
20 watts will be dissipated in the attenuator, it cannot
be built from discrete resistors. Most convenient, size
and costwise, are the thin film attenuators such as those
manufactured by Pyrofilm.

The COR circuit requires 400 to 500 mW for the
relay to switch. At this drive level, without the attenu-
ator, the second an_plifier would already produce full
power output.

The COR (Figure 5) incorporates one of the standard
circuits popular with mobile add-on amplifiers. Part of
the RF input signal is being rectified by D;. The dc turns
on Q3. which activates the relay. L7 and R3 provide the
bias for D; and Q3, and D, suppresses inductive tran-
sients produced by the relay coil inductance. A time
constant for SSB operation is provided by Cj, whose
value can be changed according to individual require-
ments. For FM this capacitor can also be omitted along
with the bias network.

The repeatability of these amplifiers has been proven
by constructing more than half a dozen units. Capacitors
C; and Cs were simply located within the marked areas
on the circuit board (see Figure 9 and the photograph).
On these capacitors, 20% tolerances can be allowed, but
this may result in adjustments of each individual unit
for optimum performance.
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FIGURE 9 — Component Layout Diagram of 35W and 75W Amplifiers
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FIGURE 10 - Printed Circuit Board Layout (not full size)

VHE LINEAR AMP.

HOG12C

APPENDIX

This information was originally published in Motorola
Application Note AN-267, “Matching Network Designs with Computer Solutions.”

NETWORK D
for Cy. Variable matching may also be accomplished by

The following is a computer solution for an RF “Tee”

matching network.

Tuning is accomplished by using a variable capacitor

< Device to
be Matched
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increasing X[ 9 and adding an equal amount of X¢ in
series in the form of a variable capacitor.

TO DESIGN A NETWORK USING THE TABLES

1.
2.

Define Q, in column one, as Xp 1/Ry.

For an Ry to be match'ed and a desired Q, read the
reactances of the network components from the
charts.

Xp1' is equal to the quantity X[ ; obtained from
the tables plus |xcout|.

This completes the network.



Q Xpq X2 Xc1 Ry

8 8 27.39 76 1
8 16 63.25 14.03 2
8 24 85.15 20.1 3
8 32 102.47 25.87 4
8 40 117.26 31.42 5
8 48 130.38 36.77 6
8 56 142.3 41.95 7
8 64 153.3 46.99 8
8 72 163.56 51.9 9
8 80 173.21 56.7 10
8 88 182.35 61.39 1
8 96 191.05 65.98 12
8 104 199.37 70.49 13
8 112 207.36 74.91 14
8 120 215.06 79.26 15
8 128 222.49 8354 16
8 136 229.67 87.74 17
8 144 236.64 91.89 18
8 152 243.41 95.97 19
8 160 250 100 20
8 168 256.42 103.97 21
8 176 262.68 107.9 22
8 184 268.79 111.77 23
8 192 274.77 115.59 24
8 200 280.62 119.38 25
8 208 286.36 123.11 26
8 216 291.98 126.81 27
8 224 297.49 130.47 28
8 232 302.9 134.09 29
8 240 308.22 137.67 30
8 256 318.59 144,73 32
8 272 328.63 151.65 34
8 288 338.38 158.46 36
8 304 347.85 165.14 38
8 320 357.07 1717 40
8 336 366.06 178.18 42
8 352 374.83 184.56 44
8 368 383.41 190.83 46
8 384 391.79 197.02 48
8 400 400 203.13 50
8 440 419.82 218.04 55
8 480 438.75 232.49 60
8 520 456.89 246.53 €5
8 560 474.34 260.2 70
8 600 491.17 27352 7%
8 640 507.44 286.52 80
8 680 523.21 299.23 85
8 720 538.52 311.66 90
8 760 653.4 323.84 95
8 800 567.89 335.78 100
8 1000 635.41 392.36 125
8 1200 696.42 44463 150
8 1400 7525 493.49 175
8 1600 804.67 539.57 200
8 1800 853.67 583.29 225
8 2000 900 625 250
8 2200 944.06 664.96 275
8 2400 986.15 703.38 300
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Q XL Xp2 Xc1 Ry
9 9 a0 8.37 1
9 18 755 156 2
9 27 98.99 224 3
9 36 1179 28.88 a
9 a5 134.16 35.09 5
9 54 148.66 41.09 6
9 63 161.86 46.91 7
9 72 174.07 5256 8
9 81 186.47 58.07 9
9 %0 196.21 63.45 10
9 29 206.4 68.71 1
9 108 216.1 73.86 12
9 17 22539 78.92 13
9 126 234.31 83.88 14
9 135 2429 88.76 15
9 144 251.2 93565 16
9 153 259.23 98.28 17
9 162 267.02 102.93 18
9 in 27459 107.51 19
9 180 281.96 112.03 20
9 189 289.14 116.49 21
9 198 296.14 120.89 22
9 207 302.99 125.23 23
9 216 309.68 12953 24
9 225 316.23 133.77 25
9 234 322.65 137.97 26
9 243 328.94 142.12 27
9 252 335.11 146.22 28
9 261 341.17 150.28 29
9 270 347.13 154.3 30
9 288 358.75 162.23 32
9 306 370 170 34
9 324 380.92 177.63 36
9 342 391.54 185.14 a8
9 360 401.87 192,52 40
9 378 411.95 199.78 a2
9 39 421.78 206.93 aa
9 414 431.39 213.98 a6
9 432 440,79 220,93 a8
9 450 450 227.78 50
9 495 47223 244 52 55
9 540 493.46 260.74 60
9 585 513.81 276.51 65
9 630 533.39 291.85 70
9 675 552.27 306.8 75
9 720 570.53 3214 80
9 765 588.22 33567 85
9 810 605.39 349.63 90
9 855 622.09 363.31 95
9 900 638.36 376.71 100
9 125 714.14 44024 125
9 1350 782.62 498.94 150 |
9 1575 845.58 553.81 175 |
9 1800 904.16 605.54 200 |
9 2025 959.17 | 654.64 225 |
9 2250 1011.19 701.48 250 |
9 2475 1060.66 746.36 2715 |
9 2700 1107.93 789.51 300




AN-827

THE TECHNIQUE OF DIRECT PROGRAMMING
BY USING A TWO-MODULUS PRESCALER

Prepared by

PLL Applications

INTRODUCTION

The MC12009, MC12011, or MC12013 can be used as
part of a variable modulus (divisor) prescaling subsystem
used in certain Digital Phase-Locked Loops (PLL).

More often than not, the feedback loop of any PLL con-
tains a counter-divider. Many methods are available for
building a divider, but not all are simple, economical, or
convenient in a particular application.

The technique and system described here offer a new
approach to the construction of a phase-locked loop divider.
In addition to using either the MC12009, MC12011, or
the MC12013 variable modulus prescaler, this system
requires an MC12014 Counter Control Logic Function,
together with suitable programmable counters(e.g.,
MC4016s or SN74LS716s). Data sheets for these addi-
tional devices should be consulted for their particular
functional descriptions.
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DESIGN CONSIDERATIONS

The disadvantage of using a fixed modulus (+ P) for fre-
quencydivisionin high-frequency phase-locked loops (PLL)
isthatit requires dividing the desired reference frequency
by P also (desired reference frequency equals channel
spacing).

The MC12009/11/13 are especially designed for use
with a technique called ‘“‘variable modulus prescaling™.
This technique allows a simple MECL two-modulus
prescaler to be controlled by a relatively siow MTTL pro-
grammer counter. The use of this technique permits
direct high-frequency prescaling without any sacrifice in
resolution since it is no longer necessary to divide the
reference frequency by the modulus of the high-frequency
prescaler.



The theory of “‘variable modulus prescaling” may be
explained by considering the system shown in Figure 1.
For the loop shown:

fout=NOP® fref (1)

FIGURE 1 — FREQUENCY SYNTHESIS BY PRESCALING

f =NePef

out ref

Reference Ph /
Frequency ™ ase vCco
Det
(fref)

where P is fixed and N is variable. For achange of 1in N,
the output frequency changes by P ® frof. If frof equals
the desired channel spacing, then only every P channel
may -be programmed using this method. A problem re-
mains: how to program intermediate channels.

One solution to this problem is shown in Figure 2.

Programmable
Divider
N

FIGURE 2 — FREQUENCY SYNTHESIS BY PRESCALING

fout =N @ fref

Reference oh
Frequency | —p ase F (s) vCO
Det.
(fraf)
Programmable
Divider =P
N

A + P is placed in series with the desired channel spacing
(frequency) to give a new reference frequency: channel
spacing/P.

Another solution is found by considering the defining
equation (1) for fout of Figure 1. From the equation it
may be seen that only every P channel can be programmed
simply, because N is always an integer. To obtain inter-
mediate channels, P must be multiplied by an integer plus
a fraction. This fraction would be of the form: A/P. If
N is defined to be an integer number, Np, plus a fraction,
A/P, N may be expressed as:

N =Np + A/P.

Substituting this expression for N in equation 1 gives:

f()ut =(Np+A/P)oPe fref (2)
o four=(NpP+A)®fref 3)
fout=NP@®P @ frof + A® fref. (4)

Equation 4 shows that all channels can be obtained directly
if N can take on fractional values. Since it is difficult
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to multiply by a fractional number, equation 4 must be
synthesized by some other means.

Taking equation 3 and adding +AP to the coefficient
of fref, the equation becomes:

fout=(Np®P+A+A@®P — A®P) fef. (5)
Collecting terms and factoring gives:
fout= [(Np — A) P+ A (P + 1)] fref (6)

From equation 6 it becomes apparent that the frac-
tional part of N can be synthesized by using a two-modu-
lus counter (P and P + 1) and dividing by the upper modu-
lus, A times, and the lower modulus (Np - A) times.

This equation (6) suggests the circuit configuration in
Figure 3. The A counter shown must be the type that

FIGURE 3 — FREQUENCY SYNTHESIS BY TWO
MODULUS PRESCALING

fout = Nfref

Reference
Frequency F(s) {vco
(frof)
2 Modulus
Prescaler
P.P+1

Programmable Programmable
Co s > [+ ]
+Np +A

N =N, ®P+A

counts from the programmed state (A) to the enable state,
and remains in this state until divide by Np is completed
in the programmable counter.

In operation, the prescaler divides by P + 1, A times.
For every P + 1 pulse into the prescaler, both the A coun-
ter and Np counter are decremented by 1. The prescaler
divides by P + 1 until the A counter reaches the zero state.
At the end of (P + 1) ® A pulses, the state of the Np
counter 2quals (Np - A). The modulus of the prescaler
then changes to P. The variable modulus counter divides
by P until the remaining count, (Np - A) in the Np counter,
is decremented to zero. Finally, when this is completed,
the A and Np counters are reset and the cycle repeats.

To further understand this prescaling technique, consi-
der the case with P = 10. Equation 6 becomes:

fout= (A + 10Np) @ fref )]

If Np consists of 2 decades of counters then:

Np = 10Npq + Npg
(Np1 is the most significant digit),

and equation 7 becomes:



FIGURE 4 DIRECT PROGRAMMING UTILIZING

TWO-MODULUS PRESCALER
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fout = (100 Npy + 10 Npg + A) fref.

To do variable modulus prescaling using the variable
modulus prescalers (MC12009/11/13) and programmable
divide by N counters (MC4016, MC4018) one additional
part is required: the MC12014 {Counter Control Logic).

In variable modulus prescaling the MC12014 serves a
dual purpose: it detects the terminal {(zero) count of the
A counter, to switch the modulus of the MC12013; and
it extends the maximum operating frequency of the pro-
grammable counters to above 25 MHz. (See the MC12014
data sheet for a detailed description of the Counter Con-
trol Logic).

Figure 4 shows the method of interconnecting the
MC12013, MC12014, and MC4016 (or MC4018) for vari-
able modulus prescaling. To understand the operation of
the circuit shown in Figure 4, consider division by 43.
Division by 43 is done by programming Np1 = 0, Npg = 4,
and A=3.

Waveforms for various points in the circuit are shown
in Figure 5 for this division. From the waveforms it may
be seen that the two-modulus prescaler starts in the divide
by 11.mode, and the first input pulse causes point A to
go high. This positive transition decrements the Np counter
to 3, and counter A to 2.

After 11 pulses, point @ again goes high; the Np
counter decrements to 2 and the A counter to 1. The
2" contained in the Np counter enables the inputs
to the frequency extender portion of the MC12014. After
11 more pulses point & goes high agam.

With this position transition at @ , the output (fout)
of the MC12014 goes Tow, the Np counter goes to 1,

and the A counter goes to 0. The zero state of the
A counter is detected by the MC12014, causing point
o go to 1 and changing the modulus of the MC12013 to
10 at the start of the cycle.

When foyt goes low, the programmable courters are
reset to the programmed number. After 11 puises (the
enable went high after the start of the cycle and therefore
doesn’t change the modulus until the next cycie}, point
@ makes another positive transition. This positive transi-
tion causes foyy to return high, release the preset on the
counter, and generates a pulse to clear the latch (return
point B to 0).

After 10 pulses the cycle begins again (point was
high prior to point @ going high). The number of input
pulses that have occured during this entire operation is:
11+ 11+ 11 + 10 = 43. Figures 6 and 7 show the wave-
forms for divide by 42 and divide by 44 respectively.

The variable modulus prescaling technique may be used
in any application as long as the number in the Np counter
is greater than or equal to the number in the A counter.
Failure to observe this rule will result in erroneous results.
(For example, for the system shown in Figure 4 if the
number 45 is programmed, the circuit actually will divide
by 44. This is not a serious restriction since Np is greater
than A in most applications).

It is important to note that the A counter has been
composed of only one counter for discussion only; where
required, the A counter may be made as large as needed
by cascading several programmable counters. Figure 8
shows the method of interconnecting counters. Opera-
tion is previously described. The number of stages in the
A counter should not exceed the number of stages for the

FIGURE 8 — METHOD OF INTERCONNECTING COUNTERS
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Np counters.

As many counters as desired may be cas-

caded, as long as fan-in and fan-out rules for each part

are observed.

The theory of “variable modulus prescaling’ - developed
above, examined a case in which the upper modulus of
the two-modulus prescaler was 1 greater than the lower
modulus. However, the technique described is by no means
limited to this one special case. There are applications
in which it is desirable to use moduli other than P/(P + 1).

It can be shown that for a general case in which the
moduli of the two-modulus prescaler are P and P + M,

equation 6 becomes:

fout= [(Np — A) P+ A (P + M)] @ fref

or

fout= [Np@P + M@ A] @ fof. (8)

From equation 8 it may be seen that the upper modulus
of the two-modulus prescaler has no effect on the Np
counter, and that the number programmed in the A coun-
ter is simply muitiplied by M.

There is no one procedure which will always vieid the
best counter configuration for all possible applications.
Each designer will develop his own special design for the
counter portion of his PLL system.

FIGURE 9 — DIRECT PROGRAMMING 100-200 MHz SYNTHESIZER IN 50 kMz STEPS
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AN-829

APPLICATION OF THE
MC1374 TV MODULATOR

Prepared by
Ben Scott

and

Marty Bergan
Bipolar Applications
Mesa, Arizona

INTRODUCTION

The MC1374 was designed for use in applications
where separate audio and composite video signals are
available, which need to be converted to a high quality
VHEF television signal. It is ideally suited as an output
device for subscription T.V. decoders, video disk and
video tape players.

The MC1374 contains both FM and AM modulator
and oscillator functions. The AM system is a basic
multiplier combined with an integral balanced
oscillator capable of over 100 MHz operation. Both
multiplier signal inputs are brought out without
internal bias, permitting flexibility of video dc level
and polarity, and separate sound insertion. An exter-
nal resistor value can be chosen to select video gain.
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The FM oscillator/modulatoris actually one circuit.
It is, more accurately, a voltage-controlled oscillator,
which exhibits a nearly linear output frequency versus
input voltage characteristic for a wide deviation. This
provides a good FM source with few and inexpensive
external parts (no varactors). It has a frequency range
of 1.4 to 14 MHz, and can typically produce a +25 kHz
modulated 4.5 MHz signal with about 0.6% total har-
monic distortion.

The MC1374 can deliver nearly constant output
amplitude from a supply voltage of 5.0 V to 12 Vdc.
Typical currentdrainis about 12mA. With 75 as the
optionally selected source impedance, the open circuit
RF output voltage is 170 mV p-p, more than sufficient
to drive a vestigial side-band output filter and still
provide the 3.0 mV RMS permitted by the FCC.



VIDEO MODULATOR (AM MODULATOR)
The AM modulator incorporated in this design is
exactly the-MC1596 except that the “upper quad” is
already connected to a balanced oscillator drive source,
and is therefore, not brought out. (See Figure 1.) All
other “handles” are available for use. Access to both
inputs enables the designer to keep video and inter-
carrier sound sources apart. Either input can be used
for either signal, as circuit layout demands, but the
arrangement shown is preferred to minimize interfer-
ence between input signals and oscillator circuits, and
to assure flexibility of video polarity and amplitude.
Theinput-output characteristicis shownin Figure 2,
expressing output peak-to-peak carrier as a function of
the difference voltage between the inputs, pin 11 and
pin 1. This transfer function is extremely linear and
basically reflects two simple operating rules:

1. When the inputs are equal, both Q10 and Q11
conductI}=1.15mA each, established by internal
current sources, Q8 and Q9. The output voltage is
(theoretically) dc, and is I1 R, below V(.

2. Asone of the inputs is lowered with respect to the
other, the current in that input leg is transferred
to the other side, in the amount of

+(V11-Vyp
RGg
until both current sources feed only one side. (R
is the gain adjustment resistor between the input

FIGURE 2 — AM MODULATOR TRANSFER FUNCTION
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(Vp-p)

RF Output
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I l}
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| I
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transistor emitters). At thisinput, the output volt-
age swings from V¢ to (V¢ - 211 RL), for a
peak-to-peak RF output of 211 Ry,. The conversion
gain of the system is, therefore,
Vout p-p = 2I1 Rp, = 2R[,
Vii-Vi I1iRc Rg
For a detailed explanation of the balanced modu-
lator, see AN532L.
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The load resistor Ry, is usually 75 Q to match a con-
stant impedance filter and typical T.V. cable system.
Other values are useable but a large value for R[, will
impose some limitation. This will be covered a little
later under “Biasing the AM Section”.

The gain resistor RG should be chosen in accordance
with the available video amplitude. This will be cov-
ered in greater detail in the section on 920 kHz beat
generation, but a good guideline would be to allow
twice the dynamic range which would be anticipated
from just the peak (sync level) video:

_ 2 (peak video)
- 1.15mA

While the theoretical range of input voltage and cor-
responding RG is quite wide, there are other considera-
tions. At the upper end, the on-chip FM sound system
can only deliver a maximum of about 500 mV p-p of
4.5 MHz to the AM modulator. This would imply a peak
video of about 1.0 V maximum if standard broadcast
picture-to-sound ratio is to be observed. At the lower
end, the primary limitation is one of noise. In keeping

Ra

with good practice, to assure that background noise is
more than 60dB below standard white, the minimum
peak (sync tip) video should be at least 0.25 volt.

Although the MC1374 is a state-of-the-art device with
ft = 600 MHz transistors, the application at 60 MHz is
not totally free of difficulty. Small phase errors within
the device begin to introduce substantial amounts of
2nd harmonic in the RF output. At 61.25 MHz, the 2nd
harmonic is only 6 to 8dB below the maximum funda-
mental. Though this poses no real impairment of per-
formance and would be ignored by a T.V. receiver’s
selectivity, it is disturbing in the lab work when try-
ing to observe a modulation pattern, and it certainly
would not meet FCC approval. For this reason a double
pilow passfilteris shown in the test circuit of Figure 3
and works well for channel 3 and 41ab work. For a fully
commercial application, a vestigial sideband filter will
berequired. (The general form and approximate values
are shown in Appendix I.) Since it is used to carefully
truncate the lower AM sidebands, it must be exactly
aligned to the particular channel.

FIGURE 3 — AM SYSTEM TEST CIRCUIT
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THE AM OSCILLATOR

The AM oscillator can be used dependably to about
105 MHz. This goes well beyond the usual U.S. system
channels 3 and 4 requirements (61.25 and 67.25 MHz),
and is high enough to cover channels 1, 2 and 3 in
Japan (91.25,97.25and 103.25). Remote electronic
bandswitching and crystal control can be readily
accommodated. Higher frequency operation, up to
U.S. channel 7(176.25 MHz) has been achieved, but is
notrecommended, due to problems with oscillator
startup and unpredictable oscillator mode shifts.

The oscillator requires only a parallel L.C from pin 6
to pin 7 with simple provisions for connecting supply
voltage. Over a very broad range of Q, the oscillator
will operate stably and start dependably, but an oper-
ating Q of 10 to 20 is recommended as a compromise
between parasitic tendencies and poor starting. It is
best to keep the coil small and capacitance large to
minimize the variation due to the IC capacitance. The
capacitance added by the IC is approximately 4.0 pF,
but can approach 6.0 pF with socket and wiring.

Unbalanced operation; i.e., pin 6 or 7 bypassed to
ground, is not recommended. Although the oscillator
will still run, and the modulator will produce a useable
signal, this mode causes substantial base-band video
feedthrough. The only reason for using the unbalanced
tank would be simplification of bandswitching, but as
Figure 4 shows, this can be accomplished just as econ-
omically without using the unbalanced method.

FIGURE 4 — OSCILLATOR COMPONENTS
FOR CHANNEL 3 AND 4 OPERATION
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Note:
First tune L1 on Ch 4,
then C7 on Ch 3.

The oscillator frequency with respect to IC chip tem-
perature is extremely well compensated. Performance
of the channel 3 standard test circuit shows less than
+20 kHz total shift from 0°C to 50°C as shown in

180

NORMALIZED FREQUENCY (kHz)

FREQUENCY SHIFT (kHz)

Figure 5. At higher temperatures the slope approaches
2.0kHz/°C.Improvementin this region would require
a temperature compensating tuning capacitor of the
N75 family (75PPM negative), but note that many
commercial designs only require 8.0 kHz/°C.

FIGURE 5 — RF OSCILLATOR FREQUENCY
versus TEMPERATURE
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Oscillator supply voltage stability is also good, par-
ticularly toward the 12 V end, as shown in Figure 6.
Operation near the low voltage end may require some
supply regulation in stringent applications.

FIGURE 6 — RF OSCILLATOR FREQUENCY
versus SUPPLY VOLTAGE
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Crystal control is feasible using the circuit shown in
Figure 7. The crystalis a 3rd overtone series type, used
in series resonance. The L1, C2 resonance is adjusted
well below the crystal frequency and is sufficiently
tolerant to permit fixed values. A frequency shift
versus temperature of less than 1.0 Hz/°C can be ex-
pected from this approach. Theresistors Ra and Rb are
to suppress parasitic resonances.



FIGURE 7 — CRYSTAL CONTROLLED RF OSCILLATOR
FOR CHANNEL 3, 61.256 MHz
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OSCILLATOR FEEDBACK TO
AM MODULATOR INPUTS

The circuit designer should be aware of the possibil-
ity of introducing carrier frequency shift in the AM
system. Inattention to wiring and components on pins
1and 11 can cause as much as 300 kHz shift in carrier
(at 67 MHz) over the video input range. This appears to
be caused by output RF being transmitted to compon-
ents and wiring on the input pins. A careful layout can
be expected to keep this shift below 10 kHz. Short leads
are important everywhere in the AM system. If the
video source impedance is low, pin 11 may be shunted
by a small bypass (<100 pF), further reducing the pos-
sibility of oscillator feedback. Oscillator may also be
inadvertently coupled to the RF output, with the un-
desired effect of preventing a good null, or carrier
rejection, when V11 = V. Reasonable care will yield
carrier rejection ratios of 36 to 40dB below sync tip
level carrier.

THE “920 BEAT”’ PROBLEM

Non-linear devices cause signal mixing and inter-
modulation products. In television, one of the most
serious concerns is the prevention of the intermodula-
tion of color (3.58 MHz) and sound (4.5 MHz) frequen-
cies, which causes a 920 kHz signal to appear in the
spectrum. The concern is very great because this is a
relatively “coarse” video frequency, with very high
visibility. In fact, a level of “920”” which is 54d B below
the picture carrier is considered to be at the threshold of
perceptibility. Very little (3rd order) non-linearity is
needed to cause this problem, and even though the
MC1374 appears extremely linear, it does produce
“920”. This is one of the most important considerations
in choosing gain and signal input levels.
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The most common test method used in the industry
today for measuring “920” is to establish a reference
sync level of video, then add 30% chroma and -12dB of
sound. Thisis usually interpreted to mean, for example:

Video reference = 1.0 V
Chroma (3.58 MHz) = 300 mV p-p
Sound (4.5 MHz) = 250 mV p-p

A spectrum analyzer viewing the modulator output
is first set up to 0dB on the video reference. Then
chroma and sound are added. (These will appear at
-22dB and -24dB, respectively, assuming the gain
setting value of RG is high enough to prevent over-
load). Finally, the amount of “920” with respect to the
video carrier is measured over the useful video carrier
range.

While this signal ratio may be widely used for com-
parative tests, it does not represent very closely the
picture, chroma, and sound levels normally transmit-
ted. A normal picture contains considerably less
3.58 MHz energy, due to the suppressed carrier encod-
ing. On the other hand, a standard T.V. station trans-
mits a much stronger sound signal, typically at -12 to
-20dB on the spectrum analyzer. This appears as a
single sideband, and is actually a separate transmitter,
usually operated at half the power of the video trans-
mitter. A sound level of 500 mV p-p in the previous
example would produce a spectrum analyzer level of
-18dB. This is a more realistic test signal for “920”
evaluation.

Figures 8, 9 and 10 summarize a series of “920”
measurements taken with differentrelative sound
levels, video reference levels and values of gain resistor
RG. Theresultsin Figure 8 are unsatisfactory by either
measurement standard, and demonstratethattoo
much of the available dynamic range of the MC1374
has been used. The other examples show that by either
reducing standard signal level, or reducing gain (RG),
acceptable results may be obtained.

FIGURE 8 — 920 kHz BEAT
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FIGURE 10 — 920 kHz BEAT
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BIASING THE AM SECTION

FIGURE 9 — 920 kHz BEAT

In this section there is frequent use of the letter ¢,
which represents one diode forward drop and is approx-
imately 0.75 volts. The assumption has been made, and
in most cases borne out experimentally, that avoid-
ance of saturation in any stage is desirable to mini-
mize non-linearities and interaction on the IC chip.
With this in mind, the following guidelines are helpful
in establishing bias levels. (Refer to Figure 1.)

The oscillator produces a symmetrical waveform of
2¢ peak-to-peak at pins 6 and 7. The values of R1, R2
and R3 should be chosen to assure that pins 6 and 7 are
at least ¢ below VCc. Note that current source Ig =
1.5 mA. This is the total current in pins 6 and 7. The
resistor values shown provide sufficient drop while
giving the best compromise of decoupling and Q. The
oscillator outputs, via Q21 and Q22, drive the bases of
the “upper quad” Q12, Q13, Q14 and Q15. The collec-
tors of Q13 and Q15 can be aslow as 2I; R, below Vo C;
not very important when R[, = 75, but worthy of consid-
eration at higher loads. The supply voltage which
should be established at the oscillator tank:
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Average Vpin 6 or 7= VC(C -¢ - 211 R,

And since the emitters of Q12 through Q15 are 2¢
below the voltage on pin 6 or 7, the maximum voltage
which should be applied at pins 1 and 11 is given by:

max V pin 1or 11 =Vc(C -3¢ - 211 R,
For the 75 Q case:

Vpin6or7=VCcC-0.9
max Vpinlorll=VcC-24

On the low end, the bases of the current source tran-
sistors Q8 and Q9 are at 2¢ above ground. Conserva-
tively, theinput pins 1 and 11 should never go below 3¢
above ground, but in fact the current sources can be
saturated without apparent problems. No distortions
are evident down to 1.6 V on either input. Operation in
this region is necessary when using a 5.0 V power
supply, but should not be used when higher power
supply is available. In summary, the useful “window”
for pin 1 and pin 11 input voltages is shown in Figure 11.

FIGURE 11 — THE OPERATING WINDOW
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A biasing divider to pin 1 and another to pin 11 can
be chosen to establish nominal conditions for a static
picture, such that a test pattern signal can be ac cou-
pled to theinput. Figure 12is an illustration of the sig-
nal voltages as used in the test circuit. Notethat the dc
voltages on pin 1 and pin 11 are arbitrary in the abso-
lute sense (within the “window” of Figure 11) but the
relative polarity and exact difference between these
dc levels is critical to the establishment of standard
levels. If VO changes, divided voltages will change
proportionately, as will the difference between them.
This is unacceptable, as it changes modulation depth.
Similar difficulties occurifthe videoinputsignal
changes in average value, such as a full black or full
white scene.



FIGURE 12 — APPROXIMATE BIAS FOR
AC COUPLED INPUT

Vpin 11 = Vpin 1 =
0% carrier
flili- — White = 12.5%

—————— Vpin 11 average bias

————————— Black = 75%

————————————— Vpin 11 peak = 100%

In many cases the video source itself is dc referenced,
and can be made to provide both pin 1 and pin 11 refer-
ence levels. If not, then the two divider voltages must
be regulated, moved a bit farther apart and the sync
signal clamped to the pin 11 bias by means of a diode,
as shown in Figure 13. The divider impedance should
be kept low to minimize the time constant of clamping
corrections as video content changes. This is the
classical sync clamping design problem, and workable
compromises are achievable.?

FIGURE 13 — SIMPLE VIDEO CLAMP
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THE AM MODULATOR PERFORMANCE
A widely accepted measurement tool, which is very
effectivein evaluation of a video modulator, is the IRE
test signal. The photographsin Figure 14 and 15 show
this video signal and the resulting modulated RF out-
put from the MC1374. This signal contains sync, color
burst, standard black and white levels and four equally
spaced gray steps. Also, each step contains a bar of
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color of equal phase and amplitude (20 IRE Units). This
signal is supplied to the MC1374, and bias is adjusted
sothat the white step produces 12.5% carrier, compared
to sync tips. The output of the modulator is fed to a
linear RF amplifier and a known high quality detector.
The maximum measured phase difference between
detected color bars is defined as differential phase
error. The MC1374 typically gives less than a 2° total
spread.

Thedifferencein amplitude between the largest and
smallest color bar is called differential gain distortion.
In the MC1374, the test results range from 5 to 7%.
(Note that this is the relative amplitude between bars
which are only 20IRE units in amplitude.) [t is equiva-
lent to an overall linearity (from below white to above
black) of a little over 1. This is good peformance
for a video amplifier, exceptional for a modulator.

The video input frequency response is, for all prac-
tical purposes, flat. Driven from a 75 () source, there
is no rolloff at 30 MHz.

FIGURE 14 — IRE TEST SIGNAL

FIGURE 15 — MC1374 MODULATED OUTPUT
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THE FM SECTION

The FM system was designed specifically for the T.V.
intercarrier function at 4.5 MHz for the U.S. and 5.5
MHz for CCIR countries. For circuit economy, one-
phase shift circuit was byilt into the chip. This had the
benefit of saving components and pin outs, and the
drawback of limiting the frequency range of this
section. Still, it will operate from 1.4 MHz to 14 MHz,
enough to be used in a cordless telephone base station
(1.76 MHz), and high enough to possibly be used as an
FM IF test signal generat.or.3

The ability of this oscillator/modulator to be linearly
frequency modulated is quite impressive. While cer-
tainly not capable of the fidelity required in “HI-FI”
FM, the performance of this system compares favor-

results in a clean output fundamental, with all har-
monics more than 40dB down. This choice removes the
need for additional filtering components. The source
impedance of pin 3is approximately 2 k), and theopen-
circuit amplitude is about 900 mV p-p for the test circuit
shown in Figure 17.

FIGURE 17 — FM TEST CIRCUIT
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FM SECTION CIRCUIT VALUES

The oscillator center frequency is approximately the
resonance of the inductor L2 from pin 2 to pin 3and the
effective capacitance C3 from pin 3 to ground. Include
approximately 6 pF (internal) when making frequency
calculations. For overall oscillator stability, it is best
to keep X1, in the range of 300 Q to 1 k.

The modulator transfer characteristic at 4.5 MHz is
shown in Figure 18. The curve should be interpreted as
a transfer function relating instantaneous pin 14 volt-
age to output frequency. Transfer curves at other fre-
quencies have a very similar shape, but differ in maxi-
mum deviation per input volt, as shown in Figure 19.

FIGURE 18 — MODULATOR TRANSFER FUNCTION 4.5 MHz
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FIGURE 19 — MODULATOR SENSITIVITY
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Most applications will not require dc connection to
the audio input, pin 14. However, some improvements
can be achieved by the addition of biasing circuity.
The unaided device will establish its own pin 14 bias at
4¢, or about 3.0 V. A brief study of the transfer char-
acteristic shows that this bias is a little too high for
optimum modulation linearity. This can be verified by
means of distortion measurements using a high qual-
ity FM detector and distortion analyzer. Figure 20
shows better than 2 to 1 improvement in distortion
between the unaided device and pulling pin 14 down to
2.6 to 2.7 V. This can be accomplished by a simple
divider, if the supply voltage is relatively constant.

14

185

DISTORTION, %

FIGURE 20 — DISTORTION versus MODULATION DEPTH
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The impedance of the divider has a bearing on the
frequency versus temperature stabiiity of the FM
system. Figure 21 was taken using an adjustable regu-
lated bias source and varying the “pull down” resistor
from pin 14 to the bias source to determine the most
stable impedance. The resulting value of 27 kQ can be
replaced by a divider of 180 kQ and 30 kQ (for VCC =
12 V) with equally good temperature stabilization
results.

FIGURE 21 — FM SYSTEM FREQUENCY

versus TEMPERATURE
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However, as Figure 22 shows, a divider is not a good
method ifthe supply voltage varies. The designer must
make the decisions here, based on considerations of
economy, distortion and temperaturerequirements
and power supply capability. If the distortion require-
ments are not stringent; i.e., 2% at +25 kHz deviation,
then no bias components are needed. If, in this case, the
temperature compensation neéds to beimproved in the
high ambient area, the tuning capacitor from pin 3 to
ground can be selected from N75 or N150 temperature
compensation types.



FIGURE 22 — FM SYSTEM FREQUENCY versus Vo
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Anotherreason fordcinput to pin 14 is the possibility
of automatic frequency control. In some systems where
high accuracy of intercarrier frequency is required,
it may be desirable to feed back the dc output of an AFC
or phase detector for nominal carrier frequency control.
Obviously the filtering and response time of such a
system will have to be slow enough so as not to follow
the desired audio. Only limited control range could be
used without adversely affecting the distortion per-
formance, but as shown earlier, very little frequency
compensation will be needed.

One added convenience in the FM section is the
separate pin “oscillator B+’ which permits disabling
of the sound system during alignment of the AM sec-
tion. Usually it can be hard wired to the V(( source
without decoupling.

PRE-EMPHASIS

Standard practice in television is to provide pre-
emphasis of higher audio frequencies at the transmit-
ter and a matching de-emphasis in the T.V. receiver
audio amplifier. The purpose of thisis to counteract the
fact that less energy is usually present in the higher
frequencies, and also that féewer modulation sidebands
are within thedeviation window. Both factors degrade
signal-to-noise ratio. Pre-emphasis of 75 us is standard
practice. Usually the audio source to the T.V. modulator
already has pre-emphasis, but for cases whereit has not
been provided, or is not capable of supplying the 6 k) in-
putimpedance of the MC1374, a suitable pre-emphasis

network is covered in Appendix II.*

ASSEMBLING A COMPLETE
MODULATOR

Using the information developed in the preceding
sections, a complete T.V. modulator circuit is presented.
The schematic is shown in Figure 23. It includes the
simple and almost lossless second harmonic output
filter, rather than the more elaborate vestigial side-
band type. The gain resistor, R8 in this case, is 2.2 k(,
for anintended video input of approximately 1.0 V peak
at sync tip. This produces an output of 70 m V p-p un-
terminated, for a max RMS output of about 12 m V. This
is 12dB greater than FCC rules permit, so it must be

padded down for commercial applications.
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The modulator circuit includes channel 3 and chan-
nel 4 bandswitching, video sync tip clamping, and
audio bias to reduce distortion. All 3 of these features
can easily be deleted when minimum cost is needed.

One area which was touched upon earlier, but not
fully developed,isthe coupling of theintercarrier
sound output from pin 3 to the sound side of AM modu-
lator input, pin 1. The method shown in Figure 23is the
preferred approach, primarily because it permits easy
adjustment of intercarrier amplitude with the mini-
mum of “antenna” on pin 1. The input impedance at
pin 1 is very high, so the intercarrier level is deter-
mined by the source impedance of pin 3 (about 2K),
driving through C4 into the bias circuit impedance of
R4 and R5, about 2.2K. This provides an intercarrier
level of nearly 500 mV p-p, just right for the video level
chosen here.

The artwork for a printed circuit version of this de-
sign is provided in Appendix III. Performance of the
board is consistent with the data presented earlier and
has been used successfully with both static (test pat-
tern) and video disk sources. With a 12 V regulated sup-
ply there is less than +10 kHz shift of RF carrier fre-
quency from 0° to 50°C for any video input level.
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APPENDIX llia — P.C. BOARD ART (not full size)
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AN847

TUNING DIODE DESIGN
TECHNIQUES

Tuning diodes are voltage variable capacitors employing the
junction capacitance of a reverse biased PN junction. This note
presents a simplified theory of tuning diodes and discusses
a number of considerations to be employed in designs using

tuning diodes.

INTRODUCTION

Voltage variable capacitors or tuning diodes are
best described as diode capacitors employing the junc-
tion capacitance of a reverse biased PN junction. The
capacitance of these devices varies inversely with the
applied reverse bias voltage.

Tuning diodes have several advantages over the
mechanical variable capacitor. They are much smaller
in size and lend themselves to circuit board mounting.
They are available in most of the same capacitance
values as fixed capacitors. Tuning diodes offer the
designer the desirable feature of electronic tuning.

The capacitance of all tuning diodes inherently
varies with temperature and may require compensa-
tion. A simple scheme is available for compensation
ofthe temperature drift, resulting in stabilities as good
as, or better than, that of air capacitors. Digital tech-
niques effectively eliminate temperature as a problem.

SIMPLIFIED THEORY

A tuning diode is a silicon diode with very uniform
and stable capacitance versus voltage characteristics
when operated in its reverse biased condition. In accor-
dance with semiconductor theory, a depletion regionis
set up around the PN junction. The depletion layer is
devoid of mobile carriers. The width of this depletion
region is dependent upon doping parameters and the
applied voltage. Figure 1A shows a PN junction with
reverse bias applied, while Figure 1B shows the ana-
logy, a parallel plate capacitor. The equation for the
capacitance of a parallel plate capacitor given below
predicts the capacitance of a tuning diode.
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) (09)]
¢ = dielectric constant of silicon equal to
11.8x g
€0 = 8.85x10-12F/m
A = Device cross sectional area
d = Width of the depletion layer.

where

The depletion layer width d may be determined from
semiconductor junction theory.



The more accepted method of determining tuning
diode capacitance is to use the defining formula for
capacitance.

daQ

C=—
dav

The charge, Q per unit area, is defined as:

2

Q=¢E 3)

where E = Electric field

So we have capacitance per unit area:
C dE
c=—=z¢—

A fav

Norwood and Shatzl use these ideas to develop a gen-

eral formula:
Bem+l [1/m+2

(m+2) (V+4)

m = Impurity exponent
c = Capacitance per unit area

(4)

Lumping all the constant terms together, including the
area of the diode, into one constant, Cp, we arrive at:
Cp

=WV
where y = Capacitance Exponent, a function of impur-
ity exponent
¢ = The junction contact potential
(= 0.7 Volts)

(6)

The capacitance constant, Cp, can be shown to be a
function of the capacitance at zero voltage and the
contact potential. At room temperature we have:

Cp = Cole)Y 7
Co = Value of capacitance at zero voltage

The simple formula given in Eq. 6, very accurately
predicts the voltage-capacitance relationship of
modern tuning diodes. There are many detailed deri-
vationsl,2,3,4,5 of junction capacitance, so further
explanation is not necessary in this note.

The capacitance of commercial tuning diodes must
be modified by the case capacitance.

The equation then becomes:

C=Cc+Cy 8
where

C. = Case capacitance typically 0.1 to 0.25 pF

CJ=Junction capacitance given by Equation 6.

TUNING RATIOS
The tuning or capacitance ratio, TR, denotes the
ratio of capacitance obtained with two values of applied
bias voltage. Thisratiois given by the following expres-
sion for the diode junction.
_Cy(Vo) |Vi+e| ¥ @
Cy (V1) [Vate
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where CJ (V1) =Junction capacitance at Vi
CJ (Vg) = Junction capacitance at Vg
where V] > Vg

In specifying TR, some tuning diode data sheets use
four volts for V9. However, in order to achieve larger
tuning ratios, the devices may be operated at slightly
lower bias levels with some degradation in the Q
specified at four volts. (See the discussion of Q versus
voltage in the circuit Q section, later in this note). Fur-
thermore, care must be taken when operating tuning
diodes at these low reverse bias levelsto avoid swinging
the diode into forward conduction upon application of
large ac signals. These large signals may also produce
distortion due to capacitance modulation effects.

Since the effects of ¢ and case capacitance, C¢, are
usually small, Eq. 9 may be simplified to the following

for most design work:
_ [ Vmax \”
Vmin

C (Vmin)
C (Vmax)

The frequency ratio is equal to the square root of the
tuning ratio. This tunable frequency ratio assumes no
stray circuit capacitance.

Another parameter of importance is v, the capaci-
tance exponent. Physically, v depends on the doping
geometry employed in the diode. Tuning diodes with
v values from 1/3 to 2 can be manufactured by various
processing techniques. The types of junctions, their
doping profiles, and resulting values of y are shown
in Figure 2. These graphs show the variation of the
number of acceptors (NA) and the number of donors
(ND) with distance from the junction.

Abrupt junctions are the easiest to manufacture and
the majority of tuning diodes on the market are of this
type. This type of junction gives a y of approximately
1/2 and a tuning ratio on the order 3 with the specified
voltage range. Therefore the corresponding frequency
range which may be tuned is about 1.7to 1.0. A typical
example is the MV2101:

TR =

(10)

C(V2)=C30Vv)=25pF
C(Vy1)=C4v)=68pF
TR =27

v =047

The subscripts on the capacitance refer to the bias
voltage applied.

In many applications, such as tuning the television
channels, or the AM broadcast band, a wider frequency
range is required. In this event, the designer must use
ahyper-abrupt junction tuning diode. The hyper-abrupt
diode has a y of 1 or 2, and tunes over much larger fre-
quency ranges. Table I shows typical types of tuning
diodes available, their tuning ratios, frequency ratios
and junction types.

The hyper-abrupt devices are constructed with special
epitaxial growth, diffusion, and ion implant techniques,
which create a doping profile similar to that shown in
Figures 2C and 2D. The Q of the MMBV105G and
MMBV 109 series hyper-abrupt diodes is as high asabrupt



junction devices. Their capacitance range is from a few
picofarads to 10 or 20 pF, and their major application
is in television tuners. The MV1401 series are high
capacitance devices for applications below 10 MHz.
They are suitable for tuning elements in AM broadcast
band receivers and similar low frequency applications.

TABLE! SAMPLE TUNING DIODE TYPES
Device Nominel Tuning Frequency Junction
Series Capecitances Ratio v Ratio Type
1N5139 47-6.8 pF 27-34 047 1.6-18 Abrupt
MV2101 100-6 8 pF 16-33 0.47 16-18 Abrupt

MMBV108G| 2.0 pF 4.0-6.0 1.0 20-24 Hyper-Abrupt
MV1401 550-120 pF 10-14 20 32-37 Hyper-Abrupt
MMBV109| 30 pF 50-6.5 1.0 22-25 Hyper-Abrupt
|
'
Na .
A. Linear P/// Junction
Graded // Distance from junction
| 77,
; N / ¥ = .33
Np |
|
N |
A
B. Abrupt {/ Y=.5
Z N /é
Np
|
N '
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V77777,
// 5/
Np
|
N !
A
D. Hyper- P/ / ~2.0
Abrupt ; y=e
777,
N7
No
i
4 x =0 Distance from junction

FIGURE 2 — Doping Profiles and Capacitance Exponent
for Some Common Tuning Diode Types

CIRCUIT Q

Popular types of mechanical tuning capacitors often
have Q’s on the order of a thousand or greater. The Q
of tuned circuits using these capacitors is generally
dependent only on the coil. When using a tuning diode,
however, one must be conscious of the tuning diode Q
as well. The Q of the tuning diode is not constant, being
dependent on bias voltage and frequency. The Q of
tuning diode capacitors falls off at high frequencies,
because of the series bulk resistance of the silicon used
in the diode. The Q also falls off at low frequencies
because of the back resistance of the reverse-biased
diode.
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The equivalent circuit of a tuning diode is often des-
cribed as shown: 7

Rp
Rs Ls Ls’
o- /:1{' Vg
S
CC
T4

LAY

FIGURE 3 — Equivalent Circuit of Tuning Diode

where
Rp = Parallel resistance or back resistance of
the diode
Rg = Bulk resistance of the silicon in the diode
Ls’ = External lead inductance
Ls = Internal lead inductance
Cc = Case capacitance

Normally we may neglect the lead inductance and case
capacitance. This results in simplified circuit of Figure
4.

c
i Rs
- Pl
R
Rp

FIGURE 4 — Simplified Equivalent Circuit of Tuning Diodes

Thetuning diode Q may be calculated with Equation 11.

27 fC sz
Rg + Rp + (27 fC)2 Rg Rp?2

(11)

Thisrather complicated equation is plotted in Figure 5
for R§ = 1.0 ohm, Rp =30 x 109 ohms, at V = 4 volts and
C = 6.8 pF, typical for a 1N5139 diode at room temper-
ature.
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FIGURE 5 — Graph of Q versus Frequency
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At frequencies above several MHz, the Q decreases
directly with increasing frequency by the simpler for-
mula given below:

(12)

Q~Qs= (High frequency Q)

L
27 fCRg
The emphasis todayds on decreasing Rg so better high
frequency Q can be obtained. At low frequencies @
increases with frequency since only the component
resulting from Rp, the back resistance of the diode,
is of consequence.
Q= Qp = 2 fCRp (Low frequency Q) (13)
Q is also dependent on voltage and temperature.
Higher reverse bias voltage yields a lower value of
capacitance, and also since Rg decreases with increas-
ing bias voltage, the Q increases with increasing volt-
ages. Similarly, low reverse bias voltages accompany
larger capacitances, and lower Q’s. Increasing tem-
perature also lowers the @ of tuning diodes. As the
junction temperature increases, the leakage current
increases, lowering Rp. There is also a slight decrease
in Rg with increasing temperature, but the effects of
the decreasing Ry are greater and this causes the Q
to decrease. The effects of temperature and voltage on
the Q of a 1IN5139 at 50 MHz are plotted in Figure 6.
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FIGURE 6 — Q versus Reverse Bias and Temperature

TEMPERATURE

The Q and tuning ratio of tuning diodes are para-
meters that every design engineer must be aware of in
his circuits. Another equally important characteristic
of tuning diodes is their temperature coefficient. A
typical example of the capacitance versus temperature
drift is shown in Figure 7.

The temperature coefficient, TC, is a function of
applied bias. Figure 8 shows T( for a typical tuning
diode. Note that for low bias levels, on the order of a
volt or two, the TC is as high as +600 parts per million
per degree centigrade (ppm/°C). This represents a
frequency change of -300 ppm/°C which at 100 MHz
means a frequency shift of 30 kHz per degree. It is
obvious that a temperature compensation scheme is
desirable for any frequency control not using feedback
techniques.
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MV2101 Diode

In Figure9, the actual capacitance drift of aMV2101
per degree centigrade is plotted. The graph illustrates
that a simple negative temperature coefficient compen-
sating capacitor will not compensate for the tuning
diode TC because the change in capacitance is not
constant with voltage.
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THEORY OF TEMPERATURE CHANGE
Before proceeding further with schemes to correct
the temperature drift, it is informative to investigate
the physical mechanisms responsible for the changing
capacitance. Equations 6 and 8 may be combined to
give the basic expression for capacitance below:
Cd
C=——— +C¢ (14)
(V+o)y

We can pinpoint the terms in Eq. 14 that may account
for capacitance changes. The contact potential, ¢, is
a strong function of temperature, varying on the order
of -2.0 mV/°C. Cq4 is a function of geometric dimen-
sions which can change with temperature and ¢ which
changes with temperature. Case capacitance also
changes with temperature. For this analysis we will
assume the only terms not temperature dependent are
the supply voltage V, and the capacitance exponent,
which is a function only of the slope of the doping pro-
file.

The contact potential, ¢, is readily calculated from
semiconductor theory, and the equations predict a large
change with temperature. This change in ¢ will produce
amuch larger change in capacitance for lower voltages
than for higher voltages, and therefore accounts for
the majority of capacitance change in tuning diode
temperature drift. See Table II.

TABLE 1l

Calculated capacitance change versus applied voltage
in ppm/°C for:

4 . 2mvsec
dr
N
€= Wean G
Applied Bias Voltage Capacitance Drift In
(Volts) (ppm/°C)

1 587
2 261
4 204
10 88.7
20 45.6
30 30.7

Comparing Table II with Figure 8, we see that a +40
to +50 ppm/°C temperature drift still remains. There-
fore ¢ is not the only mechanism responsible for tem-
perature drift and others must be sought. There is a
change with temperature in physical dimensions in
any material which has an affect on-the order of 1
ppm/°C for a tuning diode. However, this change is
too small to be of any significance. Another possibility
is a change in dielectric constant. Silicon, depleted of
its charge carriers, forms a dielectric layer with a rela-
tive dielectric constant of 11.8. The dielectric constant
of silicon has a temperature coefficient of +35 ppm/°C.1
These effects change the value of C4 with temperature.
The case capacitance also varies slightly with temper-
ature. See Table III.
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TABLE Il Effect Of Case Capacitance Changes On
1N5139 And 1N5148 Diodes

1N5139 1NG148
Changes Changes
Bias attributable to attributabie to
Voltage | C i case i C if case
(Voits) (pF) (ppm/°C) (pF) (ppm/°C)
20 8.9 34 61 0.5
40 6.4 a7 47 0.6
100 48 6.3 32 10
300 30 10.0 19 16
60.0 22 140 13 23

In summary, the largest changes are caused by the
change in contact potential. This effect is most notice-
able at low voltage, high capacitancelevels. The change
in silicon dielectric is the next most important factor
providing a change that is uniform for all devices and
voltages. Case capacitance changes are most notice-
able in the low capacitance, high voltage range, and
may be neglected for all devices except those low capa-
citance devices.

TEMPERATURE COMPENSATION

A popular method of temperature compensating tun-
ing diodes involves the use of a forward biased diode.
The voltage drop of a forward biased diode decreases
as the temperature rises, thus applying a changing
voltage to the tuning diode. In the network shown in
Figure 10, an increase in temperature will result in a
decrease of the diede voltage VDIQODE to perhaps 0.5 V.

VDIODE = 0.6 V (Room Temperature)’
Vin Vout
Ry
FIGURE 10 — Simple Temp Comp ing N ik

If Vip is maintained constant, the available output
voltage Voyt will rise by 0.1 V. This increase in output
voltage will lower the capacitance of the tuning diode
and partially offset the initial capacitance increase
caused by the temperature change. Obviously, for the
above circuit to be effective, the compensating diode
must be thermally coupled to the varactor to be cor-
rected.

Frequently, the varactor is part of a feedback loop
which controls the frequency of oscillation by digital
techniques. In this case, the temperature effects are
generally accounted for in the digital feedback loops,
so that diode compensation is not required.

THE POWER SUPPLY

We previously assumed that the supply voltage did
not change with temperature. This is rarely the case,
and special consideration must be given to this part
of the design. All our efforts to temperature compen-
sate the tuning diode may be in vain if the power sup-
ply has a large T or is otherwise unstable. Figure 11
shows the common method of supplying voltage to a
tuning diode.
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FIGURE 11 — Common Means of Supplying Bias
Voltage to a Tuning Diode

The regulator is the most critical part of the circuit
in Figure 11. It must be extermely stable in order to
achieve good varactor tuning stability. The full drift
of the power supply as expressed in ppm/°C will appear
at V{4 regardless of the setting of the potentiometer.
For example, if VReg is 40 volts with a drift of 100 ppm/
°C (4 mV/°C), V4 may be 10 V, but will still have a
drift of 100 ppm/°C (1 mV/°C). A 50 ppm/°C stability
figure in V{ translates into a 25 ppm/°C stability of
capacitance, when the capacitance exponent is 0.5.
For hyper-abruptjunctions werealize capacitance
stabilities of 50 and 100 ppm/°C for exponents of 1
and 2 respectively.

There are many differing power supply regulators
available to the designer. Zener diodes are relatively
inexpensive, but have a poor temperature coefficient.
Temperature compensated zeners are very expensive
and have a limited voltage range. The LM117, a monoli-
thic integrated circuit voltage regulator, has excellent
temperature characteristics, 37 volt output capability,
and wide temperature range.

The MC7800 fixed output voltage regulators are
extremely simple to use in that they have only input,
output and ground terminals and require no external
components other than possibly a high frequency by-
pass capacitor. (The latter item is generally required
with all IC regulators to prevent high frequency oscil-
lations).

The MVS460 is a two leaded IC regulator expecially
designed for use with tuning diodes. It represents a
simple, inexpensive solution to the voltage regulator
problem. Table IV contains a summary of available
power supply regulators.

VARIABLE RESISTOR

The variable resistor is considerably less critical.
Since it is being used as a voltage divider, all that is
required is that the resistive material be uniform so
any change in resistance is uniform throughout the
potentiometer. Wire wound, and special high quality
cermet film variable resistors are suitable for these
applications. Generally speaking, a linear potentio-
meter should have a TC of £150 ppm/°C or better.
Special taper potentiometers should have a TC of +50
ppm/°C or better.

The variable resistance cannot be made too large
or there will be appreciable voltage drop as thereverse
current in the diode increases. The reverse current in
a silicon diode generally doubles every 10°C so this
becomes an important problem at temperatures above
50°C. If the temperature is expected to run as high as
70°C, one must limit the variable resistor to 50 kQ or
the effect will be a greater than 5 ppm/°C capacitance
change. If 50°C is the upper temperature limit, the
resistance may be upped to 150 kQ. These values apply
to all of Motorola’s tuning diode series. When the tun-
ing diodes are used in applications where temperature
will greatly exceed 70°C, the divide resistance should
be kept below 10 k. This low value requires large
power supply currents and would be undesirable in
some applications. However, since the Motorola LM117
is.the recommended power source at these tempera-
tures, voltage control may be accomplished using the
regulator without relying on an external divider poten-
tiometer, as shown in Figure 12. The LM117’s low out-
put impedance of 0.05 ohms will easily and reliably
handle the change in current demanded by the tuning
diode as it heats up.

HYPER-ABRUPT TEMPERATURE DRIFT
The hyper-abrupt tuning diode is more sensitive
than other types to temperature variations resulting
in a greater need for temperature compensation. Also
their drift with temperature is not as uniform as abrupt
junction tuning diodes. Their drift factors expressed
in ppm/°C run as high as 800 to 1200 for the units with
ayof2. Unitshaving ay of 1 typically show 300 to 400
ppm/°C capacitance changes. These higher drift rates
are caused by the hyper-abrupt tuning diode’s greater

Notes:
1) See Figure 12 for some typical circuit connections
2)" To compute frequency change (ppm/©C), divide capacitance
(pPm/°C) change by 2.

TABLEIV S y of Power Regul:
Voltage Voltage Capacitance
ppm/°C ppm/°C ppm/°C

Voltage | Temperature Max Typical Typical Relative
‘Device Range Range Tc Tc ¥=05 Cost
1N5260 33 -65 975 975 475 Low
Zener +200°C
1N4752 33 -65 850 850 425 Low
Zener +200°C
1N3157 84 -50 10 10 5 High
Temperature +125°C
Compensated
Zener
m117 37 -55 50 25 Low
Regulator +125°C
MC7800 28 0° 40-60 20-30 Low
Fixed +125°C
Voltage
Regulators
MVS460 31v o -100 -25 12 Low
T0-92 +70°C +50
Regulator
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sensitivity to changes in voltage, and the fact that the
majority of capacitance change is caused by the change
in contact potential, ¢. This greater sensitivity to volt-

agechanges means that powersupply and otherinsta-
bilities will also have a larger effect than with regular
abrupt junction tuning diodes.

Vin Vout

*=Cjp isrequired if regulator is located anappreciable distance

from power supply filter
transient response.

R2
Vout=1.25V{(1+—=)+154i R
out ( *R«|H Adj R2

ated with this term is negligible in most

** = Cq is not needed for stability, however it does improve

Since ‘Adj is controlled to less than 100 A, the error associ-

FIGURE 12 — High Stability Regulator -50 to +125°C

SUMMARY

Voltage variable capacitors have replaced air vari-
able capacitors in most applications. These devices
offer many advantages over previous variable capa-
citors, such as the ability to employ remote tuning. By
carefully considering the proper design conditions,
such as temperature drift, and designing accordingly,
tuning diodes can replace air capacitors in virtually
all but high power applications. The designer must
be aware of the tuning range and Q limitation in order
tousethesedevices effectively. Temperature drift
ceases to be an issue when proper compensation
schemes, or digital feedback loops are used.

195




BIBLIOGRAPHY

1.

Norwood, Marcus; and Shatz, Ephraim, Voltage
Variable Capacitor Tuning: A Review. IEEE, 56:5,
May 1968, pp. 788-98.

. Chang, Y.F., Capacitance of p-n Junctions: Space

Charge Capacitance. Journal of Applied Physics,
37:6, May 1966, pp. 2337-42.

. Gimmel, H.K.; and Schauftter, D.L., Depletion

Layer Capacitance of p*n Step Junctions. Journal
of Applied Physics, 38:5, April, 1967, pp. 2148-53.

. Gray, P.E.; DeWitt, D.: Boothroyd, A.; Gibbons, J.,

Physical Electronics and Circuit Models of Transis-
tors. New York, John Wiley & Sons, 1964, pp. 8-54.

. Warner, R.; Fordemwalt, J., Integrated Circuits,

Design Principles and Fabrication, New York,
McGraw-Hill, 1965, pp. 31-68.

. John Hopkins, A Printed Circuit VHF TV Tuner

Using Tuning Diodes, Motorola Application Note
AN-544A.

. G.Schaffner, Designing Around The Tuning Diode

Inductance, Motorola Application Note AN-249.

The following publications contain additional infor-

mation on varactor applications:

Klein, Ernest, Medium Scale Integration in the Numer-
ical Control Field, Motorola Application Note AN-541.
Hatchett, John; and Janikowski, Roger, VCO and
VCXO Designs Using the MC12060 and MC12061
Oscillator Circuits, Motorola Engineering Bulletin
EB-60.

Voltage-Controlled Oscillator, Issue E, Motorola Data
Sheet MC1648, M.

196



AN-860

POWER MOSFETs
versus
BIPOLAR TRANSISTORS

What is better, if anything, with the power FETs if
we can get a bipolar transistor with an equal power
rating for less than half the price?

Several manufacturers have recently introduced
power FETs for RF amplifier applications. Devices
with 100 W output capabilities are available for VHF
frequencies and smaller units are made for UHF opera-
tion. All are enhancement mode devices, which means
that the gate must be biased with positive voltage (N
channel) in respect to the source to “turn it on.” Early

designs were so called V-MOS FETs, where the channel
is in a V-groove. The V-groove must be etched with a
special process, and the silicon material must have a
different crystal orientation from the material nor-
mally used for bipolar transistors. The difficulty of the
etching process in production has led to the develop-
ment of other types of channel structures such as HEX
and T, which are still vertical channel structures, but
V-groove is eliminated, and the gate is on a straight
surface. Thus, for an equal gate periphery, more room

TABLE A

Zin RS/ XS(30 MHz):
Zin RS/ XS(150 MHa):
ZoL (Load Impedance):
Biasing:

Ruggedness:

Linearity:

Advantages:

Disadvantages:

Bipolar
0.65 - JO.35 Ohms
0.40 + J1.50 Ohms

TMOS FET
2.20- J2.80 Ohms
0.65 - J0.35 Ohms

Almost equal in each case, depending on power level and supply voltage.

Not required, except for linear operation,
high current voltage source necessary.

Fails usually under current conditions.
Thermal runaway and secondary break-
down possible.

Low order distortion depends on die size
and geometry. High order IMD is a func-
tion of type and value of ballast resistors.

Wafer processing easier. Low collector-
emitter saturation voltage, which makes
devices for low voltage operation possible.

Low input impedance with high reactive
component. Internal matching required
to lower Q. Input impedance varier with
drive level. Devices or die can not easily
be paralled.

Some gate bias always required. Low
current_source, such as resistor divider
sufficient.

Failure modes: Gate punch through,
exceeding of breakdown voltages, over
dissipation.

Low order distoriton worse than bipolar
for a given die size and geometry. High
order IMD better due to lack of bailast
resistors.

Input impedance more constant under
varying drive level. Lower high order
IMD. Easier to broadband. Devices or die
can be paralleled. High voltage devices
easy to implement.

Larger die required for comparable power
level. Nonrecoverable gate breakdown.
High drain — source saturation voltage,
which makes low voltage, high power
devices less feasible.
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on the surface is required. Japanese manufacturers
seem to favor geometries with horizontal channels.
They are similar to small signal MOSFETs with a
number of them paralleled on one chip. This technique
represents even more wasteful use of the die surface
than HEX or TMOS. Typically a power FET requires
50 to 100 percent more die area than a bipolar transis-
tor for equal power output performance. For TMOS the
number is about 50 percent. This is mainly due to the
higher saturation voltage, but the geometry also gives
some 30 percent less gate periphery than available
base area in bipolar. Since the price of a solid state
deviceis a function of a die size, we get fewer watts per
dollar. This is completely opposite from what the
industry has been trying to do in the past years with
bipolar transistors. So, one may ask: What is better, if
anything, with the power FETs if we can get a bipolar
transistor with an equal power rating forless than half
the price? This is where we come to the purpose of this
article, which is to discuss the characteristics of the
FET and bipolar device. Both have the same basic
geometry, but with some mask changes, one was pro-
cessed as a MOSFET and the other as a bipolar.

CIRCUIT CONFIGURATIONS

Since the gate of a MOSFET device is essentially a
capacitor, which consists of MOS capacitance distrib-
uted between the channel and the surface metaliza-
tion, the input Q is normally extremely high. For this
reason, the gate must be de-Q’ed with a shunt resis-
tance or applying negative feedback or a combination
of the two. Unless this is done properly, the affect of
feedback capacitance (Cygg) will result in conditions,
where stable operation is impossible to achieve.

Figure 1 shows a Smith Chart plot of a 150 W MCS
FET and a bipolar device using the same basic geom-
etry for comparison purposes. The gate of the FET has
been shunted by a resistance of 20 ohms. Without the
shunt resistance the input impedance would be a pure
capactive reactance, if package inductances are dis-
regarded.

Theinput Qisaninverse function of the broadband-
ability of a device. With the techniques mentioned
above, the Q can be controlled to a large degree, but
some power gain will be sacrificed, unless only some
type of selective negative feedback is employed forthat
purpose. Amplifiers in the 100 W power level, covering
five octaves can be designed, and the limiting factor
only seems to be the proper design of the broadband
matching transformers.

Due to the lack of base diode junctions inherent to
bipolar devices, where the diode forward conductance
depends on the drive level, the MOSFET gate imped-
ance varies only slightly with the input voltage ampli-
tude. The gate MOS capacitance should be more or less
independent of voltage, depending on the die process-
ing. This is considered one of the advantages with
FETSs, especially regarding amplitude modulated
applications, where a constant load for the driver stage
is important. Negative feedback should be limited,
sinceit tends to deteriorate this characteristic. Another
advantage is the AGC capability by varying the gate
voltage. In common source configuration, depending
on the initial power gain, etc., an AGC range of 20 dB
is achievable.
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FIGURE 1 — 150 Watt MOSFET and
Bipolar Comparison

Common gate configuration has some advantages,
although it is not useful in applications requiring lin-
earity. Theload impedance isreflected back to the gate
and in effect is in parallel with the source to ground
impedance. The total input impedance is more constant
with frequency than in common source mode, but
varies greatly with output power level and supply volt-
age. As in a comparable configuration with bipolar
transistors, the overall power gain is low, but the unity
gain frequency (fa) extends higher, which makes the
common gate circuit attractive at UHF designs. It also

FIGURE 2 — A Typical Common Source MOSFET
Power Amplifier Circuit



has more tendency for parasitic oscillations, since the
input and output are in the same phase. The de-Q’ing
of the input can be done in the same manner as in a
common source circuit, but negative feedback is not as
easy to implement. This circuit also exhibits greater
power gain versus bias voltage variation characteris-
tics. In applications, where 40 dB to 50 dB AGC range
is required, the common gate configuration should
be considered.

A common drain configuration represents the emit-
ter follower in bipolar circuits. In both cases the input
impedanceis high and the load impedance is effective-
ly in series with the input. The input capacitance,
(drain-to-gate, or collector-to-base) is lower than in
common source or common gate circuits, and several
times lower for the FET than bipolar for equal die size.
This is due to lack of the diode junction. A MOSFET
source follower can not be regarded as having current
gain as the emitter follower. The amplification rather
takes place through impedance transformation. Due to
the fair amount of input de-Q’ing required, the avail-
able power gain islower than in common source circuit
for example. Having less than unity voltage gain, the
circuit exhibits exceptional stability, and negative
feedback is not necessary, nor can it be easily imple-
mented. Push pull broadband circuits for a frequency
range of 2 to 50 MHz have been designed for 200-300
watt power levels. Their inherent characteristics are
good linearity and gain flatness without any leveling
networks. High power SSB amplifiers are probably the
most suitable application for common drain operation.
The AGC range is comparable to that in common
source, but higher voltage swing isrequired. It must be
noted that the MOS devices used must have high gate
rupture voltage, since during the negative half cycle of
the input signal, the gate voltage approaches the level
of VDsS.

LINEARITY ASPECTS

Some literature claims that MOS power FETs are
inherently more linear than the bipolar transistors.
This is only true up to the point where envelope distor-
tion, caused by saturation, instabilities or other
reasons, is not present. It is also a function of the bias
current (IDQ). The FETs usually require higher idling
currents than the bipolars to get full advantage of their
linearity. Bipolars are usually biased only to get the
base-emitter diode into forward conduction, whereafter
increasing the bias helpslittle. Class A is an exception,
but the device must then be operated at 20-25 percent
of the rated Class AB level.

Probably the main advantage with the MOS power
FETsis their greatly superior high order IM distortion
performance. This is mainly due to the fact that bal-
lasting resistors are not required with FETs. In bipolar
RF power transistors, nonlinear feedback is distributed
to each emitter site through the MOS capacitance from
the collector. In devices using diffused silicon resistors,
this effect is even worse, and caused by additional non-
linear diode capacitance between the collector and the
emitters. The high order IMD (9th and up) is actually in
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FIGURE 3 — A Typical Common Gate MOSFET
Power Amplifier Circuit

—+—{--H--F—=vos

FIGURE 4 — A Typicat Common Drain, Narrow
Band MOSFET Power Amplifier Circuit

direct relation to the ballasting resistor values, which
must be optimized for an even power distribution along
the die. Too low values would resultin a fragile device,
and the opposite would, in addition to the IMD prob-
lem, result in high collector-emitter saturation voltage
and low power gain.

The feedback capacitance, drain-to-gate or collector-
to-base for example, also has a secondary effect in
IMD. In both cases it is a function of the die geometry,
and is usually lower with devices with higher figure of
merit, such as the ones made for UHF and microwave
applications. A MOS power FET-exhibits some five
times lower feedback capacitance than a bipolar tran-
sistor with a similar geometry. In a bipolar transistor
this capacitance partly consists of the collector-base
junction, which is highly nonlinear with voltage. This,
together with the varying input impedance, generates
internal feedback, which is nonlinear and produce
high order IMD to some degree. A more noticeable
effect is that the low order IMD goes up with reduced
drive levels as shown in Figure 6.

This can be related to different turn on characteris-
tics between the two device types. When a bipolar
deviceisbiased to Class AB, the bias does not usually,
completely overcome the VBE knee. Thus, at lower
signal levels, the remaining nonlinear portion covers a
larger area of the total voltage swing. Increasing the
bias from the normally recommended Class AB values
will help and full Class A should eliminate the problem
completely.
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FIGURE 5 — Two Tone Spectrographs of 300 W PEP, 50 V Amplifier Outputs
a. using bipolar transistors and b. with TMOS power FETs. 500 mA of bias current
per device was used in each case. Doubling the bias current has a minimal effectin
a. but b. the 7th order products would be lowered by 10-12 dB
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FIGURE 6 — IM Distortion as a Function of Power
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Bipolar Transistor

CLASS D/E APPLICATIONS

Switching mode RF power amplifiers have only
become feasible since the introduction of the power
FET. Being a majority carrier device, the FET does not
exhibit the stcrage time phenomena, that limits the
switching speed of a bipolar. For a given device, the
switching speed is mainly determined by the speed the
gate capacitance can becharged and discharged. If the
capacitance is in the order of several hundred pF, a
smaller FET is required to provide the fast charge-
discharge switch. For low power stages, bipolars can
be used, since the storage time is mainly an inverse
function of the fT and device size. The advantages of a
Class D amplifier are high efficiency, linearity and
ruggedness, since power is ideally dissipated only
during the switching transitions.

These amplifiers are readily applicable for FM mod-
ulation, after harmonic filtering. The analog gain
is obtained by pulse-width modulation of the input
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switching signal, and demodulation of the output with
suitable filters. Linearity is required only from the
modulator, which is easy to achieve at small signal
levels. The high speed voltage controlled one shot
MC10198 should be ideal for a linear pulse-width modu-
lator. By properly adjusting its operating point, low
level AM or suppressed carrier double sideband signals
can be generated.
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FIGURE 7 — A Typical Power MOSFET Class D RF
Amplifier, Arranged in Push-Pull Configuration

GENERAL

All MOSFETs can in theory have a positive temp-
erature coefficient on the gate threshold voltage. This
means that the gate threshold voltage increases with
temperature, trying to “turn the device off.” In addition
the gy, will decrease, which also helps in preventing
the thermal runaway, which is commonly a problem
with bipolars. The coefficient of the gate threshold



voltage is also a function of the drain current. Normal-
ly the coefficient is negative at low current levels, and
turns positive at higher currents. The turnaround
point, which can be controlled by doping the other
fabrication steps, must be at a current level not to
exceed the maximum dissipation rating, taking the
derating factor into account. Thus, the power MOS
devices can be easily biased to Class A, without fear of
a thermal runaway.

Two types of high frequency noise are generated by
bipolar transistors. Shot noise is caused by the forward
biased junctions, and thermal noise by moving carriers
upon flow of electrons. Both have different noise spec-
trums, and only the latter' is present in a FET. In a
transmitter, where the devices are biased for linear
operation, the shot noise becomes a problem, especially
if a receiver is in close proximity, as in transceiver
designs. Also, if several stations are operated near
each other, the noise can be transmitted through the
antenna, disturbing the reception at nearby stations.
In most instances, the bias of the power devices must
be switched on and off during the transmit and receive
functions, which will prevent a full break-in operation.
Measurements of 150 W devices, intended for SSB
applications, were performed at 30 MHz, at the proper
idling current levels. The difference in the total noise
figure between a bipolar and a FET is about three to

one, or 7 dB and 2.2 dB respectively. The amount of
noise that can be tolerated varies with each situation,
and whether the difference above is significant in
practice depends on other factorsinvolving the design
of the equipment.

CONCLUSION

From the above we must conclude that it is doubtful
the power FET ever will replace the bipolar transistor
in all areas of communications equipment. It will have
its applications in low and medium power VHF and
UHF amplifiers, eliminating the need for internal
matching, and up to medium power low band and VHF
SSB, where the high order IMD is beginning to be more
and more in emphasis due to the crowded frequency
spectrums. The author’s personal opinion is that the
power FET is the most feasible device for the amplitude
compandored sideband (ACSB) applications, proposed
for future use in land mobile communications. The
system principle requires extreme linearity in the
amplifying stages, which in the past has only been
achieved with Class A operation. The power FET also
opens new applications for high efficiency switching
mode power amplifiers, which have not been possible
in the past for reasons described earlier. The possible
upper frequency limit would be dictated by the physical
lay-out of the system.

FIGURE 8 — An Experimental Three Stage, One
Kilowatt Class D Amplifier.
The unit operates up to 10 MHz yielding an efficiency
of 85 percent. The power gain is 30 dB.

201



202



AN-878

VHF MOS POWER APPLICATIONS

Prepared by:
Roy Hejhall
Sr. Staff Engineer
Motorola Semiconductor Products, Inc.

INTRODUCTION

The assumption is made that the reader.is familiar
with the types, construction, and electrical characteris-
tics of FETS. References 1 and 2 contain information on
this subject.

Silicon RF power FETs are generally N-Channel MOS
enhancement mode devices. Most are vertical structures,
meaning that current flow is primarily vertical through
the chip with the bottom forming the drain contact. Ver-
tical construction has the advantage of providing greater
current density which translates to more watts per unit
area of silicon.

The assembly of RF power FET wafers into finished
devices is similar to the assembly of bipolar RF power
transistors (BPTs). Identical packaging is utilized for
both types of devices.

ADVANTAGES OF RF POWER FETS

The advantages of FETs have been described else-
where,?4 and will not be repeated in detail. Some obser-
vations on this subject are given below.

The inherently higher power gain is illustrated by a
comparison of the MRF171 FET and MRF315 BPT. Both
are VHF devices rated at 45 watts power output. Typical
power gains at similar operating conditions (f= 150 MHz,
P,,.=45 W, dc supply voltage=28 V) are 15.0 dB for the
FET and 11 dB for the BPT.

Any gain comparison should also include ruggedness
data. Ruggedness is defined as the ability of a device to
survive operation into mismatched loads. Obviously,
UHF and microwave BPTs are available with gains ex-
ceeding that of the MRF171 FET at 150 MHz, but the
higher frequency BPTs will not survive much abuse at
VHF. The superior ruggedness of the FET is even more
impressive when it is recognized that no source site bal-
lasting is used.

Another gain comparison at VHF is provided by the
MRF174 FET and MRF317 BPT. The MRF317 is rated
at 100 watts output, and contains an internal input
matching network which increases the device gain by
typically 5.0 dB. The MRF174 is rated at 125 watts out-

TMOS is a trademark of Motorola Inc.
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put and has no internal input matching, yet the typical
gain of the MRF174 at 125 watts output is 12 dB while
the typical gain of the MRF317 is 10 dB at 100 watts
output (both devices operating at 150 MHz with a 28 Vdc
supply).

Impedance differences are found mainly at the device
input. FET input impedance at dc approaches infinity,
dropping at VHF to a level approximately equal to, but
slightly higher than the input impedances of comparable
BPTs.

This point can be illustrated by considering again the
aforementioned 45 watt VHF devices. When operating
at 150 MHz with a 28 Vdc supply and 45 watts output,
the large-signal input impedances are 1.89 —j4.81 ohms
for the MRF171 FET and 1.2 +j1.0 ohms for the MRF315
BPT.

These devices illustrate another difference. The large-
signal input impedance of FETs at VHF is capacitive. By
contrast, most VHF BPTs with power outputs greater
than 20 watts have an inductive input impedance at 150
MHz. The input impedance of the MRF315 passes through
resonance at about 100 MHz.

The low-noise figure of the FETs facilitates the design
of low-noise power amplifiers and high dynamic range
receiver front ends. Noise figures of less than 3.0 dB at
f=150 MHz, V3=28 V, I;=2.0 A have been measured
with the 125 watt MRF174. The MRF134 5.0 W VHF
FET has a typical noise figure of 2.0 dB at 150 MHz,
28 V, 100 mA, and values as low as 1.5 dB have been
measured. Transmitter noise floor determines the an-
tenna front to back ratio required for duplex systems.

A most interestimg FET characteristic is the inherent
gain control mechanism. The power output of a FET am-
plifier can be varied from full rated output over a range
of greater than 20 dB (with RF input power held con-
stant) by varying the dc gate voltage. Further, the device
gate does not draw dc current, s¢ the dc source utilized
for gain control does not have to deliver any power to the
FET. This capability, which does not exist in the RF
power BPT, facilitates the design of systems requiring
gain control, either manual or automatic.



AMPLIFIER DESIGN

The design of TMOS FET RF power amplifiers has
much in common with the design of BPT amplifiers. The
amplifier must include dc circuitry to apply bias voltages
and RF matching networks to perform the necessary
impedance transformation over the frequency band of
interest. Amplifier design consists of the synthesis of cir-
cuitry to perform the above tasks.

A positive dc supply voltage is required on the drain.
To date most RF power FETs have been designed for the
standard BPT operating collector voltages, i.e. 12.5 V,
28V, and 50 V. Some higher voltage FETs are also avail-
able. The FETs described are designed for 28 V operation.

There is no FET paraliel to the popular zero base bias
BPT amplifier. The typical FET RF power amplifier re-
quires forward gate bias for optimum power output and
gain. That is the bad news; the good news is that the
FET gate is a dc open circuit and the bias network may
often be just a simple resistive divider.

A convenient gate bias source is the drain supply.
When utilizing this technique care must be taken in fil-
tering the bias circuitry. An inadequately filtered bias
circuit connected to the drain supply can form an output-
to-input feedback path for oscillations.

BPT amplifiers. These networks usually take the form
of broadband transformers at HF, lumped reactive ele-
ments at VHF, and microstrip lines with RF chip capac-
itors at UHF.5:6

Solid-state power amplifier drain or collector load
impedances are set primarily by supply voltage and
power level. Therefore, FET and BPT: amplifiers with
like performance parameters can utilize similar output
networks.

The inductive input impedance of high power VHF
BPTSs usually dictates that the input network design in-
clude shunt capacitors placed as close to the transistor
package as is physically possible. FETs, with their ca-
pacitive input impedances at VHF, do not require these
critical capacitive circuit elements.

Figure 1 shows a 125 watt 150 MHz amplifier which
utilizes the MRF174 TMOS FET. Note the following
items which have been discussed previously:

1. No shunt capacitors at the gate.

2. Resistive bias network operating from the drain

supply voltage.

3. Impedance matching networks similar to those of

a comparable BPT amplifier (except for item 1
above).

FIGURE 1 — 125 Watt, 150 MHz TMOS FET Amplifier
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C1 — 35 pF Unleco

C2, C5 — Arco 462, 5-80 pF

C3 — 100 pF Unieco

C4 — 25 pF Unleco

C6 — 40 pF Unleco

C7 — Arco 461, 2.7-30 pF

C8 — Arco 463, 9-180 pF
C9,C11,C14 — 0.1 uF Erie Redcap
C10 — 50 uF, 50 V

C12, C13 — 680 pF Feedthru
D1 — 1N5925A Motorola Zener

FET amplifier lDQ (quiescent drain current) is not crit-
ical and values in the 10-150 mA range are suggested.
Ip may be varied from less than 100 mA to values ap-
proachmg Class A operation without large changes in
gain and efficiency at full rated power. Linear applica-
tions are an exception to this where I, should be selected
to optimize linearity.

The design of RF impedance matching networks for
FET amplifiers is similar to the corresponding task for
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L1 — #16 AWG, 1-1/4 Turns, 0.213" ID
L2 — #16 AWG, Hairpin /l —_{-025

= = 0062" j]_'[oar

L3 — #14 AWG, Hairpin —8o =
= e 02"

L4 — 10 Turns #16 AWG Enameled Wire on R1
RFC1 — 18 Turns #16 AWG Enameled Wire, 0.3" ID
R1 —100,20W

R2 — 1.8k, 1/2W

R3 — 10 k{1, 10 Turn Bourns

R4 —10kN, 1/4W

This amplifier operates from a 28 volt dc supply. It has
a typical gain of 12 dB, and can survive operation into
a 30:1 VSWR load at any phase angle with no damage.

The amplifier has an AGC range in excess of 20 dB.
This means that with input power held constant at the
level that provides 125 watts output, the output power
may be reduced to less than 1.0 watt continuously by
driving the dc gate voltage negative from its Iq value.
Figure 2 illustrates this performance feature. Note that



140
12 f = 150 MHz /
Vps = 28 Vdc 4
100 Ipg = 100 mAdc /
Pin = Constant /

V.

/

POWER OUTPUT (WATTS)

7
e
12 -10 -80 -60 —-40 -20 0 20 40
VS, GATE-SOURCE VOLTAGE (Vdc)

8
60
4
2 "/
0

FIGURE 2 — Gain Control Performance of 125 Watt Amplifier

a negative voltage capability would have to be added to
the bias system to take full advantage of this AGC
performance.

Another useful feature of RF power FETSs is that they
have less variation of input and output impedances with
power level than does a BPT. This characteristic permits
the use of small-signal 2 port scattering parameters to
develop useful design information for gain, stability, and
impedances.” S-parameters are often found on RF power
FET data sheets. While s-parameters will not provide an
exact design solution for high power operation, they do
produce a useful first approximation.

Power FETs with outputs below the 40 watt range
often have such high gain at HF and VHF that stability
problems may be encountered. This problem can be ad-
dressed by the classic methods used to stabilize RF small-

signal amplifiers — loading of input or output terminals,
feedback, or both. Here is an area where s-parameters
are useful in calculating the effects of circuit techniques
for achieving stability. References 7 and 8 discuss am-
plifier stability.

Figure 3 shows a 5.0 watt 150 MHz amplifier utilizing
the MRF134 TMOS power FET. The MRF134 is a very
high gain FET which is potentially unstable at both VHF
and UHF. Note that a 68 ohm input loading resistor has
been utilized to enhance stability. This amplifier has a
gain of 14 dB and a drain efficiency of 55%. Figure 4
shows a 5.0 watt 400 MHz amplifier with a nominel gain
of 10.5 dB.

CAUTIONARY NOTES

Some precautions regarding FET RF power amplifiers
should be mentioned.

One involves temperature coefficient. Literature
abounds with statements that FETs are totally immune
to thermal runaway because of their negative tempera-
ture coefficient. Actually, many RF power FETs have a
positive temperature coefficient over a portion of their
operating range. Increasing drain current usually shifts
the coefficient from positive to negative. See Figure 5.

DC bias experiments have been conducted with several
RF TMOS FETs. While they all had positive temperature
coefficients over a portion of their operating ranges, none
exhibited a tendency toward thermal runaway at drain
currents ranging from less than 100 mA to full Class A
bias. Thermal runaway does not appear to be a problem,
but the positive temperature coefficients suggest that the
designer should not completely ignore the thermal as-
pects of dc bias design.

FIGURE 3 — 5.0 Watt, 150 MHz TMOS FET Amplifier
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FIGURE 4 — 5.0 Watt, 400 MHz TMOS FET Amplifier
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A second potential problem is the danger of permanent
damage to FET gates from static electricity. Fortunately,
the larger capacitances of power devices reduce this dan-
ger. No special precautions have been taken to protect
the FETs described from static damage, and there were
no failures known to be caused by static induced voltages.
However, it is worthwhile to exercise the usual precau-
tions taken in handling all MOS devices.

SUMMARY
The construction, characteristics, and advantages of
RF power FETs have been described with emphasis on

i
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R2 — 10k, 1/4 W

R3 — 10 Turns, 10k{) Beckman Instruments 8108
R4 — 1.8k, 1/2W

Z1 — 1.4" x 0.166" Microstrip

Z2 — 1.1 x 0.166" Microstrip

23 — 0.95” x 0.166" Microstrip

Z4 — 2.2" x 0.166" Microstrip

Z5 — 0.85” x 0.166" Microstrip

Board — Glass Teflon, 62 mils

the VHF frequency range. Particular attention was given
to the excellent gain control characteristics of these
devices.
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This application note presents a complete 12” black and
white line-operated television receiver, including artwork for
the printed circuit board. Itis intended to provide a good start-
ing point for the first-time user. Some of the most common
pitfalls are overcome, and the significance of component
selections and locations are discussed. The design has only 4
factory adjustments: H. Hold, Height, AGC Delay, and V.
Linearity, and there are no alignments.

Note that while this discusses MC13001 (525 line, positive
tuner AGC) there are also parts for 625 line and negative
tuner AGC, in all combinations.

INTRODUCTION

Monomax has been on the market since mid-1981. It
was originally developed in a joint effort between
Zenith and Motorola for the purpose of creating a high
performance B&W receiver. It was intended for all
types of monochrome receivers, including the demand-
ing portable and mobile applications, which require
immunity to noise, “airplane flutter” and multipath
signal conditions. Features suggested by these require-
ments included: noise filtering and cancelling, dual-
loop horizontal PLL, countdown vertical, and a flexible
AGC system.

It was also required that the resulting receivers be
low in component and manufacturing cost. To meet
this objective, effort was made to minimize external
components (especially precision components) and
adjustments.

Above all, the receiver was to be reliable, so the chip
was designed to operate at low voltage and low dissi-

MONOMAX is a trademark of Motorola Inc.
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pation. Special attention was given to ESD (electro-
static discharge) immunity on all pins. An extremely
stable horizontal oscillator was devised.

Additional features which resulted from this design
effort included: a completely integrated IF and detector
with no detector tuning or external filtering components,
an on-chip dc contrast control which permits remote lo-
cation of the control without shielded cable, and fully
black level clamped video with blanking and beam cur-
rent limiting. The combination of system functions in the
Monomax chip permitted some elegant solutions which
would not have been practical or economically feasible
in more conventional designs.

Itis not the purpose of this AN to describe the overall
Monomax chip in any greater detail than is required
for understanding receiver design decisions. Thereader
is urged to obtain a copy of the MC13001 data sheet
available from Motorola Literature Distribution or
Linear Applications. It contains some of the basic
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application information which will not be repeated in
this note. Also recommended is a paper entitled
“Monomax — An Approach to the One-Chip TV” by
Gerald Lunn and Mike McGinn of Motorola. This can
be obtained from the proceedings of the IEEE Chicago
Spring Conference on Consumer Electronics, June,
1981, or from Linear Applications, Motorola.
Monomakx is not difficult to apply. A functional TV
set is'virtually assured on the first try. But as anyone
closely associated with television design can attest,
there are, in every new design, a number of small but
objectional problems which stubbornly resist solution.
Thereceiver described here does not represent the “last.
word”, but it is pretty close to production quality, and
it includes solutions to some of the most common
beginner’s problems. In the following text, an attempt
will be made to explain component value choices and
locations in terms of problems solved or behavior
avoided, so that the future experimenter will be alerted.

THE BASIC DECISIONS/POWER SUPPLY

One of the first considerations in anew TV design is
whether the set is to be ac/dc (12 Vdc operable) or ac
line only. Monomarx fits well into either, and has been
used in production designs of both types.

Figure 3 shows the architecture of an ac/dc type
with all systems operated from 12 Vdc. In this case,
the horizontal output stage is of the “boost” type, to
minimize horizontal deflection current and make the
yoke easier to manufacture. The flyback transformer
contains auxiliary windings which provide supply
voltages for the video output, picture tube grids, and
vertical deflection. Sometimes the boost voltage of 20
to 30 Vdc is used as a power supply for the vertical

output. The audio output section is usually a Class B
type, operated directly from 12 Vdc. An IC combining
the sound IF, detector, and audio outputisideal in this
architecture. TDA1190 is an example which fits well
with Monomax.

Figure 4 shows the basic power supply structure for
the ac line operated type of design. This is the most
economical and the most common approach for B& W
television in most of the world, and it is the subject of
much of this AN. Special thought was given to this
type of set in the design of the MC13001 itself. Note
that the horizontal oscillator and driver are supplied
through high value resistors directly from the rectified
power line dc (120 V). Only 4.0 mA are needed into
Pin 18 to power the horizontal oscillator system. The
balance of the horizontal circuit is also line operated
so it is fully operable from the line supply. The hori-
zontal section then produces the 12-14 Vdc for the rest
of Monomax (50 mA), and for the tuners, the sound IF,
the vertical output, etc., about 150 mA in all. This
method avoids the problem of developing 12 Vdc
directly from the line; i.e., the waste of power in a
linear approach, the extra components for a switch-
mode dc-dc converter, or the cost of aline transformer.
As in the previous example, the TDA1190 can be used
for the entire sound system, but many designers prefer
to use a Class A, line operated, discrete output stage,
and one of the standard sound IF /detector ICs, such as
MC1358, CA3065 or TBA120. This removes the 12 V
supply ripple caused by loud low-frequency audio pas-
sages, but costs a small audio output transformer. This
is the approach presented in the complete receiver in
this AN, but it could be easily changed to the single-
chip sound system.

To Audio

Output Stage Boost

<
o
e
=
(]
<
S
=4
*{

Bt

Supply)

|

204

Video

+12V +

input I

|H—)}—ﬁ

JopOABBD

L4

4

HR00000

+_ Supply

y

LoZ
Yoke

75 H. Output
18
MC13001
MONOMAX

19 +8.0V
l 1 120 Vac
f T oo Line !

= }

AC/DC Adapter

FIGURE 3 — Basic AC/DC Architecture

209



i

140 Vdc
To Audio Output

>

To Video Output

120 Vdc

120 Vac

-1 ¢

MC13001
MONOMAX

rgm
1.0
a0 T

1.0W

FIGURE 4 — Line Operated Architecture

It is important to use good bypass techniques on all
power supplies, not only for low frequencies, but also
for RF. It is critical in prevention of faint but objec-
tional vertical lines in the picture, caused by hori-
zontal deflection system waveforms getting into the
supplies. Good high-frequency bypasses on Pins 18
and 19, with respect to Pin 16, are essential.

THE IF

The four stage IF in the MC13001 has 80 uV sensitiv-
ity, sufficient for excellent overall performance when
used with an ordinary tuner and a conventional L/C
input bandpass network. It is recommended that the
input always be used differentially to reduce the pos-
sibility of feedback problems. The differential input
capacitance decreases from its normal 5.0 pF, to about
2.0 pF, in the top 10 dB of gain-range of the IF. This
can be used to narrow the input L/C filter, at very
weak signals, to reduce overall detected noise, and
improve picture lock.

If a SAW (surface acoustic wave) filter is used, as in
this AN, the above bandpass “walking” technique can-
not be used. Furthermore, if a SAW filter is used, an
additional fixed gain-preamplifier is needed to over-
come the 20 to 25 dB loss thus imposed. Nevertheless,
this approach has become increasingly popular with
the introduction of low cost SAW filters, because it
eliminates a crucial and time consuming production
alignment.

There is a steadily increasing supply of SAW filters
in the marketplace, so some criteria for choosing the
best one for the design are in order. Bear in mind that
all of the video selectivity is concentrated in the tuner
and theIF input filter in this design. In a B&W receiver,
it is important to obtain a good compromise of picture
and sound quality with a single selectivity channel.
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This means keeping color and sound subcarriers low
enough to avoid 920 kHz beat generation in the detec-
tor, and yet not attenuating the sound so deeply that
good sound quieting is irretrievably lost. A well-
proven characteristic for achieving this goal is as
shown in Figure 5, taken from tuner-mixer input to
detector. Of this, some selectivity comes from the
mixer-tuned circuits, but most of it is provided by the
SAW filter.

TableI shows some available types, data normalized
to 0 dB picture carrier. The major difference is the
depth of 41.25 MHz. In this regard, the Toshiba
F1032U, Kyocera, and the muRata parts are best for
B&W design. The mixer-tuned circuits will supply the

Freq. — MHz

40 4 42 43 “ 45 46 47 48

FIGURE 5 — IF Bandpass Characteristic



TABLE 1 — Some Available SAW Filters

Toshiba Kyocera muRata
Relative Response F1032B | F1032U | F1032V F1052 KAF45MR-MA SAF45MC 027
39.75 Adjacent Picture -40 -48 -45 -40 -37 -37
41.25 Sound -12 -16 -6.5 -25 -18 -19
42.17 Color +1.0 0 0 0 0 0
Peak +4.0 +4.0 +4.0 4.0 4.0 4.0
45.75 Picture 0 0 0 0 0 0
47.25 Adjacent Sound -45 -48 -47 -40 -42 -38
Insertion Loss | -18 -19 -18 -21 -23 -20

additional slight amount of narrowing required. The
F1032V part is too wide, and F1052 is too narrow.
These are intended for color receiver architectures of
different types. The SAW manufacturers loading
recommendations should be adhered to closely to
prevent ghosts (before and after the picture) caused
by capacitive feed-through and/or “triple transit”
reflections.

At the input of the MC13001, it is important to use
good bypass capacitors on Pins 2, 4 and 6 with respect
to Pin 1 of the MC13001. The best value was found to be
a straight lead, low-inductance 0.02 uF disc ceramic
for reducing the infamous channel 6 beat. Pickup in
this area is also a possible source of vertical scan bars
in the picture caused by horizontal sweep currents. It
is desirable to keep the SAW filter close to Pins 1, 2, 4
and 6. See the PC board layout Figure 14, Also, the IF
preamplifier must be kept compact and well grounded
to prevent feedback and oscillation with the tuner.

AGC

The AGC system was implemented here essentially
as described in the Data Sheet, including the AGC
speed-up capacitor between Pins 9 and 10. This keeps
the AGC airplane flutter response time fast, even when
the signal is strong enough to move the AGC into the
tuner control region. The RF AGC delay setting is one
of only 4 factory adjustments. Ideally it should be
made with a calibrated signal level, but acceptable
results can be obtained with a strong off-the-air signal
and a switch type attenuator. A discussion of this
adjustment is contained in Appendix I.
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Remember that AGC loops have a large amount of
gain, and fast AGC loops, with good airplane flutter
performance, are especially vuinerable to deflection
currents. Only a few millivolts on the AGC lines from
stray fields or ground loops can cause a significant
“bar” in the picture. Keep the tuner AGC lead away
from yoke leads. The small bypass capacitoron Pin 11
further reduces this problem, and should be placed as
close to the MC13001 as possible.

Monomax was designed so that in the strong signal
region, “abovethedelay*, the IF gain is held constant
while AGC acts upon the RF stage in the tuner. This
means that a small amount of IF AGC range may not
be accessiblein the normal implementation. Optimum
setting of the delay pot keeps the RF section at maxi-
mum gain for RF signal levels of from <10 x4V to
1.0 mVypyg, using 40 dB of the IF AGC range. The tuner
is not likely to be able to provide more than 40-46 dB of
additional AGC, which will accommodate signal levels
up to approximately 200 mVymys. This is adequate for
the Monopole antenna applications, but certainly
doesn’t offer a lot to spare. Above this level, the AGC
system loses control, the receiver overloads and even-
tually falls out of sync. One way to improve this, and
pick up the remaining 6.0 dB or so of IF AGC capabil-
ity, is to put a resistor from Pin 11 to Pin 10. The value
of the resistor will be about 33 k for delay resistor values
shown, but will have to be tailored to the particular tuner
used. This can also be accomplished by a resistor from
Pin 9 to Pin 10. This, in fact, is the only solution in parts
providing negative tuner AGC.
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FIGURE 6 — Monomax AGC Behavior
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FIGURE 7 — Modified AGC Curves
(Resistor from Pin 11 to Pin 10)



THE SYNC SEPARATORS

Composite sync is stripped from noise-cancelled
video in a peak detecting sync separator, as shown in
Figure 2. The time constants for setting the slice level
of the detector are connected at Pin 7. As always, there
is the compromise between optimum noise immunity
and tilting of the slice level during vertical interval.
For best horizontal separation, a short time constant
is required. There is also an AGC anti-lockup system
whichresponds to the voltage at Pin 7. It also requires
a short time constant. A second, longer time constant
can be diode connected to the same pin, to prevent too
much charge-up during the vertical interval.

Composite syncis subsequently integrated internally
and fed to another amplifier whose emitter is brought
out at Pin 23. Satisfactory vertical sync can be
obtained (internally) by simply connecting Pin 23 to
adivider. Weak signal performance can beimproved by
using an RC network on Pin 23 to make the separation
self compensating, as in the horizontal separator. Also
AGC from Pin 9 can befed to Pin 23 to improve airplane
flutter vertical hold.

FLYBACK INPUT

The only flyback pulse input to the MC13001 is at
Pin 15. It takes care of keying the AGC, blanking the
video output stage, and phase locking the horizontal
system. The Pin 15 input is a base-emitter junction,
with areverse polarity diode for protection. The input
requirement is for a negative-going pulse of 0.6 mA,
but it is best to choose a pulse voltage and series resis-
tor to give about -2.0 mA peak. This will make the
effective width be the pulse width near its base.

HORIZONTAL OSCILLATOR/AFC

Monomax contains a really unique group of features
inthisarea: dual-loop; variable-loop-gain (bandwidth)
on the first (sync) PLL; externally adjustable phasing
in the second PLL; simple flyback pulse input, requir-
ing noramp generation. These are described in detail
in the data sheet, and will not be repeated here.

Shown in Figure 8(a) are the first PLL components
as presented in earlier publications, and in 8(b) a new
variation which has been implemented in this receiver.
This very simple change retains the dual time constant
onthephase detector. Theimprovementis the 13k/22k
divider which sets a 5.0 V point for the return of the
longer time constant filter. Since 5.0 V is the reference
level in the oscillator, it is also the operating voltage at
Pin 12, and at Pin 13 when in-lock. The benefit, then, is
that the 0.47 uF doesn’t have to charge up, so there’s
very little frequency pulling during power-up or power-
down. This reduces audible chirps and momentary stresses
due to long cycles on the horizontal output device. Also
the picture locks-in quickly, which is highly desirable
with fast warm-up picture tubes.

Note that the proper setting of the horizontal hold
control occurs when no average current flows through
the 390 k resistor, either to, or from, the oscillator. A
simplealignment procedureis to set the average Pin 12
to Pin 13 voltage to zero by adjusting the hold control,
when locked to a standard broadcast signal, using a
high impedance voltmeter.
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FIGURE 8 — Horizontal Phase Detector

The second horizontal phase detector compares the
flyback output phase with that of the oscillator, and
develops a proportional dc voltage, which is filtered at
Pin 14. This dc voltage then sets the slice level on the
oscillator ramp to produce the output timing desired.
See Figure 9(a). Picture phasing can be adjusted
slightly by a high value resistor on Pin 14 to +8.0 V or
ground. A 220 k to +8.0 V will move the picture about
2.0 us to the left. A 220 k to ground will move it 2.0 us
to the right.

Another application of Pin 14 provides a method of
changingthe duty cycle of the horizontal output wave-
form from Pin 17. Normally, the desired waveform
would be 50%. This has been assured in the MC13001
by operating the slicer at 31.5 kHz. This permits output
phasing correction without changing duty cycle, as
shown in Figure 9(a). In some receivers, when large
amounts of dc power are drawn from the flyback, the
“on”’ time of the horizontal output may have to be more
than 50% of the cycle. This can be accommodated by
feeding back some driver collector signal to the second
phase detector filter, as shown in Figure 10. This
imposes alternate slice levels and hence, the desired
change of duty cycle. Some tentative values for a set
configured like the one in this AN are given in Figure
10. This was not actually used in the final design,
because it wasn’t needed. It is supplied here as a ref-
erence for future designs having more power drain
from the horizontal output. Bear in mind that the
driver collector voltage would be much lower in the
12 Vdc receiver architecture mentioned earlier, requir-
ing much different values to implement this idea. A
practical limit of control by this technique is about
a 60/40 duty cycle. The 0.001 capacitors on Pin 17 and
the driver base are to “soften” waveform edges, to
reduce their radiation into signal circuits.
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THE VERTICAL SYSTEM

Aside from all of the sophistication of the count-
down vertical system within the Monomax chip, what
remains to be accomplished outside of the device is
fairly conventional. At Pin 20, there is an external
capacitor, charged from a high voltage, to produce a
good linear ramp. It is discharged within the chip,
usually by vertical sync, but sometimes by the count-
down circuit when sync is momentarily absent. It is
important for the capacitor to be a good stablelow ESR
type and to be located close to Pin 20 and grounded as

" closely as possible to Pin 1'to avoid pickup of horizontal
sweep which could hurt interlace.

The approximately 1.5 Vp., waveform on Pin 20 is
inverted and buffered to Pin 22 to drive the external
output circuit. In the receiver design in this AN, a fairly
conventional vertical output stage has been used. An
optional linearity control has been added, because
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many customers like to have one, but also because it
permits using a smaller coupling capacitor for the
yoke. The smaller coupling capacitor saves money and
reduces picture bounce, but introduces some curvature
which must be compensated. Feedback to Pin 21 pro-
vides overall output stage linearization and prevention
of deflection current change with temperature. It is
also a handy place to feedback a variable parabolic
waveshape for linearity control, as shown in Figure 11.
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FIGURE 11 — Vertical Linearity Control

THE SOUND SECTION

The buffered video detector output at Pin 28 is a
wideband signal used for sound take-off. A ceramic
sound take-off filter and detector “tank” were chosen
to eliminate alignment steps. The MC1358 is a popu-
lar, multi-sourced, FM IF, detector and dc volume
control. It can be used with conventional L-C circuits
orthe ceramic devices shown here. The L-C application
costs less in piece parts, but has a higher manufactur-
ing cost in assembly.and alignment.

Keep in mind that a limiting IF produces a wide
spectrum of 4.5 MHz harmonics. The sound IF grounds
should be kept together and returned to Pin 1 by a
single path as shown in the copper layout of Figure 14.
Also it is a good idea to keep the i(nput of the sound IF
IC close to Pin 28 to reduce radiation of video IF har-
monics, generated in the video detector, from getting
back to the tuner or IF input.

In the receiver described here, an ac volume control
has been used. A potentiometer is placed between the
MC1358 detector output, Pin 8, and the post ampli-
fier input, Pin 14. The dc volume control, Pin 6, is
grounded for maximum volume. If the volume control
is to be mounted some distance away, and deflection
pickupis likely, then the dc volume control could be the
better choice. This can be done by ac coupling Pin 8 to
Pin 10, and placing a variable 50 k pot from Pin 6 to
ground. The disadvantage is that the control contour
isless predictable in the dc control configuration. It is,
nonetheless, a production proven method.



THE VIDEO OUTPUT

Pin 24 provides up to 1.4 V, black-to-white video
drive, black level clamped, with a widened and ampli-
fied blanking pulse added. This is sufficient to drive a
single stage common-emitter video output transistor.
A dc voltage of 0to 5.0'V applied to Pin 26, varies the
black-to-white amplitude at Pin 24 from 1.4 Vt0 0.1V
without changing the absolute black level of the output
voltage. Beam current limiting can also be used to
control maximum brightness. This is accomplished by
circuit shown in Figure 12. As beam current increases,
the H.V. winding current flowing in the 39 k resistor,
pulls the Pin 27 voltage down. When Pin 27 falls
below about 1.0 V, the contrast begins to be reduced.
This circuit was not used in the complete receiver in
this AN, for reasons which will be explained shortly.

The black level clamp capacitor on Pin 25 is usually
shown connected to ground. It can alsp be connected to
+8.0 V to cause the screen to be blanked for about 1
second after turn-on. This permits the scan systems to
stabilize before the picture becomes visible. Note: If
the brightness control design window is set too high,
the raster may still be visible during start-up.

There are several approaches to sound trapping in
the video output stage: series tuned L-C from the
video output base to ground; parallel tuned L-C in the
video output emitter; or a ceramic shunt element in the
video output base circuit. All of these can be detri-
mental to picture quality, if not carefully done. The
ceramic element is in keeping with the “no alignment”
philosophy successfully implemented thus far, so there
was a strong motivation to use it. However, shunt
loading Pin 24, if too severe, causes considerable dis-

tortion of high-frequency detail, due to excessive load-
ing of the video driver. This can be reduced by adding
aresistor between Pin 24 and the trap, and by return-
ing the bottom of the trap to the video output stage
emitter. The compromise chosen is shown in the full
schematic. Again, it is good to keep these parts close
to Pin 24 to reduce radiation of video detector products
back to the tuner and IF front end.

The video output circuit can take many forms.
Monomax was designed to accommodate full dc cou-
pling, as described earlier. However, many TV design-
ers, and users, don’t like full dc coupling, because it
sometimes seems to go too black, creating the suspicion
that some information is hidden. Also, a directly
coupled video output to picture tube cathode usually
requires a negative voltage for at least one of the grids
for proper set-up at high contrast settings. Finally,
fully dc coupled designs are harder to protect from
power-off flash or spot burn.

For these reasons the receiver described in this AN
was a partially dc coupled type. This puts the bright-
ness contrel in the cathode circuit, removes the need
for the brightness limiting configuration, and makes
spot/flash prevention easier. (The diode and electro-
lytic in G1 are for this latter purpose).

In the video output stage emitter, some dc set-up
from the +12 V supply has been used to adjust the out-
putdclevel, to minimize overall dissipation. Also some
additional vertical blanking has been fed through a
diode, from the top of the vertical yoke. This blanking
will be accomplished in the IC internally in later
Monomax devices.
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FIGURE 12 — Beam Current Limiting
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APPENDIX I — AGC DELAY ADJUSTMENT

Ideally, a known antenna signal level of 1.0 mV
(300 2 balanced) or 500 »V (75 0 unbalanced) is sup-
plied to the tuner input. This signal level corresponds
to the threshold of “snow’” in the picture, for most
receivers. With this signal level, the AGC delay pot is
turned until the RF AGC voltage just begins to rise,
and then is backed off slightly. The picture should be
snow-free. If the RF AGC is permitted to rise, the
picture will start to show some snow, which therefore
represents less than optimum overall performance. If
the setting is backed-off too much, the delay may be
too large and mixer overload may occur at stronger
signals.

The correctness of this setting should be checked
at weaker and stronger signals. At weaker signals, say
6.0 dB down, it should not be possible to improve the
picture noise by resetting the RF Delay. At stronger
signal, say 40 'dB stronger, there should be neither
snow or overload evident in the picture, although the
distance between these two conditions, as a function of
delay setting, may be very narrow. The AGC system
should automatically avoid these troubles. It may be
necessary to make a slight compromise to avoid over-
load, which may produce a slight amount of snow in
the 1.0 mV picture.

The above compromises can be achieved successfully
without calibrated signals, with just a switchable
attenuator and a strong signal. Starting at strong
signal, note the available AGC Delay setting range
between picture overload and snow. Using the switched
attenuator, reduce the signal strength and make sure
that neither problem appears. If necessary tweak the
Delay, but don’t move outside the original range.
Eventually the picture will get snowy, but the control
will only be able to make it snowier. Setting it to the
optimum (just barely) should still be within the noted
range.

APPENDIX II — COMPONENT &
CONSTRUCTION DETAILS

In order to make the enclosed PC board pattern easy
to use, the following components are recommended:
Remember that these are pertinent to this design
architecture and this specific design. Many variations
are possible with a little redesign work.

Flyback — Gold Star Type 154-028A with self-
contained H.V. rectifier. Certainly, substitution is
possible, but very careful attention to pin-outs and taps
is required. The primary is, of course, a 120 Vdc type,
which corresponds to about 800 V., positive pulse at
Pin 2. Pin 3 is a negative going pulse of 35 Vp.p and
Pin 7 is a negative-going pulse of about 120 Vp.p. The
H.V. terminal, which is internal in the above model,
would be a positive going pulse of about 12 kVp.p.
Very little flexibility can be permitted on these values.
Be careful to watch pin-outs and horizontal polarity.

Yoke —Gold Star Type 153-020A for 90° 12" —
20 mm neck picture tube. It requires approximately
1.0 Ap.p in both horizontal and vertical windings to
give proper overscan in the 90° tube at 10-11 kV. This
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means a horizontal (saddle) winding of about 3.4 mH
and a vertical (toroid) winding of approximately 3.0 1,
10 mH. Numerous substitutions are available, but
the above values must be adhered to for this set
architecture.

Horizontal Output Transistor — The board was
designed for a TO-3 type, such as a BU205, BU204, or
MJ12003. A plastic TO-220 type MJE12007 will do the
job with some mechanical revision. The important
parameters are V(BR)CEX = 1300 Vand IC=2.0A. A
small amount of heat sinking, such as a U channel
with 2 flags of 1 square inch each is recommended. A
mica or Thermalloy isolator is suggested to reduce
shock hazard to the experimenter. If an ac/dc design is
contemplated, as referred to back in Figure 3, a lower
voltage, higher current part like BU806 will be required
for the horizontal output, along with a different yoke and
flyback.

Vertical Output Transistors — It is possible to
“get by” with a TO-92 complementary pair, such as
MPS6560 and MPS6562, or the new, tall TO-92,
MPSWO01 and MPSW51. However, the author’s opinion
is that these operate too hot, with dissipation ap-
proaching 1 watt, each, worst case. Recommended
alternativesinclude D40E1 and D41E1 in the TO-202, or
TIP29 and TIP30 in TO-220. No heat sink is required.
The devices need only V(BR)CEO = 30 V and good
hpg at 1.0 A.

Video Output Transistor — For the load value
shown in this design, a case 152 uniwatt, such as
MPSU10, is best. The 300 V V(BR)CEO is not needed,
but the device must be “small geometry”; i.e., high f,
and low C¢p to preserve picture resolution. A tall TO-92
or even an MPSA43, TO-92, can be used if the collector
load is increased to 6.8 k, but some picture quality will
be lost.

Audio Output Section — The transformer should
be approximately 30:1 turns ratio, capable of handling
1 watt into 8.0 Q. The output transistor should be set
up at about IQ = 12-14 mA, and should be capable of
1.5 W continuous dissipation. A TO-220 type MJE2360T,
mounted on at least 3 square inches of aluminum is
suggested.

H. Driver Stage — In the prototype receiver, the
availabledriver transformer had only about 12:1 turns
ratio. This necessitated a large wattage dropping
resistor to provide therather low-voltage, high-current
primary waveforms. It would be better to obtain a
transformer of 30:1 or so, to permit a more efficient
driver stage. The 4.3 k/2.0 W resistor could then be
reduced considerably. In either case a TO-92 driver,
type MPSA42, is a good choice.

SUMMARY:

Figures 13 and 14 provide the copper pattern for the
PC board and the component locations. Note that
signal input circuits are compact and grounded near
Pin 1. Subsequently these and all other circuits are
connected to the central ground at Pin 16, without being
interconnected beforehand. The full receiver schematic
is given in Figure 15.
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AN921

HORIZONTAL APC/AFC LOOPS

Prepared by
Linear Applications

The most popular method used in modern television
receivers to synchronize the line frequency oscillator 1s
the phase locked loop. Although in detail the circuits may
vary considerably, the fundamental operation is the same.
Any designer with a good understanding of phase locked
loops in general and the required operating characteristics
of television line frequency oscillators in particular,
should be able to handle these circuits successfully.

For color television signal transmissions in the United
States, the line frequency (fy) is directly related to the
color subcarrier frequency (fgc) such that:

2Xf,
455

Since fg = 3.579545 MHz 1 10 Hz, then the line period is
given by:

fH=

H=63.5555 £ 0.0002 us

0.25 0.25

Max. = Max .
Location
of Burst

4.76
==+ 032"

0.27
Min .

0.38
Min. 1

| 7.94 Max.

9.21 Max.

FIGURE 1 — Timing Detail of Line Sync Pulse (us)

For satisfactory operating characteristics, the receiver
must meet the following requirements:
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1. Dynamic Phase Accuracy:

or- repetitive phase accuracy. If the phase of a scan
line is shifted with respect to the preceding line, a loss of
detail can occur. For a given video frequency, a half cycle
error from line to line will cause a complete loss of infor-
mation at that frequency. At the system limit of 4.5 MHz,
this corresponds to a 0.111 us timing error between adja-
cent lines or a repetitive phase accuracy of 0.62 degrees.
Should thermal noise be present in the signal, the miss-
timing will be masked and much larger phase errors are
tolerable. (See later discussions on noise performance.)

2. Static Phasing:

or—static phase error with the line oscillator at nominal
frequency (fy). For monochrome receivers, this is deter-
mined by the tolerable shift of the picture information
with respect to the raster and may be as much as 1.5 us.
For color receivers, it ts generally much less (< 0.5 us) to
permit gating the burst information on the back porch of
the signal.

3. Static Phase Error (with detuning):

When the line oscillator is detuned from the nominal
line frequency, the timing between the picture informa-
tion and the receiver raster will change. For an inexpen-
sive monochrome receiver, this error can be large (2 us for
Ag = 300 Hz), particularly if the screen is overscanned and
the picture escutcheon masks the sides of the raster. For a
color receiver, the S.P.E is usually smaller. Figure 1 gives
the tolerance of the burst envelope on the signal back-
porch and shows that the burst can occupy a 3us ‘win-
dow’ with respect to the leading edge of the sync pulse.
The gating pulse for the burst channel is as narrow as
possible to keep the chroma system noise bandwidth low
and to prevent gating adjacent picture information or sync
widgets. A gate pulse of 4us accurately centered when the
line oscillator is at fyy will permit an S.P.E. of +0.5 ps
and yet maintain proper gating. Thus, for optimum per-
formance, the S.P.E. over the detuning range of the line
oscillator should be no more than +0.5 us.



Synchronjzing Phase Low Pass
Signal Detector Filter

V.C.O. To Line Sweep Output Stages

!

FIGURE 2 — APC/AFC Loop Theory

4. Hold-In Range:

This is the total frequency deviation from fy over
which an already synchronized oscillator will remain in
synchronism, with no interruption of the synchronizing
signal. This can typically be from 600 Hz to 800 Hz but is
not usually designed for and occurs as the result of other
design considerations.

5. Pull-In Range:

This is the total frequency deviation of the line oscil-
lator from fy over which the receiver will remain, in
synchronism, even following a momentary interruption of
the synchronizing signal. Expressed another way, it is the
limits of free-running oscillator frequency from which the
oscillator will pull into synchronism on application of a
synchronizing signal. The required pull-in range will de-
pend on the frequency stability of the line oscillator and
the permissible static phase error. It is usually >+180 Hz.
6. Pull-In Time:

The time taken to synchronize from the limits of the
pull-in range. Anything less than 1 second is considered
instantaneous.

Four parameters are of primary interest; the phase de-
tector sensitivity, the oscillator sensitivity, the loop gain,
and the filter transfer characteristic.

1. Phase Detector Sensitivity (u):

The phase detector compares the incoming synchroniz-
ing signal with the line frequency oscillator signal and
develops a control voltage that is proportional to the mag-
nitude and polarity of the phase difference between the
signals. If for a given phase difference at the phase de-
tector of §¢ a control voltage SE is generated, then the
phase detector sensitivity is defined as:

E .
m =%and is usually measured in volts/radian.

Since we are dealing with rectangular sync pulses and the
signal from the oscillator is usually integrated to form a
linear ramp, the phase detector output

E=u¢
This is true over the stable operating region of the phase
detector. (For further discussion of the stable and unstable
operating regions, see Pull-In Range calculation on page 6.)
2. Oscillator Sensitivity (8):

If a voltage SE at the control terminal of the oscillator
produces a change of 8f in the free-running frequency of
the oscillator, then the oscillator sensitivity (B) is defined
as:

§
B= E{i_ and the usual units are hertz/volt.

3. D.C. Loop Gain (f):

When the oscillator has a tuning error of A¢ Hz, then
the required correction voltage at the control terminal of
the oscillator is Ag/f. If the system is capable of produc-
ing this correction voltage, the oscillator will remain in
synchronism and the output voltage from the filter will be
d.c. If the filter has a d.c. transmission of 100%. the phase
detector output is Ag/B and a static phase error of ¢ will
exist between the inputs of the phase detector to maintain

this voltage. - ub= A

Af
4=y ———
The quantity uf is defined as the d.c. loop gain (f;) al-
though its units are Hz/rad.

It is clear that the S.P.E. is directly proportional to the
error in oscillator free-running frequency and is inversely
proportional to the d.c. loop gain. The S.P.E. can be made
as small as desired for a given tuning error by increasing
the d.c. loop gain. However, note that the phase error ¢
thus far defined is the static or long term phase error. To
determine the dynamic phase error, i.e., the effect of
impulse or thermal noise of the loop performance, we
must evaluate the loop filter characteristics.

4. Filter Transfer Characteristic F(p):

The low pass filter connected getween the phase de-
tector and the oscillator will have a significant effect on
the loop performance. As this part of the system is the
one most open to design adjustment, it should be fully
understood. If single time-constant networks are used, it

R
O- MW O
>
Input xR b2 Output
c~
O O
(a)
R
1nput jc 1 Output
CcCT
o O
{b)

FIGURE 3 — Typical Fiiter Networks



becomes impractical to achieve both small S.P.E.’s and
small dynamic phase errors (low noise bandwidths) since
the former requires a large value for f. and the latter a
small value for f;. To avoid this compromise, more elab-
orate networks are used.

Both a) and b) are equivalent “proportional plus in-
tegral” networks. The output control voltage is propor-
tional to the current through R plus the integral of the
current in C. At any frequency, the ratio of the output
voltage to the input voltage is:

. 1+pT, . Ty =xRC
®7 171, M Ty=(1+xRC
. _ 1+ pxRC
“Fp) =7 +(1+x) pRC @

At d.c., the filter transmission F(p) =1 and at high fre-
quencies, the above expression reduces to _ x

x+1
. ACgainratiom=_x
" DC x+1
The parameter m becomes important in the design of satis-
factory loops.

Flo)

1 |
1 1

CR (1 +x) xRC

w—

FIGURE 4 — Filter Frequency Characteristics

S. Dynamic Phase Error or Noise Bandwidth:

Noise can be specified by its energy content and for a
flat energy spectrum impulse noise and thermal noise are
quite distinct. The relative phases of the frequency com-
ponents of impulse noise are related and not random, al-
though occurrence is a random variable. For thermal
noise, the relative phases of the frequency components are
completely random and incoherent and this type of noise
is the most difficult to reject. Therefore, most of the fol-
lowing treatment is concerned with the rejection of ther-
mal noise. However, methods to minimize the effects of
impulse noise are also covered below in the selection of
the filter components.

The presence of thermal noise in the signal will cause
random variations in the output phase of the voltage con-
trolled oscillator. An excellent way of determining the
ability of the APC loop to reject thermal noise is to meas-
ure the noise bandwidth. This can be done by assuming a
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noise free input phase which has sinusoidal variation with
time and calculating the corresponding output phase. If
this is repeated over a range of frequencies, the bandwidth
for which the loop has significant variations in output
phase can be determined, i.e., the noise bandwidth has
been found.

For a loop that is initially phase locked, if the input
phase changes to ¢; with a corresponding output phase
change of ¢,,, the resulting phase error of the system

=9 —¢o
and the phase detector
output voltage is u¢.
For a filter transfer function of F(p), the oscillator con-
trol voltage becomes
Fp)Ho

and the oscillator (with
sensitivity ) will attempt to change frequency by

F(p) 2mubo

If frequency lock is to be maintained, the frequency shift
of the oscillator must match the rate of change of the fil-
ter output phase

* Pbo = F(p) 2m ubo p=d_
af

2muB=2mf, = w,

or | po + F(p)“-’c¢ = p¢i% @

This is the general D.E. for APC/AFC loops although its
use for the asynchronous condition is subject to certain
restrictions given later.

Lo = {l+

F }
wcF(p)
.. The phase transfer ratio E =Q(pn) = —P——F( ) —@
®i (p) F(p) + Plw,

Now for either of the filters shown in Figure 3,

_1+pxRC

- putting RC=T
F®) = 1% p (1+0RC

P =jw
Q= 1 +jwxT
R0 T 2(14x) Tlag +jw (XT + 1wg)

It is important to note the presence of w in the above
expression. While the filter can modify the control voltage
applied to the oscillator, the final output phase will de-
pend on the loop gain f.. The S.P.E. can be modified for a
given .detuning by changing f; alone. The dynamic phase
error can be modified by chaglging either f. or F(p), or
both.



+ 00
Noise Bandwith f, = f [o(u,] 2 g
— oo
The equivalent noise bandw idth is found by squaring the Q(w)

curve and finding the rectangular bandwith of the same
height enclosing the same area. (See also CER100, page 11.)
T

FIGURE 5

A plot of Q(w against input frequency (noise fre-

quency) will show the ability of the loop to reject thermal
noise in the synchronizing signal.

The integration is carried out from —eo to +e° since the
abscissa does not represent the absolute frequency of the
noise but the difference frequency between the noise and
the oscillator frequency as detected by the phase detector.
The phase detector output does not distinguish between
frequencies above or below the oscillator frequency. A
term commonly used for APC loops is the noise semi-
bandwidth f,.

|Qw| 2af

1 +w2x2T2

[00] 2=[ .

5
[l (l+x)T] 2+w2[xT+ |/wC]2

We
[ szwc]
W |14+
f o= (1+x)
n T T (T )

2O,

6. Other Synchronized Loop Characteristics:

It should be clear from above thatif x #0 (M 5or
a given value of d.c. loop gain to produce satisfactory
static phase performance, two parameters are available to
produce satisfactory dynamic phase performance (x and
T).

(if the filters of Figure 3 are simplified by pulling x = 0,

_Ye . _Aw
then eq. @reduces to fpp = e Since ¢ = —“:, then
. =Aw
nn - ¢
Thus with x = 0 and a given detuning error, the S.P.E.
and f;,, cannot be chosen independently.
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To obtain an idea of the best way to vary these param-
eters, assume that ¢; and ¢, are the voltage input and
output of a low pass filter (Figure 6).

L=(1+x)R/w,

A
Al
(s}

AA
V

x

2

s
PC + xR

/. = =
$o/®i = Op) 1/Cw + P(1 + x) R/w, + 1/PC+ xR

FIGURE 6 — Equival Filter

Voltage Transf

Step inputs to this filter can easily cause ringing. The
output, following a step change in input phase (from sig-
nal source switching or a temporary spike of impulse
noise) will assume a steady state following a transient.

= ¢0
Now, Qep) =5~

The steady state (particular solution) is ¢; — ¢, = ¢. The
transient (complementary function) is given by:

I
1
Qp)

ie.. (14x) Tp2 + (1+xTew, ) p + we =0

Solving for p, we have:

_—(1+xTwe) ¢ V (14xTw )2 —4(14x)Tw,
P= 2(1+x)T @

The real part of @ will give the natural undamped reso-
nant frequency of the loop.

VA =)Tw,

T 20T

We
(1+x)T

@

wp =

The quantity under the root sign in equation @ will
determine the response of the loop to a step input. For
critical damping, this quantity will be zero.

(14xTwe)? = 4(14x)Tew,

(l+xTo.;c)2
If we define a damping coefficient K = 4 +x)T-wc

®
then, K = 1 and the loop is critically damped.
K > 1 and the loop is overdamped.

K < 1 and the loop is underdamped and a period
of oscillatory ringing will occur.



The values of w, and K will have a significant effect on
the loop synchronous performance. If wp, is low K> 1, the
system may take an appreciable time to reach a stable
state following a change of input phase. Therefore, there
will be little transient disturbance from impulse noise be-
cause of the sluggish reaction of the loop. However, if the
input phase changes as a result of airplane flutter, the loop
may respond too slowly to produce satisfactory tracking
of the input signal. Also, the pull-in from an asynchronous
condition may be sloppy and slow. Conversely, if wy, is
increased and K < 1, the loop can respond very rapidly to
incoming phase changes, but may be unstable with oscil-
latory ringing when impulse noise is encountered. Suitable
design values will depend on the required characteristics
and the interaction of the APC loop with other sub-
systems in the receiver and these will be discussed in detail
later. In general, it can be assumed that x <<'1 and xTcw,

>> 1 so that the formulae derived above can be
simplified.
_Af
¢= f. @
2
1+x“Tw,
T T @
We
“n Tt @
2
x<Twe
K=—2— ®

7. Asyuchronous Performance of the Loop:

As the tuning difference (Af) between the oscillator
free-running frequency and the incoming synchronizing
signal increases, a larger static phase error is required at
the inputs to the phase detector to maintain synchronism.
Eventually, the phase detector output will stop increasing
as the SP.E. increases and the limit of hold-in will be
reached(2). Should a further increase in Af occur. the
system becomes unstable and falls out of lock.

When the loop is out of synchronism, the phase de-
tector will have two regions of operation (see Figure 7). If
the sync pulse coincides with the steep slope of the inte-
grated pulse from the V.C.O., this is the normal or stable
operating region. The loop gain (f.) is large and positive.
When the sync pulse coincides with the more shallow
slope of the sawtooth, operation is in the unstable region
and the loop gain is much lower and negative.

[
(2'The Static Phase Error ¢ = ?—fand ¢max. = —ES—
c
(¢ = width of stable operating region of the loop.)

fcé
~. Maximum hold-in range Afy; ,, = __0_2_5
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Notice, however, that the phase detector outputs al-
ways operate to reduce the period of the beat note pro-
duced by the frequency difference between the sync and
sawtooth. Hence, the beat note is very asymmetrical and
has an average d.c. output at the filter terminal. As Af
decreases, the average d.c. voltage will build up on the
filter capacitor until pull-in is achieved.

Sync
Pulse
a
a’ a /\
v Co
b b Sawtooth
b b
e Diode
Detactor
¢ Loop Gain
e
O J|_ ! %y ——!
N
| I ﬂ Loop Gain
| S N
c
@
— b,

FIGURE 7

If the maximum output from the phase detector is +E
(obtained at points a and b on the sawtooth). then for the
stable regions

and for the unstable region ¢“

, _28E

' =Z2E=
C ¢IJ

Sfeps = f'cq)“

Two assumptions are implicit in the above: (1) the
oscillator sensitivity () remains constant over the range of
control voltages produced by the phase detector, and (2)
the integrated fly-back pulse is a linear ramp. For a typical
diode bridge phase detector, the width of the narrow
slope of the sawtooth is the stable region. However, the
above expressions will still hold even if this is not the case.
Should the phase detector output limit at a’ and b’ on the
slope, the areas under the loop gain curve are reduced



correspondingly with new stable and unstable regions ¢’
and ¢'“ (this limitation could also be caused by the in-
ability of the oscillator control to change the oscillator
frequency close to the peak phase detector output volt-
ages). For an integrated circuit phase detector, the
MC1391, the phase Jdetector output is limited to the
sync-pulse width since it is a sync-gated system, i.e., ¢5 =
4.75 us.

When the loop is out of lock, a steady beat note output
results from the phase detector. For a simple resistive fil-
ter (with no capacitors), the beat frequency would be
constant and no pull-in would occur, but for the filters of
interest the d.c. component of the waveform tends to
reduce the mean'tuning error. Thus at any time, the free-
running frequency of the oscillator in the absence of syncs
will be greater than the off-set frequency obtained when
the loop is closed. Notice, however, that as the detuning
error increases, the waveform becomes more sinusoidal,
reducing the d.c. component and the pull-in effect.
Should the mean value of the d.c. component be found in
terms of its frequency shifting capability, we can find the
pull-in range and the pull-in time from any frequency
within the pull-in range.

As shown in Appendix H, the maximum pull-in range
Af max is given by:

2 ¢ fe \/'m
(3+m) @
ifm<<1
The above expression, together with the foimulae pre-
sented in will completely specify the important
characteristics of the conventional horizontal APC/AFC
loop. The next section will cover the practical design use
of these formulae, and detail instances of departure from
the ideal case.

Af max =

It should be apparent by now that the design of a
satisfactory APC/AFC loop is not as straightforward as
the simple block diagram of Figure 2 might have sug-
gested. Five formulae are needed to define the character-
istics of the loop and these formulae are not mutually
independent. The designer has only three parameters that
he can vary to fit all these formulae and meet his circuit
needs. Further, his needs may change depending on the
type and performance of circuits internal to the loop and,
to complicate matters more, of circuits external to the
loop. An obvious example of the former is the oscillator
stability which will be a prime factor in determining the
pull-in range required, and an example of the latter is the
Static Phase Error permitted for correct burst gating in
the chroma channel. If the burst is sync gated, then the
S.P.E. requirement may not be as stringent although large
oscillator drifts could result in high d.c. loop gain being
needed that will also produce small SP.E.’s.

Other factors that must be entered into the design con-
cern the expected environment of the loop, both within
the receiver and in the type and quality of the signals that
will be received. Should the receiver manufacturer have a
reputation for high performance in fringe reception areas,
then he will be very concerned with thermal noise per-
formance and the APC/AFC loop will tend to have small
noise bandwidths. Alternatively, if the manufacturer is
more concerned with urban reception, particularly near
large airports, the loop will probably need to be high
speed to track phase variations. More likely, the manufac-
turer will want the receiver to perform well everywhere
and compromises must be made.

Within the receiver the characteristics of the loop will
depend on the sync source and, for gated a.g.c. systems,
the performance of the a.g.c. loop, especially when the
horizontal oscillator is temporarily out of synchronism.
Many loops use a dual diode arrangement for the phase
detector and the sensitivity of this type of detector (see
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FIGURE 8 — Detector Beat Notes
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Appendix) depends on the amplitude of the smaller of the
two waveforms applied to it. The reference sawtooth
waveform from the sweep circuit is usually chosen so that
the phase detector sensitivity will not change with adverse
signal conditions that affect the syncs. With a fixed oscil-
lator sensitivity, the required d.c. loop gain can be ob-
tained by changing the reference sawtooth waveform
amplitude. For high loop gains and maximum flexibility,
this means that the sync amplitude should be large —a re-
quirement that can be difficult to meet in a 12 V. battery
operated set. Alternatively, the effective amplitude of the
sawtooth can be raised by using an active shaper network
to increase the slope of the sawtooth.

A slow a.g.c. loop can seriously modify the apparent
performance of the loop. If airplane flutter causes signifi-
cant changes in the video detector output level and the
sync separator is too slow to follow these changes, then
the varying slice level will cause phase shifts at the input to
the loop (see CER105). Also, when the line oscillator is out
of lock, the gating pulse will activate the a.g.c. system dur-
ing the video portion of the signal. This tends to make the
a.g.c. loop increase the gain of the R.F. and I.F. amplifiers.
Conversely,when the gate pulse and sync pulse coincide, the
a.g.c. loop will attempt to reduce the R.F. and L.F. ampli-
fier gains. The detector output that results from this proc-
ess is modulated with a ripple corresponding to the
frequency difference between the horizontal oscillator
and the sync waveform. If the ripple amplitude is large
then ‘holes’ will appear in the separated sync. The phase
detector output beat note will be modified by these
‘holes’ and the mean d.c. voltage generated will be
reduced causing a reduction in the oscillator pull-in range.
This effect should be particularly noted when comparing a
solid state receiver with an earlier tube or hybrid design.
The introduction of I/C’s into the receiver to perform the
a.g.c. function (e.g., MC1345/44) has meant that coin-
cidence of the sync and flyback pulse is necessary to gate
the a.g.c. Since erroneous gating does not occur during the
video portion of the signal, the detector level remains
much more constant and wider pullin ranges approxi-
mately the theoretical maximum (equation 11) are
obtained.

A popular method of assessing the pull-in range is to
offset the oscillator while syncs are applied to the loop.
The 60 Hz component in the sync waveform is usually
enough to cause a side-lock at multiples of the field fre-
quency and the pull-in range is noted as the last sidedock
on either side of 15.734 KHz from which the oscillator
pulls into synchronism. Since the ripple at the detector
increases as the oscillator approaches 15.734 KHz (the
a.g.c. gate samples video for longer periods), the
APC/AFC loop will get very little sync information and
the beat note pull-in effect is correspondingly weak. Thus,
for a tube design, the pull-in range obtained by the above
method is close to the actual free-running frequency from
which the oscillator can be locked. By measuring the
picture offset on the CRT at the pull-in limits, the maxi-
mum stable phase error the system will tolerate is also
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found. However, with a solid state receiver using an
improved a.g.c. system, a strong beat note (but no ripple
at the detector) is generated when the APC/AFC loop is
out of lock and the sidellock frequency limits at pull-in
are significantly lower than the oscillator actual free-
running frequencies at pull-in. Since the true pull-in range
is not observed, the S.P.E. over the pull-in range obtained
by the above method will be rger than a similar design
with a poor a.g.c. system‘:”.

Another characteristic of the APC/AFC loop that will
depend in a large measure on the external circuitry is the
required noise bandwidth. The effect of random noise in
the sync waveform is to cause the position of individual
picture elements to vary from instant to instant. The
larger dynamic phase error that can be tolerated will de-
pend on many subjective factors. For example: At the
same time noise appears in the sync waveform, it will also
be present in the video masking the true position of the
picture elements. A moving picture or smaller screen size
will also change the appearance of thermal noise.

In fact, when the video becomes unuseable at the
picture tube because of the noise interference, then the
signal to noise ratio at the detector can be considered the
system limit. As far as the sync circuits are concerned, the
received bandwidth can be reduced without seriously
modifying the sync waveform. This will improve the signal
to noise ratio for the sync signal with a corresponding
reduction in the dynamic phase error under limiting con-
ditions.

If we treat the syncs as a trapezoidal waveform, the
contribution of each harmonic to the effective timing
information can be calculated. This is shown in Figure 9
and it can be seen that 90% of the timing information is

RMS VALUE OF SYNC WAVEFORM (%)
S
n

0 20 40 60 80 10 12 1 16

HARMONIC NUMBER

FIGURE 9

(3)The reduction of the pull-in range vs. ag.c. loop fre-
quency response has been dealt with in the literature.
However, the use of fast sync separators and the supe-
rior characteristics of I/C a.g.c. loops will probably
make further investigation academic in nature.
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contained in the first nine harmonics of 15.734 KHz--a
bandwidth of approximately 140 KHz. The bandwidth of
many tube and hybrid designs has been as low as 100 KHz
(determined primarily by the sync separator device) and
this provides 87% of the available timing information with
good thermal noise immunity. A typical solid state
receiver has a bandwidth in excess of 1 MHz (determined
by the circuits preceding the sync separator) and the noise
bandwidth of the APC/AFC loop may have to be reduced,
or further filtering in the sync channel before sync separa-
tion may be necessary.to provide comparable thermal
noise performance.

The approach to an APC/AFC design for a television
Teceiver can take several different paths. For example:
The design problem may simply be modification of a cir-
cuit to remove an undesirable characteristic caused by a
faulty design, production spreads or a new operating
environment. Cost reduction may be the objective, or
adaptation of an existing circuit to a new chassis design.

Should any of the above conditions be encountered,
the best starting point is to fully evaluate the fundamental
characteristics of the present circuit. This naturally in-
cludes measurements of the oscillator and phase detector
sensitivities. Those are usually quite simple to make and
may require just disconnecting the phase detector output
from the voltage (or current) controlled device in the
oscillator circuit. Sometimes the loading of the oscillator
circuit on the phase detector may have to be duplicated
(particularly with solid state circuits) or the effect of load-
ing allowed for. Since linear operation of practical circuits
is rarely encountered, the characteristics should be meas-
ured over the expected operating range of each block.

Figure 10(a) and (b) shows the measured sensitivity
curves of a solid state monochrome receiver. In this par-
ticular case, asymmetrical pull-in was the problem and the
cause is the change in oscillator sensitivity producing a fall
in d.c. loop gain as the oscillator free-running frequency is
lowered. Relocation of the d.c. operating point of the
oscillator at 15.734 KHz is the solution (the dotted line
on Figure 10).

Notice that the product of the two slopes will give

PHASE DETECTOR OUTPUT VOLTAGE
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the circuit d.c. loop gain. This will define the Static
Phase Error as the oscillator drifts. For this particular
circuit, a drift of + 180 Hz would produce an S.P.E. of
11 ps. Clearly, if this design were to be adapted to a color
receiver, the loop gain would have to be raised. Obviously,
the amount of loop gain increase required will depend on
the drift characteristics of the loop. Before any efforts are
made to change the loop gain, the oscillator frequency
variation with temperature and supply voltage should be
measured and the effects of aging estimated. The lower
operating ambient temperature of a solid state set means
that the temperature/frequency drift can be held to less
than +190 Hz, including the turn-on warm-up drift. Wher-
ever possible, if increased loop gain is still needed, the
mast stable circuit block should be changed or increased
drift will result.

When further cost reduction will seriously impair the
circuit performance, or the circuit already cannot meet
the full performance capability of the simple APC/AFC
loop, other circuits or a complete new design may have to
be investigated.

One excellent solution to the problem of low cost
combined with full performance can be provided by an
integrated circuit, either in combination with other circuit
functions or simply as an APC/AFC block. Several 1/C’s
performing this function are available and one circuit, the
MC1391P, will be used to demonstrate the use and univer-
sality of the preceding theoretical analysis. The MC1391P
is well suited for this purpose as its parameters are stable
and well documented. Although it is an 1/C, it is very
flexible with an external ‘filter and externally adjustable
loop gain allowing any performance characteristic, within
the limits of the simple APC/AFC loop, to be obtained.
(See Figure 11 and Appendix)

The operating characteristics of the MC1391 are easily
calculated (Ref. S), or they can be measured. The oscil-
lator sensitivity is best expressed in amps per radian as this
is a current controlled device, and can be measured by
disconnecting the phase detector output (pin 5) and
noting the current through the filter resistor R into the
oscillator timing pin (pin 7). This current can be positive



Since the available voltage swing at pin S before saturation
occurs is 5.8 V, then:

5.8
=—" =~ 110KQ
0.053x10-3

~PutR=100K; . xR=42K=39KQ

With these practical values, x = 0.039 and m = 0.038

The maximum possible pull-in range is given by equa-

tion :

A= 0.038

+ 2 x 0.46 x 6000
3+0.038

= 1 354 Hz

From equation @ :

_1+(0.039)2 x 0.015 x 37699

fon = 4x0039%0015

=795 He

The response time to recover from a step input is given by:

log, 0.1 1+XT e
t ———a where a= W
ie., t=3us =739.6

This example cffectively shows the compromises in-
volved in the design of an APC loop. In aiming for a fast
responsive loop with a quick recovery time to give opti-
mum tracking of incoming phase variations (airplane flut-
ter, etc.), we have obtained a loop with a noise bandwidth
about twice what it should be. The stability of the sync
when the incoming signal is heavily contaminated with
thermal noise may be considered unsatisfactory; a contin-
ual jitter or “rubber banding” will be evident on the CRT.
Also, because of the high a-c gain and very low damping
of the loop, impulse noise will cause ‘tearing’ as the loop
attempts to follow the transient changes produced by the
impulse noise.

To improve the design with respect to the noise per-
formance, several things can be done-the problem is to
decide which changes will have the least effect on the
other loop characteristics.

If the AC/DC gain ratio is reduced by changing x; the
pull-in range will be reduced also. A safer course is to de-
crease the natural resonant frequency of the loop by mod-
ifying T, and a suitable design is shown in Figure 15.
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The d.c. loop gain has been increased slightly to:

‘- 1.61x10~4x13.9x103x15734
¢ 3

= 7040 Hz/rad.
To limit the hold-in range to +1 KHz,

R =150 K2 xR = 3.3 KQ2

x=0.022 ~ m=0.0215

T=RC=1X10"0x 150x 103=0.15

The lower loop time constant reduces the natural resonant
frequency to 85 Hz and the damping coefficient K = 0.8.

-1 +(0.022)20.15 x 2m x 7040
4x0.022x0.15

fon =319 Hz

The pull-in range is slightly lower at £315 Hz, and the re-
covery time from a step transient is 4.8 us.

REFERENCE AND FURTHER READING:

1. GARDNER, F. M.
“Phaselock Techniques™
John Wiley and Sons, New York, 1966.

. GRUEN, W.J.
“Theory of AFC Synchronization™
Proceeding of the L.LR.E. pp 1043 1048, Aug. 1953.

. HEROTA, NABEYAMA, MIYAZAKI
**Design and Analysis of the Pull-In Range of Horizontal
AFC in Television Systems™

4. RICHMAN, D.
“Color Carrier Reference Phase Synchronization Accu-
racy in the N.T.S.C. Color Television™
Proceedings of the 1.R.E. pp 106 133, Jan. 1954.

5. WILCOX, M.
“A TV Horizontal 1/C”

N~

w




manufacturer, it avoids the use of a large inductor that
may be subject to pick-up from toroidal yokes, for exam-
ple. However, unless an expensive multiturn pot is used,
the entire operating range of the oscillator is covered in a
320° rotation of the holg control. If the control capa-
bility is +750 KHz, then each degree of rotation will
change the oscillator frequency by 4.7 Hz. When an L-C
oscillator is used, the t.p.i. of the inductor core can be
used to limit the frequency change for a single 360° rota-
tion of the hold control, thus making a relatively insens:-
tive setting.

Woltst Case Internal  External Trans-
Oscillator mitted  Operator
. =Temp + Component +
Deviation . R Toler- ~ Error
Drift Drift
From fy ance
=25Hz +75Hz +30Hz +60Hz =190 Hz

Notice that the warm-up drift is not included in the
-above figure. This is the drift that occurs during the first
few minutes after turn on as the I/C package temperature
stabilizes to the 25CC ambient. It is not included since the
hold control is usually adjusted after this period and
unless it exceeds the pull-in range of an ‘instant on’ re-
ceiver, it cancels out and is not noticed.

The minimum loop gain is now defined by the per-
missible phase error over this frequency duration. Use
equation @ :

0.5x 2w
63.5

190
fe

- fo = 3840 Hz/rad.

The drift characteristic has also defined the minimum
pull-in range that can be tolerated and usually, if other
dynamic performance characteristics are to be satisfac-
tory, the value of loop gain given above is insufficient
to guarantee pull-in over +190 Hz. Also, the oscillator
sensitivity and the phase detector sensitivity are subject
to component tolerance and manufacturing tolerance and
the loop gain must be in excess of 3800 Hz/rad to ensure
that the S.P.E. will be maintained below 0.5 us. It is a safe
assumption that at least 50% more loop gain than the
minimum will be needed.

S fe = up = 6000 Hz/rad.
Now the frequency deviation can be as much as +300 Hz
for acceptable phase performance.

The phase detector sensitivity of the MC1391 is nomi-
nally:

1=1.6x10"% Afrad.

(assuminga sync pulse deviation of 4.7 us,
ie., ¢g=4.7 x 0.095= 0.46 rads.)

Therefore, the required oscillator sensitivity g = 37.3 x
106 Hz/A.
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FIGURE 12 — MC1391 Filter Circuit

To obtain this sensitivity, the timing resistor at pin 7
must be 12 K when the free-running frequency is
15.734 HKz, which will give a timing capacitor value of:

4
— = 0.0083 uF

C=x10

The next part of the design procedure, the filter network,
can appear somewhat arbitrary in nature as this is the area
in which a designer can emphasize one performance char-
acteristic but only at the expense of others.

Before making a first-cut try at the design, it should be
noted that the resistor R between pins S and 7 can have a
significant effect on the loop other than its function as
part of the filter.

Earlier it was stated that the stable operating region of
the phase detector in the MC1391 is confined to the
width of the sync pulse. With the value of loop gain
chosen previously, this means that the hold-in range of the
oscillator can be as much as:

+2.35 x 2w x 6000
63.5

= 11400 Hz

and obviously if higher loop gains are needed for the
synchronous performance, it will become possible for the
oscillator free-running frequency to deviate even more
from 15.734 HKz at the hold-in limits. The full hold-in
range can be realized, of course, only if the loop remains

linear over the stable operating region. Should the value of

R be large, then the available voltage swing at pin 5 will
not permit the full phase detector current to be applied to
pin 7, i.e., the phase detector will saturate. Reducing the
hold-in frequency limit can be desirable and making the
value of R fairly large to do this is a useful technique.
(For a discrete circuit actively shaping the reference saw-
tooth to increase its slope or using limiting diode clamps
on the oscillator control pin will have the same effect.)
When a step input phase change is applied to the loop,
the response should be asrapid as possible to reach the new
equilibrium. Two characteristics of the loop will define
how far it can respond, the natural resonant frequency
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and the amount of overshoot-pérmitted when the correct
phase has been reached. Both of these characteristics can
be ideally demonstrated by using a Jitter Generator. This
generator is inserted into the video channel of the r.f.
modulator used to supply a signal to the receiver and it
introduces (typically) a 3 us delay during one field and
then switches back to an undelayed signal on the next
field.

This switching between delayed signal and undelayed
signal will cause a vertical line in the video to trace the
transient response of the loop on the CRT of the receiver.
A typical response is shown in Figure 14.

An ideal response would be one that approached equi-
librium as fast as possible without overshooting or
‘hunting.’” This indicates that the damping should be criti-
cal and the natural resonant frequency high, but this will
result in a system with high a-c loop gain corresponding to
large noise bandwidths. The effect of a fast recovery with
lower natural resonant frequencies and acceptable noise
bandwidths can be obtained by allowing some overshoot
to occur. Usually the recovery from the transient should
be complete within 1/3 to 1/2 of the field scan period. If
a single overshoot is permitted, this will tend to limit the
natural resonant frequency to a maximum of 363 Hz or
250 Hz, respectively (more than one overshoot during the
recovery time indicates high natural resonant frequencies
and large noise bandwidths with the chance of ringing to
occur on impulse noise).

\

Switching Point
in Vertical Scan

FIGURE 14 — Typical Transient Dispiay on a CRT

229

Choosing a high natural resonant frequency of 250 Hz
means that x should be selected to minimize the noise
bandwidth.

From equation @

! + L= 0 for a minimum.
4 x2T 4

_ [
X WT

From equation , this produces a value of 0.25 for K.

d
ax fon) = =

ie.,

W, = 2mx6000 = 37699 rads/sec. volt

and W, = 2mx250 = 1571 rads/sec

. W,
If x is small, then W, =~ -

- 37699

(1571)2 =0.0153

X= —-——1—=0.04|7

V37699 x 0.0153

e XL
Lm=E_ 0.04

If we decide to limit the hold-in range to +1 KHz then the
linear operating region of the phase detector ¢ must be
limited to:

2000
==
c

=0.33 radians

The phase detector average current change = ugg =

161 x 10~4x0.33=0.053 mA



or negative corresponding to the direction of the oscillator
frequency offset. Note, however, that the oscillator sensi-
tivity is dependent on the impedance at pin 7 and can be
increased by raising the value of the timing resistor (with a
concomitant reduction in the capacitor value to keep the
same time constant). This is the method by which the
circuit loop gain can be changed to suit the design aims.
Since the oscillator characteristic around the centre fre-
quency of 15.734 KHz is very linear, the phase detector
sensitivity can be determined simply by producing a
known phase error between the sync and flyback pulses
and noting the resulting oscillator free-running frequency
to produce this error when the phase detector is discon-
nected. The measured oscillator characteristic will then
indicate the phase detector offset current for this phase
error. In a more general case, the oscillator characteristic
may not.be linear (see Figure 10a) and the above method
would not give a direct evaluation of the phase detector
characteristic and a more complicated method must be
resorted to. A typical set-up is shown in Figure 11 where a
generator is used to provide the flyback pulse and is also
phase-locked to a second generator which provides the
sync pulse. By using the advance/delay pulse output from
the second generator, the inputs to the phase detector can
be varied by known phase differences and the detector
output current measured. This method has the additional
advantage that any loading by the oscillator on the phase
detector is retained for a true operating characteristic. The
phase detector characteristic of the MC1391 is also very
linear with the end points occurring at the edges of the
sync pulse as this is a sync gated detector. Notice that the

operating range of the diode detector in Figure 10 is
nearly +6 ps—or the flyback pulse width. For that loop,
the stable operating region is determined partially by the
oscillator characteristic rather than wholly by the phase
detector as it is with the MC1391.

Once the phase detector characteristic is known, it is
an easy ‘matter to select the oscillator impedance for the
oscillator sensitivity required to produce sufficient circuit
d.c. loop gain. How much loop gain is sufficient will de-
pend on several factors.

Primarily, there must be enough gain to maintain the
Static Phase Error within defined limits, ideally +0.5 us
for a flyback pulse gated chroma channel. Because the
oscillator section of the MC1391 is designed for a nominal
zero temperature coefficient, the free-running frequency
can drift in either direction from 15.734 KHz. Over a
30°C operating temperature range, the drift can be as
much as +25 Hz. The external frequency determining ele-
ments will add another +75 Hz drift if the hold control is
typically 10% of the total timing resistance (polystyrene
and polyster capacitor +100 p.pm/OC, Cermet Pot 150
ppm/©C and NCS5 resistor). Apart from temperature drift
of the oscillator an S.P.E. can be caused by the per-
missible transmitter tolerance for fp. and sometimes
CCTYV applications must be considered. adding another 20
to 30 Hz. Finally, operator error must be included. that is
the possibility of an incorrectly set hold control either by
the factory or by the serviceman/customer.

The advantage of an R-C oscillator, from the I/C de-
signer’s viewpoint, is that both timing and oscillator con-
trol can be achieved with a single pin-out. For the set
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R
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0.1 uF \/\/\0.1 "
T4 14
8 MC1391 a 16 I _L
N Y T T -
Trigger e P
Pulse ‘ :; 39 K ::6.8 K
A= 0. F
Trigger A~ 0.003 u
Generation
Output Puise Advance/
=100V @ Delay
15.734 KHz + Output
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FIGURE 11 — Test Set-up for Measuring Oscillator and Phase Detector Characteristics
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APPENDIX A

1 radian = 57.296 degrees

fy= 15.734 KHz

T =63.5 usec.

1 us at fyy = 5.699 degrees = 0.0989 radians

APPENDIX B
Loop Recovery Time From a Step Transient.
The D.E. of the loop can be written:

(1+xTwe)p W
L re AT

ie., p2 +2ap+c=0
The envelope
decay = Kot

The envelope decay = K, 3t

where K is proportional to the initial step amplitude.

1+xTw,
27 214x)T

Therefore, the time to decay to 10% of the initial offset is
given by:

e—at=0]

log,0.1
t= T

2.303
- (1+xTwc)/
21+x)T
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APPENDIX C

Spectrum of the Horizontal Sync Waveform.
For a trapezoidal waveform of amplitude A, period T
and duration-toy with rise and fall times of t} then:

A [3t+2¢y (totty)
Arms = 3T Aavg=A T

Calculating the contribution of each harmonic to the total
effective value generates the curve shown in Figure 9.

!l r—
1 x1
=Ax0278 i 1
. . = 4.75 us
Amplitude of the nth harmonic: A ty=0.25us
T =6.35 us
tytt
sinmnt | /T sinrn ( lT 0)
An=2A ° | ) |
tl'HO =
mnt /T mn T
=A0.1575 x sin(0.0124n)sin(0.247n)
3.06 x 10-3 x n2 FIGURE C-1

APPENDIX D

Circuit Diagram of the MC1391.
The output pulse width is adjusted by the resistive
divider at pin 8. For stable operation, the impedance at

pin 8 should be close to 1 K. To advance the static
phasing, a small resistor (<100 §2) can be placed between
the flyback pulse integrating capacitor and ground.

CIRCUIT SCHEMATIC
Oscillator Vee

Pre Driver Timing 9 Oscillator 60 Regulator Phase Detector
R14
330

R11
3ok |2
R132.6k L Phase
- Detector
) 2o} Q13 Output
Mark Space yo2 Q11 R
8 O—— 18=
Ratio €4 [ 75k
a3 R12 R ) a
Qutput 820 L r1s 16 —0
1 33K 6.8 k R19 Sawtooth
a1 : Input
i R10 Q1259 Q17
3.6k 510
R2$6.8 k Yos3 R21
R13 910
R7 $470 240 D4 Z
2 3
Ground = Sync Input
FIGURE D-1
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APPENDIX E

The MC1391 Oscillator Circuit.

If it is assumed that Q7 is initially off, then the capa-
citor connected from pin 7 to ground will be charged by
an external resistor (RT) connected to pin 6. As soon as
pin 7 voltage exceeds S V, the potential at Qg base, Q7
will conduct allowing Q¢ to supply base current to Qg
and Q). Transistor Q; sets the base of Qg at approxi-
mately 2 V. Qs then discharges Ct through R4 until pin 7 [}
reaches 2 V and Q7 turns off again and the cycle repeats.

The frequency of oscillation is given by:

SR
S
f = ! T

° R72 RiR»
I+ o 1 + ] ez Qe
teln\ "R R*R | R3+RoR; | T 100 | 1 RIRG#RoRS

and for f, = 15.734 KHz

Yl

Q1074 ifR>>R4

t¢ = charge time constant = RTCt

tq = discharge time constant = R4Ct

For small frequency deviations, the oscillator sensitivity:

15.734 x Ry

SV Hz/A

The sensitivity can be adjusted by changing the external

resistor R. FIGURE E-1
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APPENDIX F

Phase Detector Operation of the MC1391P.

The phase detector consists of the comparator Q) 5 and
Q¢ and the gated current source Q)7. Negative going
sync pulses (1 V to 5V ﬁl_p)) at pin 3 turn off Qj;
allowing Q7 to conduct. The current division between
Q;5 and Q¢ during the sync pulse period will be deter-
mined by the phase relationship between the syncs and
the sawtooth at pin 4 which is derived from the horizontal
flyback pulse. If the steep slope of the sawtooth is
symmetrical about the sync pulse (Figure F2), then Q5
and Q¢ will each conduct for half the sync pulse period.
When the sawtooth is just less than 2 V, Q5 conducts all
the Q)7 current, and this current is turned around by Q) g
to flow out of pin 5. When the sawtooth is above 2 V,
Q6 conducts and current flows into pin S; thus the net
current at balance is zero. When a phase offset occurs,
there will be an average current flow either in or out of
pin 5 to speed up or slow down the oscillator. Note that if
the sawtooth amplitude is greater than about 1 V p-p)
the change in voltage at pin 4 to completely switcL &e
comparator is small compared to the amplitude of the

saw. Switching can be considered instantaneous and the
detector sensitivity is independent of either the sawtooth
amplitude or the sync pulse amplitude.

The average phase detector current goes from zero to
full output in half the sync pulse width:

- (lEak x duty cycle_)
"7 (conduction period)

-3, 47
_0SMI0TTX G5 Alrad.
0.5x4.7x0098

If the sawtooth is reasonably linear, then the phase de-
tector output current

1= ¥u¢

where ¢ is the phase difference between the oscillator and
the sync pulse.

Phase
Detector
Output

Saw
Input

Bias

68K
Bias Sync
1.2V Input

FIGURE F-1
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APPENDIX G

Dual Diode Bridge Phase Detectors.

AAA
VW

“ ” I
° LAY
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h D2

i

FIGURE G-1 — Diode Bridge

In the simple dual diode bridge phase detector, the
negative going sync pulse tips are clamped to ground by
D, and the waveform at B is shown in Figure G2(a). The
output voltage from the bridge due to the sync waveform
is very small because the diode D is back biassed between
the sync pulses (when B is very positive) and the imped-
ance at A, determined largely by the integrating capacitor
for the flyback pulse, is small compared to the diode load
resistors. Therefore, when an a.c. coupled sawtooth is
applied to A and the phase is such that the steep slope of
the waveform is symmetrical about the sync pulse, the
waveform at A is as shown in Figure G2(b). The bridge
output is nominally zero. If the oscillator beings to lead the
sync pulses, the sawtooth is clamped later on its steep por-
tion as shown in G2(c) and a net +ve voltage is obtained. This
voltage is filtered and applied to the control device to
slow the oscillator down. Similarly for a lagging oscillator,
a net —ve voltage is developed to speed the oscillator up
(Figure G2(d)). Notice that the output voltage obtained is
a maximum at each end of the sawtooth steep slope, i.e.,
the stable operating range is over the flyback pulse width.
If the flyback pulse width is ¢ radians and the peak-to-
peak sawtooth amplitude is E volts, then:

u= E volts/radian
s
and the phase detector output voltage for a phase shift
between oscillator and sync pulse of +¢ is:

+Equt = 2u¢

Obviously, the phase detector sensitivity can be increased
by increasing the reference sawtooth amplitudes (but not
to the point where the sawtooth can start the diode Dy
into conduction—the saw amplitude must be less than the
sync pulse amplitude). Alternatively increasing the slope
(reducing ¢g) has the same effect. The simple diode de-
tector is very dependent on the sawtooth shape and ampli-
tude. If the sync amplitude is large, then the bridge is

235

relatively independent of amplitude modulation of the
syncs, but if these are heavily differentiated amplitude
modulation will also cause phase modulation when the
bridge is unbalanced.

(a)

Sync Pulse ov

"oV

Sawtooth

FIGURE G-2

Flyback
Pulse
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Integrated

Ramp

12 us

FIGURE G3



APPENDIX H

Derivation of the Approximate Expression Given in Equa-
tion @ for the Maximum Pull-In Range.

The general D.E. for the loop is:
P + F(p)wet = poi

which can be rewritten:

d¢ -
a e =00 ———(@)

_ _ I+pxT _ 1-mtpT
Now F(p) = [ep(i+x)T  1#mtpT

. m
since X = —-
m-1

1-2m+m2 }

F(P) mt { 1-m+pT

Substituting this in equation @ gives:

d¢ 1-2m+m?2 } _
at +mwgg + {“l—m+pT wep = Aw
If we write Wy = Aw — I;Zmi-mz} we ¢
1 1 -m+pT ¢

then W is the effective instantaneous impressed fre-
quency difference, produced by the detuning error of the
oscillator (Aw) and the frequency drift generated by the
correction voltage across the filter capacitor. As pull-in
progresses the right-hand term will cause wj to be re-
duced, and the mean value of Wy

1 — 2m + m2

Wi=aw - [tmpT

| e

Since the capacitor bias is generated by applying the mean
phase detector output mwed to the filter

w5 1-2m+m?2 —
Wi~ Aw - {l—m+pT] wcd

b, mwcé = Wi

Now at

®

If it is assumed that the average bias across the filter capa-
citor will not change significantly during a cycle of the
beat-note (i.e., the filter time constant is long compared
to the beat-note frequency), we can find this average bias
by integrating the loop D.E. over a cycle of the beat-note.

Integrating @ over the beat note period TgN:
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t+TgN t+TpgN t+TgN
d¢ dt + mwe$ = Wi
dt
t t t
t+TBN
2+ mwep =  ~WITBN

t

The integral in the above equation is the area under a
cycle of phase detector output and this integral, divided
by the beat note period will give the mean d.c. component
of the output:

ie., —mwcp = ~-V| + WpN

~. The mean d.c. component w$ = rln [V_VI - WBN} @

When the phase detector generates a cycle of the beat note
in the time Tgy, it will have operated in two regions—the
stable region for a time tg and the unstable region for a
time t,, such that:

TBN ) ts Tty

Solving equation @ in the region ¢g:

L +og/2 do
mwdt = W
mwe
o —bs/2 ¢
+és/2
|
Somwgtg = loge Mo - ¢)
—95/2
1 2
..ts=a—ac |0ge 1 +2W| o
mw.ég
Similarly during ¢,
2
mwedsty [ S
T e fl1t2WI
mwedg
2 mweds
SWBN T =
BN TN 2
loge {1 +2Wj P4y = 2m
mweds



Substituting this expression into Ey @ gives

mwg $g

1
m 1 2

2W;
loge | 1+ ——m‘*’c¢s

we? =

)

1-2m+m? —_—
Wl = Aw — {1—m+pT } (A)c¢
wep = [ l;'m_+PT_2] Aw__WI
1-2m+m
aw W T d w;

TOem) T (m) T (2 dt

using partial fractions and noting T = RC = const.

Substituting equation in the above:

W mw o _mAw
1 loge 2 T (i-m)
2w,
I+ { = )
mwepg —1
™ m L d
(1-m) (]__m)l a1
2W
Putting K = —T’l representing the average frequency
@efs difference
and Kg= 2 A;’ representing the initial frequency
Ye Ps difference
—m?
and multiplying the equation by H%
c s
200-m) __ _m_ . dk
(l—m)K—]o (l_(ﬂ) K0~ml(—l_l_n T m
ke \KT1
( l—m) dt= dK
or mT Ko, — K +2(1-m)
1 ( K+1
% \K-1

If the mean average frequency (K) decreases with time
then the initial frequency difference (K) is within the
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pull-in range. Putting Tg for the limit time to pull-in from

— — mwc¢s
Wi=Awto Wy = 3
| ! dK
(‘—’") Tp = Ko - K+2(1-m)
mT
o, (£21)
K, K-1
m
In the limit, if T is real:
|

loge ({i—;)

or Ko = IKA

For a maximum,

% (Ko) = 0= 4(1-m)—(K— 1) (K+1)

o ()]
oe {

log,, (K+1)—log, (K—1) =2 {l+_‘_+_l_ }
e e K 3k3 skt

- 4(1—m) ~ (K+1XK—1) 4 (K—;) it (K)> 1

ie., K=‘/Tlm—
K (max)
1 2(1-m)
‘/'r_n— log(—!—+l — log L -1
=) (7w
S 20em3 ey
ﬁ - 2\/;(3+m)

2fc \/m
i.e., Maximum pull-in range Afy,y = (;fm) ©
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AN923

800 MHz TEST
FIXTURE DESIGN

by

DAN MOLINE
Product Manager
Landmobile Power Products

Although this article presents techniques for the gen-
eral case of UHF-800 MHz circuit design, the emphasis
is place1 specifically on test fixture design for 800 MHz.
Text fixtures tend to be the last consideration for most
RF power amplifier development programs, yet they are
the most valuable tool available for measuring and main-
taining device consistency. Minimum power gain, collec-
tor efficiency and broadband performance requirements,
though they are always detailed in some form of written
specification, are meaningless unless they are demon-
strated and controlled by a test fixture. A good test fixture
will assure correlation between the customer and vendor
and function as a trouble shooting tool in the event of
radio problems. When alternate sources are pursued for
a stage, test fixtures can shorten qualification cycles. But
the prevention of gradual shifts in RF performance over
the lifetime of a product is the major purpose of a test
fixture.

Motorola has recognized the importance for good test
fixtures and has established general guidelines for their
implementation.

Each hi-tech product is tied to a well defined test fix-
ture, which has the following general specifications:
® Broadband performance, demonstrating typical char-

acteristics throughout the band. (Ex.: UHF; 450-512

MHz, 800; 800-870 MHz)
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e A 3" x 5" mechanical format, which is rugged for high
volume test applications.

e Simple RF match construction to represent realistic
radio performance.

® Devices must meet all minimum test requirements at
the specified test frequency. UHF: 470 MHz, 800: 870
MHz.

The repeatability, mechanical ruggedness and broad-
band performance are all very important factors needing
consideration in the design of test fixtures. The remain-
der of this article goes into detail, using the MRF846 as
an example.

The schematic representation of the fixture outlined
in this article is shown below (Figure 1).

C1 and CQ represent the shunt capacitors at the input
and output (respectively) which cancel most of the in-
ductive reactance associated with the transistor’s input
and output impedance. Mini clamped-mica capacitors are
used for these components and are physically located
beneath the common lead wear blocks. Inductance “L” is
introduced by the input (and output) wear blocks. Be-
cause of this parasitic inductance, L, trimmer capacitors
(C'1 or C'Q) are required to transform the now reactive
impedance back to real before launching off into the \/4
transmission lines.



N4

FIGURE 1 — SCHEMATIC REPRESENTATION OF TEST FIXTURE

The transistor’s input and output impedance can be
represented as a combined series resistor and inductor
as shown in Figure 2.

+JXL(0.5 nH)
Y Y Y\

Z = Rg + jX (0.5 nH) => Rg

FIGURE 2 — EQUIVALENT CIRCUIT FOR Zjp, OR Zout

Rp = Rg (1 + Q2)
Xp = Xs (1 + 1/Q2)
Q' = Xg/Rg

FIGURE 3 — PARALLEL EQUIVALENT
CIRCUIT
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This series combination can be transformed into a par-
allel equivalent by using the equations shown in Figure 3.
The capacitors C] and CQ are selected by calculating the
value necessary to form a parallel resonance with Xp. Since
all capacitors have a finite, series lead inductance, the ca-
pacitor is actually considered as a simple series resonant
circuit. The resulting effect is the capacitance is always
higher than the marked value and goes through resonance
at some frequency. Mini clamped-mica capacitors are rec-
ommended for test fixture design due to the very low par-
asitic inductance associated with them which increases the
usable range of capacitances. (They are also extremely high
“Q"). A typical measured series inductance for clamped-
mica capacitors is about 0.5 nH. The equivalent capaci-
tance is calculated by subtracting the series lead induct-
ance from the capacitive reactance, or X¢(equiv) = X —
X1(0.5 nH)-

Since two capacitors are used in parallel, the total
capacitance is derived as shown in Figure 4.

2.0 X¢ - X
Xclequiv) = c ; L(0.5 nH)

| —j2X¢ —i2Xe |
Xclequiv) = > | |

|
| +iXL(0.5 nH) 4 +iXL(0.5 nH)

FIGURE 4 — EQUIVALENT REACTANCE FOR CAPACITORS IN
PARALLEL



A value of 2.0 X, is used in the above example since each
capacitor will contribute only %2 to the total capacitance.
By setting Xc(equiv.) equal to the parallel equivalent
reactance calculated in Figure 3, the exact capacitor val-
ues may be determined.

_ 2.0X¢ - XL(0.5 nH)

P )
_20Xp + XL(0.5 nH) Xe = 1/2 fC)
2 C
c 1

~ 7 (2.0 Xp + XL(0.5 nH))

Introducing an actual example at this time should
help in explaining the remaining steps involved in a test
fixture design. The MRF846 is a 40 W, 12.5 V, 800 MHz
device whose input and output impedances are:

TABLE 1 — Z;jp,, Zoyt FOR MRF846

Frequency Zin Zout

800 MHz 1.1 + j48 1.20 + j2.4
836 MHz 1.0 + j4.9 1.156 + j2.5
870 MHz 1.0 + j5.0 1.10 + j2.7
900 MHz 0.9 + j5.1 1.10 + j2.8

Since Xp will vary as a function of frequency, C| and
CQ need only be calculated for one point within the fre-
quency band. Typically, the input response of an RF
power transistor is optimized about the center of the
band. Hence, the input Ry and Xp are generally calcu-
lated at this frequency [(f, + f])/2].

The output response is different. If CQ were selected
for a resonance to occur with Xp at band-center, an un-
acceptable performance roll-off would be seen at the up-
per end of the frequency band. Overall performance is
best when CQ is calculated at a frequency within 20%
of the upper end of the band. Since device gain increases

. as frequency decreases, the performance at lower fre-
quencies is generally no problem.

Using the MRF846 as an example, input and output
capacitor values may be determined as follows:

INPUT: OUTPUT:
Frequency = 836 MHz Frequency = 870 MHz
Zin = 1+j4.9 Zo = 1.14j2.7;Q = 2.7/1.1

=49 Q=491 =245
1 1
XP =49 l+m XP = 27(1 +m)
=510 =315Q

XL(0.5 nH) = 2.07 X(0.5 nH) = 2.07
(836x106)(0.5x10—9) (870x106)(0.5x10 — 9)
=2630Q =270

C = 1/[n(836x106) C = 1/[n(870x106)
(2x5.1+2.63)] = 29.7pF  (2x3.15+2.7)] = 40.7

2-15 pF Capacitors would pF
be the best choice. 2-20 pF Capacitors would
be the best choice.

(20 pF Capacitors were
not available, so an 18 pF
& a 24 pF capacitor were
chosen instead. The total
C = 42 pF)

Though the MRF846 test fixture used at Motorola does
use these capacitor values, the above calculations may
act only as a good starting point. Empirical measure-
ments and more precise impedance measurements for a
given application may result in minor deviations from
these values.

Assuming no additional circuit parasitics had to be
accounted for, the quarter wave transmission line sec-
tions could now be determined. The input (and output)
fixture wear blocks do, however, contribute additional
series lead inductance to the impedances. These induct-
ances are counteracted by the trim capacitors C'| and
C’0. The wear block inductance could be calculated and
then used to determine the proper capacitance values.
However, since there are other, less obvious frequency
and grounding effects which may influence the imped-
ance transformation, it is a more practical (and generally
a more accurate) procedure to measure the impedance
which will be transformed by the transmission line to
50 Q.

Test Fixture

Triple Stub
Tuners
(or other
tuning device)

50 Q
Source

Connectors
SMA
or
OsM

H |
[Zin]—’l Zin-—>:

| |
r*—Zout |=<'—[Zout]

Connectors
SMA Load
or
OosmMm

FIGURE 5 — BASIC CIRCUIT TO MEASURE Zjn, Zout



The capacitors CJ and CQ should be mounted into the
test fixture and a known characteristic impedance trans-
mission line soldered into place as shown below in Fig-
ure 5.

Triple stub tuners are used on the input and output
to tune for maximum output power and minimum re-
flected power at various frequencies throughout the
band. Band edges and band center are generally ade-
quate for a good circuit design. Due to higher impedance
levels produced by adding Cy and CQ, (Zijp) and (Zout)
are measured instead of the real transistor impedances,
Zin and Zgyt. Also, by measuring impedances in the ac-
tual applications fixture, the design can be optimized for
the particular fixture. Perhaps a maximum gain tuning
point is not what is desired. Obtaining impedances for
an efficiency/gain compromise may be more desirable. If
this is the case, an impedance table for the appropriate
conditions may be obtained. It is then for these imped-
ances that Cj, CO and Z, will be calculated.

The procedure for obtaining the impedances is simple
and requires a vector voltmeter (VVM) or a network ana-
lyzer. Both are used at Motorola, but a vector voltmeter
is less expensive and if used with a high directivity di-
rectional coupler, (>40 dB), is very accurate. The set-up
is constructed as shown in Figure 5. With frequency set,
stub tuners are adjusted for the desired performance.
Again, using the MRF846 as an example, numbers shown
in Table 2 were measured for Pj, = 12.0 W, Vo = 12,5
V.

The output stub tuners were adjusted for maximum
gain at each frequency and the input stub tuners were
adjusted for zero watts reflected power. After each mea-
surement, the impedance presented to the fixture by the

TABLE 2 — PERFORMANCE OF MRF846 versus

FREQUENCY
806 MHz 838 MHz 870 MHz
Pout = 500W | Poyt = 483 W | Poyt = 44 W
Eff. = 53.3% Eff. = 55.2% Eff. = 58%
Prefl. = O W Prefl. = OW Prefl. = OW

triple stub tuner and load (or source) combination is mea-
sured by the vector voltmeter. The impedance is then
translated by the transmission line used in the test fix-
ture to obtain (Zjn) and (Zgyt). In the above example a
26 Q, 0.3092 (@836 MHz) transmission line was arbi-
trarily chosen to be in the MRF846 measurements. By
using the equation: Z 8 = Ry [((1 + T4) /(1 — I'Z8) or
various computer or calculator programs, the transfor-
mation is easily calculated. The most important part of
the whole procedure is obtaining an accurate measure-
ment from the stub tuners. Prior to making any mea-
surements, the vector voltmeter must be referenced to a
short (180° on a Smith Chart). As a means of accounting
for the errors introduced by the connectors at the fixture’s
input and output, that same connector is used for a ref-
erencing short as shown in Figure 6.

The measurement reference plane is now the edge of
the connector used on the test fixture, which is also the
beginning of the transmission line. Assuming the same
reference plane is maintained during the measurements,
an accurate impedance value will be produced. A good
technique for maintaining the appropriate reference
plane is accomplished by creating a new connector to
measure the triple stub tuners. Two connectors are at-
tached as shown in Figure 7.

r Copper Strap
to Short End
/ of Connector
40 dB Direct
Signal !
Generator Coupler '_‘m-‘
FWD REF
|
Port A Port B Short \_
VVM VVM
OSM Flange
FIGURE 6 — ESTABLISHING REFERENCE PLANE
Solder
AAA
v
oo I |
\AAA
Cut Center Pins 1 4 Pull Remaining Pins Out Attach 2
Flush to Flange & Solder Together Ends Together

FIGURE 7 — MAINTAINING REFERENCE PLANE
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The triple stub tuner, load combination may now be
measured with an adequate degree of accuracy using the

test setup shown in Figure 8.

VVM VVM
A port B port
Signal .
Generator Direct Coupler hf
OosM
Male

New
Connector

o T

4

OSM Triple Stub
Male Tuner

50 0
Load

FIGURE 8 — TEST SETUP TO MEASURE STUB TUNER W/LOAD

Repeat the process for the input stub tuner combi-
nation. Two numbers are obtained for each frequency
which (Zj) and (Zgyt) can be calculated from, as shown

in the MRF846 example below:
TABLE 3 — MEASURED Z VALUES FOR TEST FIXTURE

I" /8 converted Impedance Transformed
Frequency Measured I' /6 to Impedance in Ohms Over 26 (2 Line in Ohme

806 MHz INPUT 0.35£ 155° 24.97 + j8.42 20.72 - j5.64 = [Zjn*]
OUTPUT 0.37/.144° 24.86 + j12.53 17.72 - j6.66 = [Zgut*)

838 MHz INPUT 0.26£.166° 29.78 + j3.98 21.35 + jO = [Zjp*)
OUTPUT 0.22/ 154° 33.30 + j6.58 18.68 + j.74 = [Zout*)

870 MHz INPUT 0.14/ - 169° 38.25 - j1.99 20.21 + j6.92 = [Zjp*]
OUTPUT 0.07/_— 158° 44.10 - j2.24 17.90 + 8.3 = [Zout"]

Note: [Zoyt*] is conjugate of [Zoy)
[Zjn*] is conjugate of [Zn]

The new impedances can be obtained by using a Smith
Chart or using the equation Z4 = Ry [(1 + T'Z8)/(1 —
I'Z8)). These impedances (shown in the last column of
Table 3) are the impedances which the test fixture will

be optimized around. Once again, it is convenient to con-
vert these numbers into parallel equivalents. By doing
8o, the values of C'] and C’Q become more obvious. Table
4 shows this process.

TABLE 4 — CONVERSION OF Z VALUES TO C VALUES

Series impedancs Capacitance
[Zin) & [Zout] Rp Xp Required
20.72 + j5.64 22.26 j81.8 242 pF C
17.72 + j6.66 20.2 i53.8 367 pF Co
21.35 + jO 21.35 - 0.0 pF C|
18.68 + j.74 18.7 j472 040 pF C'o
20.21 - j6.92 21.6 —-j68.3 -268 pF C
17.90 - j8.3 21.75 —j46.9 -390 pF Co

From Table 4, notice the calculated values of CJ and
CQ come close to giving the desired frequency response.
C'] is zero at the band center, indicating the capacitors
selected for the input are optimum. The values for C'Q
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produce a slight skew in performance toward the high
end of the band. Capacitor values for the output could
be reduced slightly, but they will remain the same until
final fixture performance is determined.




Since C'y and C'Q are very small capacitor values,
little or no capacitance is actually needed for C'| or C'Q.
However, to allow minor tuning adjustments, a small
trimmer capacitor is included at the wear block/trans-
mission line interface.

The final calculation which needs to be performed is
that of finding the optimum characteristic impedance for
the transmission line. The recommended approach for
doing this is to use a computer optimization program
which will iterate any number of variables for a desired
frequency response. The variables available to be optim-
ized at this point are Zy, C'1 and C’'Q and even nA (trans-
mission line length). Zy, C'1 and C'Q are the very min-
imum variables.

In the example of the MRF846, where input R, varies
from 22.3 Q to 21.6 Q over the frequency band, a close
approximation can be had by using a mean value of
21.9 Q. This results in a Zy of 50 x 21.9 = 33 Q. The
output Rp starts at 20.2 (), dips to 18.7 () and goes back
up to 21.75 Q. Using the same method as before, Z, is
calculated as 50 x 20.2 = 31.7 Q where 20.2 Q is the
mean value of 18.7 and 21.75. Using a computer optim-
ization program, a 32 (), quarter wave transmission line
is optimum for the input and a 30 () quarter wave line
is optimum for the output. These are the values used in
the MRF846 test fixture.

After constructing the MRF846 test fixture and tun-
ing the small trimmer capacitors for best overall gain
and input reflected response, the average data shown in
Figure 9 was obtained.
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f, FREQUENCY (MHz)

FIGURE 9 — TEST FIXTURE PERFORMANCE
OF MRF846

The goal was to demonstrate 12/40 W across the band
with less than 2.0:1 input VSWR and greater than 45%
collector efficiency. Further optimization could be done
by performing impedance measurements on additional
transistors or characterizing the test fixture more ac-
curately. However, the above performance is very satis-
factory to the required performance. The best compro-
mise for a second pass fixture would be to trade-off gain
at 806 and 838 MHz for efficiency, and redesign input
and output matching networks for the new impedance
tables. This, of course, is only one of the many procedures
which may be followed in developing an 800 MHz test
fixture.
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APPLICATION OF THE MC1377
COLOR ENCODER

by Ben Scott and Marty Bergan
Linear I.C. Applications, Tempe, AZ

The MC1377 is an economical, high quality, RGB encoder for NTSC
or PAL applications. It accepts red, green, blue, and composite sync
inputs and delivers IVpp composite NTSC or PAL video output into
a 75 ohm load. It can provide its own color oscillator and burst gating,
or it can be easily driven from external sources. Performance virtually
equal to high cost studio equipment is possible with common color
receiver components. The following note is intended to explain the
operation of the device and guide the prospective user in selecting
the optimum circuit for his needs.

PREFACE

Since this device has applications in color cameras,
video games, video text and computer generated graph-
ics, it may attract potential users who are skilled in com-
puter architecture, but not familiar with the encoding of
color television. Perhaps they have spent extensive hours
viewing graphics on a full R, G, B wideband monitor.
This preface is intended to caution that PAL or NTSC
encoding, no matter how rigorously executed, will cause
some degree of picture degradation. The process of en-
coding involves some bandwidth reduction, which means
loss of high frequency detail, and it creates the possibility
of spurious picture patterns, due to coding and decoding
system limitations. The original standards were estab-
lished about 25 years ago and will probably be in use for
many years to come. It is not the objective here to detail
these standards as many references!-* are available. Ap-
pendix A shows pictorially why some loss of information
and detail is incurred.

The MC1377 is capable of encoding NTSC and PAL
to virtually studio standards. It also can be used for very
low cost applications where appropriate, with some com-
promises to picture quality. It can readily drive the 750
input of a composite video monitor, or be used to drive a
UHF or VHF modulator so that color television receivers
can be used.

CIRCUIT DESCRIPTION

Figure 1 shows a block diagram of the color encoder.
The three color inputs at Pins 3, 4, and 5 are matrixed
to produce chrominance envelopes, (R-Y) and (B-Y), and
luminance (—Y) by the standard NTSC/PAL formulae:
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Y = 59G + .30R + .11B
R-Y = .70R - .59G - .11B
B-Y = .89B - .59G — .30R

Texts on the NTSC system will show that studio mod-
ulation is done on a different set of orthogonal axes called
1 and Q. Also they will point out that I is a somewhat
wider bandwidth than Q. The MC1377 does not permit
the circuit designer this refinement, but it should be
noted that very few monitors or receivers contain any
circuitry to process the unequal bandwidths. (This is the
only compromise of standards in the MC1377 which can-
not be circumvented by application means.) Rotation of
the coordinate system from 1/Q to (R-Y)/(B-Y) does not
constitute any further compromise whatsoever, and it
makes the encoding formulae for PAL and NTSC the
same. It also aligns (B-Y) with the axis of the NTSC
color burst, for internal circuit simplicity and system
accuracy.

REFERENCES

1. Donald G. Fink, Television Engineering Handbook,
McGraw-Hill 1957,

2. Hazeltine Staff, Principles of Color Television,
Wiley 1956.

3. Gerald Eastman, Television Systems Measure-
ments, Tektronix 1969.

4. G. N. Patchett, Color Television, The PAL System,
Norman Price 1976.
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FIGURE 1 — BLOCK DIAGRAM AND APPLICATION CIRCUIT

The (B-Y) and (R-Y) signals drive two double bal-
anced (double sideband suppressed carrier) modulators
whose carriers are set at 0° and 90°, respectively. In the
NTSC mode, the outputs of these chroma modulators are
added to produce composite chroma. Burst envelope or
“burst flag” is applied to the (B-Y) modulator in the
negative direction to produce a burst pulse at a reference
angle of 180°. Composite chroma is amplified and buf-
fered to Pin 13 (to permit external bandwidth control as
desired) and is then fed back into the IC at Pin 10 to be
combined with the luminance component. The luminance
signal is also “looped out” from Pin 6 to Pin 8 to permit
insertion of a delay line to match the delay incurred in
the chroma channel due to bandwidth reduction. The
passive components used in the chroma and luma chan-
nels are like those used in the most common implemen-
tation of color television receivers.

In PAL mode, burst flag is driven into both modulators
equally to produce a 225°135° burst phase. The output
phase, or polarity, of the (R-Y) modulator output is al-
ternately switched from 90° to 270° on successive hori-
zontal lines, before being combined with (B-Y), which
remains at 0°. The switching of the modulator polarities
for PAL mode is driven by the latching ramp generator
through the PAL/NTSC control. This control allows PAL
switching when Pin 20 is open, and stops when Pin 20
is grounded. The PAL phase can be detected at Pin 20
and controlled by means of external logic. The PAL phase
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can be reversed by sensing when Pin 20 is high and Pin
1 is low, and momentarily pulling Pin 20 to ground with
an external switch.

The color subcarrier source for the modulators can be
implemented by free running the on-chip crystal oscil-
lator, or by external drive into Pin 17, or by a combination
of both methods. The common collector Colpitts oscillator
is completed by connecting a standard tv receiver color
crystal and capacitor divider as shown. The oscillator is
followed by a 90° phase shifter to provide the quadrature
signal to the (R-Y) modulator. The direct oscillator out-
put is taken as reference 0° and is fed directly to the
(B-Y) modulator.

The composite sync input at Pin 2 performs three im-
portant functions: it provides the timing (but not the
amplitude) for the sync in the final output; it drives the
black level clamps in the modulators and output ampli-
fier; and it triggers the ramp generator at Pin 1, which
produces burst envelope and PAL switching signal.

The ramp generator at Pin 1 is a simple R—C type in
which the pin is held low until the arrival of the leading
edge of sync. The rising ramp function passes through
two level sensors — the first one starts the burst pulse
and the second stops it. Since the “early” part of the
exponential function is used, the timing provided is rel-
atively accurate from chip-to-chip and assembly-to-
assembly. Fixed components are usually adequate. The
ramp continues to rise for more than % of the line in-
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FIGURE 2 — SIGNAL VOLTAGES
(Circuit Values of Figure 1)
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terval, thereby inhibiting burst generation on “half in-
terval” pulses on vertical front and back porches. Burst
is also inhibited if sync is wider than the time required
for the ramp to reach the sense levels, as is the case
during vertical sync. The ramp method will produce burst
on the vertical front and back “porches” at full line in-
tervals. In most applications, this discrepancy from stan-
dards will not cause any problem. If it is objectionable,
and if a proper burst envelope signal is available, then
it can be injected into Pin 1 directly. Another method,
suitable for either PAL or NTSC, will be described late:.

STANDARD INPUT LEVELS

The signals into Pins 3, 4, and 5 should each be 1 Vpp
for standard, fully saturated, color output levels as shewn
in Figure 2. The levels are important because the IC will
generate a predetermined 0.6 Vpp syncand 0.6 Vpp burst
at the output, and it will need 1.0 Vpp, input signals to
produce the corresponding full luminance and chromi-
nance amplitudes. The inputs are internally biased and
present a 10 k input impedance. The 15uF input coupling
capacitors are sufficient to prevent tilt during the 50 or
60 Hz vertical period. Input signals can be dc coupled (to
save the cost of the capacitors), provided that the signal
levels are between 2.2 V and 4.4 V at all times. It is
essential that the portion of each input which occurs
during the sync interval represent black for that input,
because it will be clamped to reference black in the color
modulators and the output stage. A refinement such as
a difference between black and blanking level must be
incorporated in the RGB input signals if required.

THE SYNC INPUT

As shown in Figure 2, the sync input can be varied
over a wide latitude, but will require bias pull-up from
most sync sources. The important requirements are that
during the period between sync pulses, the voltage must
be above 1.7 V and below the 8.2 V internal regulator.
During sync, the voltage (negative going) must extend
below +0.9 V and should not exceed — 0.5 V (to prevent
substrate leakage in the IC). For PAL operation, cor-
rectly serrated vertical sync is necessary to properly trig-
ger the PAL divider. In NTSC mode, simplified “block”
vertical sync can be used but the loss of proper horizontal
timing may cause “top hook” or flag waving in some
monitors. An interesting note is that composite video can
be used directly as a sync signal, provided that it meets
the sync input criteria.

THE LATCHING RAMP (BURST FLAG)
GENERATOR

The recommended application is to connect a close
tolerance (5%) 0.001 uF capacitor from Pin 1 to ground
and a resistor of 51 k or 56 k from Pin 1 to the 8.2 V
internally regulated supply (Pin 16). This will produce
a burst pulse of 2.5 to 3.5 us in duration, as shown in
Figure 3. As the ramp on Pin 1 rises toward the charging
voltage of 8.2 V, it passes first through a burst “start
threshold” at 1.0 V, then a “stop threshold” at 1.3 V, and
finally a ramp reset threshold at 5.0 V. If the resistor is
reduced to 43 k, the ramp will rise more quickly, pro-
ducing a narrower and earlier burst pulse (starting about
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FIGURE 3 — RAMP/BURST GATE GENERATOR

0.4 us after sync and only about 0.6 us wide). The burst
will be wider and later if the resistor is raised to 62 k,
but more importantly, the 5.0 V reset point may not be
reached in one full line interval, resulting in loss of al-
ternate burst pulses.

As mentioned earlier, the ramp method does produce
burst at full line intervals on the vertical porches. This
is not rigorously correct for studio applications. If exter-
nal burst flag is available, a positive pulse of between
1.0 V and 1.3 V (absolute value) can be applied to Pin 1
in the NTSC mode. This approach must be handled care-
fully, because a square pulse smaller than 1.0 V will not
trigger the burst generator, and a square pulse larger
than 1.3 V will shut off the burst generator almost before
it starts. This direct injection technique does not provide
the ramp to operate the PAL flip-flop. Another method,
suitable for either PAL nor NTSC, is shown in Figure 4.
It requires a “vertical drive” pulse, starting at the lead-
ing edge of vertical blanking and as wide as the interval
where burst is not wanted (usually 9 line intervals). The
extra transistor and diodes in the circuit add an abrupt
step at the beginning of each line ramp which inhibits
burst generation.

THE COLOR REFERENCE
OSCILLATOR/BUFFER

As stated earlier in the general description, there is
an on-board common collector Colpitts color reference
oscillator with the transistor base at Pin 17 and the emit-
ter at Pin 18. When used with a common low-cost tv
crystal and capacitive. divider, about 0.65 Vpp will be
developed at Pin 17. The adjustment of oscilrator fre-
quency can be done with a series 30 pF trimmer capacitor
over a total range of about 1.0 kHz. Oscillator frequency
should be adjusted for each unit, keeping in mind that
most monitors and receivers can pull in 1200 Hz.

If an external color reference is to be used exclusively,
it must be continuous. The components on Pins 17 and
18 can be removed, and the external source capacitively
coupled into Pin 17. The amplitude at Pin 17 should be
between 0.5 Vpp and 1.0 Vpp, either sine or square wave.
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. It is also possible to do both; i.e., let the oscillator “free
run” on its own crystal, and also be capable of being
overridden from an external source. An extra coupling
capacitor of 50 pF from the external source to Pin 17,
and a signal of 1.0 Vpp was adequate with the limited
experimentation attempted.

VOLTAGE CONTROLLED 90°

The oscillator drives the (B~Y) modulator and a volt-
age controlled phase shifter which produces an oscillator
phase of 90° = 7° at the (R-Y) modulator. If it is necessary
to adjust the angle to better accuracy, the circuit shown
in Figure 6 can be used.

Pulling Pin 19 up will increase the (R-Y) to (B-Y)
angle by about 0.25°uA. Pulling Pin 19 down reduces
the angle by the same sensitivity. The nominal Pin 19
voltage is about 6.3 V, so the 12 V supply is best for good
control, even though it is unregulated. In most situations,
the result of an error of 7° is very subtle to all but the
most expert eye. For effective adjustment, the simplest
approach is to apply RGB color bar inputs and use a
vectorscope. A simple bar generator giving R, G and B
outputs is shown in Appendix D.

RESIDUAL FEEDTHROUGH
COMPONENTS

As shown on the MC1377 data sheet (and in Figure
2 (d), the composite output at Pin 9 for fully saturated
color bars is about 2.6 Vpp, output with full chroma on
the largest bars (cyan and red) being 1.7 Vpp. The typical
device, due to imperfections in gain, matrixing, and mod-
ulator balance, will exhibit about 20 mVpl', residual color
subcarrier in both white and black. Both residuals can
be reduced to less than 10 mVpp for the more exacting
applications. The black imbalance is primarily in the
modulators and can be nulled by sourcing or sinking
small currents into clamp Pins 11 and 12 as shown in
Figure 7. The nominal voltage on these pins is about 4.0
Vdc, so 8.2 V is capable of supplying a pull up source.
(Pulling Pin 11 down is in the 0° direction, up is 180°.
Pulling Pin 12 down is in the 90° direction, up is 270°.)
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Any direction of correction may be required from part to
part. (Note that pulling Pin 11 up can preduce a residual
carrier on the horizontal back porch which is the same
phase as burst, and can result in an almost normal color
display even with burst not present.)

+12V

220 k

(19)

I .01

FIGURE 6 — ADJUSTING MODULATOR ANGLE

+8.2V

10k

+8.2V

FIGURE 7 — NULLING RESIDUAL COLOR CARRIER IN BLACK

Luminancel : |

[ |

: 1 1
1 ]

|

Chroma IMMMMMMMMMMM,

FIGURE 8

White carrier imbalance at the output can only be
corrected by juggling the relative levels of R, G and B
inputs for perfect balance. Standard devices are tested
to be within 5% of balance at full saturation. Black bal-
ance should be adjusted first, because it affects all levels
of gray scale equally. There is also usually some residual
baseband video at the chroma output (Pin 13), which is
most easily observed by disabling the color oscillator.
Typical devices show 0.4 Vpp of residual luminance for
saturated color bar inputs. This is not a major problem
since Pin 13 is always coupled to Pin 10 through either
a bandpass or a high pass filter, but it serves as a warning
to pay proper attention to the coupling network.

THE CHROMA COUPLING CIRCUITS
Without going deeply into the subject, it is generally
true that monitors and receivers have color IF 6.0 dB
bandwidths of +0.5 MHz. It is therefore recommended
that the encoder should also limit the chroma bandwidth
to approximately + 0.5 MHz through insertion of a band-
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pass circuit between Pins 13 and 10. For proper color
level in the composite output, a mid-band insertion loss
0f 3.0 dB is desired. The bandpass circuit shown in Figure
1, using the TOKO fixed tuned transformer (see Appen-
dix B) gives this result. One of many tv color IF bandpass
circuits could also be used. When such a bandwidth re-
duction is inserted, the chroma is delayed by approxi-
mately 350 ns (as shown in Figure 8).

This 350 ns delay results in a visible displacement of
the color and black and white information on the final
display. The solution is to place a delay line in the lu-
minance path from Pins 6 to 8 to realign the two com-
ponents. Again, a normal tv receiver delay line can be
used. These delay lines are usually of 1.0 k to 1.5 k
characteristic impedance, and the resistors at Pins 6 and
8 should be selected accordingly. A very compact, lumped
constant delay line is available from TDK (see Appendix
C for specifications). Some types of delay lines have very
low impedances (approximately 100 ohms) and should
not be used, due to drive and power dissipation require-
ments.

In some applications, it may be possible to delete both
the bandpass transformer and the delay line. For in-
stance, when the RGB information itself is very low
resolution, i.e., very narrow band (less than 1.5 MHz),
no cross-talk would be generated in the encoder (see Fig-
ure 9). Keep in mind, however, that the standard monitor
or receiver will still “see” an incorrect luminance side-
band at X'. This points up the value of at least some
chroma bandwidth reduction in the encoder. A simpler,
lower cost bandpass circuit is shown in Figure 10(a). It
provides the proper insertion loss, approximately +1.0
Mz bandwidth, and about 100 ns delay.

The circuit shown in Figure 10(b) is even less costly,
but has about 6.0 dB greater loss, provides very little
bandwidth reduction except to remove the baseband
feedthrough, and produces essentially no delay.

X X X

AVaum!

1.0 2.0 3.0 3.58 4.0

(a) ENCODER OUTPUT WITH LOW RESOLUTION INPUTS
AND NO BANDPASS TRANSFORMER

Gain

X X
M\
1
— 4 + :

1.0 20 3035840 50
(b) STANDARD RECEIVER RESPONSE

Gain

FIGURE 9

It will be left to the designer to decide which, if any,
compromises are acceptable. Color bars viewed on a good
monitor can be used to judge acceptability of step lu-
minance/chrominance alignment and step edge tran-
sients, but signals containing the finest detail to be en-
countered in the sysiem must also be examined before
settling on a compromise.
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FIGURE 10 — OPTIONAL CHROMA COUPLING CIRCUITS

THE OUTPUT STAGE

The output amplifier normally produces about 2.0 Vpp
and is intended to be loaded with 150 ohms as shown in
Figure 11. This provides about 1.0 Vpp into 75 ohms, an
industry standard level (RS-343). In some cases the input
to the monitor may be through a large coupling capacitor.
If so, it is necessary to connect a 150 ohm resistor from
Pin 9 to ground to provide a low impedance path to dis-
charge the capacitor. The nominal average voltage at Pin
9 is over 4.0 volts. The 150 ohm dc load causes the current
-supply to rise another 30 mA (to approximately 60 mA
total into Pin 14). Under this (normal) condition the total
device dissipation is about 600 mW. The calculated worst
case die temperature rise is 60°C, but the typical device
in a test socket is only slightly warm to the touch at room
temperature. The solid copper 20-Pin lead frame in a

Output 75 Q Cable

75
Monitor

MC1377

FIGURE 11

printed circuit board will be even more effectively cooled.

The MC1377 is designed to operate from an unregu-
lated 10.8 to 13.2 volt dc power supply. Device current
into Pin 14 with open output is typically 30 to 32 mA.
To provide a stable reference for the ramp generator and
the video output, a high quality 8.2 V internal regulator
is provided. The 8.2 V regulator can supply up to 10 mA
for external uses, with an effective source impedance of
less than 1.0 ohm. This regulator is convenient for a
tracking dc reference for dc coupling the output to an RF
modulator. Typical turn-on drift for the regulator is ap-
proximately +35 mV over 1-2 minutes in otherwise sta-
ble ambient conditions.

SUMMARY

The preceding Application Note was intended to detail
the application and basis of circuit choices for this ver-
satile tv signal encoder. A complete MC1377 application
with the MC1374 VHF modulator is shown in Figure 12.
The internal schematic diagram of the MC1377 is pro-
vided in Figure 5. If further assistance is needed, contact
Motorola Linear and Military IC Division, Applications
Engineering.
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APPENDIX A

In full RGB systems, three information channels are
wired from the signal source to the display to permit
unimpaired image resolution. The detail reproduction of
the system is limited only by the signal bandwidth and
the capability of the color display device. Higher than
normal sweep rates may be employed to add more lines
within a vertical period. Three separate projection pic-
ture tubes can be used to eliminate the “shadow mask”
limitations of a conventional color CRT.

Figure (b) below shows the “baseband” components of
astudio NTSC signal. As in the previous example, energy
is concentrated at multiples of the horizontal sweep fre-
quency. The system is further refined by precisely locat-
ing the color subcarrier midway between luminance spec-
tral components. This places all color spectra between
luminance spectra and can be accomplished in the
MC1377 only if “full interlaced” external color reference

Spectral‘Energv Is Always Concentrated
At Horizontal Sweep Frequency Muitiples

Red

Gieen

Blue

FIGURE 13(a) — SPECTRA OF A FULL RGB SYSTEM
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FIGURE 13(b) — NTSC STANDARD SPECTRAL CONTENT
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and sync are applied. The individual components of lu-
minance and color can then be separated by use of a comb
filter in the monitor or receiver. This technique has not
been widely used in consumer products, due to cost, but
it is rapidly becoming less expensive and more common.
The unequal bandwidths of I and Q cannot be imple-
mented with the MC1377, first because I and Q axes are
not used, and second, because outputs of the two color
modulators are added before any bandwidth reduction is
imposed. Most monitors and receivers compromise the
“standard” quite a bit, by using responses as shown in
Figure (c). Some crosstalk of luminance information into
chroma, and vice versa, is always present. The accept-
ability of the situation is enhanced by the suppression
of the color carrier and the generally limited ability of
the CRT to display information above 2.5 MHz. If the
signal from the MC1377 is to be used primarily to drive
conventional non-comb filtered monitors or receivers, it
would be best to reduce the bandwidth at the MC1377
to that of Figure (c) to lessen crosstalk.
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Gain
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Channel .
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FIGURE FIGURE 13(c) — TYPICAL MONITOR/TV
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FIGURE 13(d) — COLOR VECTOR RELATIONSHIP,
/Q SYSTEM versus (R-Y)/(B-Y) SYSTEM
SHOWING STANDARD COLORS



APPENDIX B

A PROTOTYPE CHROMA BANDPASS TRANSFORMER

15.0 mm Max.’

Toko America
5552 West Touhy Avenue

TOKO SAMPLE NUMBER 166NNF-10264AG

3.5 = 0.5 mm

=

0.7 mm Pin Diameter |

®

Unloaded Q (Pin 1-3): 15 @ 2.5 MHz

Connection Diagram Inductance: 30 uH = 10% @ 2.5 MHz

Skokie, IL 60077 Bottom View Turns: 60 (each winding)
(312) 677-3640 Wire: #38 AWG (0.1 m/m)
APPENDIX C
A PROTOTYPE DELAY LINE
TDK SAMPLE NUMBER DL122401D-1533
1.26 Max 0.35 Max
32.0 9.0
*Marking ﬁ; Max
0.394+0.06 __.| 0.026 = 0.002
100 = 1.5 0.2+0.04 l 0.65 +0.03
5.0=1.0
0.788 + 0.08 /
200 = 2.0

|
O]

=

TDK Corporation of America
4711 Golf Road

Skokie, IL 60076

(312) 679-8200

*MARKING:

|
O
[z 4
0.08 Radius Max
2.0

PART NUMBER, MANUFACTURER’S IDENTIFICATION,
DATE CODE AND LEAD NUMBER.

Item Specifications

1 Time Delay 400 ns + 10%
2 Impedance 1200 Ohms = 10%
3 Resistance Less Than 15 Ohms
4 Transient Response with 20 ns Rise-Time Input Pulse | Pre-Shoot: 10% Max

Over-Shoot: 10% Max

Rise-Time: 120 ns Max
5 Attenuation 3 dB Max at 6.0 MHz
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APPENDIX D

AN RGB PULSE GENERATOR
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AN955

A Cost Effective VHF Amplifier
For Land Mobile Radios

By Ken Dufour
Motorola Power Products Division

INTRODUCTION

This application note describes a two stage, 30 watt
VHF amplifier featuring high-gain, broad bandwidth and
outstanding ruggedness to load mismatch, achieved by
use of the new MRF1946A power transistor. It uses a die
geometry intended for RF power devices operating in the
UHF region. The emitter periphery (EP) to base area (BA)
ratio of this die is 4.9, up from the normal EP/BA range
of 1.5 to 3.5 for VHF devices. Power sharing and current
sharing in the chip are controlled with diffused emitter
resistors. The end result is a VHF transistor with very high
power gain (10 + dB), sufficient so that processing steps
can be taken to provide tolerance to load mismatch while
still maintaining excellent performance. By mounting this

die in the 0.380 flange or stud package and providing
characterization data that spans 136 to 220 MHz, Motorola
has provided a very versatile component for the RF
designer.

CIRCUIT DESCRIPTION

Smith chart techniques were used to develop the two
stage amplifier shown pictorially in Figure 1 and sche-
matically in Figure 2. The end result is an amplifier that
can produce 20 dB overall gain in the specified band (150
to 175 MHz), with a midband efficiency of 50 percent. The
Motorola MRF237 was selected for the driver stage. This

Figure 1. Engineering Model of MRF1946A Wideband Amplifier
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common emitter (TO-39) RF power transistor produces
high-gain, is easy to mount and is cost effective. In this
design, the MRF237 is inserted into a hole in the circuit
board and soldered to the ground plane for heat sinking,
as shown in Figures 1 and 3. This method of attachment
aiso provides a very effective emitter ground connection.
By introducing a small amount of forward bias (5-15 mA)
to the MRF237, it will track low drive levels and help
maintain stability in the input stage. The amplifier is con-
structed on 1/16", double sided G-10 board with 2 ounce
copper cladding. A photomaster of the printed circuit
board is shown in Figure 4. The top and bottom ground
planes of the board are connected by wrapping the board
edges with thin copper foil (0.002") and then soldering it
in place. Figures 1 and 3 illustrate how and where the
board edges are wrapped in the prototype amplifier. No
eyelets or plated-through-holes are required to achieve
the level of performance noted here. Printed lines are
used to match the devices’ input and output impedance

to 50 ohms, and an inductor and two capacitors form the
interstage match. This allows some flexibility in shaping
the overall frequency response and helps conserve board
area. The MRF1946A stage is operated in Class C and is
mounted to the heatsink using conventional methods,
i.e.; an 8-32 stud inserted into an appropriately prepared
heatsink. An alternate packaging arrangement, the 0.380
flange, allows one to attach the transistor to the topside
of the heatsink with two screws. A Mctorola Application
Note on mounting techniques for various semi-
conductors is available and provides detailed information
on installing either of these package styles (see reference
1). Additional information on thermal considerations can
be found in reference 2. Performance of the amplifier is
illustrated in Figures 5, 6 and 7. Figure 5 is a plot of Pg ¢t
versus Pjp at 160 MHz, 12.5 volts; Figure 6 shows output
power, input VSWR and collector efficiency as functions
of frequency; while Figure 7 demonstrates harmonic con-
tent for 30 watts output power.

C1 = 56 pF Dura Mica D1 = Diode, 1N4933 or Equivalent
= Base Lead Cut to 0.4", Formed

C2 = 39 pF Mini-Unelco L1

i [ wome ]
OUTPUT — 50 (2 LINE

R2 = 1500 (2, 1/2 W (Select For
Most Appropriate ICQ)

C3, C7 = 68 pF Mini-Unelco Into Loop RFC1 = 10 uH Molded Choke
C4, C5, C6, C9, C10 = 91 pF Mini-Unelco L2 = Collector Lead Cut To 0.35", Formed RFC2 = 0.15 uH Molided Choke
C8 = 250 pF Unelco J101 Into Loop RFC3 = VK200-4B Choke

C11 = 36 pF Mini-Unelco L3 =
C12 = 43 pF Mini-Unelco L4 =
C13 = 1 uF, 25 V Tantalum L5 =
C14, C15 = 0.1 uF Mono-Block R1 =

C16 = 10 uF 25 V Electrolytic

0.7" #18 AWG Into Loop

7 Turns #18 AWG, 1/8" ID
3 Turns #16 Enam, 3/16" ID
10 Q, 1/4 W Carbon

21, Z2 = Printed Line

Z3 = 50 Ohm Printed Line

B = Ferroxcube Ferrite Bead
56-590-65-38

Figure 2. Schematic Diagram of MRF1946A Wideband
Amplifier
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Figure 4. PCB Photomaster (not full size)
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CONCLUSIONS

The two-stage amplifier described produces greater
than 20 dB gain with 30 watts of output power over the
frequency range of 150 to 175 MHz. Ruggedness and
stability are achieved by use of the new MRF1946/A
power transistor. The amplifier illustrates that relatively
unsophisticated construction techniques properly imple-
mented with the appropriate high gain devices can pro-
vide a cost effective 30 watt VHF amplifier for land mobile
applications.
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AN969

Operation of the MC145159 PLL Frequency
Synthesizer with Analog Phase Detector

INTRODUCTION

The MC145159 is a phase-locked locp frequency synthesizer
with an analog, or more specifically a sample-and-hold, phase
detector. The output of this phase detector (APDgy¢) is used
as a fine error signal. The synthesizer also contains a digital
frequency steering phase comparator for coarse adjustment
of loop frequency, separate power supply pins for the analog
phase detector, a lock detect output, and on-chip logic for
control of a dual-modulus prescaler. (See Figure 1.)

Other features of the MC145159 are a 14-bit reference
counter, as well as a 10-bit divide-by-N counter and a 7-bit
divide-by-A counter. All three counters are programmed via a
serial data stream which is compatible with the Serial Peripheral
Interface (SP1) on CMOS MCUs. The device also has on-chip
circuitry to support an external crystal. OSCj, may also serve
as an input for an externally-generated reference signal. This
signal is typically ac coupled to OSCjp, but for larger amplitude
‘é;ignals (standard CMOS logic levels), dc coupling may be used.

With the features listed above, the MC145159 finds general
purpose applications in such areas as 2-way radios, cellular
radiotelephones, and avionics equipment.

As stated earlier, the MC145159 has a sample-and-hold
phase detector. As opposed to standard digital phase com-
parators with fixed gain, the gain of the sample-and-hold phase
comparator is programmable. Four external components, two
resistors and two capacitors, help set the gain and drive levels
of the phase detector. Higher gain is achievable with the
MC145159 phase detector versus digital phase detectors.

Because a high degree of filtering compromises overall loop
performance, phase detectors which provide an error signal
that is as clean as possible prior to filtering are extremely
advantageous. One obvious benefit of the sample-and-hold
phase comparator is that its output is analog, and therefore
already resembles the required control voltage necessary to
drive the loop’s voltage-controlled oscillator (VCO), thereby
minimizing filtering requirements. Ideally, this control voltage
is a perfectly clean signal with no undesired perturbations. Any
of these disturbances cause unwanted modulation on the
VCOs output signal. For high perfformance radio equipment,
the sidebands resulting from this modulation must be very
low. The analog output reduces VCO modulation sidebands
and also allows for wider loop bandwidths than are normally
possible with digital phase detector outputs.

ENABLE —
14817 SR } M SRout
L J T‘; CHARGE o
| C Vop=FIN 5
{ '_D—-—{ 14.81T LATCH | w Vo PN 19
DL, | o, | e Con s
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‘ L 1T APDyy,
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CONTROL LOGIC 16y
fy 8 moouLus conTRoL
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78IT = A COUNTER 108IT = N COUNTER FREQUENCY |—5 FREQUENCY STEERING OUT
STEERING
L»[ 7.8IT LATCH 10-BIT LATCH v
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v ‘—I'_E 78T SR T_[:b 108IT.SR H
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*NOTE: Pin 6 is not and cannot be used as a digital phase detector output.

Figure 1. Logic Diagram
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TRADITIONAL SAMPLE-AND-HOLD
PHASE DETECTORS

Before examining the method by which the MC145159 per-
forms a sample-and-hold function, the theory of operation of
traditional sample-and-hold phase detectors will be reviewed.

The reference signal (divided-down OSCjp signal) and cur-
rent source are used to establish the sawtooth voltage on the
ramp capacitor, CR. (See Figures 2 and 3.) CR is charged by
the current source and quickly discharged by a switch that is
controlied by the reference signal. In this way, the period of
the sawtooth voltage is equal to the period of the reference
signal. The divided-down VCO signal is used to sample the
sawtooth voltage by closing a sampling switch for a window
of time and letting the hold capacitor, CH, charge to the
sampled voltage. Neglecting leakage current, the charge es-
tablished on CH at the end of the sample time remains constant
until the next sample. If for some reason the VCO frequency
begins to rise above the desired value, the phase of the sam-
pling pulse falls back and sampling is done at a lower sawtooth

“voltage. This action, in effect, lowers the control voltage

to slow down the  VCO and keep the divided-down VCO

frequency locked to the reference frequency. Likewise, if the
VCO frequency falls below the desired value, the phase of the
sampling pulse advances and sampling is done at a higher
sawtooth voltage. This action raises the control voltage which
speeds up the VCO to keep the divided-down VCO frequency
locked to the reference frequency.

One serious side effect of this scheme is that an undesired
ripple voitage occurs on CH. This rippling is caused by the
ramp waveform charging from level VA to level VB during the
sample window. Upon opening of the sampling switch, CH is
charged to Vg and remains at Vg until the switch is closed
again and voltage VA is applied to the hold capacitor. There-
fore, the hold capacitor is charged to Vg and discharged to
Va while in a locked condition. In effect, a ripple-free lock
voltage cannot be established on Cl. The magnitude of this
ripple is a function of the ramp charging slope, sample window
time, and hold capacitor charge/discharge times.

To mask out the rippling effect, one solution is to follow
CH by a second sampling switch and hold capacitor combi-
nation along with the necessary control signals. However, this
additional circuitry introduces more switching transients and
consumes more chip and/or board space.

v +
A AMPLING PULSE
CONSTANT SAMPLI o L;
CURRENT (DERIVED SIG(] "
SOURCE LOOP VCO SIGNAL)
l'ch
DISCHARGE Cp
PULSE ——» DISCHARGE SAMPLING ERROR VOLTAGE
(REFERENCE SIGNAL) SWITCH

SWITCH ’ (DC OUTPUT)
1" I

Figure 2. Traditional Sample-And-Hold Phase Detector Block Diagram
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P —_
ULsE SAMPLING F— Vitsample —
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Figure 3. Traditional Sample-And-Hold Phase Detector Timing Diagram
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OPERATION OF THE MC145159

THEORY

The MC145159 uses a new, patented design approach for
sample-and-hold phase detectors called ramp clamping, which
results in improved performance over the traditional approach.
Ramp clamping minimizes the need for a second hold capac-
itor, and in most applications only one hold capacitor is needed.
When the loop is in frequency lock, the rising edge of fR
(divided-down OSCj, signal) activates a constant current
source to initiate charging of the ramp capacitor. (See Figures
4 and 5.) The slope of this ramp waveform is also known as
the phase detector gain. The ramp voltage continues to build,
at a rate determined by RR, CR, and Vpp’, until the rising
edge of fy (divided-down VCO signal) terminates the charge
signal, thereby establishing a constant voltage on CR. After
a predetermined delay (equal to two clock cycles of fi,) this
ramp voltage is sampled onto the hold capacitor during a
sample window lasting four periods of fi,. CH is then isolated
from CR and, after a delay of two clock cycles of fin, CR is
discharged. This cycle repeats every fR period. The fy edge
relative to the fR edge in time therefore determines how long
the ramp charges before being clamped and sampled onto CH.
This establishes the hold voltage necessary to maintain loop
lock. The voltage on CH feeds an N-channel source follower,
the output of which (APDgt) controls an external VCO.

When the loop is out of frequency lock, that is when fR
and fy are not in a one-to-one relationship over a 2r window
with respect to fR, the Frequency Steering Output (FSO) be-
comes active. As a general rule, fg and fyy must differ by 2%
for the FSO to become active. However, as the reference
frequency decreases, the frequency steering sensitivity in-
creases. If the divided-down VCO frequency, fy, is lower than
the divided-down oscillator frequency, fR, (fy <fg) then FSO

pulses high. If fyy >fR, then FSO pulses low. The FSO pulse
width is approximately equal to the period of time between
two fy pulses if fyy>fR, or two fR pulses if fg>fy. FSOs
repetition rate is equal to the.difference frequency between
frR and fy. When fy/ =fR over a 2= window with respect to
fR, then the FSO remains in a high-impedance state and phase
lock is maintained by the analog phase detector output. (See
Figure 6.) By combining APDgyt and FSO, the required low-
noise VCO control voltage is provided by APDgt while the
FSO provides a coarse error signal to achieve fast frequency
lock.

The ramp clamp approach to phase detector design, which
is implemented on the MC145159, offers significant advan-
tages over the traditional method of sample-and-hold phase
comparators. In traditional sample-and-hold detectors, ramp
slewing during the sample window causes rippling on the hold
capacitor. Therefore, a second hold capacitor and sampling
switch may be needed. The ramp clamp technique however,
alleviates the need for a second hold capacitor and all of its
related circuitry. This becomes very significant in the produc-
tion of monolithic integrated circuits due to the savings in chip
‘area that result.

Another benefit of ramp clamping is that the ramp amplitude
is not allowed to go beyond the value reached when sampling
occurs. The traditional method permits the ramp capacitor to
charge all the way up to the positive supply voltage value; in
most cases well after sampling has occurred. This extends the
ramp amplitude beyond that allowed with the ramp clamp
approach. A lower ramp pulse results in less ripple in the output
error signal caused by parasitic ramp feed-through. With ramp
clamping, the ramp amplitude is limited to only that value
necessary to keep the loop locked and, more importantly, it
provides a constant voltage to the hold capacitor during the
entire sample window.
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" SWITCH c DETECTOR
R
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== CH | ouTPUT
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Figure 4. Analog Phase Detector Logic Detail
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A word of caution exists for the analog phase detector power
supply pins, Vpp’ and Vgs’. These two pins are provided
to help isolate the analog section from noise coming from the
digital sections of this device and also noise from the sur-

rounding circuitry. Ensure that Vpp’ and Vpp are at the same
voltage potential at all times. Likewise, Vgg’ and Vgg must
be at the same potential at all times. Otherwise, damage to
the MC145159 may occur due to latch up.

fR
(INTERNAL)
Ik
(INTERNAL)

SAMPLE 27 aT 27

DISCHARGE I I l

cw — 1

CHARGE

Figure 5. Analog Phase Detector Timing Diagram (N =17)
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Figure 6. Frequency Steering Output Timing Diagram

264



PHASE DETECTOR GAIN

As stated earlier, the gain of the analog phase detector on
the MC145159 is programmable. The gain is set by Vpp’ and
two external components; the ramp resistor, RR, and the ramp
capacitor, CR. The user must therefore determine the optimal
value of gain for his or her system.

To select the optimal gain for the phase detector, let us
assume a PLL system with a reference frequency of 10 kHz.
(See Figure 7a.) With this frequency going into the phase
detector, consecutive fR pulses occur 100 us apart. Assuming
that the Frequency Steering Out pin has already pulled the
system into frequency lock and turned off, the Analog Phase
Detector Output is in complete control. Therefore, the rising
edges of fg and fy can be nearly 100 us apart. Because fR
initiates the ramp waveform and fy terminates the charging
cycle, the ramp should be at most 100 us, or 2« radians wide.
Moreover, the ramp should be capable of charging from Vgg’
to Vpp’ during this time. The design equation for phase de-
tector gain given in the data sheet is stated as:

K, —_lcharge
27 fg CR

[V/rad]

Substituting in for Ky and fR and selecting a value for CR,
one can solve for Icharge- From Icharge. the value of ramp
resistance, RR, is taken from Figure 8.

In this example, the gain of the phase detector is Vpp' /27
[V/rad). Larger values of gain can certainly be used. In fact,
higher gain resuits in faster lock times. (See Figure 7b.) There
is, however, an upper limit to the amount of gain selected.
Higher gain is achieved by increasing Vpp' or reducing RR
or CR (or some combination thereof). Increasing phase de-
tector gain by reducing the size of the ramp capacitor leads
to increased noise induced into the ramp, and consequently,
‘hold capacitors.

On the other hand, too little gain results in the ramp capacitor
taking slightly longer to reach the required error voltage level,
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Figure 7. Determining the Gain
of the Analog Phase Detector
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Figure 8. Charge Current versus Ramp Resistance

thereby widening the ramp waveform. This increased area
under the curve represents more energy being transferred to
the hold capacitor. The result is an increased potential to
modulate the control voltage, yielding higher sidebands on the
VCO output. Therefore, each system must be carefully ana-
lyzed and optimized for the gain/noise tradeoff.

The analog phase detector of the MC145159 can track
changes in its input over a 2x range with respect to fg. The
digital frequency steering portion of the device produces error
signals over a wide range of input frequency differences.

OUTPUT BIAS CURRENT RESISTOR

Included on the MC145159 is a pin dedicated for use with
an external component, called the output bias current resistor.
A resistor connected from this pin (RQ) to Vgg’ biases the
output N-channel transistor, thereby setting a current sink on
the analog phase detector output. With larger values of output
resistance, the analog output bias current decreases (See Fig-
ure 9.)
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E 6.0
=
I 50
o< .
§ Vpp' =9V
@ 40
=
@
5 30
S )
3 50 N
e N
2 o N
N i Vpp' =5V »
g [ 1 '*
=
10 20 30 50 70 100 200 300 500 700 1000

Rg. OUTPUT RESISTARCE (k)

Figure 9. APDg¢t Bias Current
versus Output Resistance
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METHOD OF PROGRAMMING THE COUNTERS

The MC145159 contains three fully-programmable counters.
The R, N, and A counters are programmed by a serial data
bit stream. (See Figure 10.) Perusing the logic diagram of the
device gives insight as to how the counters are loaded with
data. (See Figure 1.)

First, the desired values for R, N, and A must be converted
to binary form with the proper amount of bit positions. Note
that the R counter is 14 bits long, the N counter 10 bits long,
and the A counter 7 bits long. To load the data, the Enable
pin must be taken low to isolate the counters from changes
that occur in the shift registers. With Enable low, data is then
loaded into the shift registers on the rising edge of the clock
input. Care must be taken to ensure that Data, Clock, and
Enable voltage levels and rise, fall, setup, hold, and recovery
times are not violated. The divide-by-R word is loaded first
with its most-significant bit as the first bit entered. The divide-
by-N word follows immediately, again with its most-significant
bit as the first bit entered. Next is word A, similarly with its
most-significant bit entering first. The last bit of the string is
the control bit. A logic one for the control bit allows all the
counters to be loaded with shift register information when
Enable is taken high. A logic zero entered as the control bit
inhibits a reference counter latch load. Therefore, only the N
and A counters are loaded when Enable is taken high.

Finally, after all the data is properly loaded into the shift
registers and the control bit is at the desired logic state, Enable
is taken high to program the counters. After ‘satisfying the
minimum input pulse width for Enable, that pin must then be
taken low to isolate the counters from outside disturbances.

For example, suppose system requirements dictate that the
R, N, and A counters be programmed with 40, 200, and 72,
respectively. The steps to load the counters are outlined below.

Action Comment

1. Take Enable low
(<0.3 Vpp)
Shift in eight Os
.. Shift in one 1
Shift in one 0
Shift in one 1

. Shift in five Os

Isolate the counters

Start loading R word

PO AN

R word entered; start

loading N word

7. Shiftin two 1s

8. Shift in two Os

9. Shiftin one 1

10. Shift in three Os

11. Shiftin one 1

12. Shift in two Os

13. Shift in one 1

14. Shift in three Os

15. Shift in one 1

16. Take Enable high
(>0.7 Vpp)

17. Take Enable low
(<0.3 Vpp)

N word entered
Start loading A word

A word entered
Control bit high
Load the three counters

Isolate the counters

Now that the counters are loaded with the correct infor-
mation and the system is working properly, changing the out-
put frequency is desired. New values of N and A are chosen
while keeping R the same. (R is only used in this case to set
up the system resolution.) The same method can be used to
program the N and A counters while simply ignoring the R
counter. Take Enable low, shift in the appropriate binary data
for N and A, shift in a control bit of logic zero to isolate the
R counter form the Enable line, and pulse high the Enable
input.

R =40 (14 bit
( its) For example, suppose the new values for N and A are 178
0O 0 0 0 0O0O 0 0 1 0 1t 0 0O and 13, respectively. The steps to load the counters are out-
MSB LSB lined below.
N =200 (10 bits) N =178 (10 bits)
o 0 1 1 0 0 1 0 O O o 0o 1t 0 1 1 0 0 1 O
MSB LSB MSB LSB
A =72 (7 bits) A =13 (7 bits)
1 0 0 1 0 0 O o 0o o 1 1 0 1
MSB LSB MSB LSB
LATCHED WHEN CONTROL BIT =1
A 7 SHIFT
LAST | AO A6 | NO NS | RO R13
DATAIN =™ g1 | (s |~ — “|msefse [~ — T T Tmse|se [ T T T ] MSB nsglng

\

J

LATCHED WHEN

CONTROL BIT CONTROL BIT=0

Figure 10. Data Entry Format
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Action Comment

Isolate the counters
Start loading N word

. Take Enable low
. Shift in two Os
Shift in one 1
Shift in one 0
Shift in two 1s
Shift in two Os
Shift in one 1
Shift in four Os

PNOOsWN

N word entered; start
loading A word

9. Shift in two 1s
10. Shift in one 0
11. Shift in one 1
12. Shift in one 0
13. Take Enable high
14. Take Enable low

A word entered
Control bit low

Load the two counters
Isolate the counters

As is evident, the two prior routines are serial in nature. A
microprocessor is therefore best suited to program the
counters. Also, note that the counter outputs are not available
on the MC145159 for checking correct counter operation.
However, a shift register output, SRoyt, is available. (See
Figure 1.) Therefore, the same microprocessor that programs
the counters can also be used to verify the contents of the
shift registers to ensure that the correct data has been loaded.
Enable must be held low while verifying shift register contents
to avoid affecting the counters.

Although the MC145159 has on-chip logic for control of an
external dual modulus prescaler, the device is capable of per-
forming in a single modulus mode simply by leaving the mod-
ulus control output unconnected. In this case, the 10-bit divide-
by-N counter performs the loop divide-by-N function. The A
counter must still be loaded with data, but that data is a don't
care. However, loading the A counter with all Os is strongly
recommended. In that way, the modulus control output is
stuck high and cannot cause any possible interference by
switching periodically.

fin. OSCjn LIMITS

Although not stated on the data sheet, the fj, and OSCijp
limits for the MC145159 are the same as for the rest of the
silicon-gate MC1451XX family of frequency synthesizers. (See
Figures 11 and 12.) One limit is 15 MHz for a supply voltage
of 5 V and a divide value of six or greater for the N and R
counters. For the time being, refer to these graphs for fre-
quency limits.

The analog phase detector component values play a small
role in determining the input frequency limits at the input to
the phase detector. For high reference frequencies, a large
value of Icharge is most likely required. Make certain that
component values are in specified ranges. For best results,
the following limits are recommended. (Low-leakage polysty-
rene or Mylar capacitors are recommended for CR and CH.)

1kQ@<RR <1 MQ

500 pF<CR <0.1 uF
10 CH=<CR

10 kQ<Rp =<1 MQ
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DUAL-MODULUS PRESCALING CONSTRAINTS

The MC145159 contains all the necessary logic for control
of an external dual-modulus prescaler. Dual-modulus pre-
scaling is a solution to some of the shortcomings associated
with single-modulus prescaling. Inherent in the design of
synthesizers using single-modulus prescaling is the fact that
the value of the reference frequency into the phase detector
is multiplied by the prescale value P, as well as by the counter
value, N. (See Figure 13.) This results in a loss of sy}stem
resolution because any unitary change of N results in the
output frequency of the VCO changing by the reference fre-
quency times P, which may be undesired.

Dual-modulus prescaling is a solution to this problem. it
allows VCO step sizes equal to the value of the phase detector
reference frequency to be obtained. This technique utilizes an
additional A counter and a special prescaler which divides by
any one of two values, depending upon the state of its control
line. (See Figure 14.) In dual-modulus prescaling, the lower
speed counters are uniquely configured. Special control logic
is necessary to select the divide value, P or P+ 1, in the pre-
scaler for the required amount of time.

The modulus control signal is low at the beginning of a
count cycle, enabling the prescaler to divide by P + 1, until the
A counter has counted down to zero. At this time, modulus
control goes high, enabling the prescaler to divide by P, until

the N counter counts down the rest of the way to zero; N
minus A additional counts.

Ntot = (P+1)A+P(N-A)
=NP+A

Modulus Control is then set back low, the counters preset to
their respective programmed values, and the sequence is
repeated.

This provides for a total programmable divide value of (N
times P) + A. To have a range of total divide values in sequence,
the A counter is programmed from zero through P—1 for a
particular value N in the N counter. N is then incremented by
1 and the A counter is sequenced from zero to P — 1 again.

Certain constraints apply when using dual-modulus pre-
scaling: 1) N is greater than or equal to A always applies; 2)
the value of P must be large enough so that the maximum
frequency of the VCO divided by P must not exceed the fre-
quency capability of the N and A counters; also, 3) P times
the period of the maximum VCO frequency must be greater
than the sum of the prop delay through the dual-modulus
prescaler plus the prescaler setup or release time relative to
its control signal plus the propagation delay of frequency in
(fin) to Modulus Control.
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Figure 13. Single-Modulus Prescaling
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Figure 14. Dual-Modulus Prescaling

FREQUENCY SYNTHESIZER EXAMPLE

Suppose the MC145159 is to be used in a system which
operates from 118.000 to 135.975 MHz in 25 kHz steps, i.e.,
aircraft communication transceivers. (See Figure 15.) A pre-
scaler is needed to divide down the maximum VCO output
frequency to a frequency that the MC145159 can handle (15
MHz maximum at Vpp =5 V). A minimum prescale value of

10 is required. However, if a divide-by-10 single-modulus pre-
scaler is used, the reference frequency would have to be ad-
justed to 2.5 kHz in order to maintain the 25 kHz step size.
Therefore, dual-modulus prescaling is desired and the
MC12016 divide-by-40/41 prescaler is selected due to an input
frequency capability of 225 MHz and the ability to divide down
the VCO frequency to well under 15 MHz.

MC145159
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CRYSTAL . PHASE [ LOW-PASS OUTPUT
— -~ R COUNTER - CONTROLLED » U
R 1
D | ‘ OSCILLATO DETECTOR I FILTER QSCILLATOR FREQUENCY
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=N +A
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CONTROL
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Figure 15. Typical System Application
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With a reference frequency of 25 kHz, the N and A counters
must be loaded with the proper values to achieve 118 to 135.975
MHz at the loop output. For example, at fmax:

No.,  135.975 MHz
1ot ™ 26 kHz
Niot = 5,439

To arrive at programming values for N and A, use:
NIOI =NP+A

Substituting in, and for now, letting A=0:

5,439 = N(40)
N = 135.975

Therefore, N =135 is used. Now, A must be determined.
A = Ntot— NP

A = 5,439 — (135)(40)

A=39
Similarly, at fmin:
Ny, = 118 MHz
101 ™ 25 kHz
Ntot = 4,720
Niot = NP+A
4,720
N="20
N =118

Therefore N=118 and A=0.
A table can be built up showing the values of N and A and
the\ir corresponding loop output frequencies.

Table 1. Output Frequencies and Their Corresponding
N and A Counter Values
(fref =25 kHz, P =40)

Output
Frequency | Ngiot N A
(MHz)
118.000 4,720 | 118 0

118.026 4,721 18 1
118.050 4722 | 118 2

118.975 4,759 | 118 | 39*
119.000 4,760 | 119 0
119.025 4,761 119

135.950 5,438 | 13% 38
135.975 5,439 | 135 39

*Note that because P = 40, the maximum value of A =39.

In the example above, a 25 kHz reference frequency is used.
This frequency is generally established at the reference input
of the phase detector by an on-chip oscillator used with an
external crystal. The R counter is programmed to divide down
the crystal frequency to the required reference frequency, in
this case 25 kHz. With the MC145159, the divide-by-R range
is from 3 to 16,383. Therefore, the designer has many options
in choosing the crystal frequency. One example is a 3.2 MHz
crystal with a divide-by-R of 128 to yield a reference frequency
of 25 kHz. Obviously, many other combinations are possible.

Now, a suitable gain must be chosen for the phase detector.
With a 25 kHz reference frequency, successive fR pulses occur
40 us apart. For the first attempt, the ramp capacitor is chosen
to charge up to Vpp' in one-eighth the time, or 5 us. (The
slope with which the ramp capacitor charges is the phase
detector gain.) Therefore, the selected gain is 6.4 V/rad with
a 5V supply. Larger values of gain can be selected to speed
up lock times; however, induced noise in the loop may be
increased.

Values of phase detector components can now be deter-
mined using the eauation for phase detector gain.

__lcharge

“2r TR CR [V/rad]

letting CR =500 pF and solving for lcharge Yields
Icharge =500 pA

Figure 8 shows that the graph for Vpp =5 V crosses the 500
pA axis at RR =20 kQ. With CR =500 pF, CH is chosen to be
50 pF. Slightly larger values for hold capacitance may be re-
quired for noise considerations. Finally, the output resistor
(RQ) can be any value between 10 k and 1 MQ, as long as
the analog output bias current is compatible with the employed
low-pass filter. (See Figure 9.)

A major concern in designs with the MC145159 is combining
the analog phase detector output with the Frequency Steering
Output properly. Three possible methods are shown in Figure
16. It should be noted that these three connection schemes
are theoretical only and have not been tested in the lab. Meth-
ods of connecting these two outputs will be the subject of a
forthcoming application note.

The low-pass filter and voltage-controlled oscillator must
also be planned out carefully for optimal loop performance.
For the MC145159, the loop filter can be combined with the
connection scheme for the phase detector outputs. Further
filtering may be necessary if dictated by the system require-
ments. In the previous example of aircraft communication
transceivers, a VCO must be chosen for the loop. The Motorola
MC1648 is a good choice due to an output frequency capability
above the fmax constraint of 135.975 MHz. Consult the
MC1648 data sheetfor VCO design considerations.

With the loop all in place and powered up, the counters
must be programmed for the synthesizer to tune to the desired
channel. From Table 1, suppose 135.975 MHz is the VCO
output frequency desired. The N counter should be pro-
grammed to 135 and the A counter to 39. Also, with a 3.2
MHz crystal and 25 kHz channel spacing, the R counter should
be programmed to 128.
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Figure 16. Possible Methods for Combining Analog Phase Detector Output and Frequency Steering Output
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271



272



AN980

VHF Narrowband FM Receiver Design
Using the MC3362 and the MC3363
Dual Conversion Receivers

Prepared by: Jon Stilwell
Ricky Ng

Motorola has developed a series of low power narrow-
band FM dual conversion receivers in monolithic silicon
integrated circuits. The MC3362 and the MC3363 are man-
ufactured in Motorola’s MOSAIC process technology.
This process develops NPN transistors with fT = 4 +
GHz, which allows the MC3362 and the MC3363 to have
excellent very high frequency (VHF) operation with low
power drain. They are ideal for application in cordless
phones, narrowband voice and data receivers, CB and
amateur band radios, radio frequency (RF) security
devices and other applications through 200 MHz.

Features of the MC3362/3 Receiver ICs:

e Broadband RF input frequency capability (to 200 MHz
using internal oscillator, over 450 MHz using external
oscillator)

Single supply operation from Vcc = 2 to 7 Vdc

Low power consumption (icc = 3 mA typical at V¢c
= 2 Vdc)

Internally biased NPN RF transistor amplifier (MC3363)
Complete dual conversion circuitry — first mixer and
oscillator included

First local oscillator (LO) includes buffered output and
varactor diode to allow phase locked-loop (PLL) fre-
quency synthesis for multichannel operation.
Buffered second local oscillator output available for
PLL reference input (MC3362)

Muitistage limiter and quadrature detection circuitry
included )

RSS! (Received Signal Strength Indicator) with Carrier
Detect logic included

Built-in data slicing comparator detects zero crossings
of FSK data transmission

Inverting operational amplifier included for audio mut-
ing or active filtering (MC3363)

SCOPE

This application note contains functional descriptions
and applications information pertaining to the various
functional blocks of the MC3362/3 receiver circuits. Four
receiver application circuits are shown. A single channel
receiver and a 10 channel frequency synthesized receiver
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designed for the 43 MHz cordless telephone band are
shown. A 256 channel "2 Meter”” (144-148 MHz) amateur
band receiver is also shown, including an appropriate PLL
frequency synthesizer design to control the receiver’s
local oscillator. Finally, a low cost application featuring
the MC3362 as a single chip manually tunable 162 MHz
weatherband receiver is shown. A directory of external
component manufacturers is included as an appendix.

COMPARISON OF THE MC3362 AND THE MC3363

Figures 1A and 1B show the system block diagrams of
MC3362 and MC3363, respectively. The MC3362 and the
MC3363 are made from the same die, but a final metal
mask difference allows different features to be made
available on each. Data pertaining to the common func-
tional blocks are identical on both circuits.

The MC3363 is a complete VHF dual conversion FM
receiver including RF amplifier, two mixers and oscilla-
tors, limiting IF amplifier and quadrature detection cir-
cuitry, received signal strength indicator (RSSI) circuitry,
squelch circuitry and a data shaping comparator for
detecting FM frequency shift keyed (FSK) data transmis-
sions. Receivers using the MC3363 alone can achieve
better than 0.3 uV input sensitivity for 12 dB SINAD, from
a 50 ) source. The MC3363 comes in a 28-lead plastic
wide SOIC package only.

The MC3362 is optimized for cordless telephone appli-
cations and as such does not contain the RF preamplifier
or squelch circuitry. In addition, the second local oscil-
lator contains a buffered output so that it can serve as
the system frequency reference in applications where a
10.240 MHz or 10.245 MHz reference is needed. In gen-
eral, the MC3362 can be substituted for the MC3363
where:

® A receiver with sensitivity of 0.7 uV at the input for
12 dB SINAD is adequate.

® An external RF preamplifier with AGC is desired (such
as MOSFET's 3N211 and MPF211).

® Receiver squeich is not needed.

e Surface mount technology cannot be used. The
MC3362 is available in two 24-lead plastic packages
(DIP and wide SOIC surface mount).
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FEDERAL REGULATIONS,
RECOMMENDED STANDARDS

Radios built for certain VHF and UHF bands may qualify
under the FCC Code of Federal Regulations Title 47, Part
15, for use by unlicensed operators. it is important to
know the federal regulations concerning a particular fre-
quency channel or band of channels before a receiver or
transmitter circuit is designed. Contact the FCC/G n-
ment Printing Office to order a copy of the Code of Fed-
eral Regulations, Title 47, Parts 0-20 which contains Part
15, before designing a radio receiver or transmitter for

li d utility applications.

Professional (landmobile) radios come under another
part (Part 90) of the Title 47 code. There are a set of
standards, published by the Electronic Industries Asso-
ciation, which dictate recommended operating specifi-
cations for two way communication equipment. These
standards provide useful information about radio per-
formance, terminology and measurement techniques
and are useful even if professional radios are not a
designer’s primary goal. Contact the EIA at
(202) 457-4900 to order the standards listed below. The
FCC/GPO can be reached at (202) 275-2054 or
(213) 894-5841. The pertinent documents are:

Numb Description Parts Referenced
FCC Title 47, Code of Federal Radio Frequency
Part 15 Regulations Devices
FCC Title 47, Code of Federal Landmobile Radios
Part 90 Regulations
RS-204-C EIA Recommended FM/PM Receiver
Standard Standards
ElIA-152-B EIA Recommended FM/PM Transmitter
Standard Standards
EIA-316-B EIA Recommended Test Conditions,
Standard Radio Standards

REFERENCE LITERATURE

The following Motorola literature may be useful when
designing with the MC3362/3 receivers:
Number Description Parts Referenced

DL128, Rev. 2 Linear and MC3362, MC3363,
Interface Device MC34119, MC2831A,

Data MC2833, MC13060,
MC33171

DL130 CMOS/NMOS MC1451XX CMOS
Special PlL's
Functions Data

DL122 MECL Device MC12XXX ECL
Data Prescalers

DL126 Small Signal 3N211, MPF211

Transistor Data

COMPANION DEVICES

® The MC2831A and the MC2833 low power FM trans-
mitter ICs provide all essential functions for cordless
telephone and general transmitter and oscillator appli-
cations through 60 MHz (MC2831A) and 200 MHz
(MC2833, using internal very high frequency [VHF]
transistors as frequency multipliers).

® The MC34119 low power audio amplifier with differ-
ential outputs provides efficient power transfer and
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eliminates the need for the typical large audio coupling
capacitor.

The MC13060 Mini-Watt audio amplifier (for higher
powered audio output).

The MC33171 low power single supply operational
amplifier for use as an RSS! buffer or active integrator.
The MC14516X series of dual PLL frequency synthes-
izers for development of 10 channel cordiess telephone
band transceivers.

The MC12XXX series of ECL prescalers and
MC1451XX series of CMOS Frequency Synthesizers for
development of VHF “high band” radios to 200 MHz
The MC145442/3 single chip 300 baud modems which
allow audio frequency shift keyed (AFSK) RF modem
design for very reliable data transmission.

The 3N211 and MPF211 dual gate MOSFET’s for
MC3362 RF preamplification with AGC capability.

BLOCK DESCRIPTION

RF Ampilifier (MC3363 only)

The MC3363 contains an internal NPN bipolar RF ampli-
fier transistor. The base of the transistor is biased inter-
nally to approximately 0.8 Vdc, which simplifies
common-emitter amplifier design. Grounding the emitter
yields an emitter current [ = 1.5 mA and voltage gain
Ay = 20 dB with a collector load R = 1 k(.

Emitter degeneration resistors can be added to lower
current drain, with Rg decoupling used to preserve the
gain. With the emitter grounded the input at Pin 2 looks
like 180  in parallel with 20 pF at 50 MHz. The noise
figure at 50 MHz and unity gain frequency (fT) of the NPN
transistor are approximately 2 dB and 3 GHz, respectively,
at I|g = 1.5 mA. The collector load can be resistive, as
shown in Figure 10, or tuned as shown in Figure 14. When
both input and output are tuned and/or impedance
matched care must be taken to prevent unwanted oscil-
lations — this is why the 2 k() resistor is included in the
collector load of Figure 14.

First Mixer

The first mixer is a doubly balanced muitiplier, driven
directly from the RF input and from the first local oscil-
lator via a cascode amplifier. It is used to convert the RF
input frequency down to the first IF of 10.7 MHz. The
input admittance seen at either RF input pin is 670 ohms
in parallel with 7 pF at 50 MHz; that is, Rp = 670 Q and
Cp = 7 pF. The series equivalent impedance at 50 MHz
is Rs = 210 Q2 and Cs = 10.2 pF. The first mixer’s input
is differential, but can be driven single-ended with no
loss in system gain. If a single-ended input is used, be
sure to AC ground the unused pin. This can be done with
a bypass capacitor to the negative rail (Vgg) or by con-
necting the pin directly to the Vcc supply.

The isolation of the mixer is shown in Table 1, and of
particular value in many applications will be the strong
attenuation (41 dB) of the local oscillator at the mixer
input. The isolation is due to the fully balanced mixer
configuration used and helps to reduce LO radiation at
the receiver’s antenna.

Table 1. First Mixer Isolation Level (in dB) at:

Signal LO Tank Mixer Out (IF)  Mixer In (RF)
LO 0 -17 -41
RF -16 -9 0
IF -29 0 <-40



Initial Alignment of LC Tank

] seeNoTE1
VARACTOR
2 R1
15T LO TANK
Vee
1STLO TANK
0 R1
1STLO OUT BUFFERED OUTPUT
3K (OPTIONAL)

NOTES:
1. The varactor control pin controls the net capacitance across lhe

Final Configuration

1 seenoTEs
VARACTOR

1ST LO TANK

1ST LO TANK

1STLO OUT

BUFFERED OUTPUT
3k (OPTIONAL)

107 MHz above or below the crystal frequency and checking for

local oscillator tank pms The net cap will be app!

20-25 pF when this pin is left open and 10-15 pF when connemed
to Vcc. depending upon strays and the Vg value used. If the Vcc
supply is regulated, connect the varactor control pin to Vcc:
otherwise, bypass via a 0.01 uF capacitor to ground.

. Connect the oscillator as shown in the left hand drawing (Initial
Alignment) and adjust L1 so that the tank resonates approximately
2-3 MHz below the crystal frequency. The frequency should be

~

Make sure that there is proper LO amplitude. Also
there should be approximately 200 mVpp seen at either LO tank pin.
The buffered LO output should yield 200-600 mVpp depending on
the Vcc value used.

. The R2 resistor must be included or else the oscillator will latch.

. This method has been proven effective up to 65 MHz using 3rd
overtone crystals, but has proven liable at higher fi
(usuallv using 5th and 7th overtone types). For higher frequency

[

checked by examining the buffered output using a high imp
probe ot by some sort of inductive pickup which will not push the
oscillator off frequency. The frequency should be:

1
Zn VAT + 12 Cuaractor

Break the L1-L2 connection and add X1 and R2. Verify that the LO
operates at the desired frequency by applying an RF input of

fLo =

w

on a single ch |, a signal can be injected into the local
oscillator port. (See the “First Mixer and Oscillator” section.)

6. Component values: The R1 resistors should be 10 to 50 k2 and are
included in order to add some current and gain to the local
oscillator. L1 should equal L2 in nominal value and a fixed value
might be used but startup with different crystals might be degraded.
R2 should be 300 to 1500 Q2. X1 should be 3rd overtone, series
mode (no load i specified).

Figure 2. Running the MC3362/3 First Local Oscillator
on a Single Channel Under Crystal Control

The open circuit conversion voltage gain of the first
mixer is typically 24 dB, flat to 7 MHz. Internal rolloff is
provided above 7 MHz to suppress RF and LO signals
and spurious products sent on to the second mixer. The
gain at 10.7 MHz is typically 18 dB. The output circuit is
an emitter follower which is impedance-matched to 330
ohms to drive 10.7 MHz ceramic filters which typically
have 330 ohm input and output impedances. For appli-
cations which require a high impedance crystal filters,
impedance matching will likely need to be added at the
first mixer’s output to preserve the filter's response.

First Local Oscillator and Varactor Diodes

Associated with the first mixer is the first local oscillator
(LO). It is a complete voltage controlled oscillator and
only requires an external LC tank circuit (no external var-
actor diode). For multichannel applications, the oscillator
includes varactor tuning and a buffered output suitable
for interfacing to a PLL frequency synthesizer. This is the
approach used in the receivers of Figures 10 and 11. The
maximum oscillation frequency obtained has been
approximately 190 MHz, achieved by injecting extra cur-
rent into the oscillator. To inject current into the local
oscillator, connect pull-up resistors of 10-50 k(2 from Vcc
to each LO tank pin. The LO buffered output varies from
400 mVpp to 1100 mVpp with supply voltage and the
output waveform appears best with de = 3k, as
shown in Figure 3.

There are internal varactor diodes which have capac-
itance which appears across the local oscillator tank pins.
The internal capacitance can range from 10 to 25 pF

depending on the control voltage applied to the varactor
control pin (MC3362 Pin 23, MC3363 Pin 27). The capac-
itance is maximum when the voltage applied is at the
minimum (0.7 V) value. Applying voltages greater than
Ve and lower than 0.7 V to the varactor control pin can
cause the oscillator to stop.

The first local oscillator can be crystal controlled to run
on a single channel. The procedure of Figure 2 shows
how to do this for applications through 65 MHz. The
receiver of Figure 10 uses this approach.

Figure 3. First Local Oscillator Buffered Output
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A third application of the local oscillator is to drive it
from an external source. This is recommended for appli-
cations from 75 MHz to 200 MHz and. beyond which do
not require PLL frequency synthesis. The inputs are dif-
ferential and they must be driven using a wideband RF
transformer or balun. The input voitage seen at either
tank pin should be roughly 100 mVrms to ensure proper
operation of the mixer and care should be taken so that
any inductance present at the LO tank pins does not res-
onate with the internal varactor capacitance (a small val-
ued resistor of 50-100 Q should ensure this does not
occur). Using this approach, no loss in mixer gain is seen
until the RF and LO inputs are taken over 450 MHz. The
RF and LO inputs should be run with a 10.7 MHz differ-
ence in frequency to accommodate the first IF bandwidth,
so image frequency considerations (preselector fiiter
quality} may limit the maximum RF input frequency to
less than 450 MHz.

Second Mixer and Second Local Oscillator

After the 10.7 MHz IF signal is filtered using a ceramic
filter, it is applied to the second mixer input. The second
mixer is also doubly balanced to reduce spurious
responses and typically is used to convert the 10.7 MHz
IF down to 455 kHz for application to the limiting amplifier
and detection circuitry. In the typical low cost application,
the mixer is driven single-endedly from a ceramic filter,
with one of the mixer inputs bypassed directly to the Ve
supply. The open circuit conversion voltage gain is typ-
ically 25 dB. For applications which require a high imped-
ance crystal filter, impedance matching will likely need
to be added at the second mixer input to preserve the
filter response. The second mixer output is rolled off
above 500 kHz, to reduce. spurious response and idle
noise.

The second local oscillator is a Colpitts type which is
typically run under crystal control. The crystal used is
specified for fundamental mode operation, calibrated for
parallel resonance with a load capacitance of 30-40 pF.
The typical waveform seen at the base is shown in Figure
4. The oscillator can be run at 10.240 MHz or 10.245 MHz,
depending on the first local oscillator frequency desired.

Figure 4. Second Local Oscillator Waveform

The MC3362 second local oscillator has a buffered output
available which can be used to drive the reference fre-
quency input of a PLL synthesizer or a prescaler. An exter-
nal local oscillator signal can be injected into the local
oscillator’s base, with the emitter pin left open. The signal
should be sinusoidal and should be approximately 300
mVpp to 500 mVpp in level.

The output admittance of the second mixer at 500 kHz
is 1500 Q2 in parallel with 50 pF; thatis, Rp = 1500 Q and
Cp = 50 pF. The series equivalent impedance is Rs =
1420 Q and Cs = 1065 pF. This impedance matches the
typical input impedance of standard 455 kHz ceramic fil-
ters, which have 1500-2000 ) typical input and output
impedances.

Limiting IF Amplifier and Quadrature Detector

The 455 kHz IF signal is applied to the limiting IF ampli-
fier, where it is amplified and limited before application
to the quadrature detection circuitry. The limiting IF
amplifier input has an input impedance of approximately
1.5 k2, which provides good power transfer from 1.5 kQ
ceramic filters. The limiting IF circuitry has 10 uV input
sensitivity for —3 dB limiting, flat to 1 MHz. In order to
preserve overall power supply current drain, the limiting
IF and the receiver in general are not designed for wide-
band applications.

The coupling capacitor from limiter output to quadra-
ture tank and detector input is provided internally and its
value is 5 pF. The 455 kHz oscillator circuit is typically
buiit around an LC tank circuit, with Cp = 180 pF, Lp =
680 uH. Typical ceramic resonators can not be driven
from the quadrature tank pin. A waveform like that of
Figure 5 should appear at the quadrature tank pin during
periods of full receiver quieting and no modulation.

Meter Drive (RSSI)

The amplitude of the RF input signal at the appropriate
frequency is monitored by meter drive circuitry. This cir-
cuitry detects the amount of limiting in the limiting IF
ampiifier and produces a linear change in current (nom-
inally 0.1 nA) at the meter drive pin for each decibel of
change in the RF input. The meter drive circuitry is fairly

Figure 5. Quadrature Tank Pin Waveform Under
Strong Received Signal Condition
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linear for input signal levels over a 60 dB range. This
output can be used as a meter drive or Received Signal
Strength Indicator (RSSI) and needs to be bufffered. in
order to provide a linear, wide ranging RSSI output volt-
age, three things must be accomplished:

1. The Meter Drive pin (MC3362 Pin 10, MC3363 Pin 12)
should be clamped to within VBE/2 (approximately 300
mV) of the MC3362/3 supply voltage, or loading of the
Meter Drive’s current source will occur. The carrier
detect output is disabled (high output) when the
Meter Drive pin is clamped in this manner. There are
diodes present at the Meter Drive pin which can inter-
fere with the Meter Drive. (See Figure 6 for a schematic
representation.) With these diodes present the voltage
swing possible at the Meter Drive pin is limited to a
diode drop above and below the V¢ supply.

. Some type of current to voltage conversion must take
place. The RSS! output is typically 4 to 12 uA.

. Negative feedback must be provided in the output
buffer to counteract buffer amplifier gain variations.
Some method of output level adjustment may be
desirable.

Vee

METER

£SD DRIVE

DIODE 4

>t

O CARRIER DETECT

INPUT TRANSISTORS

Figure 6. Schematic Representation of Meter Drive
“Parasitic Circuits”

Carrier Detect

Another configuration for the meter drive and carrier
detect circuitry, is to program the carrier detect output
using a resistor from the meter drive pin to the V¢ sup-
ply. The carrier detect pin is an open collector output so
a pull-up resistor is required. The carrier detect is active
low, meaning that an RF input above the programmed
trip level will yield a low output (<0.1 V) at the carrier
detect pin. When the RF input is below the trip level (or
is detuned) the carrier detect pin will be at the supply
voltage. The trip level is set by the resistor value used
between the meter drive pin and supply. A resistor of
130 kS sets the trip level to approximately — 110 dBm at
the first mixer’s input, which is roughly the 12 dB SINAD
point of the receivers with no external RF amplification.
It should be noted that the meter drive current will not
have the same linear 0.1 uA/dB current-input level rela-
tionship as when the meter drive is buffered as discussed
above, so an analog RSS! output is not really achievable
when Carrier Detect is used.

279

Ve

Vee!

RSSI OUTPUT

-

METER
DRIVE

MC3362/3

Figure 7. Sample RSSI Buffer

® Recommend MC33171 as the operational amplifier.
The MC33171 is a low-power single supply single op
amp with offset adjustment capability.

Veel = MC3363 supply (2Vto 7 V)

VouT = Ve + Imeter (Rf)

Vce2 = Opamp supply. Make this high enough to stay
within the op amp’s common mode input range —
equal to Vg1 + 2.2 V for the MC33171. This voltage
also must be high enough to provide the maximum
VouT desired.

Rjs can be added to level shift the output, and is
optional. The output voltage will be adjusted down-
ward by a factor of (Vg1 — Vcc2)(Re/Rig).
Compensation capacitor Cc is added to ensure stability
and will limit the circuit’s response time.

This circuit is not recommended for general purpose
AM detection.

Muting (MC3363 only)

Audio muting can be provided in two ways. The carrier
detect output can be DC coupled to the MC3363 muting
op amp input (Pin 15) and the op amp output can serve
to mute the audio. That is, the op amp output (Pin 19)
serves as a switch to ground in the audio signal path.
When the carrier level decreases below the carrier detect
trip point, the carrier detect pin will go to Vcc and the
op amp output will go into saturation, muting the audio.
This yields a simple squelch with minimum external com-
ponents and is shown in Figures 10 and 14.

Another way to mute the audio on MC3363 is to use
the op amp as an active filter for detecting noise above
the audio passband. The recovered audio is fed through
the active filter, rectified, integrated and compared to a
reference level. When the level rises above the reference,
a squelch gate is triggered. The data slicing comparator
on the MC3363 might be used as a squelch gate. This
noise triggered squelch would be executed similarly to
the squelch in MC3357/59/61 FM IF applications. (See the
MC3359 data sheet for details.) This type of squelch frees
the Meter Drive circuit to provide a linear output as noted
under ““Meter Drive (RSSI)"” above.



Data Recovery

Both receivers contain a data slicing comparator which
provides data shaping and limiting of frequency-shift
keyed (FSK) serial data transmissions. The data slicer is
a non-inverting type, with the negative input terminal
biased internally to Vcc/2. Typically the data slicer is AC
coupled to the recovered audio pin viaa 0.01 uF t0 0.1 uF
capacitor. Larger coupling capacitors can cause distortion
of the detected output and this is seen as negative slew
rate limiting in Figures 8 and 9. A pull down resistor from
the detector output pin to VEg will reduce this effect if
objectionable. The comparator output is an open collec-
tor so a pull-up resistor is required.

Comparator hysteresis is available by connecting the
comparator output and input using a high-valued resis-
tor. This helps maintain data integrity as the recovered
audio becomes noisy, or for long bit strings of one polar-
ity. Resistor values below 120 k() are not recommended
as the comparator input signal will not be able to over-
come the large hysteresis induced. Figure 8A shows data
jitter resulting from noisy demodulated data signal. The
improvement seen when hysteresis was added is shown
in Figure 8B.

Figure 8A. Noisy Recovered Data Signal
Causes Data Jitter

Figure 9A. FSK Data Recovery at 1200 Baud

The maximum usable FSK data rate for any narrow-
band FM system is typically 1200 baud subject to IF and
quadrature bandwidth and adjacent channel spacing lim-
itations. The approximate bandwidth required to gener-
ate or receive a frequency modulated signal is:

BW = 2 (fmod + fdev) kHz, where f,od is the mod-
ulating frequency and fdey is the frequency deviation.

This is known as Carson’s Rule and is fairly accurate.
Any modulating signal which exceeds the available IF
bandwidth will be attenuated and/or distorted. For proper
recovery of square waves including the leading and trail-
ing edges approximately the 7th harmonic should be
present. For a 1200 baud (600 Hz) square wave with fgey
= 3 kHz, fjod = 4.2 kHz (7th harmonic of 600 Hz square
wave), the bandwidth needed is: BW =~ 2(4.2 + 3) kHz
= 14.4 kHz = *7.2 kHz, which is acceptable in narrow-
band FM channels. Figures 9A and 9B show the effect of
trying to pass a 9600 baud modulated carrier through a
narrowband channel, with resulting degradation of
recovered data.

B T H T

kL
Figure 8B. Improvement in Data Jitter
Through Addition of Hysteresis

°

Figure 9B. Distortion of Recovered Audio
with 9600 Baud Modulation
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For narrowband RF modems where 300 baud is ade-
quate, ‘an audio frequency shift keyed (AFSK) approach
is recommended. In this application two audio tones (for
Logic “0” and Logic ““1"’) are modulated onto an RF carrier
and transmitted to the receiver, which reproduces the
audio tone sequence. The audio tones can be generated
at the transmitter and decoded after the receiver by the
MC145442/3 single chip 300 baud modems.

BREADBOARDING

Do not attempt to build a high frequency radio circuit
using a wirewrap or plug-in prototype board. While the
MC3362 and the MC3363 are “‘tame’ as high gain receiv-
ers go, high frequency layout techniques are critical to
obtaining optimal receiver performance. This means
(typically) a one- or two-sided copper clad board with
adequate ground plane connected to VEg potential. It is
also important that all Vgc interconnections are made
using copper traces on the board. Do not use “free float-
iing” point to point wiring for the V¢ interconnections!
In general, keep all lead lengths as short as possible, with
an emphasis on minimizing the highest frequency path-
lengths. Decoupling capacitors should be placed close to
the IC. If these techniques are not followed then the

receiver sensitivity and noise quieting will suffer, and
oscillations can occur.

APPLICATIONS CIRCUITS
Single Channel VHF FM Narrowband Receiver

The first application shown is of a complete single
channel VHF receiver operating at 49.67 MHz. This appli-
cation includes a suitable circuit for running the first local
oscillator under crystal control on a single channel, which
is particularly useful for dedicated remote control links
and low cost two-way radios through 75 MHz. The circuit
contains a simple carrier level based squelch circuit and
audio amplification.

The 49.67 MHz receiver frequency is within the 49 MHz
USA cordless telephone band. Radios built for this band
may qualify under FCC Code of Federal Regulations Title
47, Part 15, for use by unlicensed operators. It is impor-
tant to know the federal regulations concerning a partic-
ular frequency channel or band of channels before a
receiver circuit is design (see the notes on FEDERAL REG-
ULATIONS, RECOMMENDED STANDARDS above).

Figure 10 shows the complete receiver schematic. The
LC network shown is used to match the input impedance

F1 = 455 kHz ceramic filter, Rjn = Royt = 1.5 k) to 2 k().

Part numbers are muRata’ CFU455X or CFW455X — suffix
denotes bandwidth.

LC1 = 455 kHz quadrature tank circuit. Part numbers are Toko
RMC2A6597 HM or 5SVLC-0637BGT (smaller). Ceramic
discriminators cannot be used with the MC3362/3, as their input
impedance is too low.

RF INPUT
4967 MHz
20 ] MC33630W % 00
) —
Y 39p 1000 p = ‘ - "
1€ i ] .L_’_‘:}_—_L
N T—C'_"'j: 1000p ] 068 u oo
W SN 5 DN I
= &I =
= 068 e A
Vee = " 11210 P I - " X > TEST
ke EZD: LY S P R
001k | 431‘ e L5
I s %
1 1
23— | vee u X 1000p  MC34119D
. l LOW POWER
0] v P I AUDIO AMPLIFIER
01 7r0 ; T v -, 8
— 33— T v 6 \ A H
SQUELCH | S0k 91k i o [
ADJUST T 4q 91M g2k 0 |
Uk — — . Iya 1
a] [£ 1 5 o T gt "]
I rF———— . P1 E
0.1 A H L
| I i h H l - 1 5 ‘
- s 1T |
1 T ! . VOLUME
By c———— CONTROL SPEAKER
Lo PN
Rt
LEGEND: = P1 = 10 k(, audio taper.
X1 = 10.245 MHz, fund. | mode, load 32 pF. F2 = 10.7 MHz ceramic filter, Rjy = Rgyt = 330 2.

Part numbers are muRata SFE10.7MJ-A, SFA10.7MF5, or
SFE10.7MS2-A.

X2 = 38.97 MHz, 3rd overtone, series mode
(no load capacity specified).

All capacitors in microfarads, inductors in Henries and resistors in
Ohms unless otherwise specified.

Figure 10. Single Channel FM VHF Receiver at 49.67 MHz

281



of the RF amplifier to 50 ( at this frequency. The amplifier
collector load is a singie resistor for simplicity and in
order to enhance stability. The method of Figure 2 was
used to develop the crystal controlled oscillator circuit at
38.97 MHz. The RC integrator rolls off the audio above 2
kHz in order to minimize unwanted noise output. This
enhances receiver sensitivity and provides proper audio
deemphasis. The receiver, without the audio ampilifier,
has 6.2 mA current drain at Voc = 5 V for a total dissi-
pation of 31 mW. Using a 455 kHz filter with a 6 dB
bandwidth of +10 kHz the receiver has a 12 dB SINAD
point of 0.28 uV, modulation acceptance of 10.4 kHz and
distortion below 1.2% with fmod = 1 kHz and modulation
deviation fgey = 3 kHz. The maximum (S+N)/N ratio
obtained is 60 dB.

The MC34113 audio amplifier adds 3 mA quiescent cur-
rent drain at 5V, can deliver 250 mW into an 8 () speaker

and has differential outputs which eliminate the need for
the typical large audio coupling capacitor. It alzo has a
chip disable input which provides muting anc power
conservation.

Ten Channel Frequency Synthesized
Cordless Telephone Receiver

A demonstration receiver circuit has been built featur-
ing the MC3362 and the MC145160 dual phase locked
loop (DPLL). This receiver features frequericy synthesis
to cover the ten channels allocated in the USA for cord-
less telephone (CT) receivers in the 46 MHz (handset) and
49 MHz (base station) frequency ranges. The MC14516X
series DPLL’s feature two complete loops which control
both the transmitter output and receiver first LO
frequencies.

711
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SELEC

[T

Vec o—17

13 1

987

DPLL MC145160
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16

33k
Bk

TH 2k
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Figure 11. Ten Channel Freq y Synth d Receiver
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T1 and 72 wound on
Toko Type 7KM
7 mm Shielded Cores.

Figure 12. Information on T1 and T2 of Figure 11

1STLO McC3362

BUFFER

" outeut| 1T
~) LOCAL
FINR ——— os¢
MC14516X
PO

0.068 1
v ]

Figure 13. Simple Interface of MC3362/3
To DPLL MC14516X

Figure 11 shows the complete schematic diagram. A
simple RF transistor amplifier is included to overcome
antenna and RF preselector losses. The output of the VCO
buffer is amplified by an external transistor amplifier so
that the VCO signal strength is large enough to drive the
receiver input pin (Fin-R) of the DPLL properly. Gain of
the VCO is set at approximately 400 kHz using the LC
values shown. The SB (Pin 3) of the MC145160 is
grounded to disable the transmit loop to simplify devel-
opment of the circuit and reduce power consumption.
The DC voltage at the varactor control input of the
MC3362 (Pin 23) is adjusted to Vcc/2: The system ref-
erence frequency of 10.240 MHz is generated in the
MC3362 second LO and fed into the Osc-In (Pin 18) of the
MC145160.

With a supply voltage of Vcc = 3 V and modulating
signal fmod = 1 kHz, fgey = 3 kHz the receiver yields
an input sensitivity of 0.6 uV for 20 dB noise quieting
and 0.2 uV for 12 dB SINAD from a 50 Q source. The
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audio distortion is less than 3 percent. The minimum
noise floor is less than 80 1V and the maximum (S + N)/
N ratio is 53 dB.

There is a simpler way to interface the MC3362/3 to the
MC145160 DPLL as shown in Figure 13. The VCO signal
(about 400 mVpp with Vocc = 3 V using a pull-down
resistor of 3 k(2 from the MC3362 Pin 20 to VEgE) is fed
directly into the Fin-R input (Pin 16) of the MC145160.
With this configuration, the noise floor is raised to 245 uV,
10 dB higher than the circuit of Figure 11.

256 Channel Frequency Synthesized
Two Meter Amateur Band Receiver

A more traditional PLL frequency synthesizer approach
is needed to provide frequency flexibility and to allow
the MC3362/3 receivers to operate in the VHF "high band”’
(130 MHz to 172 MHz). A receiver is shown which covers
the entire Two Meter (referring to radio wavelength) ama-
teur radio band from 144 MHz to 148 MHz in 256 charnels
spaced at 20 kHz. The complete receiver and PLL fre-
quency synthesizer are shown in Figures 14 and 15. The
receiver achieved the same specifications as the
49.67 MHz MC3363 receiver discussed above.

The MC3363 receiver was chosen because squelch and
good sensitivity with minimum component count were
desired. To obtain good operation of MC3363 VCO above
75 MHz, the first local oscillator must be running well. To
ensure this, the V¢ supply voltage is kept above 3V
which increases the current in the local oscillator circui-
try. Extra current is also injected into the local oscillator
via pull-up resistors of 10 k{2 from each of the local oscil-
lator tank pins to the Vcc supply. With the components
of Figure 14, the receiver VCO had an average gain of
1.5 MHz/V.

The VCO output is amplified and fed into an MC12017
dual modulus prescaler which drives the input of the PLL
frequency synthesizer. The MC145152-1 PLL frequency
synthesizer was chosen for its ease of use and parallel
input format. The MC33171 bipolar operational amplifier
was chosen as the active integrator (loop filter) because
of its low power drain, offset adjustment capability and
ability to operate from a single supply voltage. The design
equations and assumptions used to determine loop filter
components are shown below. The MC145152-1 data
sheet and other sources go into much more detail on PLL
theory and performance.

Calculations of Loop Filter For VCO PLL
Frequency Synthesis
Assumptions:
fo = 135.3 MHz (local oscillator center frequency)
fs = 20 kHz (channel spacing)
fp = 0.01 fg (loop bandwidth)
frc = 20 fp (filter cutoff frequency)
§ = 0.707 (loop damping factor)
Vpp = 5 V (PLL supply voltage)
Kvco = 9.4 x 106 rad/V (VCO gain, measured on
MC3363 receiver)

C1 = 0.1 uF (active integrator component)



Results:

Table 2. PLL Frequency Synthesizer Switch

fp = 0.01 fg = 0.01 (20 kHz) = 200 Hz Settings and Frequencies
frc = 20 f, = 20 (200) = 4 kHz ) fvco frx (MHz)
Kg = VDD/21r = 0.796 (phase detector gain) (MHz) = fyco +
= 27 fp (1257)_ 610 radsec  SWitches N P A N; = Nt 10.7 MHz
{282 + 1 + [(2§2 +1)2 +1]0.505 "\ 2.06 00000000 104 64 O 6656 133.12 143.82
Nt = fo/fs = 135.3 MHz /20 kHz = 6765 00000001 104 64 1 6657 133.32 143.84
R1 = Kg Kyco/ (C1 wn2 Ny) = 29.7 kQ = 30 kQ 01000000 105 64 0 G720 134.40 145.10
Ry = 2§ = (wp C1) = 23.2 k) = 24 kQ 01111111 105 64 63 6783 135.66 146.36
Cc = 4 = (2 Rqfy) = 0.017 uF 10000000 106 64 0O 6784 135.68 146.38
With an 8 bit parallel input format several possible ::gg?::g; 122 z ;g gg?; :gggz ::g$
switch settings and resultant counter values and receiver . :

. . . ~ 11010001 107 64 17 6865 137.30 148.00
frequencies are shown in Table 2 below (Note: Ny = NP 11111111 107 64 63 6911  138.22 148.92
+ A, where P = 64 for the MC12017). : .
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X1 = 10.245 MHz, fundamental mode, Ioad capacity 32 pF. F2 = 10.7 MHz ceramic filter, Rjn, = Royt = 330 (2. Part numbers
F1 = 455 kHz ceramic filter, Rjn = Rgyt = 1.5 k(2 to 2 k(2. are muRata SFE10.7MJ-A, SFA10.7MF5, or SFE10.7MS2-A.

Part numbers are muRata CFU45SX or CFW455X — suffix L = 3 Turns #18 AWG, 0.25" diam., 0.125" spacing, air wound.

denotes bandwidth. Vee2 = 2-12V, must be well decoupled from the Ve source for the

LC1 = 455 kHz quadrature tank circuit. Part numbers are Toko
RMC2A 6597HM or 5SVLC-0637BGT (smaller). Ceramic
discriminators cannot be used with the MC3362/3, as their
input impedance is too low.

MC3363.

All capacitors in microfarads, inductors in Henries and resistors in
Ohms unless otherwise specified.

Figure 14. 2 Meter Frequency Synthesized FM Receiver

Single Chip Weatherband Receiver

An application of the MC3362 as a simple receiver
tuned to the NOAA Weatherband (162.4 MHz to
162.55 MHz) is shown in Figure 16. The RF input is
applied directly to the mixer input, using a simple "L
network’’ to provide impedance matching of the mixer

input to 50 . The system sensitivity for 12 dB SINAD
is 0.67 uV at the input from a 50 (2 source in this appli-
cation, which is as good as most inexpensive weather
cubes and the dual conversion design allows for excel-
lent image protection to be provided.
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1. Make Vcc i along a sub ial portion of copper plane. 4. L1 = 3 turns #18 AWG, .2" dia., .05" spacing, air wound.

Do NOT use point to point wiring for V¢ interconnections!

2. Voe (MC3362) = 2 Vto 7 V, regulated. First local oscillator will drift

if this supply is not regulated!

3. Vcc2 (MC34119) = 2 V to 12 V, must be well decoupled from the

V¢ source for the MC3363.

5. Pins 1 and 24 are differential RF input, and are unmatched and used

single-ended in this circuit. If single-ended input is used, be sure to

bypass the unused pin.

6. All capacitors in microfarads, inductors in Henries and resistors in

Ohms, unless otherwise specified.

Figure 16. MC3362 Application as a Tunable Weather Band Receiver
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The first local oscillator is free-running in this appli-
cation and the receiver is manually tunable over a range
of +1 MHz. The oscillator’s frequency and tuning range
are determined by the external tank circuit values chosen.
Keep in mind that the internal varactor diodes add
10-25 pF of capacity across the tank pins, depending on
the varactor control voltage applied.

This circuit is easily built to vefify receiver character-
istics on the lab bench, but as shown is not suited for
mass production. The local oscillator temperature sta-
bility is not nearly adequate in this free-running config-
uration and microphonic pickup is difficult to avoid.
Before a narrowband receiver is production-ready, the
first local oscillator must be stable to within approxi-

mately =100 Hz. The “First Mixer and Oscillator”’ section
provides notes on driving the first mixer using an external
oscillator signal above 50 MHz. The MC2833 FM trans-
mitter IC might serve as the local oscillator source up to

200 MHz. .
SUMMARY

The high degree of integration and MOSAIC process
used in the MC3362/3 receivers give the radio designer
new levels of space and power economy, while providing
high performance and considerable design flexibility. The
receivers shown and alternate configurations discussed
should interest designers of cordless phones, VHF two
way radios, remote control receivers, wireless data links
and home security systems.

APPENDIX — DIRECTORY OF COMPONENT MANUFACTURERS

muRata-Erie
2200 Lake Park Drive
Smyrna, GA 30080

Toko America Inc.

1250 Feehanville Drive

Mount Prospect, iL 60056
Distributor — Digikey
Distributor — Inductor Supply

Coilcraft

1102 Silver Lake Road

Cary, IL 60013

California Crystal Laboratories
Comtec

Fox Electronics

International Crystals

Standard Crystal Corporation

(404) 436-1300
ceramic filters, coils

(312) 297-0070

quadrature coils, crystal filters,
coils, transformers

(800) 344-4539

(800) 854-1881

(800) 472-8421 (California)

(312) 639-6400
coils

(800) 333-9825
crystals

(602) 526-4123
crystals

(813) 693-0099
crystals

(405) 236-3741
crystals

(818) 443-2121
crystals

Motorola does not endorse the vendors listed.
This is a partial vendor list and no liability is assumed
for omissions or errors in address, product line or other information.
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AN1019

NTSC Decoding Using the TDA3330, with
Emphasis on Cable In/Cable Out Operation

Prepared by
Ben Scott and Khalid Shah
Bipolar Analog IC Division

PREFACE

The TDA3330 is a composite video to RGB Color
Decoder originally intended for PAL and NTSC color TV
receivers and monitors. The data sheet is oriented toward
picture tube drive, rather than cable level outputs. This
application note is intended to supplement the data sheet
by providing circuits for video cable drive, such as used
in video processing circuits, frame store, and other spe-
cialized applications, and to expand upon the functional
details of the TDA3330.

CIRCUIT CONSTRUCTION TECHNIQUES

The best solution is a single or double sided PC board,
such as shown in Figure 11, with as much ground plane
as possible. The oscillator components at Pins 8 and 9
must be close to the pins. A low profile socket is accept-
able for prototyping. Wirewrap is definitely not recom-
mended. In most respects the part is not sensitive to
layout, except for the oscillator, however, unwanted pic-
ture artifacts, beats and noise are much easier to control
with a good ground plane layout.

MEASURING THE OSCILLATOR

The oscillator amplitude at Pin 9 should be about
400 mVpp, measured with an ordinary 4.0 pF/10 MQ
scope probe. Keep in mind that the oscillator frequency
is 3.58 MHz and is part of a phase-locked loop with only
a few hundred Hz pull-in range. The scope probe load-
ing is enough to push the oscillator into or out of lock.
It is recommended that Pin 9 be observed initially to
ascertain that it is running, and then leave Pins 8 and
9 alone. A procedure for adjustment will be covered
later. Of course, an output buffer (emitter follower) can
be connected to Pin 9, permanently, and the Pin 9 tuning
capacitor reduced accordingly.
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THE SANDCASTLE INPUT

““Sandcastle” is a familiar term to European TV engi-
neers. It is basically a 0 V baseline with a 4.0 V blanking
pulse and a 10 V burst-gating pulse on top of it, as shown
in Figure 1. Sometimes the expression "‘super sandcas-
tle” is used, which means that composite blanking is
present, i.e. vertical and horizontal blanking, in addition
to the burst-gating pulse. Sometimes the vertical blank-
ing is 2.5 V and the horizontal is 4.0 V, sometimes both
are at 4.0 V. In the TDA3330, the blanking portion is only
used to provide a blanking waveform at the blanking
output, Pin 11, which is used to supply “extra’” blanking
in the picture tube driver application. Pin 11 is not used
in other applications, so the blanking portions of the
“sandcastle’” are not required. For the ‘‘cable to cable”
decoder, all that the TDA3330 really needs at Pin 15 is
the burst-gate pulse. Pin 16 should be grounded.

The burst-gate pulse has 3 functions:

1. Gating the color IF gain control (ACC) so that IF gain
is adjusted to keep burst amplitude constant;

2. Setting the black level in the R, G, B outputs, and

3. Gating the color phase detector (APC) so that the VCO
can be phase-locked to the burst. See the block dia-
gram in Figure 2.

BURST-GATE

40 — BLANKING

BASELINE

[
| Im COMPOSITE

ML VIDEO

Figure 1. Sandcastle
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Figure 2. Simplified Block Diagram for NTSC Mode

It is important that the burst-gate pulse into Pin 15 be
atleast 8.0 V and timed correctly with respect to incoming
video, as shown in Figure 3. If the gate pulse is too late
or too wide it will still be present after the blanking has
ended, leading to serious errors in black level, color level
and VCO lock. The burst-gate pulse can sometimes be
obtained from the same equipment that supplies the
video, or it can be generated by a couple of one-shots
and a sync separator; see Figure 4. Another method is
to separate sync. Use a one-shot pulse stretcher to make
an 8-8.5 us wide pulse for Pin 15, and then put the sep-
arated sync into Pin 16. (Pin 16 could be called the “"burst-
gate inhibit”). This will prevent the first part of the Pin
15 pulse from gating sync, which would upset the black
level clamping function; see Figure 5.

THE LUMINANCE PATH

The outputs at Pins 12, 13 and 14 are positive-going
video, with the sync pulse almost completely removed.
The black level of the output remains constant as the
contrast, saturation and hue are changed. The contrast
control changes both luminance and chrominance
together, so that, for example, output color bar wave-
forms maintain the same shape. The DC level of all out-
puts is moved by the brightness control, with no change
in the peak to peak signal amplitude. The brightness con-
trol can change black level from 1.4 V to about 6.7 V as
the control voltage on Pin 18 is raised from about 2.0 V
to 5.0 Vdc. See Figure 6. The contrast control, Pin 19, is

at maximum at 5.0 Vdc; the output is reduced 6.0 dB
when the control is 3.5 Vdc, and is reduced about 40 dB
when the control voltage is 1.0 Vdc.

BLANKING M ps |

SYNC ——] j-—

DELAY —P' 50 us
MAX BURST-GATE 40 us

80 VMIN —

48 us

BURST-GATE WIDTH
3.0-35 us

—

Figure 3. Burst-Gating
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Figure 4. Method of Obtaining Burst-Gate from Composite Video

The maximum output voltage, black to white, is about
7 times greater than the black to white level at Pin 17.
For a composite input signal of 1.0 V, pr there is 0.5 Vpp
at Pin 17, due to the delay line matching resistors. This
is about 0.35 Vpp, white to black and gives about 2.5 Vpp,
max at the outputs. The input to the total circuit can ge
doubled to 2.0 Vpp, which then yields about 5.0 Vpp at
Pins 12, 13, and 14. However, note that any change in
input amplitude requires readjustment of the saturation
control for correct chroma/luma proportion. This is
because the luminance component directly follows the
input, while the color component is almost unchanged

due to the ACC of the color IF. Therefore, it is important
to note that the TDA3330 can be set up to work with
different levels of input, but it is not automatically com-
pensated for input changes. Also note that at 5.0 Vpp out
and max brightness (black level out 6.7 V) there will be
clipping of the positive peaks. The upper limit for the
output is about 10 V.

Troubleshooting note: If a proper (positive) video sig-
nal is AC coupled into Pin 17, and a proper burst-gate is
applied to Pin 15, there should be video out, regardiess
of any aspects of the color processing portions of the IC

(a) (b} {cl

PULSE TOPIN 15
‘ ————
SYNC SEPARATOR STRETCHER 1BURST-GATE INPUT! l []I fa) VIDEO
TOPN 16 |
> BURST-GATE —
INHIBIT INPUT} bl SYNC

8V —r
I | ic) STRETCHED
0 SYNC

Figure 5. Alternate Method of Gating from Video
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WHITE

BLACK

COMPOSITE INPUT FOR A STANDARD
1A COLOR BAR PATTERN

LUMINANCE INPUT TO PIN 17

CHROMA INPUT TO PIN 22

GREEN QUTPUT PIN 13 — NORMAL
BRIGHTNESS CHANGES BLACK LEVEL FROM
1.4V T0 6.7 V WITHOUT CHANGING P-P
CONTRAST CHANGES P-P AMPLITUDE
WITHOUT MOVING BLACK LEVEL
— ) —

RED OUTPUT — PIN 14 — NORMAL

—_—

BLUE OUTPUT — PIN 12 — NORMAL

ALL OUTPUTS iPINS 12, 13, 14) WHEN EITHER
THE CHROMA SECTION IS NOT WORKING OR
SATURATION CONTROL IS AT MINIMUM

l ’ BLUE OUTPUT PIN 12 SATURATION TOO HIGH
BLUE QUTPUT. PIN 12 HUE MISADJUSTED
L

THE CHROMA PATH

The chroma input is derived from the composite input
by a simple 3.58 MHz single-tuned bandpass circuit with
about +0.5 MHz (6 dB) bandwidth. The chroma portion
of a color bar pattern should look like Figure 7. The circuit
components recommended in our application circuit
should yield about 100 mVpp of burst at Pin 22, but any-
thing from 10-200 mVpp will work. The output of the
chroma IF is at Pin 24, where the burst should be about
150 mVpp. There may or may not be chroma present,
depending on thé contrast and saturation control set-
tings. (Both controls have exactly the same effect at Pin
24, changing the picture chroma amplitude between the
burst puises.)

BURST

{AMPLITUDE
FIXED)
i 150 mVpp
|

PICTURE
CHROMA
{ADJUSTABLE
AMPLITUDE!

Figure 7. Chroma iF Output, Pin 24

Troubleshooting note: If there is 1.5 Vp, of burst at Pin
24, the burst-gating pulse is either too small or incorrectly
positioned in time.

The chroma IF output from Pin 24 is coupled to the
chroma demodulators, Pins 4 and 5 by a small capacitor.
(Note: 100 pF performs better than the 1.0 nF on the data
sheet; it reduces luminance component feedthrough.)
Tweaking of demodulator balance to reduce- residual
chroma subcarrier in the outputs can be done at Pins 4
and 5 by the trimmer technique shown in Figure 8. This
is a fine tuning which is usually not needed, but is avail-
able for the demanding application.

)
1k 4 5
+ 12 Vdc
- 47 pF . 56k
I( 100k 2 100 k

47 F = =

I

LAY

Figure 6. Some Normal and Other Waveforms

Figure 8. Optional Tweak of Demodulator Balance



OUT OF LOCK — 600 mVp

635 us — HORZONTAL PERIOD

Hog<4 +—

IN LOCK — 0 T0 100 mVp
SINGLE TRACE

Figure 9. VCO Lock — Voltage at Pin 7

COLOR LOCKUP

If the required chroma is present at Pins 4, 5 (same as
Pin 24), and if the oscillator is known to be running, then
lockup is just a matter of adjusting the trimmer on Pin 9.
As noted earlier, the scope probe cannot be put on the
oscillator for this adjustment. Instead, put the scope on
the AFC filter, Pin 7. Waveforms as shown in Figure 9 will
be observed as the trimmer is adjusted.

Lock-in range is about 18-22 pF with the typical socket
and PC board and ordinary (Radio Shack) 3.58 MHz TV
crystal.

BUFFERING THE OUTPUTS

In order to be able to drive a cable, it is necessary to
provide an output amplifier. The design shown in Figure
10 has two additional benefits:

1. It provides an opportunity to reduce the residual 2nd
harmonic of the color subcarrier (7.16 MHz) by means
of a trap, and

. It reduces the DC level another 0.7 Vdc at the emitter
of the 2N4401, and an additional 2:1 reduction due to
the 75 () series R into the 75 () cable. Therefore, the
black level into the cable can be as low as 0.35 V, for
the minimum brightness control setting.

MISCELLANEOUS GREMLINS

It has been reported from the field that the internally
supplied NTSC mode switch current (I3 in Figure 12 of
the data sheet) is occasionally insufficient. This is char-
acterized by a decoder which intermittently decodes and
then “color kills.”” In the killed mode, Pin 3 is above 1.5V
and Pin 2 is below 0.7 V, which holds the saturation con-
trol low (off). This can be fixed by putting 22 k from Pin 3
to Vcc. This supplies additional current into Pin 3, caus-
ing an internal latch to pull Pin 3 low (have faith), and
returns Pin 2 to an open state so it can be varied by the
Saturation control.

SUMMARY

The TDA3330 has a wide range of functional capability
with relatively simple application circuitry (once under-
stood). It is hoped that this paper will assist users in
becoming familiar and satisfied with it.
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APPENDIX
Initial Setup Sequence for TDA3330 Evaluation Board

After connecting a Composite Video Signal In and con-
necting the Sync, Red, Green and Blue outputs to an
appropriate RGB monitor, follow the subsequent steps,
in order, to adjust the 11 variable components to optimize
performance of the RGB decoder:

1. Look at the signal out of the collector of the 2N4402
transistor. Adjust POT #9 so that the Composite Video
Signal at this point is 1.0 Vpp,

. Set POTS #2 and 3 to approximately the middle of
their values (i.e., 50 k{}). This helps in making the sub-
sequent adjustments.

. POT #7 sets the Burst-Gate Width and POT #8 sets
the Burst-Gate Delay relative to the Video Sync Signal.
Use a dual input oscilloscope and look at the Video In
signal and the Burst-Gate Signal at Pin 15 of the
TDA3330. Adjust POT #8 so that the Burst-Gate Signal
begins --250 ns after the Sync Signal ends. Next adjust
POT #7 so that the width of the Burst-Gate Signal is
3.5-4 us. Note: See Figure 3.

. Put the oscilloscope probe on Pin 7 of the TDA3330.
Adjust the Variable Capacitor, connected to Pin 9, until
the VCO is In Lock. This will happen when the trace
signal drops from - 650 mVpp to less than 100 mVpp,
Try to make the signal as small as possible, possibly
down to dc. (Make tilt flat) Note: See Figure 9.

. Put the oscilloscope probe on Pin 17 of the TDA3330.
Adjust the 10 uH Variable inductor to minimize
Chroma Signal Feedthrough.

. In order to fine tune chroma demodulator balance,
remove the chroma signal from the Composite Video
Signal In (or, alternatively, turn the Saturation POT all
the way down). Look at the Red output on the oscil-
loscope and adjust POT #2 to minimize subcarrier
from the V Signal (i.e., R-Y) input. Next look at the Blue
signal and adjust POT #3 to minimize subcarrier from
the U signal (i.e., B-Y) input.

. POTS #1, 4, 5 and 6 can next be adjusted to optimize
picture color quality. Suggestion for doing this is to
set Saturation (POT #1) and Brightness (POT #5) to
middle and then adjust Contrast (POT #4 and Hue POT
#6) till picture colors are approximately right. Next
adjust POT's 1 and 5. Repeat the above sequence until
satisfied with color quality of picture.
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Figure 10. TDA3330 RGB NTSC Decoder Circuit
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COMPOSITE
VIDEO IN
SN74LS22IN

TDA3330P

CONTRAST : BRIGHTNESS

NOTES: 1. For the 390 pF and the 22 pF capacitors in the 3.58 MHz and in the 7.16 MHz traps, silver mica capacitors should be used for better trap
performance.
2. The board layout is for Toko part #BTKANS-9439HM.
3. Board layout will accommodate a Toko or a TDK 400 ns delay line.
4. A 3.58 MHz crystal available through Radio Shack was used.

Figure 11a. TDA3330P RGB NTSC Decoder Evaluation Board, Component Layout
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INTRODUCTION

Current and power ratings of semiconductors are inse-
parably linked to their thermal environment. Except for
lead-mounted parts used at low currents, a heat exchan-
ger is required to prevent the junction temperature from
exceeding its rated limit, thereby running the risk of a
high failure rate. Furthermore, the semiconductor indus-
try’s field history indicated that the failure rate of most
silicon semiconductors decreases approximately by one-
half for a decrease in junction temperature from 160°C to
135°C.{1) Guidelines for designers of military power sup-
plies impose a 110°C limit upon junction temperature. (2
Proper mounting minimizes the temperature gradient
between the semiconductor case and the heat exchanger.

Most early life field failures of power semiconductors
can be traced to faulty mounting procedures. With metal
packaged devices, faulty mounting generally causes
unnecessarily high junction temperature, resulting in
reduced component lifetime, although mechanical dam-
age has occurred on occasion from improperly mounting
to a warped surface. With the widespread use of various
plastic-packaged semiconductors, the prospect of
mechanical damage is very significant. Mechanical dam-
age can impair the case moisture resistance or crack the
semiconductor die.

(1) MIL-HANDBOOK — 2178, SECTION 2.2.

(2) “Navy Power Supply Reliability — Design and Manufacturing
Guidelines’* NAVMAT P4855-1, Dec. 1982 NAVPUBFORCEN, 5801
Tabor Ave., Philadelphia, PA 19120.
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Figure 1 shows an example of doing nearly everything
wrong. A tab mount TO-220 package is shown being used
as a replacement for a TO-213AA (TO-66) part which was
socket mounted. To use the socket, the leads are bent —
an operation which, if not properly done, can crack the
package, break the internal bonding wires, or crack the
die. The package is fastened with a sheet-metal screw
through a 1/4” hole containing a fiber-insulating sleeve.
The force used to tighten the screw tends to pull the
package into the hole, possibly causing enough distortion
to crack the die. In addition the contact area is small
because of the area consumed by the large hole and the
bowing of the package; the result is a much higher junc-
tion temperature than expected. If a rough heatsink sur-
face and/or burrs around the hole were displayed in the
illustration, most but not all poor mounting practices
would be covered.

PLASTIC BODY
LEADS
PACKAGE HEATSINK
/ MICA WASHER
v va oo é N
/ U / = SPEED NUT
EQUIPMENT SOCKET FOR (PART OF SOCKET)
WEATSNK TO-213AA PACKAGE SHEET METAL SCREW

Figure 1. Extreme Case of Improperly Mounting
A Semiconductor (Distortion Exaggerated)

Th and Thermafilm is a trademark of Thermalloy, Inc.
ICePAK, FuM Pal( POWERTAP and Thermopad are trademarks of Motorola, Inc.



In many situations the case of the semiconductor must
be electrically isolated from its mounting surface. The
isolation material is, to some extent, a thermal isolator
as well, which raises junction operating temperatures. In
addition, the possibility of arc-over problems is intro-
duced if high voltages are present. Various regulating
agencies also impose creepage distance specifications
which further complicates design. Electrical isolation
thus places additional demands upon the mounting
procedure.

Proper mounting procedures usually necessitate
orderly attention to. the following:

1. Preparing the mounting surface

2. Applying a thermal grease (if required)

3. Installing the insulator (if electrical isolation is
desired)

Fastening the assembly
Connecting the terminals to the circuit

4
5.

In this note, mounting procedures are discussed in gen-
eral terms for several generic classes of packages. As
newer packages are developed, it is probable that they
will fit into the generic classes discussed in this note.
Unique requirements are given on data sheets pertaining
to the particular package. The following classes are
defined:

Stud Mount

Flange Mount

Pressfit.

Plastic Body Mount

Tab Mount

Surface Mount

Appendix A contains a brief review of thermal resis-
tance concepts. Appendix B discusses measurement dif-
ficulties with interface thermal resistance tests. Appendix
C indicates the type of accessories supplied by a number
of manufacturers.

MOUNTING SURFACE PREPARATION

In general, the heatsink mounting surface should have
a flatness and finish comparable to that of the semicon-
ductor package. In lower power applications, the heatsink
surface is satisfactory if it appears flat against a straight
edge and is free from deep scratches. In high-power
applications, a more detailed examination of the surface
is required. Mounting holes and surface treatment must
also be considered.

Surface Flatness

Surface flatness is determined by comparing the var-
iance in height (Ah) of the test specimen to that of a
reference standard as indicated in Figure 2. Flatness is
normally specified as a fraction of the Total Indicator
Reading (TIR). The mounting surface flatness, i.e, Ah/TIR,
if less than 4 mils per inch, normal for extruded alumi-
num, is satisfactory in most cases.

Surface Finish

Surface finish is the average of the deviations both
above and below the mean value of surface height. For
minimum interface resistance, a finish in the range of 50
to 60 microinches is satisfactory; a finer finish is costly
to achieve and does not significantly.lower contact resis-
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TIR = TOTAL INDICATOR READING
SAMPLE
PIECE
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J
REFERENCE PIECE DEVICE MOUNTING AREA

Figure 2. Surface Flatness Measurement

tance. Tests conducted by Thermalloy using a copper
TO-204 (TO-3) package with a typical 32-microinch finish,
showed that heatsink finishes between 16 and 64 u-in
caused less than *2.5% difference in interface thermal
resistance when the voids and scratches were filled with
a thermal joint compound.(3) Most commercially avail-
able cast or extruded heatsinks will require spotfacing
when used in high-power applications. In general, milled
or machined surfaces are satisfactory if prepared with
tools in good working condition.

Mounting Holes

Mounting holes generally should only be large enough
to allow clearance of the fastener. The larger thick flange
type packages having mounting holes removed from the
semiconductor die location, such as the TO-3, may suc-
cessfully be used with larger holes to accommodate an
insulating bushing, but many plastic encapsulated pack-
ages are intolerant of this condition. For these packages,
a smaller screw size must be used such that the hole for
the bushing does not exceed the hole in the package.

Punched mounting holes have been a source of trouble
because if not properly done, the area around a punched
hole is depressed in the process. This ‘“‘crater” in the
heatsink around the mounting hole can cause two prob-
lems. The device can be damaged by distortion of the
package as the mounting pressure attempts to conform
it to the shape of the heatsink indentation, or the device
may only bridge the crater and leave a significant per-
centage of its heat-dissipating surface out of contact with
the heatsink. The first effect may often be detected imme-
diately by visual cracks in the package (if plastic), but
usually an unnatural stress is imposed, which results in
an early-life failure. The second effect results in hotter
operation and is not manifested until much later.

Although punched holes are seldom acceptable in the
relatively thick material used for extruded aluminum
heatsinks, several manufacturers are capable of properly
utilizing the capabilities inherent in both fine-edge blank-
ing or sheared-through holes when applied to sheet
metal as commonly used for stamped heatsinks. The
holes are pierced using Class A progressive dies mounted
on four-post die sets equipped with proper pressure pads
and holding fixtures.

(3) Catalog #87-HS-9 (1987), page 8, Thermalloy, inc., P.O. Box 810839,
Dallas, Texas 75381-0839.



When mounting holes are drilled, a general practice
with extruded aluminum, surface cleanup is important.
Chamfers must be avoided because they reduce heat
transfer surface and increase mounting stress. However,
the edges must be broken to remove burrs which cause
poor contact between device and heatsink and may punc-
ture isolation material.

Surface Treatment

Many aluminum heatsinks are black-anodized to
improve radiation ability and prevent corrosion. Anod-
izing results in significant electrical but negligible thermal
insulation. It need only be removed from the mounting
area when electrical contact is required. Heatsinks are
also available which have a nickel plated copper insert
under the semiconductor mounting area. No treatment
of this surface is necessary.

Another treated aluminum finish is iridite, or chromate-
acid dip, which offers low resistance because of its thin
surface, yet has good electrical properties because it
resists oxidation. It need only be cleaned of the oils and
films that collect in the manufacture and storage of the
sinks, a practice which should be applied to all heatsinks.

For economy, paint is sometimes-used for sinks;
removal of the paint where the semiconductor is attached
is usually required because of paint’s high thermal resis-
tance. However, when it is necessary to insulate the semi-
conductor package from the heatsink, hard anodized or
painted surfaces allow an easy installation for low voltage
applications. Some manufacturers will provide anodized
or painted surfaces meeting specific insulation voltage
requirements, usually up to 400 volts.

It is also necessary that the surface be free from all
foreign material, film, and oxide (freshly bared aluminum
forms an oxide layer in a few seconds). Immediately prior
to assembly, it is a good practice to polish the mounting
area with No. 000 steel wool, followed by an acetone or
alcohol rinse.

INTERFACE DECISIONS

When any significant amount of power is being dissi-
pated, something must be done to fill the air voids
between mating surfaces in the thermal path. Otherwise
the interface thermal resistance will be unnecessarily
high and quite dependent upon the surface finishes.

For several years, thermal joint compounds, often
called grease, have been used in the interface. They have
a resistivity of approximately 60°C/W/in whereas air has
1200°C/WV/in. Since surfaces are highly pock-marked with
minute voids, use of a compound makes a significant
reduction in the interface thermal resistance of the joint.
However, the grease causes a number of problems, as
discussed in the following section.

To avoid using grease, manufacturers have developed
dry conductive and insulating pads to replace the more
traditional materials. These pads are conformal and
therefore partially fill voids when under pressure.

Thermal Compounds (Grease)

Joint compounds are a formulation of fine zinc or other
conductive particles in a silicone oil or other synthetic
base fluid which maintains a grease-like consistency with
time and temperature. Since some of these compounds
do not